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Abstract

This volume is one of an extended series which brings to-

gether some of the previously published papers, monographs, ab-

stracts, and bibliographies by NBS authors dealing with the pre-

cision measurement of specific physical quantities and the calibra-

tion of the related metrology equipment. The contents have been

selected as being useful to the standards laboratories of the United

States in tracing to NBS standards the accuracies of measurement
needed for research work, factory production, or field evaluation.

Volume 4 contains reprints through June 1967 on radio-fre-

quency electrical measurements covering the following topics:

Power, Sinusoidal Voltage and Current, Electromagnetic Fields

and Antennas, Radar and Baseband Pulses, Noise, Attenuation

and Phase, Impedance, Radio Frequency Materials, Quasi-optics

and Millimeter Waves, and Applications to Measurement Systems.

Key Words: Admittance; antenna; attenuator; bolometer;

calorimetry; horn; impedance; interferometry; measur-

ing system; phase; power; radiometry; resonant cavity;

voltage; waveform; waveguide junction.
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Foreword

In the 1950's the tremendous increase in industrial activity, particu-

larly in the missile and satellite fields, led to an unprecedented demand for

precision measurement, which, in turn, brought about the establishment of

hundreds of new standards laboratories. To aid these laboratories in

transmitting the accuracies of the national standards to the shops of in-

dustry, NBS in 1959 gathered together and reprinted a number of tech-

nical papers by members of its staff describing methods of precision mea-

surement and the design and calibration of standards and instruments.

These reprints, representing papers written over a period of several

decades, were published as NBS Handbook 77, Precision Measurement and
Calibration, in three volumes: Electricity and Electronics; Heat and
Mechanics; Optics, Metrology, and Radiation.

Some of the papers in Handbook 77 are still useful, but new theoretical

knowledge, improved materials, and increasingly complex experimental

techniques have so advanced the art and science of measurement that a new
compilation has become necessary. The present volume is part of a new
reprint collection, designated NBS Special Publication 300, which has been

planned to fill this need. Besides previously published papers, by the NBS
staff, the collection includes selected abstracts and references by both NBS
and non-NBS authors. It is hoped that SP 300 will serve both as a text-

book and as a reference source for the many scientists and engineers who
fill responsible positions in standards laboratories.

Lewis M. Branscomb, Director.
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Preface

The general plan for this compilation has been reviewed by the Information Commit-
tee of the National Conference of Standards Laboratories. The plan calls for Special

Publication 300 to be published in 12 volumes having the following titles and editors:

Statistical Concepts and Procedures, H. H. Ku
Frequency and Time, A. H. Morgan
Electricity—Low Frequency, F. L. Hermach and R. F. Dziuba

Electricity—Radio Frequency, A. J. Estin

Heat, D. C. Ginnings

Temperature, J. F. Swindells

Mechanics, R. L. Bloss and Mary J. Orloski

Dimensional Metrology—Length and Angle, H. K. Ham.mond, III

Radiometry and Photometry, H. K. Hammond, III

Colorimetry and Image Optics, 1. NimerofF and C. S. McCamy
Spectrochemical Analysis, B. F. Scribner

Ionizing Radiation, E. H. Eisenhower

This division of subject matter has been chosen to assure knowledgeable selection

of content rather than to attain uniform size. It is believed, however, that the larger

volumes, of approximately 600 pages, will still be small enough for convenient handling

in the laboratory.

The compilation consists primarily of original papers by NBS authors which have

been reprinted by photoreproduction, with occasional updating of graphs or numerical

data when this has appeared desirable. In addition, some important publications by non-

NBS authors, as well as publications by NBS authors that are too long to be included, are

represented by abstracts or references; the abstracts are signed by the individuals who
wrote them, unless written by the author.

Each volume has a subject index and author index, and within each volume, con-

tents are grouped by subtopics to facilitate browsing. Many entries follow the recent

Bureau practice of assigning several key words or phrases to each document; these may
be collated with titles in the index. Pagination is continuous within the volume, the page

numbers in the original publications also being retained and combined with the volume

page numbers, for example 133-10. The index notation 4-133 refers to volume 4, page

133 of this volume. A convenient list of SI (Systeme International) physical units and
a conversion table are to be found inside the back cover.

The publications listed herein for which a price is indicated are available from the

Superintendent of Documents, U.S. Government Printing Office, Washington, D.C. 20402

(foreign postage, one-fourth additional). Many documents in the various NBS non-

periodical series are also available from the NBS Clearinghouse for Federal Scientific

and Technical Information, Springfield, Va. 22151- Reprints from the NBS Journal of

Research or from non-NBS journals may sometimes be obtained directly from an author.

Suggestions as to the selection of papers which should be included in future editions

will be welcome. Current developments in measurement technology at NBS are covered

in annual seminars held at either the Gaithersburg (Maryland) or the Boulder (Colorado)

laboratories. These developments are summarized, along with a running list of publica-

tions by NBS authors, in the monthly NBS Technical News Bulletin.

H. L. Mason,

Office of Measurement Services,

NBS Institute for Basic Standards.
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Editor's Note

This volume of NBS Special Publication 300, together with the one
entitled "Electricity—Low Frequency," is an outgrowth of the first volume
of Handbook 77, Precision Measiirement and Calibration—Electricity and
Electronics (1961). The present work similarly consists of reprints, ab-

stracts, and references to work in the field of Radio Frequency Measure-
ments. In this, we have included primarily work by the NBS staff, but the

results contained herein do not exclusively represent the output of the NBS.
The criteria of selection of papers and the order in which they are

presented deserve a brief explanation. In general, those which contribute

more general information, such as review papers and conceptually funda-

mental papers, have been accorded first choice for verbatim reproduction.

Other significant papers are given only by abstract, or by title alone if

an abstract does not appear in the publication. Some relaxation of this

criterion is made for length of the paper vis-a-vis space limitations of the

volume. No papers appear if they were included in Handbook 77. There-

fore, the present volume is a supplement and not a replacement for the

earlier one. To be sure, the state of the art has advanced in the intervening

years, and to that extent some of the earlier work may be outmoded or

obsolescent. Subsequent papers and the reader's own judgment will settle

this question without comment from the editor.

The ten sections in this volume represent an attempt to categorize

problems in Radio Metrology. They proceed from the fundamental to the

derived; from the active to the passive in a generalized Thevenin sense;

from the basic to the applied; from the conceptually simple to the compli-

cated- Thus, we have 1. Power, 2. Voltage and Current, and 3. Electro-

magnetic Fields and Antennas, all of which are fundamental, sinusoidal,

and active; then 4. Radar and Baseband Pulses, and 5. Noise, these being

also active, but nonsinusoidal and somewhat less fundamental. Next, 6.

Attenuation and Phase—together comprising complex attenuation—and

7. Impedance are sinusoidal, but are derived quantities and are Thevenin

passive. Finally, in the last three sections, we have passed from the con-

ceptually simple idea of a "quantity" to physical and technological utiliza-

tion of more than one "quantity" in an application. Hence, we have 8.

Radio Frequency Materials, 9. Quasi-Optics arid Millimeter Waves, which

is a composite technology, and lastly 10. Components and Subsystems.

In no sense should an inference be drawn from this arrangement re-

garding relative difficulty. This is entirely a subjective matter for the

reader and his problem. If he can solve it, it is easy; if not, it is difficult!

Within each section, the ftill papers are arranged in a subject-related

sequence consistent with the above groupings. The abstracts are alpha-

betical with respect to first author, and chronological as a sub-category,

and a letter, upper or lower case. The upper case letters designate papers

reprinted here in their entirety, and the lower case letters those which ap-

pear only by abstract or title. An asterisk in either event designates a paper

falling into the category of journal "correspondence." Finally, the cutoff

date for all publications appearing in this volume is July 1967.

—^ A. J. ESTIN, Editor.

V



Contents
Page

Foreword Ill

Preface - _ iv

Editor's note v

1. Power

Papers

1.1. Radio frequency power measurements.

A. Y. Rumfelt and L. B. Elwell 1

1.2. A bolometer mount efficiency measurement technique.

G. F. Engen 16

1.3. A DC-RF substitution error in dual-element bolometer

mounts. Glenn F. Engen _ 28

1.4. Coaxial power meter calibration using a waveguide standard.

Glenn F. Engen 35

1.5. A dual load low calorimeter for RF power measurement to

4 GHz. M. L. Crawford and P. A. Hudson 47

Abstracts

l.a. Mismatch errors in microwave power measurements. R. W.
Beatty and A. C. MacPherson _. 54

l.b. An improved method of measuring efficiencies of ultra-high-

frequency and microwave bolometer mounts. R. W. Beatty

and Frank Reggia 54

I.e. A transfer instrument for the intercomparison of microwave
power meters. G. F. Engen 54

l.d. A survey of microwave power-measurement techniques em-
ployed at the National Bureau of Standards. Glenn F.

Engen 54

I.e. A variable impedance power meter, and adjustable reflection

coefficient standard. Glen F. Engen 54

l.f. A precision RF power transfer standard. P. A. Hudson 54

l.g. A microwave microcalorimeter. A. C. MacPherson and
D. M. Kerns 54

l.h. Microwave power measurements employing electron beam
techniques. Harold A. Thomas 54

See also 7.e.

VI



2. Sinusoidal Voltage and Current
Papers

2.1. Voltage measurement at high and microwave frequencies in

coaxial systems. M. C. Selby

2.2. The measurement of current at radio frequencies. W. W.
Scott, Jr. and N. V. Frederick -

2.3. A precision current comparator. C. McKay Allred and Robert

A. Lawton

Abstract

2.a. Pulsed and CW sinusoidal voltage and current measure-

ments. M. C. Selby - 72

3. Electromagnetic Fields and Antennas

Papers

3.1. Field strength above 1 GHz; measurement procedures for

standard antennas. Ronald R. Bowman

3.2. NBS field-strength standards and measurements (30 Hz to

1000 MHz). Frank M. Greene

3.3. Field strength calibration techniques at the National Bureau
of Standards. Harold E. Taggart

3.4. A new near-zone electric-field-strength meter.

Frank M. Greene

Abstracts

3.a. Discussion of errors in gain measurements of standard elec

tromagnetic horns. R. W. Beatty

3,b. Theory of diffraction in microwave interferometry. D. M
Kerns and E. S. Dayhoff

3.C. Calibration of loop antennas at VLF. A. G. Jean, H. E. Tag
gart, and J. R. Wait _

See also I.e.

4. Radar and Baseband Pulses
Papers

4.1. The measurement of baseband pulse rise times of less than
10"* second. N. S. Nahman 115

4.2. Peak pulse voltage measurement (baseband pulse).

A. R. Ondrejka 125

4.3. Measurement of RF peak pulse power. Paul A. Hudson 129

4.4- Analysis and performance of superconductive coaxial trans-

mission lines. R. J. Allen and N. S. Nahman 134

4.5. Nanosecond response and attenuation characteristics of a

superconductive coaxial line. N. S. Nahman and G. M.
Gooch 142

4.6. Measurement standards for low and medium peak pulse

voltages. A. R. Ondrejka and P. A. Hudson _. 147

VII

Page

57

63

69

75

85

97

104

111

111

111



4. Radar and Baseband Pulses—Continued

Abstracts
Page

4.a. Random sampling oscillography. G. J. Frye and N. S. Nahman 153

4.b. On the applicability of the comparison method for picosecond

pulse instrumentation. G. H. Honnold and N. S. Nahman 153

4.C. Measurement of RF peak-pulse power by a sampling-com-

parison method. P. A. Hudson, W. L. Ecklund, and A. R.

Ondrejka 153

4.d. A discussion on the transient analysis of coaxial cables consid-

ering highfrequency losses. N. S. Nahman 153

4. e. Transient analysis of coaxial cables considering skin effect.

R. L. Wigington and N. S. Nahman 153

5. Noise
Papers

5.1. Noise standards, measurements, and receiver definitions.

C. K. S. Miller, W. C. Daywitt, and M. G. Arthur 157

5.2. A precision noise spectral density comparator. C. M. Allred .. 170

5.3. A precision noise-power comparator. M. G. Arthur, C. M.

Allred, and M. K. Cannon 178

5.4. Measurement of effective temperatures of microwave noise

sources. J. S. Wells, W. C. Daywitt, and C. K. S. Miller 183

Abstracts

5.a. Absolute measurement of temperatures of microwave noise

sources. A. J. Estin, C. L. Trembath, J. S. Wells, and W. C.

Daywitt 195

5.b. Sensitivity of a correlation radiometer. John J. Faris 195

5.C. A waveguide noise-tube mount for use as an interlaboratory

noise standard. C. K. S. Miller, W. C. Daywitt, and E.

Campbell 195

5.d. The sensitivity of the Dicke radiometer. David F. Wait 195

See also 7.5.

6. Attenuation and Phase
Papers

6.1. Insertion loss concepts. Robert W. Beatty 199

6.2. RF attenuation. D. Russell and W. Larson 208

6.3. UHF and microwave phase-shift measurements. Doyle A.

Ellerbruch 226

6.4. Effects of connectors and adapters on accurate attenuation

measurements at microwave frequencies. Robert W. Beatty 236

6.5. Mismatch errors in microwave phase shift measurements.

G. E. Schafer 249

6.6. A m^odulated sub-carrier technique of measuring microwave
attenuation. G. E. Schafer and R. R. Bowman 255

VIII



6. Attenuation and Phase—Continued

Page

6.7. A 2: 1 ratio inductive voltage divider with less than 0.1 PPM
error to 1 MHz. Cletus A. Hoer and Walter L. Smith_ 259

6.8. A precision RF attenuation calibration system. C. M. Allred

and C. C. Cook 268

Abstracts

6.a. Some basic microwave phase shift equations. Robert W.
Beatty 275

6.b. Microwave attenuation measurements and standards. Robert

W. Beatty 275

6.C. Analysis of a differential phase shifter. Doyle A. Ellerbruch 275

6.d. Evaluation of a microwave phase measuring system. Doyle

A. Ellerbruch 275

6.e, Further analysis of the modulated subcarrier technique of

attenuation measurement. William E. Little 275

6.f. A method for the self-calibration of attenuation-measuring

systems. Robert L. Peck 276

6.g. A modulated subcarrier technique of measuring microwave
phase shifts. G. E. Schafer _ 276

6.h. Error analysis of a standard microwave phase shifter. G. E.

Schafer and R. W. Beatty 276

7. Impedance
Papers

7.1. Definitions of v, i, Z, Y, a, b, , and S. D. M. Kerns 279

7.2. Impedance measurements and standards for uniconductor

waveguide. Robert W. Beatty 288

7.3. Impedance measurements in coaxial waveguide systems. R. L.

Jesch and R. M- Jickling _ 297

7.4. Lumped parameter impedance measurements. L. E. Huntley
and R. N. Jones _ 309

7.5. A guide to the use of the modified reflectometer technique

of VSWR measurement. Wilbur J. Anson 321

7.6. Precise reflection coefficient measurements with an untuned
reflectometer. W. E. Little, and D. A. Ellerbruch 328

7.7. Measurement of reflections and losses of waveguide joints

and connectors using microwave reflectometer techniques.

R. W. Beatty, G. F. Engen, and W. J. Anson 332

7.8. Measuring impedance through an adapter without introduc-

ing additional error. R. W. Beatty 340

7.9. An automatic method for obtaining data in the Weissfloch-

Feenburg node-shift technique. R. W. Beatty 341

IX



7. Impedance—Continued
Page

Abstracts

7.a. The measurement of arbitrary linear microwave two-ports.

H. M. Altschuler 342

7.b. Application of reflectometer techniques to accurate reflection

measurements in coaxial systems. R. W. Beatty and W. J.

Anson 342

7.C. Measuring the directivity of a directional coupler using a

sliding short-circuit and an adjustable sliding termina-

tion.* R. W. Beatty 842

7.d. Microwave impedance measurements and standards. R. W.
Beatty 342

7.e. Microwave standards and measurements in the U.S.A., 1963-

1966. Robert W. Beatty 342

7.f. Second-harmonic effects in tuned reflectometers.* M. Michael

Brady 342

7.g. Inductance and characteristic impedance of a strip-trans-

mission line. R. L. Brooke, C. A. Hoer, and C. H. Love 342

7.h. Current distribution and impedance of lossless conductor

systems.* R. L. Brooke and J. E. Cruz 342

7.i. A variable characteristic impedance coaxial line.* J. E.

Cruz and R. L. Brooke 342

7.j. Exact inductance equations for rectangular conductors with

applications to more complicated geometries. Cletus Hoer
and Carl Love 343

7.k. A self-calibrating instrument for measuring conductance at

radio frequencies. Leslie E. Huntley 343

7.1. Standards for the calibration of Q-meters 50 kHz to 45 MHz.
R. N. Jones 343

7.m. Precision coaxial connectors in lumped parameter immittance

measurement. R. N. Jones and L. E. Huntley 343

7.n. Perturbation theorems for waveguide junctions, with ap-

plications. D. M. Kerns and W. T. Grandy, Jr 343

7.0. A coaxial adjustable sliding termination.* W. E. Little and
J. P. Wakefield 343

* Private communication.

8. Radio Frequency Materials
Papers

8.1. Measurement of RF properties of materials: a survey. H. E.

Bussey _ 347

8.2. Equations for the radiofrequency magnetic permeameter.

Cletus A. Hoer, and Alvin L. Rasmussen 355

8.3. Parallel reversible permeability measurement techniques

from 50 kc/s to 3 Gc/s. Cletus A. Hoer and R. D. Har-

rington 363

X



8. Radio Frequency Materials—Continued

Page

8.4. Measurement and standardization of dielectric samples. H.

E. Bussey and J. E. Gray 370

8.5. Absolete determination of refractive indices of gases at 47.7

GHz. A. C. Newell and R. C. Baird 374

8.6. A radio-frequency permittimeter. R. C. Powell and A. L.

Rasmussen -.. 383

Abstracts

8.a. International comparison of dielectric measurements. H. E.

Bussey, J. E. Gray, E. C. Bamberger, E, Rushton, G. Rus-

sell, B. W. Petley, and D. Morris

8.b. Ferrimagnetic resonance measurements using IF substitution

techniques. W. E. Case, R. D. Harrington, and L, B.

Schmidt

8.C. Calibration of vibrating-sample magnetometers. W. E. Case

and R. D. Harrington _

8.d. Ferromagnetic resonance relaxation, wide spin-wave covered

by ellipsoids. Allan S. Risley and Howard E. Bussey

8.e. Polycrystalline spin wave theory of ferromagnetic resonance

compared with the tilting experiment. A. S. Risley, E. G.

Johnson, Jr., and H. E. Bussey

8.f. Interpretation of ferromagnetic resonance measurement
made in a nonresonant system. A, S. Risley and H. E.

Bussey

8.g. Tensor permeability measurements at L-band frequencies

using a degenerate mode cavity. L. B. Schmidt, R. D. Har-
rington, and W. E. Case

9. Quasi-Optics and Millimeter Waves
Papers

9.1. Measurement of laser energy and power. G. Birnbaum and
M. Birnbaum _ 393

9.2. Calorimetric measurement of pulsed laser output energy.

D. A. Jennings 399

9.3. Millimeter wavelength resonant structures. R. W. Zimmerer,

M. V. Anderson, G. L. Strine, and Y. Beers 403

9.4. Spherical mirror Fabry-Perot resonators. Robert W.
Zimmerer 411

9.5. New wavemeter for millimeter wavelengths. Robert W.
Zimmerer 420

389

389

389

389

389

389

390

XI



9. Quasi-Optics and Millimeter Waves—Continued

Abstracts
Page

9.a. Reflectors for a microwave Fabry-Perot interferometer.

W. Culshaw 422

9.b. High resolution millimeter wave Fabry-Perot interferometer.

William Culshaw 422

9.C. Resonators for millimeter and submillimeter wavelengths.

William Culshaw 422

9.d. Experimental investigation of Fabry-Perot interferometers.*

R. W. Zimmerer 422

* Correspondence

10. Components and Subsystems
Papers

10.1. Precision detector for complex insertion ratio measuring sys-

tems. C. M. Allred and R. A. Lawton 425

Abstracts

lO.a. A low input VSWR coaxial diode switch for the UHF band.*

W. L. Ecklund 431

10.b. A method of improving isolation in multi-channel waveguide

systems.* G. F. Engen 431

lO.c. Errors in dielectric measurements due to a sample insertion

hole in a cavity. A. J. Estin and H. E. Bussey 431

lO.d. A versatile ratio instrument for the high ratio comparison of

voltage or resistance. Alfred E. Hess 431

lO.e. A high directivity, broadband coaxial coupler.* P. A. Hudson 431

10. f. Low-level low-frequency detection system. Neil T, Larsen 431

See also 8.e., and 8.g,

* Private communication.

Author index 433

Subject index 435

SI physical units (inside back cover)

XII



1. Power
Papers

Page

1.1. Radio frequency power measurements. A. Y. Rumfelt and
L. B. Elwell - - - 1

1.2. A bolometer mount efficiency measurement technique. G. F.

Engen 16

1.3. A DC-RF substitution error in dual-element bolometer

mounts. Glenn F. Engen 28

1.4. Coaxial power meter calibration using a waveguide standard.

Glenn F. Engen 35

1.5. A dual-load low calorimeter for RF power measurement to

4 GHz. M. L. Crawford and P. A. Hudson 47

Abstracts

l.a. Mismatch errors in microwave power measurements. R. W.
Beatty and A. C. MacPherson 54

l.b. An improved method of measuring efficiencies of ultra-high-

frequency and microwave bolometer mounts. R. W. Beatty

and Frank Reggia 54

I.e. A transfer instrument for the intercomparison of mircowave
power meters. G. F. Engen 54

l.d. A survey of microwave power-measurement techniques em-
ployed at the National Bureau of Standards. Glen F.

Engen 54

I.e. A variable impedance power meter, and adjustable reflection

coefficient standard. Glen F. Engen 54

l.f. A precision RF power transfer standard. P. A. Hudson 54

l.g. A microwave microcalorimeter. A. C. MacPherson and
D. M. Kerns 54

l.h. Microwave power measurements employing electron beam
techniques. Harold A. Thomas 54

See also 7.e.

XIII





Radio Frequency Power Measurements

ANNE Y. RUMFELT, member, ieee, and LYMAN B. ELWELL, member, ieee

Abstract—The need for improved accuracy in and understanding of all

kinds of measurements lias come with tiie recent rapid advances in modem
teclmology. Radio frequency power measurement is no exception to tliis

requirement. Hie basic principles of bolometric, calorimetric, and certain

other types of power meters are reviewed. The methods for making accurate

RF power measurements are discussed in detail. Emphasis is given to the

techniques for eliminating or accounting for the errors due to mismatch,

dc or LF substitution, and bolometer mount efficiency.

1 . Introduction

AS THE FRONTIERS of science and technology have

/-\ been pushed outward, accurate measurements of

the quantities used to describe the transmission of

electromagnetic energy have become a necessity.

Power is one of these quantities. Power measurements

may be used in the determination of current, voltage,

impedance, energy, and efficiency [1 ].

At high frequencies (HP), voltage, current, and power

measurements are common. However, power is often a

more convenient and a more meaningful quantity to mea-

sure because the end use depends as much on the energy as

on voltage or current levels. In the microwave-frequency

region, voltage and current tend to lose their practical sig-

nificance, while power is one of the important quantities

that can be measured directly.

This introduction to radio frequency (RF) power-mea-

suring techniques reviews briefly the basic methods of CW
power measurement in the HP and microwave-frequency

ranges. Emphasis is placed on the application of these

methods, the calibration of power meters, and the sources

of error in the measurement process.

Methods for measuring voltage, current, pulse power,

power in millimeter-wave and laser-frequency regions, and

swept-frequency techniques are discussed elsewhere in this

issue of the Proceedings, and will not be repeated here.

2. Common Types of Power Meters

Power meters may be classified as either feed-through or

terminating. The former type consists of a section of trans-

mission line with provision for sampling the power flow;

it absorbs only a small fraction of the transmitted power.

The latter, as the name implies, terminates the transmission

line and ideally absorbs all the incident power.

Most power meters used at HF and microwave fre-

quencies are of the terminating type. The most commonly
used feed-through power meter is the directional coupler

with a power detector attached to the side arm. Other feed-

through power meters have been designed; for example,

radiation-pressure wattmeters and power meters based on

Manuscript received March 1, 1967.

The authors are with the National Bureau of Standards, Boulder, Colo.

the Hall eff"ect in semiconductors. The following discussion

includes power meters whose designs are based on calori-

metric and bolometric principles, as well as other thermal,

mechanical, and a few entirely electronic devices.

2.] Calorimetric Power Meters [l]-[4]

The underlying mechanism of the calorimetric measure-

ment of power is the conversion of a fraction of the electro-

magnetic energy into heat. Flow and static calorimeters

measure power in terms of temperature change, mass, and

time and are used in most frequency ranges from dc to 40

GHz and above. The flow type is ordinarily used to measure

medium (10"^ to 1 watt) and high (1 to 10^ watt) power.

The static type is customarily used to measure low (10"^ to

10"^ watt) and medium power. The uncertainty in the

measurement varies between 0.2 and 5 percent depending on
power level, frequency range, auxiliary instrumentation,

and thoroughness of the analysis of the sources of error.

The advantages of using calorimetry lie in its potentially

high accuracy. Its disadvantages come from the complexity

of the design and construction and the long time constants

(several minutes to several hours).

2.1.1 Static Calorimeters [1], [3], [4]: The basic static

calorimeter consists of a thermally isolated load, which

converts the absorbed electromagnetic energy into heat,

and a device for measuring the load-temperature rise, as

shown in Fig. 1. The rate of temperature rise, AT/At, in a

thermally isolated body of mass M and of known specific

heat C is proportional to the power absorbed by that body.

The average power P averaged over the time interval At is

given by

P = kMCAT/At, (1)

where A: is a proportionality constant.

In principle, the static calorimeter is simple. However, for

accurate calorimetric measurements, the heat capacity MC
of the calorimetric body must be accurately known, and the

heat lost to the surroundings must be small and corrected

for in the measurement.

Isoloted Colorimetric Body

Fig. 1 . Basic static calorimeter.
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Fig. 2. Basic static substitution calorimeter.

Temperoture

Difference
°

Measuring

Device

(Thermopile)

—O RF
or Known LF

—O Power

Fig. 3. Basic twin calorimeter.

Flow Regulator

RF Power

0 0

May be Open or

Closed System

mii

6 0
Temperature
Difference

fvleasuring

Device

Fig. 4. Basic flow calorimeter.

Flow Regulator
RF Power

May be Open or

Closed System

Temperature
Difference Meosuring Device 6 6

Colibrated Input

LF or dc

Power

Fig. 5. Basic substitution flow calorimeter.

Some of these problems are avoided by using a known dc

or low-frequency (LF) power to calibrate the temperature-

measuring device. Then, the need for thermal isolation is

reduced, and the requirement for an accurate value of the

heat capacity is nominally eliminated. In this substitution

method, the calorimeter becomes a transfer device. measur-

ing RF power in terms of the accurately measured dc or LF
power. The substitution static calorimeter, as it is termed, is

identical to the basic static unit except for the addition of the

dc or LF heater, as shown in Fig. 2. The assumption that

equal quantities of dc or LF power and RF power cause

equal heating must be evaluated for each substitution

calorimeter.

Another substitution calorimeter, the twin calorimeter,

consists of two identical calorimetric bodies partially iso-

lated from their surroundings, as shown in Fig. 3. One of the

bodies absorbs the RF power while the other acts as a

reference of temperature. The steady-state temperature

difference between the two loads is a measure of the RF
power. The thermal symmetry of the system reduces the

effect of ambient temperature variations, and observation

of smaller temperature changes is possible.

2.1.2 Flow Calorimeters [1], [3], [4]: The basic flow

calorimeter consists of a load for converting the electro-

magnetic energy into heat in a liquid, a system for circulating

the liquid, and a means for measuring temperature differ-

ences within the circulating liquid, as shown in Fig. 4. A
liquid of specific heat C and known specific gravity D,

flowing at a known rate F, passes through the load, where

its temperature Tis raised by transfer of heat from the load.

The temperature-measuring device is located to measure

the difference in temperature ATbetween the liquid entering

and leaving the load. The RF power equals the rate of en-

ergy absorption, and is given by

P = kFDCAT. (2)

2-J

To make accurate measurements, several parameters

must be known; for example, two of these are the flow

rate and the specific heat of the circulating liquid over the

operating temperature range. In addition, other parameters

not accounted for in (2) must be known, such as the rate of

certain heat losses from the system and the Joule heating

of the flowing liquid due to friction.

As with the static calorimeter, some of these problems are

eliminated by using dc or LF substitution. The substitution

flow calorimeter consists of the same components as the

basic calorimeter with an additional load for the introduc-

tion of the dc or LF power, as shown in Fig. 5. Ideally, the

substitution method eliminates the need to know the flow

rate, temperature scale, density, and specific heat of the

liquid.

2.2 Bolornetric Power Meters [l]-[5]

Most power meters presently in use have a bolometer as a

power-sensing element. A bolometer is a temperature-

sensitive resistance element. Its change in resistance, due to

heating by the absorbed RF power, is measured with an

external meter or bridge circuit [4]. More often, the ele-
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merit's resistance is maintained constant by means of dc or

LF substitution power, as discussed in Section 2.2.6.

Bolometric power meters have a relatively high sensitivity

and are used to measure low power levels (10~^ to 10"'

watt). The element is installed in a waveguide mount that

has been designed for minimum reflections. A lead, in-

sulated from the waveguide, is accessible for the resistance

measurement; the waveguide acts as the second lead.

The uncertainty in a bolometric measurement of RF
power varies from 0.5 to 3 percent depending upon the

mount efficiency and impedance match, and the auxiliary

equipment used to measure the resistance change of the ele-

ment. The problems associated with the impedance match

and efficiency are discussed in Sections 3 and 4, respectively.

The advantages of bolometer power meters in general are

their small size and consequent portability, ease of applica-

tion, and relatively high sensitivity. Their main disad-

vantage is that they must conduct the energy they absorb to

their surroundings and thus are difficult to isolate from ex-

ternal temperature changes. Temperature compensation

is provided in some power meters to counteract the effect

of changes in ambient temperature. This usually involves

the use of a second bolometer element and dual bridge cir-

cuits. The temperature sensitivity (i.e., change in power

reading versus change in ambient temperature) of these

compensated power meters is typically one or two orders

of magnitude less than for uncompensated meters.

A few types of bolometers are: the barretter, the thermis-

tor, the film bolometer, the load lamp, and the waveguide

wall bolometer. Among these, the use of barretters and

thermistors predominates.

2.2.1 Barretter [2]- [4]: The barretter consists of a short

length of thin Wollaston resistance wire, mounted in a

dielectric capsule with metal end-caps. It is characterized

by a positive temperature coefficient, a short time constant

(50 to 400 /iS), and a linear change in resistance for low RF
power levels. It is used to measure low RF power levels di-

rectly. The disadvantages of the barretter are its mechanical

fragility and the ease with which it is destroyed by power
overload.

2.2.2 Thermistor [2], [4]: The second commonly used

bolometer element is the thermistor. It consists of a small

bead of semiconducting material with thin lead wires. The
thermistor is distinguished from the barretter by its nega-

tive temperature coefficient and its much longer time con-

stant (approximately 0.1 second). It has a wide range of

operating resistance. It is mechanically rugged and difficult

to damage or destroy by power overloading.

2.2.3 Thin-Film Bolometer [4]: The thin-film bolometer

consists of a thin metallic film vacuum deposited on a glass

or mica substrate. The film can be tailored in shape and
resistance to present a good impedance match to the wave-

guide. Since these resistive elements are extremely thin, the

skin depth at the highest frequencies is greater than the

film thickness, and since they are physically short compared
to the wavelength, the current distribution is nearly uni-

form. Consequently they are assumed to have the same RF
and dc resistances. The time constant of one of these units is

3-

about 5 seconds. Power levels up to about 100 mW can be

measured.

2.2.4 Load Lamp [2]-[4]: The load lamp is similar to

the barretter except that a much larger wire size is used for a

greater power-handling capability. They may be used in

bridge circuits, but are more often used with optical detec-

tion schemes which measure the brightness of the wire.

The accuracy of the load lamp is quite poor; matching its

impedance to the transmission line is difficult, and the error

due to the skin effect can be large. The load lamp may be

used to indicate roughly RF power levels in the 100-mW
to 20-W range.

2.2.5 Waveguide Wall Bolometer [4], [6], [7]: The wave-

guide wall bolometer is also known as the enthrakometer

[6]. It consists of a temperature-sensitive resistive film de-

posited on an insulating substrate that forms a part of the

narrow wall of a rectangular waveguide. The resistive film

absorbs only a small fraction of the RF power. The result-

ing change in film resistance is measured using bridge tech-

niques. This is a feed-through power meter that may be used

to measure RF power levels from 1 mW to 1 W over a

frequency range of 1 to 40 GHz with a measurement un-

certainty of 2 to 5 percent.

2.2.6 Bridges for Accurate Bolometric Power Measure-

ment : One could measure the resistance change of a bolome-

ter element and calculate the power using the resistance

law of the bolometer element, which relates the operating

resistance r to the absorbed power P. For the barretter the

resistance law is [3]

r = ro + JP", (3)

where r^ is the resistance of the element without bias cur-

rent, and J and n are characteristic constants of the element.

However, this technique is not used to measure RF power

because r^, J, and n are not constant with time, and, more
important, because the impedance of such a power meter

varies with power level. These sources of measurement un-

certainty can be avoided by maintaining the bolometer ele-

ment at a constant resistance value.

Bolometer

Fig. 6. Basic bolometer bridge circuit.

The bolometer resistance is kept constant by connecting

it as one arm of a Wheatstone bridge, as shown in Fig. 6.

The RF power (or substituted dc power) is given by

=^ ui - ilh (4)

where /j and I2 are the dc currents required to balance the

bridge without and with RF power present, respectively.
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Fig. 7. Basic circuit of self-balancing dc bolometer bridge.
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Fig. 8. Application of constant-current generator to power-
measurement problem.

One of the difficulties with the manual bridge is that the

operator must take the precaution to reduce the dc bias

power before applying the RF power to the bolometer ele-

ment, in order to avoid damaging or destroying the bolome-

ter element with excessive power.

For convenience, protection of the element, and in some
cases better accuracy, a self-balancing bridge is generally

preferred. Both dc and audio-frequency (AF) self-balancing

bridges are used. The self-balancing dc bridge [8] uses a

stable high-gain dc amplifier in the feedback loop to balance

the bridge, as shown in Fig. 7.

Power levels measured range from about 1 00 /zW to about

10 mW. The uncertainty in a power measurement using

either a manual or a self-balancing dc bridge ranges from

about 0.2 to 5 percent, depending upon the power level and

the dc system limitations. The accuracy deteriorates at the

lower power levels, where an accurate measurement of a

small change in a relatively large dc power is required.

Low power measurements (below 5 mW) can be improved

by using a constant-current generator in conjunction with a

bolometer bridge. Equation (4) may be rewritten in the form

Prf =-^(2/, - A/)A/, (5)

where A/= /, - A high-stability constant-current genera-

tor [8] connected as shown in Fig. 8 permits a direct and
accurate measurement of A/. Its output is adjusted to equal

11 without RF power. When the RF power is applied, the

meter A will read A/ directly. The RF power is then calcu-

lated by (5).

2.3 Other Types ofPower Meters

2.3.1 Thermocouple and Thermoelement Power Meters

[2], [4]: There are two basic types of thermocouple devices

used to measure RF power: a directly heated unit in which

4-

the RF current passes through the thermocouple, and an
indirectly heated unit, called a thermoelement, in which the

RF power heats a resistive film or wire, and the thermo-
couple measures the temperature rise. Directly heated

thermocouple detectors are available for frequencies to

about 18 GHz, while thermoelements have been designed

for frequencies as high as 40 GHz [9].

The thermoelement response and stability are improved

by enclosing the element in an evacuated envelope [10].

Vacuum elements have been built to match 50-ohm trans-

mission lines at fixed frequencies in the range of 10 to 1000

MHz. They are used to measure from 1-mW to 5-mW RF
power directly with an uncertainty of one percent. Direc-

tional couplers are used to extend the power range to as

high as 1000 watts [10].

The advantage of the two types of thermocouple detectors

is the simplicity of the indicating equipment, the ease with

which they can be calibrated using dc or LF substitution

techniques, and their ability lo take a 50-percent overload

without damage. Their disadvantages are low sensitivity,

poor RF impedance match, and nonlinearity of power
versus voltage indication.

In general, the time constant of these detectors ranges

from 0.1 to 5 seconds, and the directly measured power
varies from I to 150 mW with an uncertainty of one to two

percent.

2.3.2 Crystal-Diode Power Meter [4]: The crystal diode

is one of the commonly used power detectors. The diode

detects the RF voltage across the transmission line. The
power level may be read directly from a meter with a non-

linear scale. Meters using crystal-diode detectors are rugged,

have a wide dynamic range (microwatts to milliwatts), have

a high power sensitivity (5 mV//iW into a high impedance

load), and a fast response time. The uncertainty of a crystal-

diode power meter may vary from 1 to 20 percent. It is not

considered suitable for a laboratory standard because

crystal characteristics change with time, ambient tempera-

ture, and mechanical shock. Its principal use is as a detector

or indicator of the presence of RF power in a transmission

line.

2.3.3 Mechanical and Hall Ejfect Power Meters:

a) Mechanically actuatedpower meters: The mechani-

cal RF power meters include radiation pressure [1 1 ], [12],

torque-vane [13], [14], and vibration [5], [15] devices.

The first two depend on the interaction of the RF mag-
netic [11] or electric field [13] and a conducting vane. In

the torque-vane power meter the torque on the vane is

proportional to the RF power and is measured in terms of

a known restraining torque. Since these forces are very

small, their measurement -requires delicate apparatus. As a

result, siich instruments tend to be vibration-sensitive. A
torque-vane wattmeter is commercially available. It is used

to measure RF power over a range of 1 to 200 watts, with an

uncertainty ranging from 2 to 5 percent.

There are two types of vibration power meters : the first is

based on the oscillation of a metallic rod suspended in a

resonant cavity [5], the second on the oscillation of a quartz

cantilever beam suspended in a waveguide [15]. The ampli-

tude of the oscillation is proportional to the RF power. For

10



greater sensitivity the RF power must be chopped at the

resonant frequency of the mechanical system in the first

design and at the quartz-beam resonant frequency in the

second. Experimental meters that measure power over a

range of 10 /^W to 1 W with an estimated uncertainty of 2

to 5 percent have been built.

b) Hall effect power meter [4], [5], [16]-[18]: The
Hall effect in semiconductors constitutes the basis of an

experimental RF power meter designed to measure the net

power in a transmission line. While the Hall effect has been

used in a commercial power meter for the power frequencies

(50 to 60 Hz), it requires additional experimental work and

evaluation at RF.

Source

P.. - P„

Power Meter

°h-r3rM|^
Fig. 9. Direct power measurement.

3. Applications

3.1 Introduction

Impedance considerations are a part of every power mea-

surement. Reflections from the waveguide components can

cause serious power-measurement errors, called mismatch

errors. These errors can be greater than the error inherent

in the power meter. Understanding of mismatch errors and

of special methods for eliminating them is essential to the

proper application of power meters.

3.2 Direct Power Measurement

The simplest application of a terminating power meter is

a direct measurement. The power output of a source is

measured as shown in Fig. 9.

The source can be any combination of waveguide com-
ponents that includes a signal generator with some of its

energy coupled to the designated waveguide port. If the sig-

nal generator is stable and isolated from load changes, the

normalized amplitude of the traveling wave incident upon
the load is given by [19]

Fab I + be (6)

where b^ is the amplitude of the reflected wave, fcg is the

amplitude of the wave the source would deliver to a non-

reflecting load (bi=0), and Fq is the generator reflection

coeflUcient.

In the direct measurement, the net power absorbed by

the power meter, in terms of the wave amplitudes, is

Pm = (\^\\^ — \bi\^)/Zoi where Zqi is the characteristic

impedance (real). This equation and (6) are used to obtain

a more revealing equation for the ratio of Pjvf to the power

Pq that the source would deliver to a nonreflecting load.

This ratio is

LOAD

Fig. 10. Comparison power measurement.

ment is to determine a signal level that is a property of the

source and not dependent upon the particular power meter

used. For this reason, the uncertainty introduced by the

term involving the reflection coefficients is called a mismatch

error [20], [21 ]. The usefulness of this power measurement

depends upon having some knowledge of the reflection

coefficients Fg and F^.

3.3 Comparison Power Measurement

A second and probably more common type of measure-

ment is one made to determine the power absorbed by a

given load. This may be done by the comparison measure-

ment scheme shown in Fig. 10. If a load and a power meter

are alternately connected to the same stable generator, the

relationship between the power absorbed by the load Pj^

and that absorbed by the power meter Pf^ is given by [20]

1 |rt| 1

1 - I^mI' !i

(8)

1 - IF,

1 - F^F,
(V)

where F^^ is the reflection coefficient of the power meter.

The output power P,^ is sometimes referred to the avail-

able power P^. The available power is the maximum power
the generator will deliver when the load impedance is the

complex conjugate of the generator impedance. The avail-

able power may be determined by using the relationship

IF I2
). The primary purpose of this measure-

5-

where F^ is the load reflection coefficient. In effect, the power

meter is used to measure the source power Pq, as in (7),

and the load power is determined from this knowledge of

the source. The load could be another power meter being

calibrated. The right-hand side of (8) gives the mismatch

error in the comparison measurement. It introduces a

measurement uncertainty to the extent of the uncertainty in

the values of the reflection coefficients. Much of the eff'ort

to improve power measurements has been directed toward

eliminating the mismatch errors.
.
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3.4 Mismatch Errors

The magnitudes of the reflection coefficients in (7) and (8)

are frequently known or are readily measured. Their phase

angles are usually unknown and are more difficult to mea-

sure. Because of the difficulty in accurately measuring these

phase angles, they are seldom used in the evaluation of mis-

match errors. Other approaches are used; the particular

approach depends upon the allowable uncertainty in the

application.

One method that can be simply applied is the calculation

of the limit of the uncertainty, assuming that the reflection

coefficient phase angles have those values that maximize the

error. The maximum and minimum mismatch error can be

calculated using the inequality

1 - Ireful < |i - r^rj < i + IrcrJ

Attenuator

-AAAAA

Fig. 1 1 . Isolation of source from load using an attenuator.

103

^VWW-
X

and known values of the reflection coefficient magnitudes

Ir^^l and IFgI. For example, if |rG| = 0.13(o-c= 1.3), |r^|

= 0.2(0-^=1.5), and |rjv^| = 0.1(c7M= 1-21), the uncertainty

in the comparison measurement is about +4 percent. The
voltage standing-wave ratio (VSWR) is given by = ( 1 + |r|)

/(i-|r|).

The uncertainty in evaluating the comparison measure-

ment (8) due to the unknown arg {r^V,^) and arg (rcVi^), is

eliminated, first, when ri = rf^, including the case

= r^f = 0; or, second, when rG = 0. The load and power-

meter reflection magnitudes must be known in the second

case but not in the first case. Similarly, if =0 or Fq^O,

the uncertainty in the direct measurement (7) is eliminated.

Although a tuner could be added to the load or the power

meter to obtain the first case, Fi^ = FM, the uncertainty in-

troduced by the unknown power loss in the tuner generally

prohibits its use. A "power meter which has an adjustable

impedance but is free of this uncertainty will be discussed

later. The second case, F<; = 0, can also be obtained in

practice.

3.4.1. The Generator Reflection Coefficient, Fj; : Most RF
oscillators require some isolation from the load to prevent

changes in output frequency, signal amplitude [bQ of (6)],

and source reflection coefficient Fg. This isolation is usually

provided by an attenuator of 20 dB or more or by a ferrite

isolator. The source reflection coefficient is essentially de-

termined by the attenuator (or isolator) and other com-

ponents connected between it and the output port. A sim-

plified circuit with an attenuator is shown in Fig. 1 1. The

generator reflection coefficient at the output of the

attenuator is given in terms of the generator reflection co-

efficient F,

the attenuator by
ci at the input, and the scattering coefficients of

1^(7 2 — Stt +
'^12'^2irG

S,,F,1

(9)

The product IS12S21I = IQ-'^' + '^^'/^o^here and A2 are

the "forward" and "reverse" attenuations, in dB, of the

isolating device. For a reciprocal 20-dB attenuator or a

40-dB isolator, |S, 2^21 1 =0.01. In most cases S22 will be,

by far, the largest term in (9). A tuner connected to the out-

1

Fig. 12. Directional coupler used to simulate a low-

(or zero-) reflecting source.

put of the attenuator can be adjusted to reduce iFg,] (by

reducing |S2 2|)-

A directional coupler can be used to realize the equivalent

of a low-reflection (or if tuned, essentially a zero-reflection)

source [22]. With a coupler connected as shown in Fig. 12,

the response of this system in terms of the normalized

traveling-wave amplitudes, fcj' ^^2' ^3' and of the scattering

coefficients for the coupler is given by [22]

S22

+ 1 - FjS
'^31'^2

(10)

where rj = a^/b^ is the reflection coefficient of the detector

at arm 3. If is maintained constant, then (10) has the same

form as (6) and can be rewritten as

+ br. (U)

where bg^ represents the term involving 63 in (11). The

equivalent generator reflection coefficient Fg^, is given by

S3,
(12)

The equations for direct and comparison power measure-

ments made at arm 2, with h^. constant, are the same as in

(7) and (8) with F^^ replacing Vq. The measurements are

improved by use of the directional coupler for the follow-

ing reasons: 1) b^ is kept constant, providing a stable

generator, 2) Fq^ is often smaller with this method than

when an isolator or attenuator is used, and the large signal

loss suffered when using attenuators is avoided, and 3) a

tuning transformer added to arm 2 of the coupler can be

The maximum magnitude |F(yj.|^3j can be estimated in

terms of the directional coupler's main-line VSWR, cou-
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pling, and directivity. The maximum magnitude of (12) is

The term IS22I is related to the main-hne VSWR a by the

equation S22 = (o- 1)/((t+ 1). In the second term, I^ji/^jjI

= 10^'^°, where D is the coupler directivity in dB. The re-

maining coefficient, S21. which gives the coupling between

arms 1 and 2, satisfies the inequality jSji |

< 1. For example,

broadwall multihoie directional couplers with a main-line

VSWR less than 1.05 (|522|< 0.025) and a minimum direc-

tivity of 40 dB are commercially available. These result in a

IrG.Uax of less than 0.035. A \Yg,\ of 0.025 is typical for

WR 90 (rectangular waveguide) directional couplers. How-
ever, even with |rGg| = 0.025, the uncertainty in the direct

measurement (Fig. 9) is 0.44 percent for a F^ equal to

0.2((T„=1.5).

A tuning transformer connected to arm 2 of the coupler

can be tuned for rGe = 0 as follows. With the junction ex-

cited as shown in Fig. 1 3, tuner is adjusted to produce a

null in the detector on arm 3. Under this condition, the re-

flection coefficient looking into arm 2 is T2i = YGe= ^22

-I- (S21 53 2)7531. Tuner is then adjusted for no reflection

(Fj.— O), as indicated by a standing-wave machine or re-

flectometer connected to arm 2. With the source recon-

nected to arm 1, the equivalent generator (Z> 3 = constant) as

seen at arm 2 has the reflection coefficient F^^ = 0, as long as

remains undisturbed. Of course, the desired condition

is only approached in practice. A method is available for

measuring the Yq^ actually obtained [22].

3.5 Directional-Coupler/Power-Meter Combinations

The combination of a directional coupler with a power

meter attached to its side arm is often used as a feed-

through power meter or to extend the power range of an

existing power meter. If, in Fig. 12, the detector on arm 3 is

a power meter, the ratio of the power delivered to a load on

arm 2 to the power reading at arm 3, i'3, is given by [20]

P2

P.

S21

S31 1 - F,

^33 ^ )i 3

- s
S31

(13)

M ill

la,
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!
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1

Fig. 13. Adjustments for r2i = 0.
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Fig. 14. Four-arm waveguide junction used for power measurements.
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and the resultant expression for P2/P3 is

P2 1

1 F, 1

The similarity of this expression to that for the comparison

measurement (8) is apparent.

The advantages of the coupler/power-meter combination

are: 1) as a feed-through power meter, it provides a con-

tinuous measurement of the power delivered from arm 2; 2)

by choice of coupling ratio, the power range of a power

meter can be shifted to a higher or lower range (a lower range

is obtained when the roles of the coupler arms 2 and 3 are

interchanged); 3) the calibration of the combination is in-

dependent of the characteristics of the source connected to

arm 1 ; 4) a small equivalent generator reflection coefficient

Y(;g is obtained ; and 5) a tuner can be added to arm 2 and

tuned for Yq^ = 0, as described above. This tuner becomes

part of the combination and is adjusted before calibration.

3.5.] Combinations Employing a Pair of Couplers: Each

of the above measurement techniques requires, at least,

knowledge of the magnitudes of the load and power-meter

reflection coefficients. This requirement can be eliminated

by using a tuned system employing a pair of directional

couplers. The net power out of arm 2, P2, of the system

shown in Fig. 14 is given by [23]

This equation may be written in the form

= K \^2\'
(14)

which is similar to that for the direct measurement (7). The
constant factors in (13) are represented by K.

The value of K is determined primarily by the coupling

ratio IS21/S31I of the directional coupler. It is measured by

a cahbration performed with another power meter. If ^2^
is the power measured at arm 2 by a power meter with a re-

flection coefficient F^, and P^^f is the corresponding read-

ing at arm 3, then K is given by the solution of (14):

\B\ \D\' - \C\

+ me 2 (BD* - AC*)btb^ (15)

where A, B, C, D, and A contain the scattering coefficients

of the four-arm junction and the power-meter reflection co-

efficients, F3 and F4; ^e designates the real part of the

quantity in brackets; the asterisk denotes the complex con-

jugate. The definitions of ^, B, C, D, and A are not required

to understand this discussion and are therefore not given

here.
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When the last term in (15) is zero, the power P2 is ob-

tained from the power-meter readings at arms 3 and 4 by

P2 = k,P, (16)

The values of the proportionality constants, and kj, are

found when the system is calibrated. Although and

are, in general, functions of the load reflection coeffi-

cient Fj, its value is not needed. This desired relation (16)

results when in (15)

AC* = 0 or = C = 0. (17)

The condition BD* — AC* is obtamed [24] if tuner is

tuned for the result |/?3//)4| = constant, while adjusting the

phase of a short circuit in arm 2 (tuner is not needed

here). That is, the ratio |/>3/^4| is independent of the phase

<^2 of Y2 = e^\ when BD*-AC* = i).

An added advantage accrues when the second method,

fi=C= 0, of obtaining the desired response (15) is realized.

The system then becomes a tuned reflectometer [24]

capable, when calibrated, ofaccurately measuring the reflec-

tion coeflicient magnitude of the load on arm 2. For this

application the second tuner is tuned in conjunction

with tuner T^. The details of the tuning procedure have been

reported [24]. The reflectometer is discussed in the section

on microwave impedance measurements elsewhere in this

issue.

3.5.2 Adjustable Impedance Power Meter [23]: An ad-

justable impedance power meter has many applications,

especially in comparison measurements. The mismatch

error in (8) is eliminated if the reflection coefficients of the

power meter and the load are equal. The tuning of or of

7^ and of Fig. 14 and the calibration to obtain values for

k 1 and k2 in ( 1 5) are independent of the characteristics of the

termination at arm 1. Also, the validity of (15) is inde-

pendent of the direction of the net energy flow at arm 2.

Two-coupler systems (e.g.. Fig. 14) that satisfy either of

the conditions of (17) can be used as adjustable impedance

power meters by connecting a variable impedance (7J and

its load) to arm !, as shown in Fig. 15. The tuner 7J is ad-

justed to obtain the desired value for the reflection co-

eflicient F^. If the system satisfies the second condition of

(17), 5=C= 0, it will still, with suitable calibration, pro-

vide an accurate measurement of |rjv,|.

In the comparison measurement shown in Fig. 15, the

ratio of Pl to Pm(Pm = — Pi) 's given by (8) and reduces to

Pm = Pl when r^ = r^.

The adjustment of T, for r^ = F^ is done with the circuit

shown in Fig. 16, where T, and M represent the adjustable

impedance power meter shown in Fig. 15. First, tuner is

adjusted for a null at the detector with the load F^ attached.

The desired condition, Fyv^ = Ff^, is then obtained by adjust-

ing 71, with undisturbed, to again produce a null with

the adjustable impedance power meter attached.

The two-coupler systems can provide accurate power
measurements. The available discussion of their applica-

tions includes: criteria for the choice of coupler ratios,

alternate methods of performing the calibration, and equa-

tions for calculating the limits of the uncertainty due to im-

perfect tuning and other causes [23].

Fig. 1 5. Comparison measurement with adjustable impedance

power meter.

X

-^wws<

Fig. 16. Adjustment for rj, = rt.

In systems where directional couplers can not be em-

ployed, (7) and (8) can be used to calculate the limits of mea-

surement uncertainty in terms of the magnitudes of the

power-meter, load, and generator reflection coefficients.

The power-measurement uncertainty is reduced when direc-

tional couplers can be used to reduce the generator reflec-

tion coefficient or to eliminate the need to know the load

reflection coefficient.

4. Pitfalls

4.1 Introduction

The total uncertainty in bolometric RF power measure-

ments is the result of the uncertainties in associated instru-

mentation, mismatch, bolometer-mount efficiency, and

substitution errors [4]. In coaxial mounts, one must also

consider the dual-element bolometer error [25], [26].

The errors due to instrumentation are caused by inability

to measure exactly the substituted dc or LF power. For the

most widely used bolometric power meters, this instru-

mentation error varies from ±0.5 to + 3 percent, depending

on whether dc or ac power is substituted. The range of error

is reduced to +0.1 to +0.5 percent by using either a manual

or self-balancing dc bolometer bridge with precision dc

measuring instruments.

The mismatch error is caused by wave reffections from the

load and generator. The problems associated with and tech-

niques for minimizing this source of error have been dis-

cussed in Section 3.

Bolometer-mount efficiency of less than unity comes

about because not all of the RF power is absorbed by the

bolometer element, some being dissipated in the mount
walls and supporting structures.

The substitution error arises because the dc and RF
powers do not have identical distributions along or in the

bolometer element. In dual-element bolometers, there is an-

other source of substitution error, which is due to differences
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in the resistances and the ohms-per-milHwatt coefficients of

the two elements.

The sources of error are discussed in more detail in the

I

following.

; 4.2 Efficiency ofBolometer Mounts

A bolometric power meter indicates the power absorbed

j

by the detecting element. The efficiency figure of a bolometer

mount accounts for that part of the net RF power dissipated

in the unit in places other than the detecting element. The

substitution error results from the difference in the effective-

ness of the RF and dc in heating the element. It is difficult to

j

separate these two sources of error in a measurement

I process, so they are both included in the concept of effective

efficiency. The efficiency of a bolometer mount is defined as

the ratio of the RF power absorbed by the bolometer ele-

ment to the net power input to the bolometer mount [27].

The effective efficiency is defined as the ratio of the sub-

j

stituted bias power in the bolometer element to the net RF
power input to the bolometer mount [28]. Note that both

of these quantities are independent of the mount reflection

coefficient.

The calibration factor, another useful figure of merit for a

bolometer mount, includes the effective efficiency r]^ and the

magnitude of the mount reflection coefficients \Tm\. It is

defined for bolometer mounts as the ratio of the substituted

bias power to the RF power incident upon the bolometer

mount [29]. For bolometer-mount/directional-coupler

combinations, the calibration factor is defined as the ratio

of the substituted bias power in the bolometer element on

the side arm of the directional coupler to the RF power

incident on a nonreflecting load connected to the main

arm of the directional coupler [29].

It should be emphasized that any calibration of a bolome-

ter mount or a bolometer-mount/directional-coupler com-

bination is not necessarily invariant with time or environ-

mental conditions. The user should recalibrate the instru-

ments periodically, as may be indicated by the stability of

prior calibration.

4.2.1 Measuring Effective Efficiency of Bolometer

Mounts: The effective efficiency of a bolometer mount can

be measured by several methods.

a) The simplest method is the direct comparison of the

efficiency of the bolometer mount with that of a mount
previously calibrated by a standards laboratory. By this

method, the effective efficiency and the calibration factor

may be obtained [29].

b) The reflectometer method [30] requires a calibrated

standard power meter to calibrate the reflectometer. This

technique yields the magnitude of the reflection coefficient

and the effective efficiency of the bolometer mount.

c) The impedance technique [27], [31 ], [32] is used to

determine the efficiency and the reflection coefficient of the

bolometer mount. One drawback to the impedance method
is that it may only be used to calibrate bolometer mounts
containing barretter elements. Effective efficiency, gen-

erally a more useful quantity, may then be formed from

knowledge of the substitution error.

9-

d) Specially constructed calorimeters are used at the

National Bureau of Standards to determine the effective

efficiency of bolometer mounts [28], [33].

The effective efficiency is almost independent of power

level between 10 //W and 10 mW. Although it includes the

substitution error, it does not include the mismatch error,

which must be accounted for separately.

4.2.2 Transfer of Calibration between Mounts with

Different Input Waveguides : The transfer of an efficiency

calibration from a standard bolometer mount to other

bolometer mounts usually implies that the standard and

unknown mounts have the same waveguide connectors, i.e.,

both have rectangular waveguide inputs, or both have the

same type of coaxial connectors. A method for trans-

ferring the calibration from a rectangular waveguide

bolometer mount to a coaxial bolometer mount has been

developed [34]. The method can be extended to transfer

calibrations in other waveguide types as well. It entails two

measurements by standard calibration techniques [30]. The

geometric mean of these two measurements plus the known
efficiency of the standard waveguide mount give the effi-

ciency of the coaxial bolometer mount, while the quotient

of the two measurements yields an estimate of the adaptor

losses or efficiency. The limits of uncertainty of a calibra-

tion transfer by this method are given as 1.0 to 1.4 percent.

4.2.3 Measurement of the Calibration Factor: The cali-

bration factor of a bolometer mount may be measured by a

comparison measurement with a calibrated bolometer

mount, the reflectometer method, or the impedance tech-

nique.

The calibration factor includes the effects of the mismatch

loss when a nonreflecting generator is used, as well as the

efficiency and substitution errors, and it is used as a correc-

tion factor to obtain accurate power measurements.

4.2.4 Efficiency Errors in Calorimeters: Efficiency and

substitution errors 'are also present in calorimetric power

meters. Dissipation in the waveguide not measured by the

calorimeter causes the efficiency error. The substitution

error, as in the case of bolometers, is the result of the differ-

ence in the heating effects of the dc or LF and the RF power.

For specific calorimeters these errors have been evaluated

analytically or experimentally, or both. These errors in

commercial calorimeters are often grouped into one correc-

tion factor, and a formula for calculating the RF power in

terms of a measured dc or LF voltage will include this factor.

The user must ascertain that the calibration will not change

with time, temperature, or other environmental factors.

4.2.5 Calibration Services: The Electronic Calibration

Center of the National Bureau of Standards, Radio Stan-

dards Laboratory, Boulder, Colo., provides calibration

services for bolometer mounts, bolometer-mount/direc-

tional-coupler combinations, RF calorimeters, and RF
power meters. These services include measurement of

efficiency, effective efficiency, or calibration factor for

bolometer mounts or their combinations, and of power

versus output voltage reading for calorimeters and other

power meters. Table I lists NBS calibration services cur-

rently available in this area and includes the limits of un-



TABLE I

NBS Calibration Services Available in CW RF and CW Microwave Power

Method of

Calibration
Item

Quantity

Measured
Transmission

Line
Frequency

Power
Levels

Estimated Limits

of Uncertainty

1) Direct comparison

with transfer stan-

dard

Bolometer mounts Effective efficiency or

cahbration factor

Coaxial 10, 30, ICQ, 200,

300, 400, 500, 700,

1000 MHz

1-10 mW + 1 percent

Coaxial 1.3,2,2.2, 3,3.5,4

GHz
± 1 .5 percent

WR90 8.2-12.4 GHz + 1 percent

Bolometer mount-directional

coupler combination

Calibration factor Coaxial 10, 30, 100, 200,

300, 400, 500, 700,

1000 MHz
1.3,2,2.2, 3, 4GHz

1-10 mW in

bolometer

element

± 2 percent

WR284
WR 187

WR 137

2.6-3.95 GHz
3.95-5.85 GHz
5.85-8.2 GHz

+ 1.5 percent

WR 112

WR90
7.05-10 GHz
8.2-12.4 GHz

+ 1 percent

WR 62

WR42
12.4-18 GHz
18-26.5 GHz

±1 to ±1.5 percent

2) Reflectometer

method of calibra-

tion

Bolometer mount Effective efficiency or

calibration factor

WR 284

WR 187

WR 137

2.6-3.95 GHz
3.95-5.85 GHz
5.85-8.2 GHz

1-10 mW + 1.5 percent

WR 112

WR90
WR62
WR42

7.05-10 GHz
8.2-12.4 GHz
12.4-18 GHz
18-26.5 GHz

+ 1 percent

3) Impedance method
of calibration

Bolometer mount
(barretter elements only)

Efficiency or effective

efficiency or calibra-

tion factor

WR 284

WR 187

WR 137

2.6-3.95 GHz
3.95-5.85 GHz
5.85-8.2 GHz

1-10 mW + 1 percent

4) Power versus

output voltage

RF calorimeters and RF
power meters

Power Coaxial 10 MHz 0.001-200 W + 2 percent

30 MHz 0.001-150 W + 2 percent

100, 200, 300, 400,

500 MHz
0.001-100 W + 2 percent

700, 1000 MHz 0.001-10 W + 2 percent

1.3 GHz 0.001-50 W + 2 percent

2,2.2, 3, 4 GHz 0.001-1 W + 2 percent

5) Adaptor method of

calibration

Thermistor mount, 200-ohm
(Type A' male connector)

Effective efficiency Coaxial 4-7.05 GHz 10 mW + 2 percent

7.05-10 GHz + 1.5 percent

Thermistor mount, 200-ohm
(14-mm precision connector)

Effective efficiency Coaxial 4-7.05 GHz 10 mW + 1 percent

7.05-10 GHz 1.5 percent
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TABLE II

Comparison of Power Meters

Method Typical Power
Level

Frequency Range
Estimated

Accuracy

Incident

Power
Absorbed

Time Constant Remarks

Thermal Devices

1) Static calorimeter

a) Basic

b) Substitution

c) Twin

100 ^W-10 w
100 /iW-1 kW
100 ;iW-IO mW

All

All

All

±0.5- ±5 percent

±0.5- ±3 percent

±0.2- ±3 percent

100 percent

100 percent

100 percent

to 10* seconds

to 10^ seconds

O.I-IO^ seconds

Fundamental type of measurement, power level

must be maintained constant during a measure-

ment, slow response time.

2) Flow calorimeter

a) Basic

b) Substitution

I-IO W
10 mW-IOO W

All

All

±2- ±5 percent

± 1- ± 5 percent

100 percent

100 percent

l-IO^ seconds

I-IO^ seconds

Response time depends on the flow rate, compli-

cated construction.

3) Bolometers

a) Barretter

b) Thermistor

c) Film

d) Waveguide wall

lo-'-io-^ w

lO-^-IO"^ w
lO^'-IO ' w
lO'^-l w

10 GHz

10 MHz-40 GHz
0.5GHz-10GHz
10 GHz-^GHz

± 1- ±5 percent

± I- + 5 percent

± 2- + 5 percen t

+ 2- ±5 percent

100 percent

100 percent

100 percent

3-4 percent

10 " ^ second

1 second
5-10 seconds

10 seconds

Easily bumed-out, needs appropriate instrumen-

tation.

Rugged, difficult to burn-out, temperature-sensitive.

Can be used for a feed-through power meter.

4) Thermocouples
a) Directly heated

b) Indirectly heated

thermoelement

c) Vacuum thermoelement

lO-^-IO ' w

10-^-10 ' w
-5mW

to 18 GHz

to 40 GHz
to I GHz

+ 2 percent

±2 percent

+ 1 percent

100 percent

100 percent

100 percent

0.1 second

1-5 seconds

0.5 second

Simple instrumentation.

Mechanical Devices

1) Radiation pressure

2) Torque vane

3) Vibration

1(K50 mW
10-200 W
lo-'-i W

3^ GHz
to 10 GHz
10-26.5 GHz

+ 5 percent

±2- +3 percent

±3- ±5 percent

Fraction

2.5 percent

100 percent

30 seconds

2 seconds

0.2-2 seconds

Absolute calibration possible, vibration-sensitive.

Absolute cahbration possible, vibration-sensitive.

Linear detector, CW power must be chopped at the

mechanical system resonant frequency.

Electronic Devices

1) Crystal diode

2) Hall effect

lO-^-IQ-^ W
10- '-1 W

to 40 GHz
to 10 GHz

±5- ±20 percent 100 percent

12-15 percent

10"* second Useful only as level indicator.

Measures Poynting vector directly, very small effect

at microwave frequency, still in experimental

stage of development.

TABLE III

Comparison of Calibration Methods

Method of Calibration
Frequency

Range
Quantity Measured

Estimated Accuracy

of Method
Remarks

Basic Methods
Calorimeter dc^O GHz

and higher

Effective efficiency ±0.2- + 0.5 percent Complicated to construct and evaluate for errors; long

time constants.

Impedance technique 2.6-^ GHz Efficiency ±0.5 percent Can be used only with elements whose reflection co-

efficients can be calculated on the basis of dc measure-

ments, such as barretters.

Transfer Methods
Reflectometer methods 2.6-^ GHz Effective efficiency and

calibration factor

± l-±2 percent Requires a calibrated bolometer mount for initial cali-

bration of the reflectometer.

Direct comparison methods dc-40 GHz Effective efficiency, cali-

bration factor, and power
± l-±3 percent Requires a calibrated bolometer mount for comparison

and evaluation of minimum error.
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certainty of the diflferent types of measurements [35]. Some
commercial laboratories also provide some similar calibra-

tion services.

4.3 Substitution Errors

4.3.1 Dc-RF Substitution Error [3], [36]: In bolometers

the same dc and RF power is initially assumed to produce

the same resistance change. However, there is a nonuniform

RF current distribution in the bolometer that causes a non-

uniform distribution of the RF heating. The substitution

error will vanish if the resistance is independent of the

power distribution. This criterion is not completely satisfied

in practice, but it is closely approached by making the

bolometer elements very small.

The dc-RF substitution error has been analyzed for

barretter elements [36]. This analysis shows that for typical

conditions the substitution error will be 1 percent or less,

while experimental evidence at 10 GHz [32] indicates that

it may be about 0.1 percent. For thermistor elements, the

substitution error is presumed to be quite small because of

the small size of the thermistor bead [3], [4]. For both

thermistors and barretters, it is taken into account in a

bolometer unit effective efficiency calibration.

For bolometer bridges that supply simultaneous dc and

AF bias power, there is an additional small substitution

error [37]. The AF resistance of the bolometer is different

from the dc, and it varies over the audio cycle. Power-meter

manufacturers reduce or eliminate this error by choice of

audio frequency, and by meter calibration.

4.3.2 Substitution Error in Dual-Element Bolometers

[25], [26]: A dual-element error occurs in coaxial bolometer

power meters that use a pair of bolometer elements. These

elements are connected in series for the dc bias current

and in parallel for RF voltage.

The series connection for dc bias assures equal current in

the two elements. If their resistances are unequal, the one

with the larger resistance dissipates more dc power. The

parallel connection for RF causes the element with smaller

resistance to dissipate more RF power. If the ohms-per-

milliwatt coefficients of the two elements are not identical,

an error results in the indicated power. This error is given

by [26]

where and are the ohms-per-milliwatt coefficients of the

two bolometer elements, and r^, and r^i are the respective

values of the two elements when the bridge is balanced by

dc or LF only. For thermistor mounts, this error increases

with increasing RF power, and above 10 mW increases

rapidly. For barretter mounts, the error decreases with in-

creasing RF power. It is therefore advisable to limit the

RF dissipation in the dual thermistor mount to about 25

percent of the total power (RF-f-dc bias power). At 10-mW
RF the error ranges between 0.1 and 1.0 percent [26].

5. Summary

A survey has been made of some of the types ofRF power

meters. These are summarized in Table II. The various

methods of measuring power and of calibrating power

meters have been discussed. The latter are summarized in

Table III. Finally, several important sources of error in

bolometric power measurements have been mentioned

briefly. These were the mismatch errors, efficiency errors,

and substitution errors.
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page 842, column 1, paragraph 2, lines 9-10 should have read: "the

vmcertainty in the comparison measurement is about ± 8 percent. "

page 842, column 2, Figure 12. should have been shown as :

page 842, column 2, equation (11) should have read:

b = r a +b
2 Ge 2 Ge

.

page 842, column 2, equation (12) should have read:

page 843, column 1, paragraph 1, lines 13-15, should have read: "the

uncertainty in the direct measurement (Figure 9) is 1 percent for a

equal to 0. 2(a^, = 1.5)."M M
page 843, column 1, paragraph 2, lines 5-6, should have read:

=
^Ge = -(S^iS3^)/S3, .

page 845, column 1, Section 4. 2, paragraph 2, line 3 should have read:

"magnitude of the mount reflection coefficient FM
page 850, add to the Bibliography Section, under Miscellaneous

[
114] I. A. Harris, "The Theory and Design of Coaxial Resistor

Mounts for the Frequency Band 0-4000 Mc/ s, " Proc. I. E. E. (London),

Vol. 103, Parte, No. 3, pp. 1-10, March 1956.
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A Bolometer Mount Efficiency Measurement Technique
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In the measurement of microwave power by means of the bolometric technique, the
efficiency of the bolometer mount must be measured and applied as a correction in order
to meet many of the accuracy requirements of today's technology.

An impedance technique of determining this efficiency was proposed over ten years
ago, but has found but little use to date because of the rather severe performance require-

ments imposed on the attendant instrumentation. This paper describes an improved
method of implementing the technique which is based on the reflectometer concept.

A particularly attractive feature of the new method is its substantial independence of
connector discontinuity which has been a particularly troublesome source of error in coaxial
systems. In further contrast with some of the earlier proposals for implementing this

impedance technique, the new method is readily applicable to both matched and unmatched
mounts and does not require mathematical approximations (in the first order theory).

A comprehensive error analysis indicates that an accuracy of 0.5 percent is possible in

the existing state of the art.

1. Background

The "impedance" method of ineasm'ing bolometer
mount efficiency devised by Kerns [1] ' is one of the

few basic techniques developed thus far for deter-

mining this parameter. As originally outlined, how-
ever, the accuracy which could be achieved was
rather severely limited by the state of the impedance
measuring art, and this led in turn to the develop-

ment of a number of modifications of the technique
with the objective of reducing the overall error.

Beatty [2], for example, proposed a modification

based on certain mathematical approximations and
restrictions hi generality which provided improved
accuracy, but the associated operating procedures
proved to be nonetheless tinie consuming and exacting,

and the accessory instrumentation was never devel-

oped or refined to the point where one was, on a

routine basis, able to place a great deal of confidence

in the results. Additional refinements or modifica-

tions of the technique have also been suggested by
Weinschel [3], Ginzton [4], Lane [5], and perhaps
others, but it is probably safe to say that none of

these proposals has, as yet, come into widespread use.

At the Boulder Laboratories of the National
Bureau of Standards another variation of the im-
pedance method has been developed which provides
improved accuracy and simplified operational pro-

cedures but, unlike the earlier modifications, requires

neither mathematical approximations (in the first

order theory), nor restrictions in the generality of the

method. A particularly attractive feature of this

new version is its substantial independence of con-
nector discontinuity, which has been an especially

*A preliminary report of this technique was given at a joint meeting of the
International Scientific Radio Union and the Institute of Radio Engineers, April
26, 1958, Washington, D.C.

I Figures in brackets indicate the literature references at the end of this paper.

troublesome source of error in coaxial systems. This
technique constitutes an improved method of making
the measurements implicit in the "impedance"
method formulated by Kerns, and the subsequent
discussion and error analysis will be limited to the
procedures to be described. For a discussion of the
more basic postulates upon which the procedure is

based the reader is referred to the original paper [1].

In particular it should be noted that the technique is,

in its present form, applicable to barretter but not
to thermistor type bolometei's.^

2. Introduction

It was shown by Kerns [1] that the efficiency of a
bolometer mount niay, under suitable conditions,
be determined from three impedance measurements
at the bolometer mount input terminals correspond-
ing to three different values of bolometer resistiuice.

If one of these resistance values is chosen to coincide
with the value of resistance for which the efficiency

is desired, this result may be expressed in terms of
the input reflection coefficients thus [2] :

|r3-rj(i-|r.|^)

where the r,, Tj, are tlie reflection coefficients

corresponding to bolometer resistances 7?,, /I'a, R^,

respectively, r] is the efficiency when the bolometer

2 In order to apply the technique to a given bolometer mount, it is a sufficient
(but not necessary) condition that it be possible to determine the microwave
impedance of the bolometer element from measurements of its d-c resistance.
A somewhat different sufficient condition is that the resistive component of the
microwave impedance be related to the d-c value by means of a real proportion-
ality factor (whose magnitude need not be known), and that the reactive compo-
nent be constant or independent of the d-c resistance. Necessary conditions have
not been determined, but it has not been possible, thus far, to relate the microwave
impedance to the d-c resistance in an adequate fashion in order to utilize this
technique with thermistors.
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resistance has the vahie R2 (typically 200 ohms), and

ii> r» \ / D n \
tlie special case of a

{1X2— ti\) {liz^h i)

"matched" mount (r2= 0) the expression becomes

r,
(2)

The determination of the factor K, while present-

ing a number of practical problems, does not pose
the difficulties encountered in measuring the factor

containing the T's. It will be noted that this latter

factor is characterized b_v differences or changes in

the reflection coefficient values as the bolometer
resistance is varied. Because the resistance varia-

tion which can be achieved with the available

barretter elements is at best rather limited, the

corresponding changes in the reflection coefficient

are not large, and if the individual F's are measured
(by means of a slotted line for example) a rather

severe requirement on the accessory instrumentation
results. Beatty [2] has shown that an error of ± 1

percent in the VSWR measurements may lead to an
error as large as ±6 percent in the determined
efficiency.

More recently, the reflectometer technique has
found increased usage in the measurement of reflec-

tion coefficient magnitudes. This device, shown in

figure 1, ideally yields a response of the form:

--k\V\ (3)

where 63 and 64 are the wave amplitudes of the signals

at the respective detectors, F is the reflection coeffi-

cient of the bolometer mount or other load terminat-
ing arm 2, and k is a (real) constant whose value
may be determined by observing the detector outputs
with arm 2 terminated by a load of known reflection

—

a fixed short for example.
Wliile the usual reflectometer fails to produce

this type of response because of imperfect directivity

and other deviations from ideal behavior of the
directional couplers employed, it is possible to com-
pensate for these imperfections at a single frequency
by means of auxiliary tuners [6], as shown in figure

2. Procedures for the adjustment of these tuners,

such that the response of eq (3) may be realized,

were given in the cited reference [6]. In essence
the procedure is to adjust the tuning transformer
Tx such that the directivity of the associated direc-

tional coupler becomes infinite, while Ty is adjusted

DETECTOR OETECTOR

X
-I-^AA>

Figure 1. Ideal reflectometer.

DETECTOR DETECTOR

1 V\Ar

+

b, a,

H—vw
T,

FifiURE 2. Reflectometer with aivxiliary tuners.

such that the reflection coefficient of the equivalent
generator, at the terminals where the bolometei
mount is connected, vanishes.

The reflectometer does not, in this form, providt
a determination of the argument or phase angle ol

the reflection coefficient, however Beatty [2] has
noted that for matched mounts of high efficiencj^

the reflection coefficient vectors Fj and F3 are nearl>=

colinear so that to a good approximation IF3— Fjj

= |F3|±|ri!. (The proof of a more general counter-
part of this statement will be given later in this

paper.) To the extent of the validity of this approx-
imation, the cited reflectometer technique may thus
be employed to determine the efficiency of matched
bolometer mounts by means of eq (2). The appli-

cation of the reflectometer method to the more
general problem of unmatched mounts is, however,
by no means obvious.

Within the limitations discussed, the described
method is practical in rectangular waveguide sys-

tem.s. In coaxial system^s, however, the procedure
leaves a great deal to be desired, and even in rectan-

gular waveguide, as will be subsequent!}^ demon-
strated, the procedure, as given, is unnecessarily
complex for the application.

The problem in coaxial measurements centers

around the impedance discontinuity which is part of

the coaxial connector. In order to provide a useful

result, an overall accuracy in the efficiency deter-

mination of 1 percent would appear to be a reasonable
goal, and since this figure will include contributions
from a number of dift'erent sources it is desirable to

reduce the individual contributions to the order of

0.1 percent. Applying this criterion to the amount
of mismatch permissible in the equivalent generator
impedance implies a generator match with a VSWR
of 1.002 or less. While this value may be reahzed in

rectangular waveguide system.s by m.eans of suffi-

ciently refined techniques, the prospect of achieving
such a result in a coaxial system, where connector
discontinuities with VSWR's of the order of 1.1 are

typical, is certainly far from encouraging.
It may be noted, in passing, that this problem has

appeared so regularly in attempts to refine this

technique for use with coaxial type bolometer mounts
that one is led to wonder if any significant improve-
ment in the technique is possible with the existing

coaxial connectors. For example in Beatty's modi-
fication, which was based on a variation of the slotted

line technique, the measured efficiency included the
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losses in that portion of the slotted section between
the probe position and bolometer m.ount, leaving one
with the awkward additional problem of measuring
and applying as a correction the losses in this portion

of the slotted line.

3. General Theory

The contributions of the new method to be de-

scribed in the following paragraphs include an
"exact" procedure for determining the vector differ-

ence between two reflection coefficient values, and a

tuning procedure which virtually eliminates the

potential error from connector discontinuity.

The m.agnitude of the vector difference between
two reflection coefficient values may be determined
with the help of the circuit arrangement shown in

figure 3. For convenience an ideal reflectometer

will be assumed. Terms of the form IPs— Fil may
be determined as follows: The barretter resistance

is first adjusted such that the bolometer m.ount has
the input reflection coefficient Fi. The signal at the

detector 3 is then "nulled" or balanced out by means
of the auxiliary signal channel. Under these cir-

cumstances the signal provided by the auxiliary

channel is proportional to — Fi. If the barretter

resistance is now adjusted to produce F3, and if

suitable precautions (to be described later) have
been taken to isolate the two channels, the detector 3

signal will now be proportional to
|

F3— Fi |
as required.

In order to illustrate the improved tuning proce-

dure it will prove helpful to consider a special case.

If a perfectly matched bolometer mount is assum.ed,

the tuning of the reflectometer may be effected as

follows. First, with the bolometer mount connected
and the bolometer resistance adjusted to the value
corresponding to the perfect match, the transformer

Tx is adjusted for a null in arm 3, corresponding to

infinite directivity for the associated coupler. Next
the bolometer mount is replaced by a sliding short

and the transformer Ty adjusted such that the ratio

^2 is constant for all positions of the short. As was

explained in the reference [6], this adjustment pro-

P
flUXILIflRY CHANNEL

X -HWV

Figure 3. Circuit for determination of \Vz—Fil

duces an equivalent generator match (provided that
the previous adjustment has been correctly made),
and having completed these two adjustments, the
measurement of the mount efficiency may be carried
out using eq (2) as already described. (In practice
additional tuning elements, whose use will be de-
scribed later, are required to isolate the auxiliary
channel.)

It should be noted that to the extent that the
(coaxial) connectors may be considered dissipation
free, the attendant impedance discontinuity has no
effect upon the sliding short adjustment since an
ideal sliding short preceeded by a lossless discon-
tinuity still presents a reflection coefficient of unit
magnitude and (except for trivial cases) of variable
phase angle. The place where the connector dis-

continuity is potentiaUy important is in the initially

assumed impedance match for the bolometer mount.
But, as will be proved, the assumed impedance match
is entirely unnecessary. To be sure, if the mount
is matched, the measurement may be carried out as
described; while if the mount is not matched, the
identical series of measurements and operations
described above will yield the factor

|

(F3-F2)(Fi-F2)
|

!F3-ri|(l-|F2p)

as required in the more general expression for
mount efficiency.

In other words, the reflectometer adjustment and
measurement proceeds on the basis of an assumed
perfect impedance match for the bolometer mount
(but employing only the specific procedures men-
tioned). It then develops that the method gives
the correct value of efficiency regardless of whether
the mount is matched or not! The proof for these
assertions will be found in the following paragraphs.

It is a general property of a four-arm junction
(of which the reflectometer of figure 2 may be
regarded as a special case) that the ratio of the
emergent wave amplitudes in arms 3 and 4 may be
written in the form:

(4)

where the A, B, C, D are functions of the parameters
of the four-arm junction and the detectors termin-
ating arms 3 and 4, and F is the reflection coefficient

of the load terminating arm 2.

If the reflection coefficient of the bolometer mount
is designated by F2 when the bolometer is at its

nominal operating value i?2 (the value at which the

mount efficiency is to be determined) and the
junction has been adjusted (by means of T^) such
that the signal 63 vanishes when arm 2 is terminated
by this load (F2), then B=—AT2. A solution of

eq (4), subject to the condition that the ratio k-^

remain constant (as provided by adjustment of Ty)

while the phase of F varies, yields ^—(j^j I^P

where the asterisk (*) denotes the complex conjugate.
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(A second solution, A/C=B/D is trivial since it

gives for a value which is independent of r.)

For a sliding short the above result becomes
B /C\*
'^—y^) Substituting the first and last of these

results in eq (4) gives:

63^ ^(r-r,)

64 D{i-rr%y (5)

Substituting Tj and T3 for T and taking the absolute

value of the ratio of the product to the difference

gives:

A 2 r3-r2 r-r,
D 1— r,r*2 A |r3-r2||r,-r,|

A Ts-T, D |r3-ri|(i-|r,|^)

D
(6)

The term on the right is just the one required in

the general expression for mount efficiency, while the

may be determined by observing the sys-factor D
tern response with the bolometer mount replaced by
a short or other termination for which ir| = l. This
may be demonstrated by letting T= e'^. Then:

(7)
63 A A A

D D i-(r2e-'0* D

as required.

Comparison of eqs (5) and (6) with (3) and (2) re-

spectively, indicates that the measurement may be
A
Deffected as outlined with

r-r2

taking the part of k, and

being the more general counterpart of r.

DETECTOR (3in

AUXILIARY CHANNEL

\

4. Circuit Arrangement and Tuning
Procedure

A practical waveguide systeni utilizing these con-
cepts is shown in figure 4. For convenience the
directional couplers will be designated by P, Q, R,
and S. The auxiliary arm between couplers R and
S contains an on-off switch, phase shifter, and atten-

uator as required to balance out the signals from
coupler P. As a matter of operating convenience
it is generally helpful (but not essential) to adjust
the system in such a way that the signal at detector
4 is nominally constant or independent of T. This
is achieved by an adjustment of to be described.

In order to obtain the vector difference between
two reflection coefficients by the procedure described
earlier, it is important to investigate the possible
effect of variations in F upon the signal delivered to

the detector 3 via the auxiliary arm. It is intui-

tively evident (and proof will be omitted) that the
desired operation will be achieved if the following
criteria are satisfied.

— 19-

Figure 4. Waveguide system for measuring bolometer mount
efficiency.

1. The signal coupled into the sidearm of coupler

7? is independent of F, or more specifically since it is

the ratio of the signal in detector 3 to detector 4

which is observed, this ratio must be independent

of F.

2. The impedance "looking into" coupler iS at its

sidearm is independent of F.

As a consequence of criterion 2, it will also be true

that the impedance looking into this coupler and
detector from the main arm will be independent of

the operation of the phase shifter, attenuator, or

switch in the auxiliary arm.
The adjustment of the tuning transformers to

achieve these conditions may be done by the follow-

ing steps:

(1) Directional coupler P and tuner are tem-
porarily removed from the system. In their place a

sliding short is connected to coupler Q, and an

auxiliary detector connected at the point X. The
microwave signal is then delivered to the detector 3

via the auxiliary arm, and tuner T„ is adjusted for a

null in the auxiliary detector connected at point X.
This satisfies criterion 2 above.

(2) Tuner Tu is now adjusted such that the ratio

is constant for all positions of the sliding short,

and is similarly adjusted such that I64I remains
constant as the position of the short is varied. If,

as is often the case, the type of instrumentation

employed to measure I64I and
64

is of such a nature

that the measurement of is awkward in the

presence of large variations in \bi\, Ti may be first

adjusted such that I63I remains constant as the

sliding short is varied, and Tu then adjusted for a
constant value of I64I. Ideally, the two procedures
will yield identical results, while in practice, depend-
ing upon the degree of precision toward which one is

working, it may prove desirable to check the result

for conformity to the criteria stated earlier.

If attention is centered on the four-arm junction
comprised of couplers R, Q, and tuner Tu, it is of

interest to note that the adjustment of T„ to make

116



the ratio a constant corresponds to the "trivial"

solution AIC=B/D rejected in the earlier discussion

of a reflectometer. Although a sliding short has been
specified, other types of variable loads, for example,
a fixed short preceded by a variable attenuator,

might also be employed in this particular adjust-

ment. For practical purposes, the method of con-

necting the du-ectional couplers will determine which
of the solutions A/C=B/D or B/A^iC/D)* is

achieved by the sliding short adjustment, but should

the question ever arise as to which of the two condi-

tions has been realized by the given procedure it is

sufficient to note that the former solution makes

completely independent of r while this is not true

of the latter one.

(3) The coupler P and tuner Ty are next replaced,

the bolometer mount connected and Tx adjusted for

a null at detector 3 with the bolometer resistance at

its nominal value. The switch in the auxiliary arm
is in the "off" position for this and the subsequent
adjustments.

(4) The bolometer mount is then replaced by the

sliding short and Ty adjusted for a constant ratio

Y as the position of the short is varied. This com-

pletes the alinement procedure.

h
If the ratios

64
are designated by subscripts 1, 3,

and S, corresponding to values for the bolometer
resistance of Ri, B3, and the response when the

bolometer mount is replaced by a short, the desired

result may be expressed in terms of the measured
values

:

(8)

63

64 1

h
__|(r3-r2)(ri-r,)|

64

|r3-ri|(i-|r2p)

s

where the first factor in the denominator of the left

side is determined in the manner described at the

beginning of section 3.

5. Practical Considerations

By means of the techniques described in the

preceding sections, the microwave unpedance meas-
urements required for a determination of mount
efficiency have been reduced to a set of tuning ad-
justments and the measurement or determination

^ etc., for which a variety ofof the ratios
b. 64

techniques are available. Depending upon the type

of instrumentation employed, the ratio may be

may beindicated du-ectly, or the terms I63I and
obtained individually. If the adjustment of has
been made with sufficient care, the signal \bi\ will

depend only upon the output level of the signal

source; and if the latter is sufficiently stable, \bi\

will be constant and thus may be cancelled out of eq

(7), leaving only the values of I63I to be determined.
Indeed, as discussed in the reference [6], if a suf-

ficiently stable signal source is used the directional

coupler Q, detector 4 and tuner T„ may be omitted
from the system. Under these conditions, step (2)

of the tuning procedure described above consists

of adjusting such that I63I is constant, while the

other steps follow as given with replaced by I63I.

The detection techniques which may be employed
include audio modulation and detection, heterodyne
detection, and bolometric power detection. Although
it is not within the scope of this paper to examine
each of these methods in detail, it may prove useful

to call attention to some of their more prominent
features.

Perhaps the most convenient, but one of the least

accurate, in the existing state of the art, of the cited

methods is that of conventional audio modulation
and detection. The detection equipment may take

the form of a ratio-meter with barretter detectors

such that ^ is indicated directly. Barretter detec-

tors are specified in order to ensure that the detector
impedance will be at least nominally constant as re-

quired above. Alternatively, a standing-wave type
amplifier may be used, and the signal I64I applied to

the automatic gain control channel (if available).

It should be noted that such an instrument is ac-

tually a ratio-meter although the permissible excur-

sion of the input signal applied to the AGO channel
is usually quite limited. In practice these excursions

may be held to a small value by adjustment of Tj,

and once again, if the signal source is sufficiently

stable and the adjustment of Tg is made with suffi-

cient care, it is only necessary to measure [b^l, and
the AGO channel is not required. The chief prob-
lem with conventional audio techniques appears to

be in the difficulty of accurately measuring changes
in the level of an audio signal. In addition, because
the measurements must *be made over a nominal 20
db dynamic range, the deviations of the barretter

detector from true square law response would be
ultimately a source for concern.

Another objection to the conventional audio
technique is that the barretter resistance (in the
mount to be measured) tends to follow the modula-
tion envelope, in the same manner as occurs in the

detectors. In order to avoid this difficulty it is

necessary to hold the microwave power dissipated

in the barretter to a small fraction, nominally 1

percent or so, of the total bias power. In addition,

the resistance excm"sions which may be realized

with the commercially available barretters are such
that the reflected signal is down by another nominal
20 db, and thus even if the modification (to be
described below) which permits tight coupling to

this reflected signal is employed, the signal power
available is only of the order of a few microwatts,
which taxes the ability of the best audio detection
equipment. In spite of these objections, however,
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the audio technique does provide a convenient

method of developing a familiarity with the overall

system behavior, and as this is being written, some
of these objections are being overcome [7]. When
used in conjunction with some of the additional

refinements to be discussed below, the conventional

audio technique would probably permit an efficiency

determination to an accuracy of a few percent

or better.

The IF substitution technique of attenuation

measurement is immediately applicable to the

measurement of relative levels of |6s

scheme for the measurement of

while a possible

h is shown in

figure 5. In figure 5, the 30 Mc/s signal derived from

hi is adjusted by means of the piston attenuator to

equal in amplitude that obtained from 63, while

phase balance is obtained from the phase shifter as

shown. The changes in I63I
with respect to I64I may

thus be read directly from the piston attenuator.

The measurement procedure thus consists of a series

of nulling adjustments and is independent of fluctua-

tions in the amplitude of the signal source, or the

gain of the 30 Mc/s null detector. For these

reasons the scheme appears attractive (on paper

at least) for the proposed application.

A preluninary investigation of this technique has

shown, however, the existence of a number of at-

tendant practical problems. First, the 30 Mc/s cir-

cuits are frequency sensitive, requhing high stability

of the intermediate frequency. Second, for proper

operation the conversion efficiency of the crystal

mixer should be independent of the changes in level

of the local oscillator signal which inevitably ac-

company the operation of the phase shifter, but the

conversion gain proved to be more sensitive to the

local oscillator amplitude than anticipated. Tliird,

the fact that the null is phase sensitive complicates

the alignment procedure somewhat, particularly the

adjustment of Ty. Undoubtedly, a more careful

examination of the technique will uncover additional

problems; this technique has not been investigated

further because the method described below proved
to be more convenient with the auxiliary apparatus
on hand.
The method referred to above consists of power

detection by the bolometric technique. These tech-

niques have been refined to the point [8] where

CRYSTAL
MIXER

PISTON
ATTENUATOR

LOCAL
OSCILLATOR

PHASE
SHIFT

CRYSTAL
MIXER

30 Mc/s

NULL
DETECTOR

Figure 5. Possible heterodyne detection system.

accuracies of 0.1 to 0.2 percent may be realized at

the required power levels. (It will be noted that
questions as to bolometer mount efficiency of the
detectors, etc., are unimportant here, since only
power ratios are required.) It will prove useful to

consider certain aspects of this procedure in detail

since they are also applicable to the techniques
described earlier.

The techniques by which the power is measured
were discussed in detail in the cited reference [8]

and need not be described here. In order to increase

the signal at the detectors to the level where power
detection is feasible, the configuration shown in

figure 6 is employed. With the exception of the re-

versal of the connections to the coupler P, the sys-

tem and tuning procedure are the same as that given
for figure 4. A convenient choice of coupling ratio

for the couplers P, Q, E, S, is 10 db. Under these
conditions, approximately 80 percent of the power
reflected from the termination is delivered to the
detector 3. A further increase in this figure may
be realized by other choices of coupling ratios, for

example a figure of 90 percent may be realized by
changing R and >§ to 3 and 20 db respectively, while
a value of 98 percent would obtain with the values

20, 20, 3, and 20 db for P, Q, R, and S, respectively.

These two alternatives would require an additional

3 and 10 db of power from the generator, however,
and thus the first set of values appears to be a

reasonable compromise when the available power is

a potential problem.
The power delivered to the detector 4 is stabilized

or held constant by means of techniques developed
in this laboratory, [9] and thus only the values of

power at the detector 3 are required.

In order that the detector signal may be as large

as possible, it is desirable to operate the barretter,

in the mount to be calibrated, over as wide a re-

sistance excursion as possible. The commercially
available barretters are not all equally suitable in

DETECTOR (3)

AUXILIARY CHANNEL

TO
SIGNAL I

SOURCE I
'""^

Figure 6. Alternative waveguide system for measuring bolo-

meter mount efficiency.
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this regard, but the type selected for this apphcation
may be operated over the range 140 to 260 ohms
(nominal operatmg resistance 200 ohms). In op-
eration the barretter forms one arm of a self-bal-

ancing bridge [8], another arm of which is varied
to produce the required changes in resistance.

The bolometer mount under measurement is pro-
vided with a nominal 10 mw of microwave power,
resultmg in reflected signals of approxunately 310
and 170 mw at the resistance values of 140 and 260
ohms. A practical problem exists with reference to

the measurement at 140 ohms, since the 10 mw of

microwave power alone, without any additional d-c
power, will bias the element at perhaps 180 ohms.
This difficulty is avoided by an indirect measure-
ment technique. In order to obtain the measure-
ment corresponding to the 140-ohm resistance value
the microwave power is first reduced to such a value
that the element may be operated at 140 ohms.
The signal in the detector 3 is then nulled or balanced
out by means of the auxiliary signal channel. As-
suming linearity of the system, this null will be inde-
pendent of power level. The bolometer resistance

is then returned to 200 ohms, and the microwave
power increased to its nominal 10 mw value. Under
these conditions, the only signal delivered to detector
3 will come from the auxiliary channel and will be
equal in amplitude (but opposite in phase) to the
signal which would be obtained from the bolometer
mount were it possible to reduce its resistance to

the 140 ohm value in the presence of the 10 mw
signal. This signal is then measured and used in

the equations where the 140 ohm value is required.

With the bolometer mount replaced by a short,

the reflected signal has, of course, a power level

equal to that in the incident wave, nominally 10
mw. The procedure thus requires measurements
over the nominal 20 db range between the lOmw
and 100 /xw power levels. In addition to the meas-
urement of these signal levels, it is also important
to be able to recognize the presence of signal levels

in the region 60 to 80 db below these values during
the course of the tuning operations. For this pur-
pose it has proved convenient to split off a portion
of the signal from arm 3 by means of a directional

coupler and employ an auxiliary heterodyne detector.

A waveguide switch in the secondary arm of this

coupler is kept in the nontransmitting position when
the adjustment of tuner is made and when the
signal amplitudes are being measured by the bolo-
metric detector. In other words, the switch is in

the transmitting position only when the high sensi-

tivity for tuning adjustments is required. This
isolates the remainder of the system from possible
variations in the impedance of this heterodyne
detector.

Although little has been said concerning the de-
tails of the power measurement, this aspect of the
procedure is not without its share of practical
problems. In order to m.ake power measurem.ents
to an accuracy of a few tenths of a percent at the
100/iW level, temperature control of the bolom.eter
mount to about 0.001 ° C is required. A second

problem concerns the barretter element itself. In
practice it is frequently observed that even though
the ambient temperature is held constant, the bias
power required to maintain a given operating re-

sistance may still be subject to considerable variation
or drift. Certain types of elements have been ob-
served to be much worse than others in this respect,

but even among the better ones it is usually necessary
to apply the bias power continuously for several days
or even a week before stable operation is achieved.
Although the foregoing discussion has been con-

cerned primarily with the barretter element, the
measurement also imposes stringent stability re-

quirements on the associated apparatus as well.

This will be easily recognized when attention is

called to the fact that the boloro.etric measurement
is in reality a differential power measurement.
Thus if it is required to measure a one percent change
to an accuracy of a part in 10^, a stability or resolu-

tion in the total d-c bias power of a part in 10^ is

impHed.

6. Approximate Methods

The foregoing procedure is "exact" in the sense
that the only mathematical approximations which
have been introduced thus far have been in assuming
that eqs (1) and (4) adequately describe the bolom-
eter mount and reflectometer behavior. In a large

percentage of the cases of practical interest a con-
siderable simplification in the technique may be
effected with little loss in accuracy by the introduc-
tion of suitable approximations. As a matter of

fact, the accuracy achieved in practice is actually

improved in certain instances by one of these approxi-
m.ations which will be described.

The first of these approxim.ations relates to the

substitution of ||r3|±lri|l for iTg— Til in eq (2), or

m.ore generally, the substitution of

i-r.ro^

Ti-r,
1— TiTo

for
To ri-r2

i-Tsr^* i-Tir^

in eq (6). (The m.inus sign is used if both Rj and Ha
are either greater than or less than Ro, while the

positive sign is used when, as in the following ex-

ample, one resistance value is above and the other
below i?2-)

In order to examine the validity of this approxi-

mation it is convenient to obtain a general expression

for this error in term.s of the magnitude and argu-

ments of the complex numbers Ti, Fs, or their more

Y p.,

general counterparts -

—

'

etc. Let ^= |^| and
1— 1 ll 2

i?= |i?|e'<'"-*' represent two com.plex numbers. Then
for small values of 4>, the error in replacing the vector

difference by the sum of the magnitudes is given by
the expression:

\AB\
Error=

\\A\MB\
(1 — cos 4>), (9)
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The input reflection coefficient of the bolometer
mount is given by the equation [2]:

T=Sn-
SI2T,

1-S.22T,
(10)

where Ti is the load reflection coefficient, and the

Sm,n are the scattering coefficients of the bolometer
mount (see fig. 7).

A substantial simplification in the analysis results

from the fact that it is permissible to choose the

impedance normalizing parameters in such a way
that r;=0 when the bolometer is at its nominal
operating value J?2- For any other value of R, r,

has the value

R—R2

R+R2

Utilizing these results, the term

ri-r 2

l-Ti
becomes:

T1-T2
ShTn
l-|Snl

(11)
1 Tl r* , /o

I

S*lSl2 \ J^i-(^'^^2+i_|5„|2;rn

Let %2 denote the argument of S12 and let

then, since the efficiency t? of the bolometer mount
when terminated in R2 is given by the expression [2]:

'l-ISi

eq (11) may be written:

l-TiT*2 l-FTn

and

arg
l-TiF*

^2i/',2— tan-i
-Im (F)Tn
1-Re {F)Tn

(13)

(14)

(15)

Figure 7. Scattering coefficient representation of bolometer
mount.

It is shown in the appendix that |F| satisfies the
inequality

\F\<1^i—v- (16)

In a large percentage of the cases of practical interest

the efficiency will be in excess of 90 percent, while

|r;| is ordinarily limited to the range 0.1 to 0.2.

Substituting these results in eq (9) yields the approxi-

mate result:

Error,„,,)=^^|rar,3|(l-^)'. (17)

This is the approximate maximum limit of error

which obtains when arg F—±-- For other values

of arg F the error will be smaller, becoming zero

for arg F=0 or ir.

In a typical case where the bolometer is operated
at the resistance values 140-200-260 ohms and for

a mount efficiency of 90 percent the error is approxi-
mately <0.012 percent. The uncertainty intro-

duced by replacing the vector difference by the sum
of the magnitudes in this example is thus wholly
negligible. Under these conditions it will thus be
recognized that the auxiliary waveguide channel,

which was introduced to permit a determination of

this vector difference, contributes virtually nothing
to the accuracy of the final result as far as this

aspect of the operation is concerned.
The auxiliary loop is still a practical necessitj^

however, where power detection is employed because
of the problem with the 140-ohm measurement as

outlined above. In addition, this auxiliary loop may
contribute to the accuracy of the result as follows:

Let the resistance excursion of the bolometer ele-

ment be chosen in such a way that Tii= — Ti3; then
it can be shown that :

^

r3 r2 Ti r2

i-rjr* i-r,r*
(r3-r2)(ri-r2)

|(r3-r,)(i-|r2P)

with an error

Error <r?i(l-7?)2

(IS)

(19)

which is approximately twice the value obtained in

eq (17).

One of the substantial sources of error attending
this technique occurs in practice in the measurement
of the signal amplitudes (corresponding to the various
resistance values) at the detector 3. As outlined
above, a total of four measurements are required,

while use of the first approximation described reduces
this number to three. Use of the approximation (18)

however, reduces the number of required measure-
ments to two, the vector difference and the measure-
ment with the bolometer mount replaced by the

3 The proof may be effected by substituting eq (10), (12), and (16) in (18) and
simplifying the resultant expressions.
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^hort. In addition the power level which obtains at

detector 3 in measuring this vector difference is four
times that obtained from Tn alone which reduces the
dynamic range and improves the accuracy with
which these measurements can be made. In the
existing state of the art this latter technique is the
most accurate, for mounts of high efficiency, of those
described.

7. Measurement of Attenuation

The foregoing presentation has been directed pri-

marily at the problem of measuring bolometer mount
efficiencies. The efficiency, however, determines the
dissipative component of attenuation, and a modifi-
cation of the techniques described should also prove
useful in other applications, such as measuring the
efficiency of waveguide to coax adaptors, short sec-

tions of waveguide, etc. A complete discussion of
these potential applications and the requisite modifi-
cations in the method is not, however, within the
scope of this paper.

8. Error Analysis

In any technique or method with potential applica-
tions in the field of standards work, a thorough in-

vestigation of the attendant sources of error is an
important part of the description. The sources of

error to be discussed are the following: (1) Error due
to misadjustment of tuning transformers, (2) error

due to dissipation in reference short, (3) error due to

uncertainty in the values of bolometer resistance, and
(4) error in the measurement of the signal amplitudes.
These will be treated in the order listed.

The error analysis or study which has been made in

connection with this technique, is, however, too
lengthy to be presented in its entirety. For this rea-
son the discussion to follow will be largely of a
summary nature, and devoted primarily to the wave-
guide system of figure 6. The extension of these
results to other variations of the method, however,
should prove straightforward. The procedure to be
followed in the analysis is that of assuming ideal

operation of the system except for the source of error
being considered. This technique yields the first

order correction terms to the ideal theory for individ-
ual sources of error.

8.1. Error Due to Misadjustment of Tuning
Transformers

a. Misadjustment of Tuner

The adjustment of T„ and Tu is important in ob-
taining the vector difference (Ti— Ta) etc. As a con-
sequence of the adjustment of tuner the signals

delivered to detector 3 via arms 1 and 3 of directional
coupler S (see fig. 6) may be considered as originating
from two independent sources (of constant amplitude
and frequency). If tuner is not properly adjusted,
the signal delivered via arm 3 will vary with changes
in r (as produced by changes in bolometer resist-

ance). If the "null" observed at X in step 1 of the

tuning procedure is down from the signal at detector
3 by at least 60 db, then the voltage amplitude of the
signal emerging from arm 1 will be down by a factor
of 10^. During the course of the measurement, F
varies between the approximate limits of ±1/7, and
the maximum anticipated variation in the signal de-
livered to detector 3 via the auxiliary channel due to

this variation is approximately 3 parts in 10*. Finally,

this is approximately one-half the total signal being
measured, so the maximum anticipated error is one-
half this value and may be neglected.

b. Misadjustment of Tuner

The problem once again is one of attempting to

insure that the signal delivered to detector 3 via
the auxiliary loop is independent of T. This time
the possible interaction is through coupler R instead
of coupler S. In practice the variation in reflection

coefficient observed "looking in" arm 3 of coupler
P during the course of the measurement will be
approximately ±0.015. If with the sliding short
connected to the output of coupler Q (tuning opera-
tion 2), Tu is adjusted so that the maximum varia-

bs
tions in 7- are reduced to 1 percent (0.1 percent may

O4

be realized in practice without too much difficulty),

the maximum variation in the auxiliary channel
signal will be of the order of a part or two in 10*

and again may be neglected.

c. Misadjustment of Tuner Tx

The function of tuner is to adjust the four arm
junction in such a way that it satisfies the condition
B~—AT2. The failure to exactly realize this

adjustment may be accounted for by letting

B=—^(r2+6). Substituting this result in the

equation for determining the bolometer mount
efficiency yields two approximate upper limits for

the error due to this source,

and

The choice of which expression to use obviously
depends upon the relative magnitudes of r2 and

~1 V It will be noted that the error can be

reduced by choosing the resistance variation such
that Tn= — Ti3, and if the VSWR (c) of the mount
is less than 1.02, the coefficient of |5| has the approxi-

mate limit of 0.2 for an efficiency greater than 90
percent. On the other hand, for a resistance excur-

tion of 140 to 200 to 260 ohms and a=1.5 as in an
earlier example, this coefficient will have the approxi-

mate limit 2.8. The desirability of choosing resist-

ance values such that Tii= — rii is readily apparent.
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If the approximate method impHed by eq (18) is

employed, the approximate limit of error is given

by the expression

E -7){\-y))T (22)

In this expression the coefficient of |5| has the ap-
proximate values of 0.06 and 0.5 for VSWR's of

1.02 and 1.5 respectively. The use of this approxi-
mation thus reduces the error.

If the tuner Ti has been adjusted such that the
signal level at detector 3 is down by 60 db from the
level which exists with the shorting plate connected
in place of the bolometer element, \b\ will have the
nominal value of 10~^ while an 80 db "null" will

yield a value for |5| of 10"^ The error due to this

source can thus usually be held to 0.1 percent or less.

d. Misadjustment of Tuner Ty

The function of tuner Ty is to adjust the junction
such that it satisfies the condition D/f'—{A/B)*.
The failure to exactly realize tliis condition may be
accounted for by letting D/C=iA/B)*+ e. Sub-
stituting this result into the equation for bolometer
mount efficiency yields the approximate expression
E~\e\ for the error due to this source. This error
arises primarily in the determination of \A/D\ by
means of the fixed short.

The failure to realize the proper adjustment of Ty
can result from either failure to entirely eliminate

"L • • • ^3
the variations in t- as the sliding short is moved,

or from deviations of the sliding short from the
assumed ideal behavior. An analytic treatment of
this problem yields for |e| the approximate limit:

|e!<(i+2|r,!)Q ^'°-^ -^"""
+(1.

(23)

where Pmax, ^'min, and P^v represent the maximum,

minimum, and average values of tlie ratio M as
I
"i

observed during the course of the sliding short
adjustment, r^^^ is the reflection coefficient of the
sliding "'short", and rij is the efficiency of the wave-
guide joint which connects the sliding short to the
remainder of the waveguide system. In the above
expression the w^aveguide in which the short slides
has been assumed lossless, while in practice, when the
correct adjustment has been realized, there will be

a gradual and uniform decrease in the ratio ^\ as the
Oil

sliding short is withdrawn.
The error due to t/j may be eliminated by including

a precision waveguide section in arm 2, as shown in
figure 8, into which the sliding short may be inserted
for this tuning operation. Other implications of this
-arrangement will be discussed in subsequent para-— 25-

PRECISION WAVEGUIDE SECTION

Figure 8. Illustration of use of precision uaveguide section.

graphs. It will be noted that the error due to the
reflection coefficient of the sliding short (r^) differing

from unit magnitude decreases as the impedance
match of the bolometer mount is improved. In

practice the variations in can usually be reduced

to the order of several parts in 10^ such that the
error from these sources can usually be field to 0.1

to 0.2 percent.

e. Error Due to Imperfect Nulling When Using Auxiliary Channel

If this "null" is measured in terms of the signal

level which exists in the detector prior to the nulling

procedure it will be readily recognized that a 60 db
minimum corresponds to a possible difference be-
tween the two signals of a part in 10^, etc. Since
this signal is next combined with another one of

nominally the same amplitude and phase the error

contribution to the final measurement is approxi-
mately one-half this value.

8.2. Error Due to Dissipation in Reference Short

The error due to this source is closely connected
with section (d) and is given by the approximate
expression

:

^<(i+2|r2|)(i-|r,|) (24)

where is the reflection coefficient of the reference

or standard short. In the present state of the art

the highest reliable reflection coefficients are pro-

vided by "quarter wave" shorts, that is, a quarter
wavelength section of waveguide terminated by a
soldered shorting plate, or the entire structure may
be electroformed in a single piece. The advantage
of this construction is in the elimination of the
longitudinal component of current flow at the plane
of connection, thus tending to minimize flange

losses. Measurements and calculations of the re-

flection coefficient magnitudes of such shorts [10]

have yielded values in excess of 0.999.

If such a device is' used in conjunction with the
uniform waveguide section as in figure 8, the meas-
urement will include, as part of the bolometer
mount losses, the dissipation occurring at the bo-
lometer mount input flange. If, on the other hand
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the variations in liave not been completely elimi-

nated, there is some advantage in taking the average
of the results with a quarter wave and conventional
"flat" short. This tends to cancel out the error due
to imperfect tuning but introduces other uncertan-
ties if there is an appreciable amount of flange
loss [11]. The general features of this problem are
discussed in greater detail in the cited reference.

8.3. Error Due to Uncertainty in the Values of

Bolometer Resistance

The bolometer resistances enter the expression for

bolometer mount efficiency through the factor

2i?2(Z?3-i?,)

In practice the bolometer is biased by means of a
self-balancing d-c bridge [8]. This device is capable
of maintaining the bolometer resistance within 0.01

percent of the value called for by the bridge param-
eters. Use of NBS type resistors makes it possible to

maintain the value of the reference arm within 0.01

percent, while an error in the upper or ratio arms
cancels out since the R's may be multiplied by an
arbitrary factor without changing the value of K.
The i?'s may thus be effectively maintained within
the limits ±0.02 percent. However, because the
expression for K involves their differences, the total

error due to this som'ce is of the order of 0.1 percent.

In addition the measurement will be in error by the

ratio of the bolometer lead resistance to 7?2.

8.4. Error Due to Measurement of Signal Amplitudes

An approximate limit to the error introduced in

the measurement of the signal amplitudes is the sum
of the errors in the individual measurements. For
the approximation method of eq (18), this error can
be kept within 0.15 percent if power detection is em-
ployed, while for other variations of the procedure
and/or other detection procedures the error will in

general be larger.

The error due to instability in the frequency of

the signal generator has not been considered explicitly

but in general will manifest itself in an inabflity to

realize the tuning conditions to the required degree
of precision.

In summary, it will be recognized that the ultimate
accuracy attainable will depend primarily upon which
of the several alternate procedures is employed and
upon the degree of refinement employed in the

attendant adjustments and measurements. The
foregoing results are somewhat arbitrarily sum-
marized in the following table. The minimum
values are intended to represent the approximate
best values in the existing state of the art, while the

larger values are intended to be typical of v/hat may
be achieved if the requirements are relaxed some-
what.

26-

Source of 6rror
Nominal error limits in percent

(r<1.02 <r= 1.5

Adjustment of T,

Adjustment of T„ .

Adjustment of Ti
Adjustment of T„
Imperfect null in use of

auxiliary arm
Reference short
Bolometer resistance
Measurement of signal am-

plitudes

Total

0. 00-0. 015
. 00- . 02
. 00- . 02
. 05- . 3

. 02- . 05

. Do- . o

. 1 -
. 15

. 15-1. 0

0. 00-0. 015
. 00- . 02
. 05- . 3
. 1 -

. 5

. 02- . 05

. Uo- . 6

. 1 -
. 15

. 15-1. 0

0. 4 -1. 8% 0. 5 -2. 3%

9. Experimental Results

An A'-band waveguide setup employing the con-
cepts developed in this paper is shown in figure 9.

The efficiency values obtained utilizing this method
have consistently shown agreement with microcal-

orimeteric determinations [12] to within one-half of

one percent and usually within a few tenths of a

percent. This is of considerable interest since the

two methods should, in principle, differ by the
amount of the substitution error, and suggests that

the substitution error is t3^pically at least an order
of magnitude smaller than the previously estimated
limits.

The inequality

10. Appendix

lFI<l-?7 (16)

can be proved in the following manner.
Let the terminals of the 2 arm junction represented

in figure 7 be reversed such that the load is con-

nected to arm 1. Then the input reflection coeffi-

FiGURE 9. Picture of waveguide systeni and accessory instru-

mentation employed in the measurement of bolometer mount
efficiency.
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cient at arm 2 will be given by: (of. eq'lO)

This can be written in the form,

^''^ 7r,+5

where a=Sc2— 811822

^=821

7= 811

5=1. - (26)

Equation (25) indicates that Vi„ is related to Ti
by means of a linear fractional transformation. This
transformation has the well known property * of

mapping cu'cles into circles with straight Hnes as

limiting cases.

Let arm 1 be terminated by a sliding short. Then
the locus of Ti is the unit circle centered at the
origin. From the above property of the transfor-

mation it will be recognized that the locus of Tin is

also a circle, and since a reflection coefficient mag-
nitude can never exceed imity it is evident that this

circle must he completely within or on the unit circle

as shown in figure 10. The distance to the center
of this circle, Tc, and the radius, r, thus satisfy the
inequality:

rc<l—r. (27)

In terms of the constants of the^transformation,
Tc and r are given by

and

|5j2-|7p
(28)

(29)

Substituting eqs (2G) into (28) and (29) and these
in turn into (27) and recalling the definition of F,
yields the result:

822-}-

o* o 2
Oil O12

'S'lil

<1-

where .0 12
'See eq (13).
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The author thanks R. W. Beatty and D. M. Kerns
for their helpful suggestions in reviewing the manu-
scripts, and W. E. Case, M. E. Harvey, and J. E.
Gilbert who provided experimental demonstrations
of techniques described.

* See a text on complex variable theory.

UNIT CIRCLE

Figure 10. Diagram giving locus of Ti and Ti„.
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A DC-RF Substitution error m Dual-

Element Bolometer Mounts

GLENN F. ENGEN

SummaTy—Most of the coaxial type bolometer mounts in current

use employ a pair of bolometer elements which are connected in

series for the dc or audio-frequency bias powers, and in parallel at

radio or microwave frequencies.

In the frequency range where these techniques are most often

employed, the dc-RF substitution error has been generally believed

to be negligible. It is quite possible, however, for this to be true of the

elements individually, and yet fail to be true of a pair of these ele-

ments as used in a typical coaxial mount. If only the sum of the

resistances of the two elements is maintained at a constant value,

and if the resistance division between the two elements changes with

the application of RF power, an error is introduced which is given by

the equation: e= [(1/74) — (I /7a)]Ar, where 7a and yi, are the "ohms

per milliwatt" coeflBcients of the two bolometer elements, and Ar is

the shift in resistance division.

An experimental study indicates that, in the existing state-of-

the-art, this error may be ignored in many applications but is large

enough to be important in others, particularly at the higher power

levels.

Background

IN
THE ULTRA-HIGH frequency portion of the

radio spectrum a bolometer mount design, for use

with coaxial systems, has been widely adopted,

which employs a pair of bolometer elements. As shown
in Fig. 1, the configuration is such that the elements are

operated in series for the dc or audio-frequency bias

powers and in parallel at radio frequencies. This ar-

rangement provides a better impedance match with

existing bolometer elements and a simplification or

avoidance of the problem of providing a dc return to the

center conductor.

Associated with the bolometric technique are two

sources of systematic error which are well recognized in

the prior art: the dc-RF substitution error and bolome-

ter mount efificiency. The first of these arises because

the spatial distributions of current, power and resist-

ance within the bolometer element are different for the

dc and RF powers. Ideally, the bolometer resistance is

a function of the total power absorbed and independent

of its distribution. In practice, however, this condition

is never completely satisfied, thus giving rise to the sub-

stitution error.

The second source of error is due to the fact that the

bolometric technique, at best, measures only the power

Manuscript received October 11, 1963; revised January 31, 1964.
A preliminary account of this work was given at a 1962 Fall Meeting
of URSI, Ottawa, Canada, and in the NBS Tech. News Bull., April,

1963. More recently it has come to the author's attention that the
existence of this phenomenon was previously noted by 1. A. Harris,

"A coaxial film bolometer for the measurement of power in the U.H.F.
band." /. lEE, vol. 107, pp. 67-72

; January, 1960.

The author is with the National Bureau of Standards, Boulder,
Colo.

dc

rf

Fig. 1—Basic circuit, dual element bolometer mount.

absorbed by the bolometer. In practice one is usually

interested in determining the power dissipated in the

entire bolometer mount, and some of this dissipation

inevitably occurs in the metal surfaces, dielectric sup-

ports, etc. The evaluation of these two phenomena has

been the object of a sizable amount of research in

recent years.

Introduction

In the prior art, the substitution error has been asso-

ciated with the differences in current distribution in the

bolometer elements which are characteristic of the dc

and RF powers due to frequency effects. However, the

error from this source is generally believed to be negligi-

' H. J. Carlin and M. Sucher, "Accuracy of bolometric power
measurements," Prog. IRE, vol. 40, pp. 1042-1048; September,
1952.

^ A. C. MacPherson and D. M. Kerns, "A microwave micro-
calorimeter," Rev. Sci. Inslr., vol. 26, pp. 27-33; January, 1955.

^ G. F. Engen, "A refined X-band microwave microcalorimeter,"

/. Res. NBS, vol. 63C, pp. 77-82; July-September, 1959.
* D. M. Kerns, "Determination of efificiency of microwave

bolometer mounts from impedance data," /. Res. NBS, vol. 42, pp.
579-585; June, 1949.

^ R. \V. Beatty and F. Reggia, "An improved method of measur-
ing elificiences of ultra-high-frequency and microwave bolometer
mounts," /. Res. NBS, vol. 54, pp. 321-327; June, 1955.

* G. F. Engen, "A bolometer mount efificiency measurement tech-

nique," /. Res. NBS, vol. 65C, pp. 113-124; April-June, 1961.
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ble in the frequency region where these dual element

mounts are employed.

The substitution error, which is the subject of this

paper, results from a different division of dc and RF
powers between the two elements due to those circuit

features which make possible the series-parallel opera-

tion. In the section to follow, an analytic treatment of

this problem will be given. An intuitive understanding

may be obtained from the following considerations.

In order for the measurement to be free of substitu-

tion errors it is sufficient that the bolometer resistance

(or sum of bolometer resistances) be dependent only on

the total power absorbed and independent of its dis-

tribution within (or among) the bolometer element(s).

The realization of this condition for a pair of bolometers

requires that either the "ohms-per-miiliwatt" coeffi-

cients be identical and independent of power level, or

at least that these characteristics complement one an-

other in some predetermined manner. This is in addition

to the usual criteria which must be satisfied by the ele-

ments individually.

Alternatively, the substitution error will also vanish

provided that the dc and radio frequency power dis-

tributions are identical throughout the element(s).

When a pair of elements are employed, however, it is

possible to violate this criterion in a way which does not

exist for a single element. This will become evident in

the discussion which follows.

The frequency region where these techniques are

usually employed also includes the transition zone

where the use of circuit concepts must be either justified

or replaced by the field equations. Although the re-

sultant conclusions cannot be regarded as completely

rigorous, a considerable amount of physical insight into

the problem is provided by the application of low fre-

quency circuit concepts to the bolometer mount.

The series connection for dc bias currents enforces

the condition that the currents in the two elements be

equal. If the resistance division is unequal, when ener-

gized with dc power only, the dc power division will be

unequal with the greater power dissipated in the element

of larger resistance.

On the other hand, the parallel connection for RF
power requires that the RF voltages across the two ele-

ments be equal, and as a result the larger amount of

RF power will be absorbed by the element of smaller

resistance. The boundary conditions, which determine

the power division ratio, are thus different for the two
sources of power. For this reason the application of RF
power is, in general, accompanied by a shift in resistance

division. The dual element mount is thus subject to a

source of substitution error which does not occur in

single element mounts.

Theory

The basic equal-arm bridge circuit employed in bo-

lometric measurements is illustrated in Fig. 2. The es-

sential features include means for recognizing that the

29'

Fig. 2—Basic circuit of equal arm bolometer bridge.

bolometer is operating at the prescribed value of re-

sistance and for determining the bias power absorbed.

In the circuit shown this is given by P=(r/4)t'. In

practice the change or reduction in this bias power re-

quired to maintain bridge balance is taken as a measure

of the applied RF power, that is:

Prf' = - (ii' - k') (1)
4

where ii and ii are the balanced bridge currents without

and with the RF power applied, and the prime is used

to differentiate from the more exact expression which

will be introduced later.

In order to describe the behavior of the dual element

bolometer mount, where the resistances of the indi-

vidual elements are subject to variation, it is necessary

to introduce the bolometer resistance law. In a constant

temperature environment this can be written in the

approximate form:

1

P2 = Pi + — (r2 - ri) (2)

7

for each bolometer element, where P2 and Pi are the

total (sum of dc and RF) powers required to bias the

bolometer resistance at the values ri and ri respectively,

and 7 is the resistance-per-unit-power bolometer sensi-

tivity. Eq. (2) includes the implicit assumption that the

substitution procedure is satisfied by the bolometer ele-

ments individually, and that 7 is contant or independent

of power level.

Let P2 include contributions from both RF and dc

sources while Pi includes only the latter. Then for each

bolometer element:

1

Prf = Pidc — P2do i (r2 — ri)

7

1

= ri/i^ - rih' + — (r2 - n) (3)

7

where h and I2 are the bolometer currents. Note that

when operated in a balanced bridge, Ii = ii/2, etc.

Now if a pair of the elements {ra and rb) are con-

nected in series as shown in Fig. 1, the total RF power

will equal the sum of powers absorbed by each element:
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-PrF — PaKF + PbHF

= fallal^ + Thllbl^ ~ tatla'l' ~ '"62/02"

1 1

H (ra2 — '•al) -I (^62 " ''tl)

'la 76

where the subscripts o and refer to bolometer elements

a and 6 respectively. But rm+rti = ra2+ ?'62 = if the

total resistance is maintained at a constant value. In

addition the series connection requires that Ki = /6i = A
= i-i/2, and Iai = hi = h = ii/2. Then/

Prf = — {h^ - k') +
4

(---)
\76 7a/

(''62 — Tbi). (4)

Comparison of (4) with (1) indicates that if the more

complete theory is not taken into account, the measure-

ment will be in error by the amount

(---)
\76 7o/

('-62 — ^6l).

It will be noted that this term vanishes when 76 = 7a or

when rbi = rb\. The latter condition corresponds to the

case where the resistance division between the two ele-

ments remains fixed.

Eq. (4) gives the error implicitly in terms of the

change in resistance division {rbi — rb\) and the bolometer

"constants" 7a and 76. This is a useful expression in

making an experimental determination of the magni-

tude of this error.

The shift in resistance division, however, is deter-

mined by the parameters of the bolometer mount, bo-

lometer elements, and the applied power (dc and RF).

Thus if a sufficiently detailed description of the bolome-

ter mount were available, it would be possible to express

the RF power as a function of these parameters and the

dc power.

In the paragraphs which follow, an approximate ex-

pression is derived on the basis of a rather simple model

for the bolometer mount. This provides a considerable

amount of additional insight into the problem.

In the derivation which follows, the following ap-

proximations are used:

1) The bolometer mount is evaluated in terms of

voltage and current concepts, and the equivalent

circuit of Fig. 1 is used.

2) The series reactance of the bolometer elements and

bypass condensers is ignored.

3) A linear relationship is assumed to exist between

the bolometer resistance and power, i.e., 7 is as-

sumed to be constant.

4) The dc-RF substitution process is assumed to be
valid for the elements on an individual basis.

[Items 3 and 4 have been already introduced in con-

junction with (2).]

These approximations, and the boundary conditions

implicit in the technique, lead to the equations:

Tai = r^O + 7a li^Ta, +

r/2V52 + —

]

L fbiJ

(5)

fb2 — fbO + 76

r = ra2 + rb2

where the following definitions apply:

''a2, ?'62 = resistance of element a, b with RF applied

fao, r^o = resistance of the element a, b in the absence

of any power

7a, 76 = resistance per unit power (ohms/milliwatt)

coefficient of element a, b

e = RF voltage across element a, b

/ = dc current through element a, b. (Note / takes

the values /i, h without and with RF ap-

plied.)

r = (constant) sum of and rb.

In addition, the following definitions will be em-
ployed.

-P6 = ''(/i^ — /2^) = power measured by conventional

bolometric technique

Pi = r/i^ = dc power required by bolometers for

bridge balance in the absence of RF
power

-Prf — " 'true" value of RF power absorbed
rairb2 by bolometers

= respective values of Ta, Tb when
bridge is balanced by dc only.

rbi =
l-76/i-

From the immediately preceding system of eight

equations it is possible to eliminate the variables ra2, >'b2,

rao, ^bo, e, I\, and Ii. This yields the relationship between

-Prf, Pb, -Pi, rai, Ybi, 7a. and 76:

Prt' - Pb' + kPnF - (^ + e)Pb = 0 (6)

where:

' Eq. (4) may also be written in the equivalent form:

Prf = (z? - i,') + (
^ - -) (ra'i - r„,),

4 \yi 7u/

since, Tai+ni = r^^+ni = r.
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''al ^bl
k = — -f

—
7a 76

(---)
\76 7a/

Pi

(rai — rbi).

(7)
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The locus of (6) is a rectangular hyperbola which

passes through the origin. It can be shown that the

hyperbola center lies in either the first or third quad-

rants.

For positive temperature coefficient elements (bar-

retters) the center lies in the third quadrant as shown in

Fig. 3. Although only that portion of the curve which

lies in the first quadrant has any physical significance,

the remainder is included as an aid in interpreting the

result. It will be noted that the constant e plays an im-

portant role in the geometry. In particular the absolute

error is given by the difference between the hyperbola

and the quadrant bisector. For large values of power

this approaches the value e/2. The fractional error is

determined by the slope of the straight line connecting

the origin and operating point and is equal to the differ-

ence between this slope and unity. For small values of

power this error is given by e/k and decreases with in-

creasing power.

For negative temperature coefficient elements (ther-

mistors) the hyperbola center lies in the first quadrant

as shown in Fig. 4. Here the fractional error is smallest

for small values of power, and both the fractional and

absolute errors increase with increasing power levels.

Within a limited neighborhood of the origin, this

curve may be expected to give a reasonable approxima-

tion of the system behavior. For larger values of power

a marked departure from the indicated operation may
be expected because the |7a| and |76| , instead of being

constant, decrease with increasing power. In order to

predict the system behavior for large values of Prf, a

more complete description of the thermistor resistance

law is required. This topic is beyond the scope of this

paper. It is well known, however, that there is a limit to

the RF voltage which may be applied if stable operating

conditions are to be maintained.

Two points of interest are evident from this discus-

sion. First, the error will vanish if either 7a = 75 or

rai = rbi [compare with (8)]. This first condition is also

evident from (4), and may be explained by noting that

if the sensitivities of the two elements are equal, the

resistance division is unimportant. The second condi-

tion rai = ri,i is explained by observing that when the

initial resistances are equal, the power division ratios

will also be equal for both sources of power and thus

no shift in resistance division will occur. This result, if

generalized to the case where circuit concepts are inap-

plicable and the series reactances non-negligible, leads

to a symmetry requirement for the current paths asso-

ciated with the two bolometer elements.

It is thus possible to minimize the error by matching

the elements for both an equal (initial) division of re-

sistance and equal sensitivities. The former tends to

minimize the shift in resistance division, the latter its

consequences. As a practical measure, the former con-

dition is more easily recognized than the latter.

On the other hand, the ra]=ri,i condition is based on
the circuit concept and negligible reactance approxima-
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Fig. 3—Illustrating the behavior of positive temperature
coefficient (barretter) elements.

Fig. 4—Behavior of negative temperature coefficient

(thermistor) elements.

tions [ 1 ) and 2) ] . This is in addition to approximations 3)

and 4) which lead to the 7a = 7i> condition. I n practice the

largest deviations from the predicted behavior* are

probably due to the failure to satisfy the negligible

reactance approximation. Thus the initial equality of

Tai and rti does not always ensure little or no resistance

shift. From an academic point of view, it is therefore

more desirable to match the 7's. Unfortunately, as will

be brought out later, this is much more difficult.

The second point of interest is that the relationship

between Prf and Pb is basically a nonlinear one. It

follows that the fractional or percentage error will de-

' Excluding thermistor operation at large values of Prf-
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pend upon the power level. In this respect, this error

differs from the substitution and mount efficiency errors

for single element mounts, which, according to the avail-

able information, are either constant or negligible.' To
be sure, the derivation of this result is based upon a

number of simplifying approximations. Thus the pre-

dicted degree of nonlinearity is probably too large in

some situations, too small in others. It cannot be antici-

pated, however, that a more exact description would sig-

nificantly alter this basic conclusion.

Experimental Evaluation

If a sufficiently detailed description of the bolometer

mount (including bolometers) were available, it would

be theoretically possible to predict the magnitude of this

error analytically. In practice an experimental evalua-

tion based on (4) is more convenient.

Referring to (1) and (4), the fractional error E is

given by:

The error thus depends upon 7a, 75 and the shift in re-

sistance division (^(,2 — ?'6i) which occurs when the RF
power is applied. In particular it should be noted that

an observation of this resistance shift makes it un-

necessary to account for the mechanism by which it

occurs.

In order to measure the variations in resistance divi-

sion, it is necessary to provide a dc path to the midpoint

between the two bolometer elements since this is not

normally found in commercially available dual-element

mounts. As will be evident from Fig. 1, the coaxial cen-

ter conductor may be used for this purpose provided

that the blocking capacitor is eliminated. Because the

ratio of RF current division between the two elements

is, in theory, independent of this common series re-

actance, this modification should result in little or no

change in the phenomenon of interest. This procedure

was followed in the evaluation of three commercially

available mounts. The series blocking condenser was

eliminated and observations of the dc potential on the

center conductor were then made possible by an ap-

propriate bypass and blocking arrangement external to

the mount.

The basic circuit for observing the resistance division

is illustrated in Fig. 5. In operation the bridge current

is maintained at the value required for bridge balance

(Gi indicates zero). The lower bridge arm includes a

' G. F. Engen, "Recent developments in the field of microwave
power measurements at the National Bureau of Standards," IRE
Trans, on Instrumentation, vol. 1-7, pp. 304-306; December,
1958.

variable tap (potentiometer) as shown. If this tap is

adjusted such that the galvanometer G2 also indicates a

null, this bridge arm will be divided in the ratio rb/ra.

This circuit permits a determination of the resistance

division with different combinations of dc and RF bias

powers.

Although the 7's are given by the slope of the resist-

ance vs power curve, an experimental evaluation of the

term (I/7!,— 1/7^) proves to be more difficult. There

are several practical problems associated with the direct

approach. First, it is the difference between 7^ and 7a

which is important in the expression of interest. If these

values are nominally equal, a high order of accuracy is

required in the individual values if a reasonable degree

of accuracy is to be maintained in the difference.

Second, the measurement of the resistance vs power

curve, while straightforward in principle, is actually

quite difficult. The resistance of a bolometer element is

a function both of the power absorbed and the ambient

temperature of its surroundings. Even if a constant

temperature external heat sink is postulated, the ap-

plication of a constant power will be accompanied by a

drift in the resistance value until certain temperature

gradients within the bolometer mount are established.

When the power level is changed to a different value,

this process repeats itself. This represents a serious

problem because the available bolometer elements are

not completely stable in their characteristics, that is,

due to certain aging effects, the power required to main-

tain a given resistance value is subject to drift even with

the assumed constant temperature heat sink. It is diffi-

cult to separate these phenomena in the experimental

determination. Finally, element "b" is part of the en-

vironment of element "a" and the temperature of ele-

ment "b" may well be reflected in the measured char-

acteristics of element "a."

These problems are taken care of by an indirect meas-

urement technique which utilizes the circuit illustrated

in Fig. 6. Intuitively, it will be recognized that a simul-

taneous null in galvanometers Gi and Gi indicates a

resistance division between the bolometers in the ratio

required by the lower bridge arm. The two current

sources permit the currents in Ya and ri, to take on differ-

ent values as required. In practice these currents are

provided by automatic or self-balancing bridges'"

(SBB) as shown in Fig. 7. Not indicated in the figure,

but essential to the operation, are the feedback con-

nections to the self-balancing bridges which replace the

galvanometers shown in Fig. 6.

By use of this circuit it is possible to arbitrarily vary

the resistance division between the two elements while

keeping the sum of their resistances constant. The dc

'0 G. F. Engen, "A self-balancing direct-current bridge for

accurate bolometric power measurements," Res. NBS, vol. 59, pp.

101-105; August, 1957.
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Fig. 5—Circuit for measuring shift in resistance division.

Fig. 6—Basic circuit for measuring error.

SSB-SELF BALANCING BRIDGE

CCG-CONSTANT CURRENT GENERATOR

Fig. 7—Detailed circuit for measuring error.
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power dissipated in the bolometers may be determined

from the appropriate ammeter readings.

The constant current generators^' (CCG) provide a

differential voltmeter and ammeter which are useful in

measuring small changes in this power. These features

permit a determination of the total dc bias power as a

function of the resistance division ratio.

Eq. (4) may be written in the form:

Prf = Pii - P2i - (— - —) (^61 - n^) (10)
\76 7a/

where Pi, and Pti are the total dc powers required by
the bolometers for bridge balance before and after the

RF is applied. This equation, as written, is based on

the implicit assumption that the powers Pu and Pu
are measured subject to the condition that the dc cur-

rents in the two bolometer elements are equal. The cir-

cuit of Fig. 7 makes it possible to measure the RF power

either in the "conventional" manner or with the re-

sistance ratio fixed at an arbitrary value. In the latter

case the power may be written:

PrF = Pi. - Pir (11)

where the subscript r indicates the values which obtain

with the resistance ratio held constant. The term involv-

ing the resistance shift does not appear since these

values are held constant.

Comparison of (10) and (11) indicates that the term

( \ {rb2 - rti)

\76 7a/

may be determined by measuring a given RF power by
both methods and then taking the difference.

In practice this' is done in the following way. First, by
use of the circuit of Fig. 7, the bolometers are energized

with dc only and the resistance ratio adjusted such that

iai = ibi- The power dissipated in the bolometers is now
equal to Pij. Next, an appropriate value of RF power is

applied and the resistance ratio readjusted as required

to yield the condition iai = hi- The dc power is now equal

to Pi,. Since the resistance ratio in (11) was unspecified,

it may now be set equal to that value which obtains

with the RF present. In other words, let Pir = P2i.

Finally the RF power is removed and the resistance

values held constant. The dc power is now equal to

Pir. From (10) and (11) it is evident that

(^61 - Hi) = Pit - Pu. (12)

If the initial resistance division has been chosen such

that ia = ib and the constant current generators have

been adjusted such that the associated differential

current and voltage readings are initially zero, this

change in power is given by:
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Fig. 8—Results of error measurements for barretter mounts.

Fig. 9—Results of error measurement for thermistor mounts.

Pir - Pu = ibi^V + \[r,2{M.Y + n^iAhY] . (13)

The magnitude of this error has been evaluated for a

small number of commercially available bolometers.

The results for barretter mounts are shown in Fig. 8,

for thermistor mounts in Fig. 9. In each case, the worst

behavior and typical behavior are indicated. The non-

linear nature is clearly evident in both illustrations.

For thermistor mounts it will be noted that the error

is small over a considerable portion of the operating

range but increases rapidly at the higher power levels.

For the barretter mounts, the nonlinear behavior is less

pronounced while the error, in the operating range of

interest, is somewhat larger.

It is important to note that these results are based on

only a small number of pairs of bolometer elements. In

all, three different mounts were employed and approxi-

mately ten pairs of elements were measured. For this

reason, the given results may not be necessarily repre-

sentative of the existing art. The results do indicate,

however, that the phenomena is large enough to warrant

its evaluation in careful work.

Summary

A substitution error has been described which is

peculiar to dual element bolometer mounts. This error

occurs when the sum of the two bolometer resistances,

but not their individual values, are constant.

The error is determined primarily by differences in

the characteristics of the bolometer elements and, to

some extent, by asymmetry in the bolometer mount.

Thus, in most cases, the user is dependent upon the de-

gree of quality control exercised by the manufacturer

for any reduction in this difificult-to-detect error.

The rapid deterioration of thermistor mount per-

formance, at the higher power levels, warrants more
attention than it has received. In particular, it appears

desirable to limit the RF dissipation in such mounts to

a nominal 25 to 30 per cent of the total power. In many
cases, this requirement is now being satisfied by the 10

mw upper power limit of the associated bridge circuitry.

Perhaps the most disturbing feature of this phenome-

non is the nonlinear relationship which exists between

the RF power as indicated by the bolometric method
and its true value. This means that any calibration of

the mount will be power level dependent. Although the

problems in calibrating bolometer mounts are such that

the technique is limited to a nominal one per cent in ab-

solute accuracy, single element mounts have found use

and evidently provide a much higher degree of accuracy

in certain power ratio^^ applications.^''^ The nonlinear

characteristics of the dual element mounts generally

render .them unsuitable for this purpose.
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The techniques associated with the calibration of one terminating type power meter in terms of a

second terminating meter are useful both in calibration measurements and in the practical application

of such devices. These techniques assume a variety of forms and represent an important segment
of the microwave art. However their application to the calibration transfer problem between power
meters with different input waveguides has long been inhibited by the requirement for an adaptor and
the uncertainty which its losses can introduce into the procedure.

This paper describes a method of extending these existing techniques to this more general prob-

lem, in which the adaptor losses are only a second order effect. In addition, it provides limits for the

error which is thus introduced.

Key Words: Power measurement, power calibration, adaptor efficiency.

1 . Introduction

A large percentage of the power meters used at

ultra-high and microwave frequencies are of the

terminating type. This means that they (ideally)

terminate the waveguide by its characteristic im-

pedance and indicate the power which they absorb.

Given the problem of determining how much power
is being delivered by a signal source to a particular

load, it is common practice to substitute the terminat-

ing power meter for this load and thus measure the

power it absorbs. Under ideal conditions this is also

the power delivered to the load.

In practice, however, the impedance of the load and
power meter will not be equal, and the ratio of the

power delivered to the load and to the power meter
will differ from unity. The determination of this

ratio is of obvious importance in the practical appli-

cation of terminating power meters. If the object

of the measurement is that of calibrating one power
meter in terms of another, this ratio determination is

often called a "power calibration transfer." Today
a variety of techniques are available for dealing with

this problem.^

In practice, however, most if not all of these methods
are limited to the case where the input waveguides
to the two terminations (meter and load, etc.,) are of

the same type or cross section. The more general

*A preliminary account of this work was given at the 1964 Conference on Precision Elec-

tromagnetic Measurements {Boulder, Colo.), at the IEEE International Convention, March
1955 (New York), and appears in Part 11 of the 1965 IEEE Convention Record (pp. 99- 101).

Because a different set of boundary conditions were employed, the error limits quoted in

the Convention Record differ somewhat from those to be given here.

**Radio Standards Engineering Division, National Bureau of Standards, Boulder, Colo.

' For a brief survey of the existing techniques see the author's paper. A variable imped-
ance power meter and adjustable reflection coefficient standard, J. Res. NBS 68C (Engr.

and Instr.), No. 1, 7-24 (Jan.-Mar 1964).
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problem of transferring power calibrations between
power meters of rectangular waveguide and coaxial

line inputs, for example, has received little attention.

The reason for this lies in the implicit requirement
for an adaptor and a detailed knowledge of its losses

or other characteristics.

This paper will describe a method of effecting such
a comparison in which the adaptor losses are only a

second order effect and for which limits of error are

given. Aside from the adaptors, the method requires

little or no instrumentation beyond what is required
to compare power meters having the same type of

input. Its complexity may be judged by noting that

it requires only the application of existing calibra-

tion transfer techniques. It does, however, call for

two separate measurements which are then averaged
to yield the final result. The procedure should prove
a useful addition to existing measurement techniques.

2. General Description

As a specific example, the calibration of a coaxial

bolometer mount in terms of a waveguide "standard"
will be considered. The procedure for applying the

method to similar problems will then be obvious.

The components to be considered explicitly include

the "standard" or calibrated waveguide bolometer
mount, the coaxial bolometer mount, and a waveguide
to coaxial line adaptor of arbitrary characteristics.

A terminating type power meter may be calibrated

either in terms of the "incident" power (power asso-

ciated with the incident wave in a lossless line) or in

terms of the net power absorbed (difference between
"incident" and "reflected" powers). Although cer-

tain practical arguments can be given in favor of the

"incident" power, the net power definitions are based

27
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on a more fundamental concept. In the case of a

bolometer mount the parameter of interest is the

effective efficiency, which by definition is the ratio of

the bolometrically indicated value to the net power
absorbed by the mount. The problem is thus one of

measuring the efficiency ' of the coaxial mount given

the efficiency of the waveguide standard bolometer

mount.
As already noted (see footnote 1), techniques exist

for effecting such comparisons when the input ter-

minals are alike. More specifically, the comparison
procedure yields the ratio of powers actually delivered

to the two mounts. This ratio is then multiplied by
the power ratio which is observed by the bolometric

technique and the ratio of mount efficiencies obtained.

Finally if one of these efficiencies is known, the other

may be determined.
The calibration procedure, which is the subject of

this paper, requires two measurements mi, mz, of the

efficiency ratios of the adaptor-bolometer mount
combinations shown in figures 1 and 2. The actual

- The term "efficiency" as employed in this paper is to be interpreted in a broad sense

and may represent either "effective efficiency" of a bolometer mount, or adaptor "effi-

ciency" (ratio of net pnuer output to net power input).

ADAPTER
(n.)

COAXIAL MOUNT

WAVEGUIDE SIGNA
SOURCE

F igure I. Illu.strnting first step of measurement procedur

COaXIAL SIGNAL SOURCE

measurement procedure is not specified but may con-
sist of any technique, including those listed in refer-

ence 1, which provides these ratios. In figure 1 the

adaptor is connected to the coaxial mount such that

two similar waveguide terminals are available for the

comparison procedure (mj). In figure 2 the adaptor
is connected to the waveguide standard mount, and
comparison (m^) effected at the coaxial terminals.

In order to permit these connections both the wave-
guide and coaxial connectors must be of the "sexless"
variety.

If the adaptor were lossless, the efficiency of the

adaptor-bolometer mount combinations would equal
that of the mounts alone, and either procedure would
yield the desired efficiency ratio.

In practice, of course, the adaptor is not lossless.

Thus the first measurement, mi, yields

mi — , (2-1)

where tjc, Vw-, and t)i are respectively the efficiencies

of the coaxial mount, standard (waveguide) mount,
and adaptor. (Note that the adaptor efficiency is a

function of the terminating load impedance and direc-

tion of power flow.) Equation (2-1) may be verified

by noting that the product found in the numerator is

the efficiency of the adaptor-coaxial mount combina-
tion. (This is one advantage of basing the efficiency

definitions on net power.)
In a similar manner the second measurement, m2,

yields

(2-2)

where tjo is the adaptor efficiency which obtains during
the second measurement. In general tji # iq-z-

It is convenient to regard the determination of the

ratio TjclVw a* the object of the measurement proce-

dure. Since, by hypothesis, the efficiency of the

standard, tJu,, is known, the measurement of this ratio

yields the coaxial mount efficiency, tjc.

Inspection of eqs (2-1) and (2-2) shows that the

measurement results include the factors tji and n"'.

respectively. Then, because the efficiency ' .i >:

exceed unity, mi and m< yield a lower and per
bound to the desired ratio y)cl'r)w

The geometric mean of mj and m-, yields

V mimo =— -i/—

,

while the quotient

1 + e

(2-3)

(2-4)

Figure 2. Illustrating second step oj measurement procedure.

Equation (2-4) serves to define the parameter e im-

phcitly. This parameter is a measure of the adaptor
losses and tends to zero as these losses are reduced.
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In summary, the measurement technique consists

of making the measurements mi, m^, and taking the

geometric mean as the desired ratio t^cIVw This in-

cludes the approximation V^i/tJ2=1- A knowledge
of either tjc or 7}w thus permits the determination of

the other. As already noted, it is possible to estab-

Ush limits for the error introduced by this approxi-

mation from the fact that the efficiencies cannot exceed
unity. Much tighter limits of error, however, can be

derived by utilizing the fact that the same adaptor

is used in both measurements. More specifically, if

reciprocity is satisfied, it is possible to obtain upper

and lower limits to this approximation in terms of e

and the impedance conditions which prevail.

3. Limits of Error

As noted in the preceding section , the method is

based on the approximation VtjJtj^ = 1. The error,

thus introduced, depends upon impedance conditions

and adaptor losses. Three different modes of opera-

tion have been considered and are referred to as

Cases I, II, III. For purposes of illustration it is

convenient to visualize the procedure in terms of

figure 3, where the adaptor and two bolometer mounts
are connected together as shown.
The first measurement, mi, consists of separating

the assembly at terminal surface 1 and measuring
the ratio of efficiencies of the waveguide mount to the

adaptor-coaxial mount assembly. The second meas-
urement, m-i, is analogous where terminal surface 2

instead of 1 is employed. Let Vw and Tc represent the

reflection coefficients of the waveguide and coaxial

mounts, and let Fi be the reflection coefficient at

terminal surface 1 of the adaptor when terminated
by a load Fc (the coaxial mount) as shown in figure 3.

Conversely, let F2 represent the reflection coefficient

which obtains at adaptor surface 2 with surface 1

terminated by Fu,. Finally, let |Fo| represent the

magnitude of the adaptor reflection coefficient.^

^ The adaptor rfeflection coefficient magnitude,
|
fa

|
, is that value which obtains at one side

or port of the adaptor with the other end connected to a matched (refleclionless) load. It

thus corresponds to the "adaptor VSWR." In general the value of IFnl measured at termi-

nal 1 differs from that at terminal 2. For high efficiency adaptors this difference is small and
vanishes as the adaptor becomes lossless. Thus for most practical purposes the adaptor
may be regarded as characterized by a single value of IF,,].

The error expressions given for Case I are such as to give the correct limits if the value

substituted for IF^I is the smaller of the two. Thus, if the larger value is used instead,

somewhat wider limits will be obtained.

The failure to identify |F„| with either terminal is intentional in that this represents the

most general case of practical significance. As will be shown later, tighter limits of error

result if IFfll is identified with one terminal or the other.

-TERMINAL SURFACE i

lAVECUIDE

BOLOMETED

MOUNT

ADAPTOR

TERMINAL SURFACE 2

Figure 3. Block diagram showing impedance relationships.

The error, E, in the different modes of operation

is based on the following definition:

-1.
172

(3-1)

Approximate (correct to the order given) limits for E
are as follows:

Case I. The impedance conditions are assumed to

be completely arbitrary. It will be shown that E lies

within the following limits:

£max = f(|ru>|+|Fc|+|F«|)+|

|F„,|+|FJ+|Fa|

(3-2)

(3-3)

Case II. It is assumed that F2 and Fc are equal (in

both magnitude and phase) but unknown. This pre-

supposes the incorporation and use of a tuning trans-

former in one of the components (usually the adaptor)

to achieve this condition. It is then possible to express

the limits for E in terms of iFil and |F«,| as follows:

1
(|Fi|+|F„ if |Fi|+|F„ (3-4)

^max=f(|ril+|F.|)-| if |r,|+|r„,|^|(3-5)

^min=-f (|r,|+|F„,|)-| (3-6)

Case III. The reflection coefficients Fi and Fu, are

assumed to be equal and of known magnitude. The
limits for E now become

^2|F„

8

if |F„

if |F„

F = |F„|-
8

(3-7)

(3-8)

(3-9)

The error limits for Case III may thus be obtained from
Case II by letting |Fi |=|Fu,|.

Although the errors associated with Cases II and
III are somewhat smaller than in Case I, a more im-

portant argument in their favor is the simphfication

which they permit in the intercomparison measure-
ments (mi, m2). Generally speaking, one of these
measurements will be simplified if F2 = F,. or if Fi=Fu>
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In Case II, for example, the first step is to adjust

the adaptor (transformer) such that r2 = rc. This

permits a simplification in the measurement m-y.

Although measurement mi must in general account
for Fi 7^ Tic, this problem (along with the measure-
ment of IFil and \Vu,\) is more easily handled in wave-
guide than in coaxial line (at least at higher

frequencies!).

In Case III only one reflection coefficient magnitude
iTiol (=|ri|) enters the error expressions and, all else

being equal, gives the smallest error. The problem
of making the calibration transfer between unequal
impedances (mi), however, has been shifted to the

coaxial side where it is usually less convenient. An
important application of Case III will be discussed in

the following section.

TERMINAL SURFACE 1

WAVEGUIDE

MOUNT
ADAPTOR

TERMINAL SURFACE 2

COAXIAL

MOUNT

Figure 4. Block diagram illustrating problem implicit in type N
connectors.

4. Extension t© Type H Connectors

The foregoing techniques are based on the require-

ment that the connectors satisfy the "sexless" condi-

tion. Although a number of precision coaxial connec-
tors are now available which meet this criterion, the

extensively employed Type N does not. The tech-

nique may be extended to cover this case as follows.

It is now convenient to visualize the problem in

terms of the assembly shown in figure 4. The first

step of the measurement procedure is- identical to

that already described. However when the structure

is separated at terminal surface 2, a problem is en-

countered in that it is not possible to mate both of

these surfaces with a third one.

The solution requires the introduction of additional

transitions and calibration transfer measurements as

shown in figures 5a and 5b. The measurement "m.."

is thus replaced by a pair of measurements (^2,,. m-ih)

which, by inspection, yield the ratios: 'f]fr)cly)i'riu- and

'nrlrjinVyVu ' wherc r}f and r},,, are the efficiencies of the

additional transitions (adaptors) as shown. Since

these efficiencies cannot exceed unity, it is possible

to write

= m >„ < m-i < m-ib =—— (4- 1

)

The pair of measurements [m>„, m-n,) thus yields

upper and lower limits to m-i- If their arithmetic

average is used in place of m>, equation (2-3) becomes

ADAPTOR

»

(a)

ADAPTOR

2
(4-2)

Figure 5. Adaptor configuration for measurements mja and m2h-

The error introduced by assuming Vtji/tjj = 1 has
already been described. It is ea sily shown t hat the

additional error in assuming V | (17/+ ^Ifi,,,) = 1 is

within the approximate Umils ±^ {m>b~tn2„)|{m2b+m>„)
As an illustration, it will be assumed that m>a and m >b

differ by 1 percent. The average will then differ from
m-, by no more than ±0.5 percent. Finally, this value

is averaged with nit. Since nij and m> are nominally
equal, a ±0.5 percent uncertainty in mo will give a

±0.25 percent error in the final result.
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CUT BACK TO ELIMINATE

(b)

Figure 6. Transition sections required in extending technique to

type N connectors.

Although these additional transitions can be made
by commercially available components, it is desirable

in practice to keep the associated losses as small as

possible. Figures 6a and 6b show adaptors which
have been built to satisfy this requirement. In par-

ticular it should be noted that the center conductor

is supported only at its ends by the mating connectors.

The Type N connector suffers from a number of

limitations including impedance discontinuities, which
become increasingly important at high frequencies,

and the lack of a well defined terminal plane or sur-

face. As a consequence it is difficult to give a mean-
ingful definition to impedance at the connector

interface.

These considerations strongly suggest the use of a

power calibration transfer procedure (measurement
m2) which is independent of the connector discon-

tinuity. Such a technique has been described in a

previous paper.^ The complete procedure thus comes
under Case III, where the impedances are matched
and measured at the waveguide side (terminal 1),

leaving the power caUbration transfer between unequal
impedances to be effected at terminal 2. (Note that

according to the point of view adopted in the preced-

ing paragraph. Case II cannot be applied because the

i impedance discontinuity makes it impossible to rec-

fj ognize when = r2.)

An alternative approach to using the Type N con-

nector is based on the choice of reference plane in-

dicated in figure 7. (This convention is called out in

MIL Spec. C39012/1-5.)
If this point of view is adopted, it is desirable (in

theory) to eliminate the shoulder in the outer conductor
transition piece of figure 6a such that the two outside

conductors are in physical contact.

The adaptor is thus, by definition, absorbed by the

two Type N male connectors such that rj/may be given

* G. F. Engen. A transfer instrument for the intercomparison of microwave power meters,
IRE Trans. Instr. 1-9, No. 2, 202-208 (Sept. 1960).

Figure 7. Possible reference plane for type N connector.

the value unity.^ The measurement m2athus becomes
m^, and measurement m2b is no longer required.

It is important to note that, according to this con-

vention, the Type N male connector may be mated
with either male or female, but this is not true of the

Type N female. Thus this technique is hmited to the

case where the coaxial meter is fitted with the Type
N male connector.

This convention also makes it possible to make the

comparison measurements under Case II since the

two assembUes shown in figure 5a may be adjusted

(assuming tuning is available) for equal input

impedances.
This alternative procedure is somewhat easier to

implement, but more restricted in its application and
interpretation.

5. Derivation of Error Expressions

A microwave measurements problem of long stand-

ing finds its solution in the foregoing techniques.
However if these procedures are to be accepted by the

scientific community, it appears desirable to record
the derivation in sufficient detail to demonstrate its

validity. Moreover, while the arguments are rather
long, they have a potential application to related prob-
lems and are thus of some interest in their own right.

The object of this section is the derivation of equa-
tions (3-2)-(3-9). (The reader who is willing to

accept this "on faith" may, without loss of continuity,

proceed to the next section.)

A complete description of the adaptor (at one fre-

quency) requires six parameters — the real and imagi-
nary components of its impedance matrix, for example.
In addition, the adaptor efficiencies also depend upon
the complex impedance of the terminating loads

(bolometer mounts). Thus a total of 10 parameters
is involved.

Obviously, if these 10 parameters were known, they
would permit an exact determination of E. In prac-

tice, however, many of these parameters, especially

those pertaining to the adaptor, do not lend them-
selves to ready measurement. Indeed, the value of

this technique rests in a large measure upon its ability

to provide limits for E with a minimum of supplemen-
tary information.

^ This ignores any losses introduced by the failure to perfectly mate the outer conductors.
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LOAD 1
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ADAPTOR
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02

Figure 8. Block diagram for error evaluation.

Although the derivations are rather involved, it is

easy to show that the error, is of second order. As
already noted, the error vanishes in the ideal case of

a lossless adaptor. The parameter, e, is one measure
or indication of the extent by which the adaptor fails

to satisfy this condition. Thus the error tends to

zero as e goes to zero.

On the other hand, if an impedance match (r= 0)

is assumed for the different components, 171 = 172 and
again the error vanishes. This is also an idealization,

but one which is approximately satisfied in practice.

Since the error vanishes under either of these condi-

tions, the error expressions may be expected to involve

the product of e and the Ps.''

The problem may be formulated in a variety of ways;

a convenient one is in terms of the normalized complex
incident and emergent "voltage" wave amplitudes,

«i. rt2, ^1. b-i^ as shown in figure 8 and the constants,

a, /3, y, of the linear fractional transformation which
relate the ratio b\la\ to a-ilb-i- That is.

bi
(5-1)

In terms of the more familiar scattering matrix

notation.

a = S?2 — SnS22

/3 = Sn

y— S22

(5-2)

and

61 = SirOi + S12O2

bi = Si2rti + Siia-i

(5-3)

*^ II will he noted that the error expressions also involve terms in e^, In the meanine of
this paragraph a "matched adaptor" is matched at both ports or terminals while the error

expressions assume the impedance is known at only one port.

It should be noted that reciprocity is assumed and '

impedance normalization made such that Sri = S-i\.

The complex constants «, y8, y thus provide a com-
plete description of the adaptor.

The condition that the adaptor be source-free or
passive imposes certain conditions on the param-

^
eters a, )8, y. Under the assumed normalization the

scattering matrix S satisfies the matrix equation:'

Det (1 - S*S)&0. (5-4)

[In this equation (*) represents the Hermitian con-
jugate.]

For a two-arm junction this reduces to

(1-|S,,|--|S,2|^)(1-|S,2|^-|S22|^)

-|SuS,2* + S,2S22*|'^0, (5-5)

and in terms of a, jS, y becomes

1 -|yr'-|i8|--f|a|'-2|a-/3y|& 0. (5-6)

If eq (5-6) is muhipUed by 1 — |y|^ the resulting

relation can be expressed in the form

(1 - lyi'-^- i«-/3y|)2- |)8-ay*|^ > 0. (5-7)

It will also be shown in the next section [see eq (5-15)J
that 1 — |y|2— |a — )3y| & 0. Thus eq (5-7) may be
written

1- |Q:-^y| ^ |y3
- ay*

l-|y|^ i-|y|
0. (5-8)

Finally, it will prove convenient to make the following
definitions:

|«-/3yL
l-|y|2

/3-ay*

1 171

(5-9)

(5-10)

Note that x is real and positive while y is complex.
Equation (5-8) thus becomes

x^\y\^Q. (5-11)

5.1. Analysis of a Special Case

Let 1721 and 1712 represent the adaptor efficiencies

under the two conditions shown in figure 8, and let

F/i, r„i, ro2, r/2 represent the reflection coefficients

which obtain at the different terminals as indicated.

For example, F/i = ai/61 = l/r„i, etc. (This notation

is somewhat more general than that employed in the

earlier section and is introduced to simplify the appli-

cation to other problems.)

' C. C. Montgomery. R. H. Dicke, and E. M. Puree II, Principles of Mic
(McGraw-Hill Book Co.. Inc., New York. N.Y.. 1948).

Circuits
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By definition,

_ Net power delivered to load 2 _ |62|^|a2|
^'^ Net power input at terminal 1 \ai

and similarly,

\0.2l

(5-12)

(5-13)

The analysis of Case 1 is facilitated by considering

first the special case where rn = r;2 = 0. Applying

these conditions (in turn) the adaptor efficiencies may
be written in terms of a, /3, y as foUows:

_ |a —

\a-l3y\

1 — lyp

(5-14)

(5-15)

The assertion made in connection with eq (5-8) is

now evident, since 1712 ^ 1.

It wiU prove instructive to consider the maximum
and minimum values of 1721 assuming 1712 and |y| are

given. From eqs (5-14) and (5-15),

T/21 = T]21
1

1-1/31^
(5-16)

By inspection 1721 increases in value when |/8p in-

creases and conversely. Although the value of

is not given, it is possible to determine limits for its

value in terms of rjv? and |y|:

^ |(/3-ay*) + (a-/3y)y=^

(i-|y|')'

1/3 -gy*
1

•+
|a — /3y| •

|y|

1 \y\

thus.

W^(\y\+vv,\y\r.

(5-17)

(5-18)

The maximum value of will occur for the maxi-
mum value of y. that is when \y\—x—\ — T}\2. There-
fore,

\(3\l^^=a-rjvz + Vvi\y\f.

Substitution in eq (5-16) yields

_ l + |y|
''?21(max)-'

(5-19)

(5-20)

is convenient to write eq (5-17) in the form

(a-i3y)y* ^

1^1^ =
1 171

(5-21)

Since the only restriction on y is a limit to its magni-
tude, |;S|'' can be made to vanish by a suitable choice

of y for small values of |y|. Comparison with eqs
(5-8) and (5-15) shows that this is possible provided

l-r?.2

17,2

(5-22)

For larger values of |y|, the minimum value of
\fi\'^ is

given by

l/3|Ln =[T7,2|y|-(l-r)r.)]-. (5-23)

Substitution of these results into eq (5-16) yields

T72l(min)= T?12(l - ly^
, , 1—1712

if |y|^ , (5-24)

T721(min)'
(I-ItI

if |y|

T7l2

1-T,,
(5-25)

2 — 17,2(1 + |y I) 1712

Figure 9 shows a plot of eqs (5-20), (5-24), (5-25)

with |yi equal to 0.2.

The area bounded by the i72i(max)^ ''?2i(min) curves, and
the 1721 axis represents possible combinations of 1721

and 1712 for the given choice of |y|. In practice neither

1721 nor 1712 is known, but they are connected by the

relation

17211712
=

1 + e
(5-26)

This relationship is also plotted in figure 9 where e=0.2.
(This value of e is not representative, but chosen to

better exhibit the characteristics of the problem.)
The final object of this section is to determine max-

imum and minimum values for the ratio 1721/1712 in

terms of e and |y|. By inspection it is evident that

this occurs at the intersection of eq (5-26) with the

T72i(max) and i72i(min) loci.

The maximum value of 1721/1712 may be calculated
from eqs (5-20) and (5-26) and is given by

rj2i

nvz

In a similar way.

1 +

2-17,2(1 -|y|)

In order to determine the minimum value of |/3|^, it
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1721

1712

1721

1712

= 1

min

€|y|+-(l + |y|

if |y|
2 + e-

(5-27)

(5-28)

e|y|-4 (l-|y|)'

if |y|
2 + e

(5-29L
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Figure 9. Plot showing limits for -^2^ with |y| = 0.2.

These last three equations give the limits * for 1721/1712

in terms of e and \y\ subject to the condition that both

loads (power meters) are matched (r/i = r/2 = 0).

By definition, [eq (5-2)], I7I represents the reflec-

tion coefficient magnitude "looking into" adaptor

terminal 2 with terminal 1 connected to a matched
load. Figure 10 shows the reduction in the spread of

possible values for 1721/1712 when 7 = 0.

5.2. Case I

In Case I each of the two loads (power meters) is

assumed to have an arbitrary reflection of known
magnitude.
The generalization of the foregoing results to Case I

is simplified by use of the following artifice:

Returning to figure 8, it is possible to construct an
equivalent circuit of loads 1 and 2 as shown in figure 11.

The characteristics of the "lossless transformers"
are adjusted to duplicate the impedances of the respec-
tive loads. Substitution into figure 8 results in the

It is of interest to compare this result with that which would be obtained if diflferent

adaptors were involved in the two measurements (as was done in extending the technique
to Type N connectors). In the latter case the only condition which couid be used is that

the efficiencies do not exceed unity which leads to

-nvi I max ' V12 I m|„ \+i

Although these expressions result in first order errors, they are of some interest in that

they are completely independent of the impeda.nce conditions.

n,2

Figure 10. Plot showing limits for rin with y=0.

LOSSLESS

TRANSFORMER

MATCHED

LOAD

r = o

D

0

Figure 11. "Equivalent circuit" of unmatched loads {power
meters).

configuration shown in figure 12. It is now convenient

to shift the terminal surfaces from the unprimed to

the primed positions such that the lossless transform-

ers become part of the adaptor. Because the effi-

ciencies 1721, 1712 are based on net power flow, their

values are invariant to this shift in terminal surfaces.

The results of the preceding section may thus be
applied provided an appropriate change is made in

lyl to account for the addition of the lossless trans-

formers to the adaptor.

Let y' represent the value y takes when the terminal

surfaces are shifted to the primed positions, and let

Ta, Tn represent the reflection coefficients of the two
loads: By definition y' is equal to the ratio 62/02 which
obtains at terminal 2' assuming the matched load is

removed and the assembly is excited at this port. The
transformer bounded by terminals (2' — 2) is thus

terminated by a load of reflection coefficient Ta2=b2la2,
while terminal 1 of the adaptor is terminated by a load

r;i = ai/6i.
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LOAD
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J.OAp_l

,1' il

LOSSLESS

TRANSFORMER
ADAPTOR

LqA_D_2

,2'

LOSSLESS

TRANSFORMER

MATCHED

LOAD

(r-o)

Figure 12. Equivalent circuit used in extending analysis to un-

matched loads.

From eq (5-1),

(5-30)

By hypothesis, the argument of Tn is unknown (as

well as the arguments of a, ^8, y). The problem is

now one of determining the maximum value of |rp2|

as the argument of Tn varies. For convenience the

adaptor will be assumed lossless. The parameters

a, (3, y then satisfy the conditions

/3 - ay* = 0

|a| = l

(5-31)

which follow from eq (5-8) when equality is assumed.
These conditions may now be substituted back into

eq (5-30) and the magnitude, |ra2|, differentiated

with respect to the argument of Tn- This leads to ^

"2
1 max

lyl + lFnl

i + |yra|
(5-32)

By a straightforward extension of these arguments

ly'lmax is given by

a2|max + ir,:

1 + ir, 02 1 max

|rn|+|r,2|+|y|+|rnr,2y|

i + |rnr,2|+|yrn|+|yr,2|

Equation (5-33) is now substituted into eq (5-27),

(5-28), (5-29), the square root taken, and only the

lowest order terms retained. This results in the ap-

proximate expressions:

Vvi/ max

rUlY"
=

VviJ min

rj2,y/^
^

^12/ min

l+|(|rn| + |r,2| + |y|) + |.

|r„| + |r,2| + |y|)2

if |rn| + |r,2| + |y|

i-^(|rn| + |r,2| + |y|)+-

if |r„| + |r,2| + |y|

5.3. Cose

(5-34)

(5-35)

(5-36)

In Case II the reflection coefficient magnitudes
IFnl and |r„i| are given. In addition, it is assumed
that rn2 = r(2. As- in the previous problem, the
analysis is facilitated by considering a special case:

Fn =0.
Subject to these conditions [eq (5-15)],

1712

|a — j8y|

1- IyI'

(5-33) while

1721
|a-i8y|(l-|F,2h

|l + yn2|2-|/3 + aF,2|As previously noted, the adaptor has been assumed
lossless for this calculation. Because of losses, the
actual value |y'Uax will be somewhat smaller. In By hypothesis and by definition.

most practical applications the difference will be small,

and in any case the use of eq (5-33) leads to error

expressions which err on the side of being too large.

— Fa2 — ~y.

(5-37)

(5-38)

^ Allernaliveiy. eq (5-32) may be obtained by noting that IP/, |

= constant represents a

circle in the Fn plane. The corresponding locus of is also a circle whose radius and
displacement from the origin may be obtained in terms of a, /3, y, and iFn |. The maximum
value of \Va2\ is given by the sum of this radius and displacement.

Aside from the change in notation, the generalization of eqs (5-34)-{5-36) to (3-2) and
(3-3) involves the recognition that \y\ is identified with terminal surface 2 while the coun-

terpart |r,J. as previously noted (footnote 3), is unspecified as to reference terminal. As
a consequence, it is not possible to uniquely identify tji with either TJ21 or tji-^. Both alter-

natives must be considered in order to determine the largest possible error.

The "deterioration" in error limit in going from eqs (5-34)-(5-36) to (3-2) and (3-3) is

thus the "price" one pays for failure to identify the terminal surface associated with |r„|.
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Moreover,

_ ari2+fi _ l3
— ay

yr,2 + l l-y2
(5-39)

By means of eqs (5-38) and (5-39) it is possible to

eliminate /8 and r/2 from eqs (5-15) and (5-37), re-

sulting in

_ |a-yr„,|(l-|yh
"'^ |l-y2|(l-|r„x|^

'

_ |a-yrai| |1 — y^l

l-|y|^

In a similar way eq (5-8) becomes

|a — yr»i| |1 — y^l

l-|y|^

(5-40)

(5-41)

As in the previous problem, it is now possible to

plot r]2Hmax) and rj^umin) in terms of 7)12. It will then
become apparent [as may also be shown by solving
eqs (5-46), (5-47), and (5-48) for 17,2] that this prob-
lem has been reduced to the previous one where the
roles of 7)12 and 1721 have been exchanged and |y| is

replaced by |rf,i|. The same arguments for extend-
ing the result to the case where F/i 9^ 0 may also

be used.

The expressions of interest may thus be obtained
directly from eqs (5-34) and (5-35),

1721

T)12

^1Tl2

max ^21
etc.

Therefore, the approximate Hmits for Case II are

172.

'712/ ma>
i+|(|r„,|+|rn|)2

Let

|«(y-y*) + r„i(l-y''

l-|y|2
0. (5-42)

if |ra.|+|rn|^-, (5-49)

a(y-y*) + r,„(l--y^

l-|y|^
(5-43)

if |r„,|+|rn|&|, (5-50)

Equation (5-42) now becomes

1-T),2& |8| ^0 (5-44)

VT?i2/min
:(|ra,|+|rn| (5-51)

and eq (5-40) can be written: 5.4. Case III

r,2,(l-|r„|2)'
(5-45)

In general the value of 8 will be unknown. However,

it is evident that TJ21 will have its maximum value if

8=rai. This in turn is possible provided |r„i|^ I~i7r2,

etc.

Therefore,

''7-2l(max) i-|r„
if |r„,| « l-rj,2.

(5-46)

_ 2t7i2
—

(1 — |r„i|) .fir 1-^1

_ 2T),2-(i + |r„,|)

T„2(i-|r„,|)

(5-47)

(5-48)

The boundary conditions on Case III are r/i=rai
(=r for brevity) and |r| is given. The treatment of

the previous problems has been simplified by first

assuming one or both loads to be matched, but this

approach does not lend itself to the present problem.
The analysis of Case III proceeds in a different manner.
The efficiencies may be written:

... la-yFl^-l^-rl''
"^'^

|a-i8y|(l-|r|^
'

|a-/3y|(l-|r|^)
1712

|i-/8r|2-|y-ar|2

(5-52)

(5-53)

In terms of the previously defined parameters x, y
[eqs (5-9), (5-10)] these become

1721

1712

a-x){i

(i-^)(i-

(5-54)

(5-55)
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^here

Moreover

g= |y-r|,

h=\l-yY\.

(5-56)

(5-57)

(5-58)

These equations may be combined to yield the ratio

VzilViz as a function of e, F, and y.

"

1 + e
/.Mi-f^iri

27a ^ (5-59)

The terms e and |r| are parameters of the problem
while y is unknown and subject only to the restric-

tion [eq (5-11)]

|y| « X-

The problem is thus one of determining y and arg F
such that 1721/1712 has its maximum and minimum
values.

Inspection of eq (5-59) shows that 1721/1712 decreases

as h decreases and as g increases. Thus, the mini-

mum value of 1721/1712 occurs when ^— x+|F| and
h=i-x\r\.

If these relations are now substituted into eq (5-58),

the resulting equation may be solved for x in terms

of e and F. This in turn determines g and h as func-

tions of e and 1'. Finally, substitution into eq (5-59)

yields

2221

1712

= 1

2e|F|

l+^l(l + |Fh + e|F|

^(1-|F|2)2
4

(l+|)(l + |F|^ + €|F|

(5-60)

or if only the lowest order terms are retained.

^^''712/ min
(5-61)

Thus, the arguments of y and F should be chosen such
that

and

w-in

h^l + \yT\.

(5-62)

(5-63)

In this case, however, |y| is not determined since

Smin occurs for \y\ — |F| while /imax obtains for |y|==jc.

It thus becomes necessary to substitute the above
expressions for g and h into eq (5-59) and differen-

tiate with respect to |y|. The derivative vanishes and
a maximum occurs for

|y|

|F|(2 + 6)

l + €-|F|2

Substitution back into eq (5-59) leads to

r}2i _(1+JIT)_2

r)l2niax d-lFh^'

(5-64)

(5-65)

This however is subject to the condition that

W = i^7r|f]i^^- (5-66)

The associated value of x may now be computed by
substituting eqs (5-62), (5-63), and (5-64) back into

eq (5-58). This leads to the condition that the solu-

tion given by equation (5-65) is valid in the range

|F|(2 + €)

1-f e-|F|2
1

(1 + |Fp)(l + e)'/2

(l + e-|F|2)
'

which may be solved to yield

|F|^^[2 + .-2(l +
.)'/^]=J-|

(5-67)

.. (5-68)

For larger values of |F|, \y\ is set equal to x and the

problem handled as was done for 1721/1712 Imin- Again,

if only the lowest order terms are retained, (i72i/i7i2)m|x

is given by

=l-f2|F|^ if |F|

1712'' max

111)'" =,+.|r!-i
'ni2/max 8

(5-69)

if|F|>^- (5-70)

With an appropriate change in notation, the results

of this section leads to eqs (3-2) -(3-9).

Conversely, it is also evident from inspection that

1721/1712 increases as h increases and as g decreases.

' Note that g and h are merely abbreviations for certain functions uf y and P.

6. Experimental Results

An application of the foregoing techniques which
is of immediate interest is the extension of the existing
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NBS calibration capability in X-band waveguide to

coaxial thermistor and barretter mounts. A variety

of these items, with an advertised upper frequency

limit in the 10-12 GHz range, is commercially avail-

able. A calibration near this upper limit is of par-

ticular interest because it appears reasonable to

anticipate decreasing efficiency with increasing fre-

quency. To the extent that this is true, the X-band
calibration provides a lower limit to the efficiency

over the entire operating range.

Measurements on a group of four mounts from dif-

ferent manufacturers (with Type N connectors)

yielded efficiency values in the range 86-97 percent

at 9 GHz. Another series of measurements on four

different mounts but of the same make and model
yielded values in the range 94-96.5 percent. These
results indicate that high efficiency values are pos-

sible at X-band frequencies in coaxial mounts but

also suggest there may be a much wider variation in

different makes than is found in waveguide mounts.
The "waveguide-coax adaptor" used in the measure-

ment was a commercial adaptor connected to a five-

stub waveguide tuning transformer. The combination
provided an average efficiency of approximately 98
percent.

Because of the Type N connectors, it was necessary

to employ the procedures described in section 4.

The two measurements rriia, mzb typically differed by
0.4 percent, thus the error limit from this source was
±0.1 percent. The error introduced by assuming

V'r}2i/')7i2 = 1 was computed from eqs (3-7)-(3-9) and
did not exceed ±0.1 percent. (The waveguide standard
was matched with IFui] < 0.01.) These errors are in

addition to those introduced by the calibration transfer

procedure itself. Although this latter error can be
held to a few tenths of a percent or so when the trans-

fer is between waveguide mounts, the performance of

certain of the coaxial components (sliding short, con-

nector repeatability, etc.) is not up to that of the wave-
guide counterparts, and this calls for a wider estimate

of the error limits. A tabulation of the errors in a
typical calibration is thus as foUows:

1. Uncertainty in efficiency of waveguide
standard 0.2%

2. Calibrat ion transfer procedure 0.6-1.0%

approximation 0.1%
4. Difference in m^a and mzb 0.1%

Total 1.0-1.4%

7. Other Measurements

Although attention has been focused primarily upon
a specific apphcation, the developed techniques have
potential use in many other measurement problems
where a change in waveguide is involved.

For example, the measurement of the adaptor
efficiency may be the prime objective. Equation
(2-4) may be combined with (3-1) to yield

r}i^V^,{l+E)^J'^a + E). (7-1)

The square root of the quotient of the two measure-
ments thus yields the efficiency 171 within the limits

given for E. A similar expression may be obtained
for T/2.

The author expresses his appreciation to several
of his colleagues who provided experimental demon-
strations of the technique, checked the mathematics,
and provided constructive suggestions in the prepara-
tion of the manuscript. These include Mrs. Anne
Rumfelt, Fred R. Clague, John W. Adams, and Robert
W. Beatty.

(Paper 70C2-223)
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A Dual-Load Flow Calorimeter for RF Power Measurement
to 4 GHz

M. L. Crawford* and P. A. Hudson*

Institute for Basic Standards, National Bureau of Standards, Boulder, Colo. 80301

(December 6, 1966)

A new dual-load flow coaxial calorimeter power meter has been constructed at the National Bureau

of Standards, Boulder Laboratories. Designed for use as a reference standard, the frequency range

of the calorimeter extends up to 4 GHz and beyond. The power range extends from 2 W to 100 W with

an error limit of 0.38 percent.

Design details, error analysis, and results of intercomparison with other standards are given.

Key Words: Coaxial, flow calorimeter, radio frequency power.

1. Introduction

The increasing complexity and higher performance
characteristics of radio frequency and other electronic

equipment in recent years has resulted in the need
for more accurate measurement of the rf quantities.

In rf power measurements, for example. 1 percent

uncertainty for measurements in industrial standards

laboratories is often required. Formerly, uncertainties

of 5 percent were tolerable. Because uncertainties

are accumulated in a chain of cahbrations, the uncer-

tainties in reference standards maintained by the

National Bureau of Standards must be less than 1

percent.

The dual-load flow calorimeter described here is

essentially a refinement of earlier calorimeters of this

type [1] ' and was developed to meet the need for

greater accuracy, and extend the range of NBS refer-

ence power standards up to 100 W. This develop-

ment made possible the intercomparison between this

standard and the NBS dry-load calorimeter [2] (50 mW
to 5 W), thereby increasing the confidence in each.

2. Theory of Operation

The calorimetric principle has been considered the

most accurate method for the measurement of rf power.

This principle is based upon the first Law of Thermo-
dynamics, or the conservation of energy. The meas-
urement of electrical power using this principle

depends upon the complete conversion of the electrical

•High Frequency Electrical Standards Laboratory, National Bureau of Standards

Laboratories, Boulder, Colo. 80301.
' Figures in brackets indicate the literature references on page 116.

energy as delivered by a generator into thermal energy
in a resistive load. The heat generated in the load

results in a temperature rise in the load and its sur-

roundings. This temperature rise is a monotonic
function of the input power level and may be detected,

for example, with a thermopile located between the

load and a reference body whose temperature is stable

with time.

Two types of calorimeters could be constructed to

measure power at the levels of interest. They are the

absolute flow calorimeter and the substitution flow

calorimeter. (The use of dry-load calorimeters at

these power levels, 5—100 W, is not practical because
of the large physical size of loads required and the long

measurement time constant.) An example of a "true"
or "absolute" calorimetric system is shown in figure 1.

In this system, power is measured in terms of mass,
time, and temperature by the equation P = Fc\T. In

this equation F is the mass flow rate of the calorimeter

fluid, c is its specific heat, and AT is the equilibrium
temperature rise of the fluid. A conservative measure
of the uncertainty with which such a measurement can
be made is the sum of the uncertainties with which
F, c, and AT can be determined. The value of c is

known very accurately for the common fluids. The
value of AT", however, is difficult to determine accu-
rately for low input power levels, and F can be meas-
ured with an uncertainty no better than 0.5 percent
at usual values of flow rate. In addition great care
must be taken to prevent heat exchange with surround-
ings, and a correction must be made for heating due to

friction flow of the fluid. Therefore, the uncertainty
in power measurement using an absolute flow calorim-

eter is usually 1 percent or more.

Many of the above difliculties can be overcome by
use of the dual-load calorimeter employing d-c substi-
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Figure 1. Flow type "absolute" calorimeter.
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meter 2-100 W, dc to 4 GHz.

tution. A block diagram showing the system is given

in figure 2. As the name impHes, the dual-load

calorimeter consists of two nearly identical loads con-

nected in series or parallel to the fluid flow supply.

Radio frequency power is applied to one load while

d-c power is applied to the other. A differential ther-

mopile, or other temperature sensing device, detects

the temperature difference between the two streams on
the downstream side of the loads when the system has
reached thermal equilibrium. The d-c power level

is adjusted to make the temperature difference zero,

and the rf power is equated to the d-c power. Prior

to the above measurement, it is necessary that the

system be balanced by applying equal d-c power to

each load at or near the rf power level to be measured.
If the loads are in parallel to the fluid flow, then the

flow rate through either one or the other may be ad-

justed for a null at the differential thermopile output.

Thus, in the dual-load substitution calorimetric tech-

nique, accurate knowledge of flow rate and tempera-
ture is not required for accurate measurement results.

In addition heat exchange with surroundings due to

external sources is not a problem as long as it remains
constant during the measurement period. The sub-

stitution principle is based upon the assumption that

heat generated by d-c or low frequency power absorbed
by a load will have the same efi^ect on the device used
to sense the temperature rise of

i
the load or a fluid sur-

rounding it as heat generated by an equal amount of

rf power. However, in general, equal quantities of

rf and d-c power will not produce exactly the same
calorimeter sensor response. Thus, an error, com-
monly known as the rf-dc substitution error, may exist.

This error arises primarily because the rf current

distribution in the load resistor is not identical to the

d-c current distribution. This results in a difference
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in the distribution of heat sources in the load in the

two cases. In flow calorimeters, this error is mini-

mized since the load resistor and mount structure are

in intimate contact with a moving fluid, and the heat

generated by the load tends to be transferred to the

Hquid regardless of the distribution of heat sources.

The main problems associated with measuring power
by the substitution calorimetric method are the

relatively long measurement time constants and the

difficulty in maintaining thermal environmental and
flow stability over this time period. The dual-load

flow calorimeter was designed with emphasis on
reducing some of these problems. For example,

by reducing the time constant of the system to a

minimum, the need for extremely stable rf sources

and temperature control devices was reduced.

3. Description of Calorimeter and Operating
Procedure

3.1. Loads

The loads (see fig. 3) were designed for rapid transfer

of heat and low VSWR 1.03 referenced to 50 Cl at

frequencies up to 4 GHz). The load resistor is a thin

metal film deposited by vacuum evaporation onto a

truncated conical substrate. The load is mounted
inside a cylindrical outer conductor. This type of

design was proposed by D. Woods [3]. The sheet

resistivity, p, of the film is uniform over the area of

the cone and the resistance is given by

= , ^. „ ln6/a (1)
Ztt sm d

where 6 is the cone semiangle, and bla is the ratio of

outer to inner diameter of the coaxial fine. The tem-

perature coefficient of the resistive film is less than

10 ppm/°C thus insuring a nearly constant value of

R at all power levels. The characteristic impedance

of the section of coaxial line containing the conical

resistor is

Zo =^\nbla (2)

where Zm = V/I/e is the wave impedance of the me-
dium. By making p/sin 6 equal to Z,,,, Zo = R at any
point along the length of the load. This condition

tends to assure the same current distribution along

the resistor for both rf and dc. Measurements using

a time domain reflectometer indicated that small dis-

continuities of the order of 0.1 Cl did exist along the

length of the load. Thus, it appeared probable that a

small substitution error could exist. The upper limit

of the error was evaluated and is discussed in the

following section.

The resistors are capable of absorbing up to 100 W
of power with no significant change in their impedance
characteristics. The physical dimensions of the loads

were made small to reduce the measurement time.

In order to absorb 100 W without damage to the film,

the oil had to be circulated rapidly around and through
the resistor body. At low levels of input power
(2-5 W) the minimum oil flow rate was such that the

temperature rise of the oil was approximately 5 deg.

. a 1
IS cm^/min .

Ihis flow rate per watt was about At
watt

higher levels of input power, the flow rate per watt

, , , 7.5 cm^/min
, ,was reduced to about so that the tempera-

watt ^

ture rise was 10 deg centigrade.

3.2. Temperature Detection System

This system consists of two differential thermopiles
(T.P. #1 and T.P. #2), of 10 junctions each, and a

sensitive galvanometer. A selector switch allows

either thermopile to be connected separately or both
in series, to the galvanometer. The junctions of the

thermopiles are located in the path of the moving oil

as shown in figure 2. The oil is mixed thoroughly in

a chamber downstream from the loads and then
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Figure 3. Oil flow calorimeter load.
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passes around and through a plastic block in which
the junctions of T.P. #1 are located. The close

proximity of the thermojunctions of T.P. #1 to the

load resistors results in rapid temperature detection

and reduces the possibility of heat leakage before

detection. Thermopile #2 was installed as a cross

check against thermopile #1. Its junctions are

mounted symmetrically inside plastic holders located
farther downstream from T.P. #1. Any differences

in the temperature of the oil flowing in channel A as

compared to channel B will result in an emf generated
by both T.P. #1 and T.P. #2. Either one or the sum
of these emf's is detected by the galvanometer and
within the limits of ±0.02 percent, it is possible to

detect any balance in the calorimeter system.

3.3. Flow System and Reservoir Temperature Control

The flow system of the dual-load flow calorimeter

employs precision needle valves, a flow controller

and meter, pressure regulator, constant volume pump,
and reservoir, all incorporated into a closed circu-

lation system (see fig. 2). Oil pumped from the reser-

voir passes through the pressure regulator which is

set at 15 psi. It is then filtered and flows on to the

flow rate meter and controller which is adjusted for

the desired flow rate. Following the flow rneter, the

oil flow is divided into two channels, A and B, by means
of the manifold. The fl(m path through each load is

indicated by the arrows in figure 3. Oil leaving the

loads passes through the mixing chamber, across ther-

mopile #1, and across thermopile #2, on through the

balance valves, to the return trap, and thence to the

reservoir. The flow division between the two channels
is regulated by means of the balance valves Ap — Ac
and Bp-Be- These valves were placed downstream
from the loads because this arrangement causes a

back-pressure which resulted in better stability and
control and insured that the load bodies were com-
pletely filled with oil at all times. Each valve has an
adjustment range of 350:1 and by properly setting the

ratio of flow between the fine and course valves, very

small adjustments can be made in the flow division

between channels.

The temperature of the oil in the reservoir is con-

troUed at 28 ±0.02 °C by a conventional automatic
control circuit-cooling coil combination. This pro-

vides a nearly infinite heat sink for the system and
helps to reduce the measurement time constant.

4. Estimation of Uncertainties

Uncertainties in measurement of power with the

dual-load flow calorimeter were minimized by careful

design and precision flow control and adjustment.
The uncertainty of measurement is the difference

between the true value and the measured value. This

difference is usually expressed as a percentage of the

true value. Sources of significant error and a brief

explanation of each are given below.

4.1. Flow Division Instability and Thermal Effects

The instability in the flow division through each
channel and the thermal drift are both reflected as a
null shift or unbalance in the outputs of the thermopiles
between loads A and B. As mentioned earlier, the
effect of heat exchange with surroundings is much re-

duced in the dual-load configuration as compared to

the single-load "absolute" calorimeter. Efforts were,
nevertheless, made to minimize and equalize heat
exchange between the two loads and their surround-
ings. Unequal heat exchange is not critical because
the effect can be cancelled by proper adjustment of
the flow rate through the individual loads during the
d-c balancing operation. It is required, however,
that the heat exchange be constant during the time a
measurement is being made. After initial nufl (zero

temperature difference between the oil leaving loads
A and B) was achieved, the emf output of the thermo-
piles was recorded over a time period much greater
than the measurement time constant which was
approximately 5 min. Tests at several power levels

indicated that for periods of up to 30 min the maxi-
mum drift was no greater than 6 /uV. Since an oil

temperature rise of 10 deg centrigrade produces a
net thermopile output of 4000 /jlV, a maximum emf
unbalance of ±6 /xV, corresponds to 0.15 percent
shift in the thermal balance between the loads.

4.2. Detection System

The degree to which the two channels are balanced
is a function of the overall resolution of the system.

The sensitivity of the complete system is limited by
the temperature fluctuations in the oil and not by the

detection system which consists of the galvanometer
and differential thermopile. These fluctuations limited

the resolution to 0.02 percent.

4.3. RF-D-C Substitution Error

As mentioned earlier, the calorimeter loads and
temperature detecting system were designed to mini-

mize the rf-d-c substitution error. The loads were
designed to provide matched terminations and thus

insure, as nearly as possible, identical rf and d-c

current distributions. In addition, the oil flowing

over the resistor surfaces tends to absorb all the heat

generated in the load regardless of the distribution

of heat sources in the load. A small portion of heat

may be conducted away at the points where electrical

connection is made between the load resistor and the

mount. Negligible heat conduction to the mount
occurs at the input end where the center conductor

is immersed in the moving oil stream for a distance

of IV2 cm. At the grounded end of the resistor, where
it contacts the outer conductor, some heat conduction

is possible. In order to check for a temperature dif-

ference in this area a 10-junction thermopile was
cemented to the outer conductor of one of the loads

and referenced to an ice bath. "Equal" levels of d-c

or rf power were then applied alternately to the load.
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cr = conductivity of metal used for inner and outer

conductors,
a = inner conductor radius,

6 = outer conductor inside radius,

f— frequency,

/ = input line length, and
tan 8 = loss tangent of dielectric.

The results of this calculation as a function of fre-

quency are plotted in figure 4. The uncertainty in

the calculations of the loss factor is due to the com-
bined uncertainty in measuring a, b, I (length = 3.7

cm), and in the assumed values of e, fx, cr, and tan 8.

The combined uncertainty of these factors could be
as great as ±35 percent at 4 GHz. This was pri-

marily due to the uncertainty in the thickness of the

silver plating on the inner and outer conductors of

the line, hence an uncertainty in the value of cr. For
example, at 4 GHz the following data were obtained

from calculations for the loss of the input line:

Figure 4. DLFC input line efficiency versus frequency.

Loss in input connectors 0.0026 + 0.0005 dB
Loss in straight region .0030 + .0009 dB
Loss in taper region .0028 + .0019 dB

Total loss .0084 + .0033 dB

At a frequency of 4 GHz, a difference in temperature

of 0.035 °C was observed while at 2 GHz no meas-

urable difference was discernible. Calculations were

made (appendix) which show that at 4.0 GHz, with a

temperature difference of 0.035 °C, an error less than

0.1 percent exists.

On the basis of the above tests the rf-d-c substi-

tution uncertainty was estimated to be 0.1 percent at

frequencies of 1 GHz and above and 0.05 percent at

frequencies below 1 GHz. The resolution of the meas-

urement, due to noise and ambient temperature varia-

tions, was approximately 0.05 percent.

4.4. Uncertainty in Input Lines and Mismatch Losses

In the load bodies as described in the preceding

section, the only portion of input transmission line

not immersed in the oil stream is a length of approxi-

mately 3.7 cm. The portion immersed in oil can be
considered as a part of the load since the PR loss will

be absorbed by the oil. The loss in the remaining
3.7 cm of input line was calculated using the following

equation: [4]

aT= 8.686/ V7 l/a+1/6

In bja
IX€ tan 8 dB (3)

The loss is then 0.2 ±0.07 percent or an efficiency of

99.8 ±0.07 percent. Thus the power at the input con-

nector was higher than that measured by the calo-

rimeter by the factor 1.002 ±0.0007. The rf efficiency

factor versus frequency is shown in figure 4. At lower
frequencies the loss in the input line decreases and
below 10 MHz the efficiency is assumed equal to unity.

Due to the fact that the calorimeter loads are not

perfectly matched to Zq, part of the incident power
will be reflected. Because a measurement of the

incident power is usually desired, reflections cause
the calorimeter to read low with respect to the incident

power. The impedance of both loads was matched
to Zo (50 ft) using a time domain reflectometer so that

VSWR< 1.03 ±0.01 at frequencies from 1.0 to 4.0

GHz and < 1.015 ±0.005 at frequencies below 1.0

GHz. A plot of VSWR versus frequency for each load

is shown in figure 5.

At the maximum VSWR of 1.03, 0.02 percent of

the incident power will be reflected resulting in a 0.02

percent error in the power measurement if the reflec-

tion loss is neglected. For a VSWR of 1.015, the

reflected power is only 0.01 percent of the incident

source. Combining the maximum expected uncer-

tainty in the correction factor for rf efficiency with the

maximum mismatch error gives 0.09 percent above
1 GHz and 0.04 percent below 1 GHz.

where «o= ^ and aj = 27r/,

e= dielectric constant,

)M = permeabihty.

4.5. D-C Power Measurement Error

The d-c power substituted in the loads is calculated

from measured values of current and voltage. The
voltage drop across a 1 ft standard resistor in series

with the termination is measured with a potentiometer
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Figure 5. VSIVR versus frequency of DLFC loads.

to obtain the current flowing into the loads, and the

voUage drop across the loads is measured directly

with a digital voltmeter. The power is then found by

the simple equation P=VI. Both V and / can be

determined accurately to 0.01 percent giving a maxi-

mum d-c measurement error of 0.02 percent.

The errors discussed are believed to be the only

significant ones in the calorimeter and measuring
system described herein. The overall limit of error

can be found by adding the maximum values:

0-1 GHz 1-4 GHz

1. 0.15 0.15

2. Detection system .02 .02

3. RF-D-C substitution .05 .10

4. Line loss and rf reflection (mismatch
errors) .04 .09

5. D-C measurement error .02 .02

Limit of error 0.28% 0.38%

5. Conclusions

The dual-load flow calorimeter was designed and
constructed to provide a reference standard for cw
power measurements in the range 2 to 100 W at

frequencies up to 4.0 GHz. A maximum uncertainty

or error limit of 0.38 percent was achieved. This is

a significant improvement over prior capabilities at

these power levels. Also the frequency range of the

NBS reference standards was extended from 1.0

GHz up to 4.0 GHz in the power range of 5 to 100 W.
Intercomparisons at 1,3, and 4 GHz have been made

between this calorimeter and the reference standard
dry-load calorimeter which has a total estimated un-

certainty of 0.35 percent. The intercomparisons
included measurements at power levels of 2 W and

4 W and the disagreement was no greater than 0.2

percent.
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7. Appendix

7.1. Analysis of RF-D-C Substitution Error

In the following analysis of the rf-d-c substitution

error, an upper bound is arrived at which, though
derived from approximate considerations, is felt to

have significance.

The total input power to the calorimeter, P,, is

related to the power absorbed by the oil, Pa, and the

power Pc absorbed elsewhere, by

P, = Pa + Pc. (lA)

Using additional subscripts, rf and d-c, to indicate

when the input power is respectively rf and d-c (lA)

becomes

and

Plr! — Part + ^*crf •

(2A)

{3A)

The measuring technique used with the calorimeter

results in

Padc-Pa^f. (4A)

Using (2A), (3A), and (4A), one can obtain the relation

PIdc

1 + cdc

P, do

Per!

L^cdc
1 (5A)

Thus, if Pcrf — Pcdc there would be no substitution

error. However, this condition may not hold for aU
frequencies and a measure of the ratio of Pert to Pcdc
is obtained from the following considerations.

As noted in the text, there is little chance for heat

losses to the external environment except possibly at

the junction of the load resistor with the outer con-

ductor. A thermopile connected externally between
this area and an ice bath indicated that there was no
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diflference in the temperature for frequencies up to

2 GHz when equal rf and d-c power were ahernately
applied to the calorimeter. However, at 4.0 GHz a

temperature difference of 0.035 °C was measured.
Because of the construction and nature of operation

of the calorimeter, the principle mode of heat transfer

to the external environment is by conduction. Since
the rate at which heat flows by conduction is propor-

tional to the temperature difference between the source
and sink,

Peri _ Tyf T^amb
(6A)

where Trf and T^^ are the respective temperatures at

the junction of the load resistor and outer conductor
when rf and d-c power are alternately applied to the

calorimeter. The ambient temperature is noted by

^amb- From experimental data at 4 GHz,

1.023. (7A)

An upper bound for the ratio of PcdJPidc-, obtained from
using the dual-load calorimeter as an absolute flow

calorimeter, is

Pcdc.

Ptdc
0.03. (8A)

Substituting (7A) and (8A) into (5A), the upper limit

for the substitution error is 0.07 percent which was
increased to 0.1 percent because of the approximations

used.

(Paper 71C2-250)
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l.a. Mismatch errors in microwave power measure-

ments, R. W. Beatty and A. C. MacPherson, Proc.

IRE 41, No. 9, 1112-1119 (September 1953).

Expressions are derived for error due to mismatch
when a UHF or microwave power meter is calibrated

by comparison vdth a standard power meter. Three
different methods are considered: (a) alternate con-

nection to a stable power source, (b) the use of a micro-

wave junction which simultaneously supplies power to

the uncalibrated power meter and the standard power
meter in a known ratio, (c) alternate connection to a

microwave junction. The relative merits of the methods
are discussed.

Expressions are derived for error due to mismatch
when using a calibrated power meter in the following

situations: (a) direct connection of power meter to

power source, (b) reduction of power into the power
meter by means of an attenuator, (c) reduction of

power into the power meter by means of a directional

coupler.

l.b. An improved method of measuring efficiencies of

ultra-high-frequentcy and microwave bolometer mounts,

R. W. Beatty and Frank Reggia, J. Res. NBS 54, No. 6,

321-327 (June 1955).

A method is presented for measuring efficiencies of

bolometer mounts used for ultra-high-frequency and
microwave power measurement. It is based upon the

impedance method of Kerns, but avoids the direct

measurement of impedance. Pertinent theory is de-

veloped, and the errors in measuring efficiency by this

method is analyzed and discussed. Experimental results

are given.
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of microwave power meters, G. F. Engen, IRE Trans.

Instr. 1-9, No. 2, 202-208 (September 1960).

l.d. A survey of microwave power-measurement
techniques employed at the National Bureau of Stan-

dards, Glenn F. Engen, Proc. lEE, 109, Part B, Suppl.

23, 734-739 (May 1962).

The bolometric technique of power measurement is an

important part of the microwave art. The paper de-

scribes certain refinements and extensions of this basic

method which have been developed at the Boulder

Laboratories of the National Bureau of Standards and
which provide the basis for a microwave power-calibra-

tion service. The attendant problems may be divided

into three categories: (i) measurement of the substi-

tuted or bolometric bias power, (ii) evaluation of the

d.c. r.f. substitution error, and (iii) determination of

the bolometer mount efficiency.

I.e. A variable impedance power meter, and adjust-

able reflection coefficient standard, Glenn F. Engen,

J. Res. NBS 68C, (Eng. & Instr.), No. 1, 7-24 (Jan.-

Mar. 1964).

Most microwave power meters, such as those of the

bolometric and calorimetric types, completely absorb

the power which they indicate. The use of these meters

is thus usually accompanied by the requirement to

either (1) determine the power at another place in the

microwave circuit from the meter reading, or (2) de-

termine the power which will be delivered to a different

load which is to be substituted for the meter.

The evaluation of these relationships plays an import-

ant role in the power measurements art.

These problems are alleviated by the power measuring

device to be described. This instrument, which is based

on reflectometer techniques, may be used either as a

feed-through power meter which indicates the power

delivered to loads of arbitrary impedance, or as a termi-

nating power meter whose input impedance can be

adjusted to arbitrary values without requiring recali-

bration.

In a slightly modified form the instrument also gives

an indication of the reflection coefficient magnitude to

which it has been adjusted. A comprehensive error

analysis permits the accuracy to be determined under

general operating conditions.

l.f. A precision RF power transfer standard, P. A.

Hudson, IRE Trans. Instr. 1-9, No. 2, 280-283 (Septem-

ber 1960).

l.g. A microwave microcalorimeter, A. C. Mac-
Pherson and D. M. Kerns, Rev. Sci. Instr. 26, No. 1,

27-33 (January 1955).

This paper gives a brief account of a calorimeter de-

veloped at the National Bureau of Standards for the

measurement of microwave power with relatively high

accuracy (better than 1 percent) and at low (milli-

watt) power levels. The calorimeter is identifiable as

an electrically (dc) calibrated, aneroid microcalorimeter

of the Joule twin type. A bolometer mount assembly

serves as a wave-guide termination for the absorption

of microwave power and constitutes the calorimetric

body whose temperature rise is observed. This arrange-

ment enables the use of a novel indirect measurement

technique and tends to insure calorimetric equivalence of

dc and rf heating. The equivalence error is investigated

with the aid of heat flow analysis and auxiliary experi-

ments, and an upper bound for the error is assigned.

l.h. Microwave power measurements employing elec-

tron beam techniques, Harold A. Thomas, Proc. IRE
45, No. 2, 205-211 (February 1957).

A new electron beam technique for measuring micro-

wave power flow, either cw or pulse, in waveguides is

described. This technique consists of accelerating an

electron beam transversely through an evacuated sec-

tion of waveguide carrying power in the TE^^^ ,mode.

The transit time of the electrons is adjusted to a value

which gives maximum interaction of the field in the

guide with the electrons, i.e., electrons gain maximum
energy. The energy gained by the electrons is measured

by means of a dc stopping potential which can be re-

lated to the field. Power is then calculated from the

Poynting vector.
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Voltage Measurement at High and Microwave

Frequencies in Coaxial Systems

M. C. SELBY, SENIOR member, ieee

Abstract—The progress and op-to-date state-of-the-art in measuring

voltages at frequencies to 10 GHz and higher is briefly described. The trerid

towards higher frequencies in voltmeter design is indicated. Advantages of

voltage measurements and standards over computation of voltages from power
and impedance measurements are briefly discussed. Some pending develop-

ment problems are indicated and major steps are proposed to improve the

application of voltmeters at frequencies above 30 MHz.

Introduction

IN SECURING a national and international coherent

system of echelons to measure a quantity or mea-

surand^ (e.g., voltage, within a given range of fre-

quency, magnitude, and other parameters), three major

Manuscript received March 7, 1967.

The author is with the National Bureau of Standards, Boulder, Colo.
' The ASA in "Definitions of electrical terms," Group 30, Instru-

ments, Meters and Meter Testing, C42.30, p. 5, 1957, defines "mea-
surand" as a "physical" quantity, property, or condition which is to be

measured. This term is used here in a more restricted sense, namely, as a

quantity in a given limited range or domain of its parameters including fre-

quency, magnitude, waveform, circuit configuration, etc.

57-

steps are generally involved: 1) development of basic

reference standards of magnitude (standard sources), or

standard measuring instrumentation, 2) development of

interlaboratory reference standards, and 3) development of

"field" reference sources and measuring instruments. Satis-

factory progress seems to have been made in all three steps

during the last two decades to meet needs on measurement

of sinusoidal voltages with one possible exception: field

applications of available instrumentation does not appear

to be in step with potential capabilities and benefits; this

lag will be discussed to some extent in a later section.

There are two schools of thought as to which of the above

three development steps should come first : 1 ) the develop-

ment of field instruments presumably justified by immediate

or impending real needs, or 2) the development of basic

standards without the pressure of needs in order to avoid

the serious time lag in meeting future needs. It will be very

briefly shown below that, in case of voltage, fortuitously, de-

velopment of both standards and field instruments has been
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progressing almost simultaneously during the last couple of

decades. Thus, this particular ambivalent development

offers no resolution of the difference of opinion ; perhaps

additional experience over the next decade or so and a close

exploration of the field of application of voltmeters will

help to provide an answer.

Up-to-Date Status

A voltage between points a and b is defined as the work re-

quired to carry a unit change from a to b, i.e.,

where

E= field strength along the path (a vector)

/ = length and direction of path.

This definition applies when the value of the integral is not a

function of the path chosen between a and b, i.e., when the

system is conservative [1 ]. This condition is met in all elec-

trostatic and magnetostatic systems, and in all dynamic

systems operating in the TEM mode provided the integra-

tion is performed in the transverse plane. Voltage measure-

ments are practicable, for example, even in a 7-mm 50-Q

coaxial system (one of the most widely used) at frequencies

to 18 GHz and in a 3.5-mm coaxial system to 35 GHz. Such

a wide frequency range, starting with dc, of necessity,

covers a number of specific measurands of voltage as a

quantity. The development of measurement techniques and

of standards reached its first plateau at "broadcast" fre-

quencies, say, at several MHz, another plateau at about 30

MHz, and a third at 1 GHz. Indications are that the next

plateau will be at 1 0 or 20 GHz depending on how profitably

the accomplishments to date are digested in practical ap-

plications.

The first standard source of RF voltage (which may be

termed "basic" for reasons indicated below) was developed

at the National Bureau of Standards (NBS) to cover the

approximate frequency range of 500 kHz to 1 GHz; it

proved successful for levels of about 0.02 to 1 volt and was
reproduced in a number of laboratories in the U.S.A. and

abroad [2 ]. The basic principle of this standard is as follows.

A nonreactive resistance element is placed in a TEM-
mode field in such a way that the spatial form of the field

is negligibly altered. Irrespective of any other reactive or

resistive components or networks which may be shunting

R„, the resultant conduction current through renders the

true sinusoidal voltage across it. Consequently, R„ inte-

grates the transverse electric field components. This voltage

can be detected and measured by employing the well-known

bolometric, thermoelectric, or photoelectric effects. Figure

1 shows a schematic diagram illustrating this principle.

Radio frequency energy is fed into a coaxial line generating

a TEM mode along the line, including the connector to the

voltmeter being standardized. The input plane of the con-

nector is placed at the plane of R„ \ thus the voltage across

R„ is applied to the voltmeter. The figure shows the plane
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Coaxial Connector of
Voltmeter

Voltmeter Probe Detectmg

A Circuitry
Coaxial Line^,

;
/

Rm / i/A Plane of Location
Ttiermistor , „ . . ^ „

of Resistive Element R^^

(Thermistors or

Conductive Film Disks)

Fig. 1. Schematic diagram illustrating principle of standardizing RF
voltmeter in terms of known voltage generated in R„ located in a

transverse plane A of a TEM mode.

Fig. 2. Schematic diagrams showing two applications of the Bolovac.

(a) For voltage standardization, (b) For current standardization.

where R„ is located and where the probe of the voltmeter is

connected. In the first NBS standard, thermistors were used

to 1 GHz and the RF-for-dc power substitution technique

was most convenient. Thus, though power substitution is

used, the manner of its application is fundamentally dif-

ferent from the way power dissipation is employed in a

power calorimeter or in a power-bolometer head. In the

latter two cases, one must determine the power absorbed by

a system of components. For example, when RF power is

substituted for dc, other losses in the system (outside the

bolometers or other sensing elements) must be considered.

Another source of uncertainty here is the relatively low

sensitivity of calorimetric and bolometric conventional

measurements of power (absorbed by a load) to reflected

power in case oflow voltage standing wave ratios (VSWR's).

For example, a VSWR of 1.05 will reduce the absorbed

power by about 0.05 percent; this reduction cannot be de-

tected by present-day calorimetry. Therefore, better power

measurement accuracy is inherently possible from voltage

measurements than with the above power measurement

techniques.
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Fig. 3. Bolovac assembled for RF current standardization.

Fig. 4. Head of "unknown" VTVM under calibration connected with a

Tee to an ATVM interlaboratory standard.

The NBS thermistor voltage standard was hmited to fre-

quencies below 1 GHz with uncertainties to 1 percent be-

cause of the residual inductances of one-mil leads and the

questionable equivalence of the dc-to-RF resistances of the

thermistor beads. These and other limitations have been

greatly reduced in a new NBS bolometric voltage and cur-

rent standard (the Bolovac) employing a split-disk film-

type bolometer [3]. This standard has, so far, been success-

fully used to 8 GHz for voltage and to about 2 GHz for
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current; it has a potential range up to 18 GHz and higher.

Its present level range is 0.1 to 5 volts and the potential

range is much wider, subject to perfecting fabrication tech-

niques of the bolometer disks. Currents of 5 to 100 mA
were standardized with the Bolovac. The estimated un-

certainties were ±4 percent at 8 GHz and ± 1 percent at 2

GHz for voltage, and ± 1 percent for current at 1 GHz.
These uncertainties are based on agreement with conven-

tional bolometer-bridge power measurements. Figure 2

shows the principle of application of the Bolovac, and Fig. 3

shows the Bolovac assembled for current standardization.

Another basic NBS standard of voltage to 50 MHz, still

in use, is the old "slide-back" technique employing an

electron beam deflection for levels of 5 to 100 volts [4].

This standard years ago earned its first-echelon classifica-

tion in a number of laboratories on the basis of analytical

reasoning and agreement with other independent tech-

niques.

Three widely used interlaboratory reference standards

were developed at the NBS, namely the Thermal Converter

[5], the RF Micropotentiometer [6], and the ATVM (at-

tenuator-thermoelement type of voltmeter) [7]. They are

noted for superior calibration stability (a prime requisite

for interlaboratory functions) and cover a range of fre-

quencies from about 30 kHz up to 1 or 2 GHz; their com-

bined voltage range is approximately 1 /iV to 20 V at 1 GHz
and higher at lower frequencies, e.g., 0.2 /xV to 200 V at

30 MHz.
Another tool singularly useful in calibration work was

developed by the NBS and is available on the market ; this is

a coupling voltage Tee [8] making possible the intercom-

parison of two voltage-indicating instruments at fre-

quencies to 1 or 2 GHz irrespective of the input impedances

of these instruments. This Tee essentially eliminates the

detrimental eff"ects of the' standing waves and higher modes

and reduces the RF power requirements to a level negligible

compared with that necessary when matched reference

standards are used. In application, the voltages on both

sides of this Tee are equal to within an uncertainty which

does not exceed 1.5 percent at 1 GHz, even with an indica-

tor mput VSWR of 200. Figure 4 shows a VTVM being

calibrated in terms of an ATVM employing one of these

voltage Tees.

Interlaboratory standards for frequencies above 1 or 2

GHz are still to be developed. There need be no strict

demarcation line between basic, interlaboratory, and field

instruments. Either a voltage bolometric head or a field

voltmeter could be used to establish the chain of calibra-

tion. Nevertheless, past experience urges independent inter-

laboratory standards in the interest of better accuracy,

economy, and expediency. Prospects seem fair of employing

the same principles for higher-frequency interlaboratory

standards as at the lower frequencies. Mechanical dimen-

sions of sensors will have to be scaled down and perhaps

lower accuracies tolerated until radically new methods are

devised.

An extensive review of the up-to-date state of field volt-

meters and of voltage ("signal") generators at the fre-
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quencies up to, say, 10 GHz is beyond the scope of this

paper. Facts indicate a trend over the last two or three

decades towards marketing sinusoidal voltage measuring

devices for frequencies well into the GHz range. For ex-

ample, millivoltmeters to 2.5 GHz were described in the

British literature in 1962 ; the U. S. market has been offering

meters to 2.5 GHz at least since 1954; a German source

marketed a meter to 5 GHz in 1957; a U. S. supplier is

presently offering a meter for both amplitude and phase to

1 GHz and an oscilloscope to 12 GHz, both employing the

sampling technique. Many signal generators on the market

specify their output to 10 GHz in terms of volts rather than

watts; however, this may be a result of habit rather than of

need. It is difficult to ascertain whether this trend is based on

existing and potential future needs, or on mere speculation.

Repeated efforts in the past to determine "needs" seem to

lead to the conclusion that the areas ofR&D and application

welcome the best measurement accuracies available; these

accuracies are incorporated in projected activities and the

"trade-off" principle (i.e., improving performance of one

component to compensate for a deficiency in that of an-

other) is applied to predict overall system performance. This

is contrary to the hoped-for clear statement of "required" or

"needed" accuracies of measurands. Nevertheless, "needs"

are still continuously sought to justify priorities and ex-

penditures, apparently as a matter of established practice or

necessity. It may, therefore, be worth while first to explore

briefly the justifications for advancing voltage measurement
capabilities, say, to frequencies practicable in coaxial lines,

and second, to critically examine direct voltage measure-

ments as opposed to the alternate approach of computing

voltages from measured power and impedance values at

various points in a system. It should perhaps be pointed out

here that observations and statements (outside of factual

information) given below shall be construed as personal

deductions, opinions, and recommendations of the author.

The apparent reasons why voltages should be measured

directly are as follows.

1) Voltage is to be treated as an independent quantity

wherever possible, just as power, current, impedance, etc.

are treated.

2) Under certain conditions, it seems more profitable to

measure voltage and VSWR (instead of obtaining voltage

from power and impedance measurements) because this

procedure yields incident and reflected powers, impedance,

voltage and current distributions, and power absorbed by a

load with higher accuracy.

3) The measurement of voltage and VSWR is a more

sensitive way of detecting troubles in some components of a

system. It may show up drifts of load components sooner

than power measurements.

4) Voltage and VSWR can be measured with the system

in operation, whereas operation is generally interfered with

if power and impedance are to be measured. (A directional

coupler can be used as a voltmeter in order to obtain mag-

nitude and phase information.)

5) Voltage distribution measurement yields phase in-

formation; power does not.
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6) Voltage measurements are applicable in coaxial and

strip-line systems, both of which are becoming more promi-

nent due to miniaturization of microwave systems and to

the development of baseband systems extending to the

order of 20 GHz.
7) In modern communication systems there is a need to

measure pulsed-voltage parameters. One very useful tool

in assessing pulsed-system performance is the frequency-

domain transfer function whose determination requires

voltage amplitude and phase measurements as functions of

frequency.

8) Voltage measurements may be the basis of field

strength and field polarization measurements, voltage spec-

trum analysis, distortion measurements, dispersion mea-

surements, f-field sensing device studies, determination of

voltage characteristics of materials and components, volt-

age divider characteristics, and breakdown limits of cir-

cuitry (e.g., commercial miniature coaxial cables are de-

signed for operation to 1 or 2 kV peak at frequencies to 10

GHz).

To illustrate the practical opportunities rendered by

voltage standardization, one may consider the power

propagated along a lossless coaxial transmission line given

by

v\ 1/2

1/2

(2)

where Vi, V^, and are voltages measured in three respec-

tive planes spaced A/S apart, and /?o = characteristic imped-

ance of the transmission line (assumed to have negligible

losses). Presently, commercial precision 50-O coaxial line

sections have an uncertainty of ±0.05 percent in Rq.

The uncertainty in the absolute value of either V-^ or

is the source of the largest error, because the uncertainty

contributed by the voltage ratio terms may be made negli-

gibly small. This approach effectively accounts for the re-

flected power.

The above voltages may be measured by means of a cali-

brated voltmeter connected to probes located in the desired

planes of a transmission line. A combination of any probe

and voltmeter may be readily calibrated (see Fig. 5). A
standardizing voltage is applied to the open end of the line

section containing three probes, the other end of the section

is short-circuited, and the ratio of the voltage at the probes

to the standardizing voltage is

sinh ax cos fix + j cosh ax sin fix

sinh a/ cos pi + j cosh a/ sin fil

(3)

where

and are the standardizing and unknown probe

voltages, respectively,

/ and X are the respective distances from the short-
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Transmission Line to Matched

Input - Impedance Voltmeter

Vp ! V, !

Vm
1

1

/ Rm

Source
L / J

Fig. 5. Schematic diagram illustrating setup to calibrate an RF voltmeter

in combination with transmission-line probes.

circuited end of the line section to F„ and V^,

a is the attenuation constant of the line, and

P is the phase constant.

For negligible a,

However, the most impelling arguments in favor of direct

voltage measurements at the frequencies in question are the

same as those for dc and low frequencies. One could not

generally justify the use of power and impedance measure-

ments as contrasted to voltage measurements for fre-

quencies, say, to 10 MHz. The former must of necessity be

used as long as voltages cannot otherwise be measured,

but techniques for direct voltage measurements are desir-

able, if not indispensable, in all TEM-mode operating

systems.

Assuming it is agreed that voltages should be measured,

in preference to power and impedance, one may still justly

question the necessity of having voltage reference standards

because one may use existing power and impedance stan-

dards for this purpose. The objections to the latter approach

are largely the same as indicated in the above reasons in

favor of measuring voltage. The major advantages in having

independent voltage standards may be briefly summed up

again.

1) Voltage standards eliminate the need of impedance

and power measurements for standardizing voltages.

2) Considerably less power is needed to develop voltages

with high impedance meters than with "matched"

meters.

3) When voltage measurements are applicable, it seems

much easier and cheaper to fabricate film disks of

arbitrary resistance for voltage standardization than

low-VSWR tractorial or other loads for power stan-

dards.

4) There are no efficiency measurement problems present

with voltage measurements; once the VSWR and a

of the coaxial line is known, the power can be accu-

rately determined.

5) The accuracy of the standard voltages is inherently

better when measured directly.

It should be emphasized that the author does not advocate

abandonment of calorimetric, bolometric, or other direct

measurements of power. The attempt above is to point out

the fallacy of abandoning direct measurement of voltage.
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Apparent Lag in Application of Voltmeters

IN THE Field

It was pointed out above that the art ofdeveloping voltage

standards and field measuring instruments has been pro-

gressing during approximately the last two decades. How-
ever, the voltmeters available for field applications do not

seem to be utilized to the expected extent and efficiency pos-

sible. Repeated interrogations of users resulted in the same

revelation that high-frequency voltmeters are usually used

merely as indicators or detectors (and not for measuring

actual voltage values), which was the practice 20'or more

years ago. One gets the impression that voltmeters are not

widely used to accurately measure voltages above about 30

or 100 MHz. Significant advantages of voltage measure-

ments are thus lost.

Three steps seem necessary to increase the use of volt-

meters at the higher frequencies. First, the system com-
ponents should be designed with properly placed voltage

probes, e.g., capacitive probes of permissible insertion

depths, so as not to unduly perturb system operation. A
similar approach is employed, for example, by incorporat-

ing Pilot tubes to measure fluid velocity or airplane speeds

as a matter of general practice. Second, voltmeter heads

should be provided with properly designed connectors to

mate with the above voltage probes; it may be possible to

employ, for example, line sections with probes, spaced //8

apart, for insertion into transmission lines of a system for

purposes of voltage, power, and impedance checks. Third,

competence of personnel should be developed in the proper

use of field voltmeters at the higher frequencies so that maxi-

mum accurate information may be derived under various

conventional and special applications.

In conclusion, the reader's attention is called to the "IRE
Technical Committee Report on the State-of-the-Art of

Measuring Sine-Wave Unbalanced RF Voltage" pub-

lished in 1963 [9]. This report reflects the state up to 1962

and will hopefully be brought up to date in the near future.

The trend towards voltage measurements into the GHz
range is indicated and a bibliography of the subject matter is

included. This committee report plus the bibliography of an

NBS (1949) circular [4] and the bibliography at the end of

this paper should serve as a fairly comprehensive guide of

references back to about 1930.
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The Measurement of Current

at Radio Frequencies

WINSTON W. SCOTT, JR., member, ieee, and NOLAN V. FREDERICK, student member, ieee

Abstract—The state-of-the-art of radio-frequency current measurement

is reviewed with emphasis on the most useful standards. In particular,

thermocouple and electrodynamic ammeters are discussed in detail. Reference

is made to photoammeters, air thermometer milliammeters, and other types

of current-measuring apparatus, some of which deserve additional develop-

ment. Extensive referencing is included for the convenience of investigators

interested in an intensive review of radio-frequencj current measurements.

I. Introduction

IN
THE EARLY DAYS of radio, considerable interest

existed in the construction of radio-frequency amme-
ters. Literature in later years, during the 1930's and

early 40's, seemed more concerned with improving existing

methods of measuring current than with the development of

new methods. However, relatively little interest was shown

following World War II. The National Bureau of Standards

(NBS) has now resumed work in radio-frequency current

measurements [1 ]. Presently an attempt is being made to

accurately interrelate quantities of voltage, current, power,

and impedance at radio frequencies.

Thermocouple ammeters are most extensively used for

radio-frequency current measurements, but they must be

calibrated using absolute standards or by comparison to dc"

currents, using instruments with RF-dc corrections which

can be calculated. Such instruments include the electro-

dynamic ammeter, photoammeter, and air thermometer

milliammeter. Several other types of current meters, such

as the loop and detector [2] or the hot-wire ammeter, are of

limited interest.

II. General Comments on Calibration

When radio-frequency ammeters are used to measure cur-

rent, it is usually desirable to calibrate them or otherwise

check on their performance. This requires

:

1) the choice of a method for comparing the current

through the ammeter with that through the standard,

2) the choice of a standard appropriate for the frequency

and uncertainty level desired.

When choosing a method of current measurement at

radio frequencies, consideration must be given to the effects

of standing waves and stray impedances. These effects may
alter the magnitude of the current at the two locations where

current is being compared. Stray impedance effects, for

instance, become increasingly significant at higher fre-

quencies. Before the choice of a standard is made, each type

Manuscript received April 3, 1967.
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of proposed standard should be studied for advantages

and limitations at the desired current level and operating

frequency. To obtain the best calibrations, it is desirable to

intercompare at least two standards which depend on

different operating principles in order to verify the unit mea-

surement. If agreement between these standards is obtained

over a wide frequency range, then there is a good probability

that the value is accurate.

III. Thermocouple Ammeters

Thermocouple ammeters are used extensively because of

their low cost, wide frequency range, and relative portabil-

ity. Most thermocouple ammeters use a thin wire or tube

(heater) in the radio-frequency circuit to heat a thermal junc-

tion. The output of the thermal junction (often about 10

mV with rated heater current) is connected to a dc milli-

voltmeter which usually has a scale marked in amperes

(see Fig. 1).

Thermocouple ammeters are of simple construction but

are very difficult to design properly. In the past, at fre-

quencies above 10 MHz, skin effect within the heater was

responsible for the existence of large corrections. For ex-

ample, at 100 MHz an arnmeter rated at 5 amperes which

used a 0.28-mm diameter platinum-alloy heater indicated

62.4 percent high because of skin effect [3]- [5]. Skin-effect

corrections can be reduced by using thin-walled tubes. One
design uses a platinum-alloy tube of 0.71 -mm diameter and

0.025-mm wall thickness which theoretically requires a 2-

percent correction at 80 MHz [6]. However, to avoid un-

reasonably large skin-effect corrections at frequencies up to

1 GHz, even thinner walls are required. In fact, evaporated

metal films deposited on dielectric substrates offer interest-

ing possibilities for heater design at 1 GHz. The dielectric

substrate increases the.capacitive effect which opposes the

inductive effect in the heater [7].

Thermocouple instruments for one ampere and above are

generally constructed with the heater exposed to ambient

air. For operation in the milliampere ranges, however, the

heater is placed in an evacuated glass envelope, so as to in-

crease heater temperature by reducing heat loss due to air

convection. This construction permits the heater resistance

and therefore the voltage drop across the heater to be rea-

sonably small. The voltage drop should be small to reduce

stray currents which tend to bypass the heater through un-

avoidable capacitances between leads or between leads and

ground. Stray currents may cause an instrument to read

either high or low compared with the actual current flowing

to a load.
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Fig. I. Typical construction of a thermocouple ammeter.

As the frequency is increased, residual immittances can

cause progressively worse problems. For example, dc resis-

tance for a heater designed for operation at 5 amperes may
be only 0.03 ohm. However, at 200 MHz the series imped-

ance (mainly caused by series inductance) of the heater can

be 60 or 70 ohms and the voltage drop, at rated current, may
be 300 to 350 volts [8]. This voltage can force considerable

heater bypass current through stray capacitances. This

condition must be avoided in current measurements. In an

effort to reduce series inductance effects in the heater, one

design by McAninch [8] folds the heater (a flat strip) back

on itself and separates the two halves by a thin sheet of

mica. This arrangement allows use of a coaxial connection

which also reduces the series impedance. With this con-

struction, the series impedance is only about 6 ohms and no

resonance effects occur below 200 MHz. The ammeter un-

certainty at 50 MHz reportedly is 5 percent and at 200 MHz
is 20 percent. Several circuits for intercomparing ammeters

have been designed to reduce some of the stray impedance

effects [9]. At particular frequencies, the distributed ca-

pacitances and inductances can interact and create reso-

nances where localized currents become large. Both series

and parallel resonances can occur [10], [1 1 ]. For example,

lead inductance and capacitance between the heater circuit

and the thermal junction can series-resonate and allow

current to bypass the heater. Under this condition, the

ammeter indication is low. Also, heater inductance and

capacitance between the heater leads can parallel-resonate

and allow current to circulate. In this case, the ammeter
indication is high.

An additional uncertainty, which is a function of current

amplitude and the magnetic properties of the heater, was
reported by Gainsborough in England [12]. He states that

under certain circumstances, as the temperature of the

heater increases with increasing current, a change in mag-
netic properties of the heater occurs which substantially

alters the skin effect.

An inconvenient problem with thermocouple instruments

is that their overload capacity is usually only about 150

percent of full-scale current. Further, the dc output from

the thermal junction tends to change from the time current

is applied [13], [14]. Conduction of heat from the hot junc-

tion may warm the cold junction of the thermocouple, pro-

ducing a change in the dc output. Another heat source, con-
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tact resistance at the ammeter terminals, may also cause

difficulties under high current conditions. Goodwin [3]

compensates for effects of unequal terminal temperatures

and air-temperature variations by connecting the cold

junction to thermal compensating conductors.

IV. Electrodynamic Ammeters

Thermocouple ammeters are small, portable, have a wide

frequency range, and are convenient to use. However, they

should be calibrated at several radio frequencies. One instru-

ment excellently suited to serve as a standard in this calibra-

tion is the electrodynamic ammeter. It can be used to de-

termine current over a broad current range (1 to 100

amperes or more) and a broad frequency range by reference

to measurements of the basic quantities: mass, length, and

time.

Electrodynamic ammeters, also known as electrodyna-

mometers, that are used in the audio-frequency range nor-

mally use a movable coil located between two stationary

coils. Each coil has many turns of wire and at higher fre-

quencies the inductance and capacuance of these coils

cause errors in the ammeter.

One method of reducing these errors at high frequencies

is to make the coils of very few turns. This causes a decrease

in the sensitivity of the instrument which can be counter-

acted, to some extent, by reducing the restoring force of the

movable element sprmgs. Recent radio-frequency electro-

dynamic ammeters have a single-turn movable ring sup-

ported by a quartz-fiber suspension in such a way that the

magnetic field of the current causes a torque on it. Such an

arrangement is practical for measuring currents in the fre-

quency range from about 1 to 1000 MHz.
The torque phenomenon between the movable coil and

the field created by the alternating current was first de-

scribed by Thomson and Fleming in 1887 [15], [16]. Pierce

used such a device to measure "feeble antenna currents"

resulting from nearby radio-frequency wireless transmis-

sions [17], [18]. Pierce's electrodynamometer consisted of a

thin disk of silver backing on a plane-glass galvanometer

mirror which was suspended by a fine quartz fiber in a tube.

The "field" current was provided by a small coil consisting

of about 30 turns of insulated wire. It provided rapid and

consistent detection of current but could not be used as a

detector for wireless signals coming from a great distance.

In the late 1930's an electrodynamic ammeter was de-

scribed by Turner and Michel for measurement of currents

from 1 to 5 amperes and for frequencies from 1 to 100 MHz
[19], [20]. This ammeter can be thought of as an air-core

transformer with the current to be measured passing

through a fixed single-turn primary which induces a current

in a short-circuited-ring secondary. The secondary was sus-

pended by a quartz fiber so that it could swing about a verti-

cal axis in response to the interaction of the magnetic fields.

To avoid disturbances from air currents, the shorted ring

and suspension were placed in a sealed air-filled glass tube.

The single-turn primary was not placed in the tube because

heat generated from current in the primary disturbed the

suspension.
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Fig. 2. Cut-away drawing of NBS short-circuited-ring electrodynamometer.

Results reported by Turner and Michel [19], [20] in com-

paring their electrodynamic ammeter and a thermocouple

ammeter at about 5 amperes showed good agreement for

frequencies up to 5 MHz. At 10 MHz the thermocouple

ammeter read higher by 4 percent and at 80 MHz, by 80

percent. Most of this difference was attributed to skin effect

in the thermocouple ammeter (50-percent error at 80 MHz).
The remainder was attributed to the effect of parallel

resonance.

Another electrodynamic ammeter was built by MeahF

[21 ] which used jewel bearings to obtain a more sturdy in-

strument and to simplify the technique of its use.

In the 1950's electrodynamic ammeters were designed

which allowed insertion of the shorted ring into an air

coaxial transmission line. Solow [23] reported in 1950 on a

theoretical study at the National Bureau of Standards of

such an electrodynamic ammeter, but the construction of a

successful model was not completed. Meahl and Allen [22]

built their ammeter so that an instrument being calibrated

terminated the coaxial transmission line. Their ammeter had
provision for moving the ring along the transmission line so

that measurements of current could be made at three or

more positions. This provision was intended for use at

frequencies above 300 MHz where the line length was an

appreciable part of a wavelength. If the observed values of

current distribution along the line showed good agreement
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with the calculated values, then a correction could be ap-

plied for the transmission-line position of the ammeter un-

der calibration. Stated calibration uncertainty was within

one percent for currents 3 to 10 amperes over the frequency

range of I to 350 MHz.
In 1963, results were announced of the development in

Japan of a short-circuited-ring type of electrodynamic

ammeter [24], with a claimed uncertainty of about 0.7

percent under optimum conditions. The useful frequency

range claimed for this model is 100 kHz to 1.5 GHz. The

current range is from a few tens of milliamperes to a few

hundred amperes.

In a new attempt to establish an independent radio-

frequency standard ammeter, the Radio Standards Labora-

tory of NBS recently constructed a short-circuited-ring

electrodynamometer [I]. Figure 2 is a cut-away drawing

showing the principal elements of the ammeter. The vertical

quartz-fiber suspension is about 20 cm long and supports

both a plane-surface mirror and a copper ring.

In general, the torque acting on a thin, perfectly conduct-

ing, shorted ring near a current-carrying conductor can be

relatively easily calculated if the electromagnetic fields are

undisturbed by conductor or dielectric boundaries in the

neighborhood of the ring [25]. This "free-space" or ideal-

ized condition has been the basis for calculations of the

sensitivity of previously mentioned short-circuited-ring
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electrodynamometers. Research is presently being carried

out at the Radio Standards Laboratory in an effort to

determine the effects of the boundary conditions imposed

by the coaxial transmission-line conductors on the current-

torque relation. An independent experimental check on this

research is expected to be made soon, using a method origi-

nated by Cullen [26]. Cullen's method relates the torque on
the short-circuited ring to the force on a piston at the end

of the transmission line when the transmission-line ring

assembly is connected as a cavity resonator. The force on the

piston can be easily calculated, whereas precise calculation

of the torque on the ring is far more difficult.

A disadvantage of the shorted-rmg electrodynamic amme-
ter is its sensitivity to mechanical vibration. Mechanical

vibration disturbs the torsion-balance system, but by good
design in the mechanical support for the ammeter, these dis-

turbances can be minimized sufficiently.

Other references of interest are given which involve differ-

ent physical forms of an electrodynamometer or deal with

topics involved in the operating prmcipies [27]-[32], [41 ].

V. Photoammeters

The photoammeter usually consists of a straight-filament

tungsten lamp and a photocell arranged to detect the

emitted light when current is passed through the filament.

Comparison can then be made between direct current and
radio-frequency current when the current is of sufficient

magnitude to cause incandescence. A tungsten filament

is used because a very small-diameter filament is capable of

carrymg a large current. For example, at 100 MHz, a 5-

ampere thermocouple ammeter may typically have an RF-
to-dc resistance ratio of 2.57, while a tungsten filament

lamp may have a similar ratio of only 1 .065 [6]. This method

needs little auxiliary apparatus near the heater and therefore

does not tend to disturb the RF current distribution. The

photoammeter has high precision because the output of the

photocell is approximately proportioac'.l to the sixth power

of the filament current. The high sensitivity does greatly

limit the operating current range, however, because the use-

ful range of a lamp is from its maximum current capacity to

about 65 percent of that capacity. Smaller currents do not

adequately operate the photocell. Usually two or more

lamps are used to calibrate a single-range thermocouple

instrument.

Currents from 50 milliamperes to 20 amperes may be

measured by a photoammeter of the proper range. Wallace

and Moore [7] used single-filament lamps below 3 amperes

and multiple parallel filaments for higher ranges. They felt

that the largest source of uncertainty was stray capacitance.

Uncertainty in calibrations was about 5 percent at 15 MHz
and within 12 percent at 100 MHz. Precision with this

method was stated to be 3 percent at the highest test fre-

quency and 1 percent at the lower frequencies.

A high-current photoammeter for use between 0.1 and 10

MHz was reported by Hoffmann and Weber [33 ]. They used

a small platinum tube with very thin walls for the filament.

The current range is 10 to 100 amperes. Each measurement

takes 10 to 15 minutes. , ,

In 1948, Miller [13] compared a number of 5-ampere

thermocouple ammeters, using photoammeters as stan-

dards. Results showed the instruments read high and a

detailed study showed that skin effect accounted for the

total uncertainty and that there were no other factors pro-

ducing errors of any appreciable magnitude.

Stanek (as reported by Jones [11]), reduced the imped-

ance of the heater both by decreasing the length and increas-

ing the c: OSS section of the filament and by substituting

tubes for solid conductors. He increased the current capa-

bility by operating the filament in air instead of vacuum and

by using platinum instead of tungsten.

The use of a photoammeter to calibrate thermocouple

instruments is controversial. In 1953 Meahl and Allen [22]

argued that the close agreement obtained between photo-

ammeters and thermocouple ammeters is due to the fact

that both types operate from the same basic principle and

are therefore subject to the same sources of error. They

found errors as large as 60 percent at 5 amperes and 200

MHz, using (apparently) a shorted-ring electrodynamome-

ter. The photoammeter has the additional disadvantage of

using more power than other methods. This power is re-

quired to make the filament incandescent.

Ttie photoammeter is particularly vulnerable at radio fre-

quencies because of its small overload capacity. For ex-

ample, if a resonance condition occurs, the sudden rise in

current may cause the photoammeter to burn out.

VI. Air Thermometer Milliammeters

One satisfactory standard for calibrating low-current-

range instruments is the air thermometer milliameter. Ad-
vantages of the design are high sensitivity and relatively

good isolation between the radio frequency and sensing

circuits.

An air thermometer milliammeter (see Fig. 3) consists of

two air-filled bulbs connected by a capillary tube, which
contains a small bubble of alcohol or ether. Each bulb is

sealed to the atmosphere and contains a heater. The index is

initially located by passing direct current through both

heaters in series and observing the bubble location. When
one heater is carrying RF current and the other heater

direct current, the bubble indicates the balance condition

of the RF-dc "air" bridge. A microscope is used to increase

the precision in locating the index. Schmitz [34] used this

construction to measure currents of 1 and 10 mA with an

uncertainty of less than 5 percent. A similar differential air-

milliammeter was used by Takaya [14] to calibrate hot-wire

and thermocouple instruments from 10 to 1000 mA to a

frequency of 10 MHz. Repeatability at dc was within 0.6

percent. Disadvantages of the air thermometer milliamme-

ter arise because the heater has to be relatively long and at

high frequencies, if standing waves exist, a significant

amount of energy will be radiated, creating measurement

uncertainty. Another model reported by Gainsborough [12]

reproduced indications at 10 mA to within 0.1 percent. The
sensitivity of the milliammeter was altered by using capil-

laries of different bore and heaters of different resistance.
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Fig. 3. Typical construction of air thermometer milliammeter.

Comparisons between the air thermometer and thermo-

couple milliammeters were reported at frequencies up to

700 MHz where they agreed with a low-frequency calibra-

tion within the experimental uncertainty, which was about

one percent of the maximum current. The principal problem

at 700 MHz was the difficulty, because of standing waves, in

obtaining the same current through both ammeters. This

requires knowledge of their precise location. Further, if

standing waves do exist in the ammeters, it is questionable

if meaning can be attached to the ammeter indications be-

cause the current is not uniformly distributed in the

heaters.

A similar instrument described by Strutt and Knol [35]

featured heaters constructed of constantan (20 microns in

diameter) in order to reduce skin-effect errors to less than

three percent up to 1.5 GHz. With the RF-dc arrangement

previously described, they believed currents of a few milli-

amperes could be measured with an uncertainty of less than

about one percent.

The development of the air thermometer milliammeter

has mainly occurred in England and Germany. Because of

its advantages it deserves more consideration.

VII. Circuits and Miscellaneous Devices

FOR Measuring Current

Besides the devices described in the previous sections,

there are several circuits which could be used to measure

radio-frequency currents. One circuit suggested by Miller

[13] uses a one-ampere thermocouple in conjunction with a

loop inserted through the outer conductor of a coaxial line.

The coupling of the loop to the magnetic field can be ad-

justed. A serious difficulty, however, is that the loop couples

to both magnetic and electric fields and unless standing

waves exist and the loop is located at a voltage null, or unless

the loop is electrically shielded, an uncertainty due to the

electric field will occur [36].

A calorimeter method, which is particularly suited for

measurement of currents from 50 to 200 mA, is described by

Meahl and Allen [22]. Their method describes essentially a

"feed-through" wattmeter in which relatively little power is

consumed as compared with an "absorption" wattmeter,

where all the power is consumed. They use a coaxial system

in which a section of the center conductor is removed and
replaced with a low-valued, thin-film resistor. The resistor is

low-valued (30 ohms) compared to the characteristic im-

pedance of the coaxial line ( 1 49 ohms) and at maximum cur-

rent dissipates only 120 mW. The resistor is enclosed in an
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insulated cylinder which also contains a thermal junction.

As RF current is passed through the resistor, a temperature

rise occurs within the insulation. The temperature stabilizes

when the heat loss equals the heat generated. This tempera-

ture is indicated by the dc output of the thermal junction. If

the same temperature is obtained with direct as with RF
current, then the two currents are effectively equal within

the correction and uncertainty for the method [4], [5]. A
disadvantage of this method is that the leads are customarily

brought through the center conductor of a one-quarter-

wavelength short-circuited isolation stub to avoid error due

to shunt impedance. This makes the calorimeter very fre-

quency-sensitive. The calorimeter method is reported to be

useful to about 1 GHz. If the resistor is made to equal the

characteristic impedance (Zq), and is terminated in a short

circuit, then the calorimeter can be used as an absorption

wattmeter. The calorimeter method requires a very stable

generator which provides steady RF current over the time

interval necessary to obtain temperature equilibrium.

Another method, which uses a dc bridge with thermistors

heated by radio-frequency current, has application in the

calibration of thermocouples from about 5 to 15 mA over

the frequency range from about 100 MHz to 1 GHz [22].

Again this instrument can be used as an RF wattmeter

where, if the impedance Zq is known, the radio-frequency

current can be calculated.

Hot-wire expansion ammeters were very popular for a

few decades around the turn of the century [37]. The hot-

wire ammeter uses a mechanical linkage to amplify thermal

linear expansion caused by radio-frequency current in a

wire, but is difficult to compensate for errors due to ambient

temperature variations. Also, the expansion element is

easily damaged by a moderate overload. Ammeters using

electrical methods of detecting temperature changes [38]

are now preferred over instruments of this type.

Another device for determining current makes use of a

thermionic vacuurp tube. The input circuit uses a filament

which is heated first by low-frequency currents and then by

radio-frequency currents. Electrons emitted by the heated

filament are drawn to an anode sealed into the tube. Com-
parison of known low-frequency current and unknown

radio-frequency currents can be made by equating the space

currents [39].

Some other devices use rectifiers, transformers, and

shunts but have serious inherent disadvantages, especially

at the higher radio frequencies, which preclude their general

use [11], [40].

VIII. Conclusion

The principal standards which are used in the measure-

ment of radio-frequency currents have been described. But

what is the present state-of-the-art? Ignoring the dangers of

generalization for the advantages of brevity, radio-fre-

quency currents can probably be measured within one per-

cent over a current range of 5 milliamperes to 10 amperes

and over a frequency range of 100 kHz to 1 GHz.
Challenges do exist for significant improvements in the

measurement of RF currents. In the Introduction, it was
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mentioned that relatively little interest was shown in RF
current measurements in the years following World War II

as compared with the years preceding. A search of the litera-

ture reveals this fact. The decline of interest in RF current

measurements probably came about when the attention of

metrologists in the radio-frequency field was drawn to the

more immediately fruitful areas of power, attenuation, and

impedance, resulting in few significant advances (with the

exception of the electrodynamometer) in the development

of improved current standards over the past 30 years. Recent

developments of stabilized RF power generators, precision

connectors and lines, and thin-film resistors (to mention but

a few items) should make improvements in the measurement

of current at radio frequencies possible with modern elec-

tronics in the hands of a knowledgeable, interested metrol-

ogist.
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A Precision Current Comparator

C. McKAY ALLRED, member, ieee, and ROBERT A. LAWTON

Abstract—A technique capable of precise comparison of currents

in different parts of a network or between currents in different net-

works is discussed. With proper conditions, this comparison can be

done with negUgible perturbation of the networks imder measure-

ment. Experiments on a coaxial system at 30 MHz are discussed.

Introduction

THE USUAL method of obtaining a measure of the

current in a circuit is to measure the voltage

across an impedance inserted in the circuit.' This

includes, in general, coupled devices such as clamp-on

probes.^ Unless the impedance is an inherent part of the

circuit, undue alteration of the circuit can occur. The
technique described herein, to the authors' knowledge,

is novel and permits the precision comparison of cur-

rents at some particular point in a network to some

other current, either at the same point or at some other

point at another time. Under proper conditions negli-

gible disturbance of the network occurs.

Theory

Consider the arbitrary network in Fig. 1, termed Net-

work A. Here, the circuit with a particular current / has

been separated from the rest of the network for discus-

Manuscript received September 29, 1966; revised January 18,

1967.

The authors are with the National Bureau of Standards, Boulder,
Colo.

' P. N. Miljanic, N. L. Kusters, and W. J. Moore, "The develop-
ment of the current comparator, a high-accuracy ac ratio measuring
device," AIRE Trans. (Communications and Electronics), pp. 359-
368, November 1962.

^ Charles O. Forge, "A new clip-on oscilloscope, voltmeter probe
for 25 cps to 20 Mc current measurements," Hewlett-Packard J., vol.

11. nos. 11 and 12, July-August 1960.

sion purposes. By Thevenin's theorem we may replace,

the above network by its equivalent as shown in Fig. 2.

Let us now open the circuit and connect it to a some-

what arbitrary 3-terminal pair (3-port) linear network,

as indicated in Fig. 3.

As indicated in the figure, the "opened" network is

connected to terminal pair 3; a sensitive null detector is

connected to terminal pair 2, while a source supplying

a voltage Ei is connected to terminal pair \. This latter

source must be coherent with the source giving rise to

£eq. The relationship, in matrix form, between the volt-

ages and currents at the terminal-pairs of the 3-port is

Ef -^11 Z12

£2 Z-21 Ziz

£3- Zi2 2^33- Jz.

With terminal pair 3 shorted, certain 3-port networks

can be constructed so that a null exists at terminal pair

2. There are numerous networks with this characteristic.

For example, any immittance bridge is such a network.

If a null exists at terminal pair 2 with terminal pair 3

shorted, the Z matrix elements are related by

^21 Zz\

This is the only restriction on the 3-port network other

than it be linear and stable. Reciprocity need not hold.

Hereafter, the 3-port is used without a short at ter-

minal pair 3.
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It will now be shown that for any value of Eeq and

Zeq, if El is adjusted in phase and amplitude so as to

produce a null at the detector, the equivalent generator

of Network A looking into terminal-pair 3 will see a

a short circuit; i.e., Network A has not been perturbed.

With Network A connected to the 3-port,

/ = /3

and

Using (1), (4), and the null condition

£2 = 0

h = 0,

one obtains

Eeq Zeq^Z + Zz

But (2) makes the right-hand term zero, and hence

(3)

(4)

(5)

(6)

(7)

(8)

This means the 3-port presents a short circuit at ter-

minal-pair 3 and therefore does not perturb or affect

Network A in which it has been inserted..

Let la and lb represent the current / at two different

times. The currents could be at the same point or at

different points in a network.

If now £1 is always adjusted in phase and amplitude

such that a null exists no matter what circuit terminal-

pair 3 is inserted in, the ratio of the currents at the point

of insertion, la and /;,, is equal to the ratio of the corre-

sponding voltages at terminal-pair 1, Eia and -Ek,. That

is,

h
Eia

(9)

This equation is rather obvious from (8) and the linear

relationship between / and Ei involving only the in-

variant elements of the 3-port. This is the desired rela-

tionship which expresses the current ratios in external

circuits in terms of voltage ratios at terminal-pair 1. Be-

cause (8) is valid for null conditions, the impedance

looking into terminal-pair 1 of the 3-port is constant

when a null is achieved.

Thus, precision phase shifters and attenuators are

natural devices to use for the measurement of voltage

ratios at terminal-pair 1. A possible overall system is

suggested in Fig. 4. If A and (j> are the values indicated

by the attenuator and phase shifter respectively.

Eu A a ,
la= ^j{4>a—<t>b) —

En Ab lb
(10)

SOURCE

G NETWORK A

Fig. 1. Network A.

EQUIV-
ALENT
SOURCE

A
-eq

Fig. 2. The equivalent of network A.

NULL
DETECTOR
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ALENT
SOURCE

A

2 2
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Fig. 3. Network A combined with a 3-port.
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SOURCE

PHASE
STANDARD

Fig. 4. Complete current comparison system.
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An interesting extension to the above theory can be

made by replacing the short circuit by an impedance Z,

while making the original adjustments to the 3-port for

the null condition. It may be shown that terminal pair 3

then presents an impedance of value —Z at its ter-

minals.

At sufficiently high frequencies, care must be exer-

cised to see that the short used in adjusting the 3-port

is at the precise location where the currents are to be

compared. The dimensions of the short should be small

compared to the wavelength. Also, coupling between

other parts of the 3-port and the network under mea-

surement must be avoided.

Errors

As already indicated, if the impedance AZ of the

"short" is small but finite, then an impedance equal to

—AZ is inserted into the network under measurement.

(This is true in general and holds for any type of net-

work used as the 3-port.) The effect of this small im-

pedance depends on the network under consideration.

A high-^ circuit at resonance could be appreciably af-

fected. There are additional imperfections due to im-

perfect nulling since the detector always has finite sen-

sitivity. Errors may occur in two cases: a) in adjusting

the bridge to meet the condition expressed by (2), and

b) in achieving a null when the 3-port is inserted in a

network. The effect, in case a), is similar to the one

caused by not using a perfect short, because there exists

an impedance AZ which actually produces a null at the

detector. The magnitude of the efTect depends on the

nature of the 3-port. Consider, for simplicity, the bridge

shown in Fig. 5, and let A£2 be the minimum detectable

voltage resulting from insensitivity in the detector.

Also, assume the input impedance to the detector is R.

It can be shown that if AR<i:^R (terminal-pair 3 is

shorted)

AR AEi

For example, if

AEi = 10-« volts

El = 1 volt

R = 10 ohms,

then

AR = SOX 10-« ohms.

Thus, because of imperfect sensitivity, the bridge may
possibly be unbalanced by the amount AR. The same
condition would have occurred had there been perfect

sensitivity and an impedance —AR placed across ter-

minal-pair 3 instead of the "short." Hence, if terminal-

pair 3 is inserted into a network and a perfect null is

now obtained, the network under measurement will see

an impedance AR inserted in it rather than a "short."
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NETWORK A

l'

Fig. 5. Bridge unbalance due to detector insensitivity.

In case b), the problem of detector sensitivity in-

creases as the current being compared becomes smaller

and smaller, since Ei must correspondingly decrease

while AE2 remains fixed. Again, assume the 3-port is

that of Fig. 5, the short is perfect, and the bridge has

been perfectly adjusted, i.e., AR of case a) is zero. Net-

work A is now connected to terminal pair 3 and £1 is

adjusted until a voltage AE2 appears at the detector.

Analysis shows that

£e<, = /( Zeq + —^j. (12)

Hence, an equivalent impedance equal to iAE^/I ap-

pears inserted into the network under measurement.

For A£2 = 10~* volts and 7=10^' amperes, this equiv-

alent impedance is 4X10~^ ohms. However, since co-

herent signals are being considered, coherent detectors

can be used with much greater sensitivities than in-

dicated here. For example, the authors have constructed

a detector at 30 MHz with a sensitivity of 40X10-'^
volts when using an integration time of 30 seconds.^

Experimental Verification

An experiment was conducted at 30 MHz in order to

verify some of the aspects of the theory. Since the sys-

tem is a linear one, the current voltage relationship

given by (9) is rather obvious. Hence, it was felt that

the emphasis on the experimental verification should be

placed on the impedance perturbation problem as this

aspect of current measurements is often very critical.

To this end a special 50-ohm coaxial termination was

constructed, so that the impedance of a normal ter-

mination could be compared with one in which the 3-

port network had been inserted. This special termina-

tion had a replaceable center conductor. One center

conductor had efi'ectively a normal solid configuration

while two others contained gaps of 0.001 inch and 0.01

inch, respectively. The gaps were effectively the un-

shorted third terminal pair of the 3-port, while the nor-

mal center conductor, which maintained the internal

configuration as shown in Fig. 6, served as a short for

the third terminal-pair.

' C. M. Allred and R. A. Lawton, "Precision detector for complex
insertion ratio measuring systems," IEEE Trans, on Instrumentation

and Measurement, vol. IM-13, pp. 76-81, June-September 1964.
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ig. 6. Coaxial current comparison network.

Fig. 7. Coaxial network with interchangeable center conductors.

The parallel-tuned circuit in Fig. 6 consists of an in-

ductance L, which is the outer conductor of a small co-

axial line, and a capacitance C. This circuit, together

with the stray inductance and capacitance, is resonant

at 30 MHz, which enables one to connect to the internal

transmission circuit of the center conductor of the reg-

ular coaxial system without shorting it. The unit, with

the interchangeable center conductors of different gap
widths, is shown in Fig. 7.

With the normal center conductor (without a gap) in

use, the impedance looking into the unit was measured.

The nulling network (which was actually an immedi-

ately available impedance bridge) was then adjusted for

the condition described by (2). The center conductor

with a gap of 0.001 inch was then inserted, and the im-

pedance looking into the unit was again measured. The

impedance measurements were the same within the sen-

sitivity of the measuring device which was somewhat

better than 0.2 percent. The tests were repeated for the

center conductor having a 0.01-inch gap with the same

results. Instead of the "shorting" system used, it would

probably be safer to use a center conductor with a gap

and a tight-fitting ring to slip over the center conductor

in order to "short" the gap. This would help to maintain

the same 3-port network when nulling for condition (2)

as when measuring a current through terminal pair 3.

Conclusions

A technique of comparing currents has been shown

which can be done with precision and without undue

reaction with the circuit under measurement.

Such a technique has a number of uses. For example,

in a coaxial system, an arrangement such as indicated in

Fig. 6 could be used to compare currents over wide

amplitude levels to a known standard current at an

optimum level. The smallness of the gap would allow

the measurement to be placed extremely close to the

desired point. Another example is the measurement of

the relative amplitude and phase distribution of the cur-

rent in a "thick" circular cylindrical antenna above a

ground plane. (In fact, it was this problem that gave

rise to the technique under discussion.) A section of the

antenna could be made similar to the gapped center con-

ductor of Fig. 6. This section could then be moved to

different parts of the antenna to obtain the current dis-

tribution.
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Field Strength Above 1 GHz : Measurement

Procedures for Standard Antennas

RONALD R. BOWMAN

Abstract—To calibrate antennas for state-of-the-art field-strength mea-

surements above 1 GHz, standard antennas are needed that have gain values

known to within +0.1 dB. Since this requirement exceeds the verified accu-

racy of calculated gain values, these standards must be established by making

absolute gain measurements. The discussion primarily concerns absolute

gain measurements for horn antennas by the two-antenna method. However,

much of the discussion is pertinent to high-accuracy field-strength measure-

ments in general. The two-antenna method is considered to be essentially an

insertion-loss measurement (with many additional problems and sources of

error), and this concept is used to derive a working formula that is suitable

for high-accuracy gain measurements. The two most intractable problems-

insufficient antenna separation and multipath interference—are discussed in

detail. Some important experimental details are included that have previously

been overlooked or inadequately discussed, and it is concluded that previous

error estimates of less than +0.1 dB for horn-gain measurements have been

somewhat optimistic. To facilitate the design and evaluation of high-accuracy

gain measurements, some simple terms, concepts, and formulas are provided

that are useful in analyzing multipath interference.

Manuscript received March 8, 1967.

The author is with the National Bureau of Standards, Boulder, Colo.

I. Introduction

A. Field-Strength Measurements Above I GHz: A keview

ofSome Basic Definitions and Formulas

WITH reference to field-strength measurements,

the terms "above 1 GHz" and "below 1 GHz"
usually denote a division between the use of an-

tennas larger than a wavelength and antennas smaller

than a wavelength. ^-^ Though this division is rather arbi-

tray as regards frequency,^ it is logical as regards antenna

"size" since this factor is of primary importance in de-

' Field-strength measurements and standards below 1 GHz are dis-

cussed in a paper by F. M. Greene in this issue.

^ For a general survey of radiation measurements and techniques, see

Cumming [5].

^ For absolute field-strength measurements, at least, this choice of

frequency is not as arbitrary as it may seem. Even though the use of electri-

cally small antennas at frequencies above 1 GHz is fairly common, this

practice is mainly limited to measurements of relative field strength

—

as when investigating the structure of the field near a large antenna.
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termining both the techniques and the terminology used

for a field-strength measurement. With reference to electri-

cally large antennas, the term "field strength" usually

refers to the power density of the electromagnetic field.

The power density at a field point is given by the mag-

nitude of the time-averaged Poynting vector S. For free

space.

2\s

where E is the peak value of the electric component of the

field and (/lo/^o)* is the characteristic impedance of free

space. If "5" or "power density" are used without qualifica-

tion, it is usually understood that they refer to a field that

does not differ significantly, in the region of interest, from a

plane-wave field with uniform power density. The receiving

characteristics of an antenna are specified in terms of the

power delivered to a conjugately matched load when the

antenna is placed in a uniform, plane-wave field. Under

free-space conditions, and with the polarization parameters

of the antenna and field conjugately matched ([44]; [57],

p. 442), the effective receiving area (or absorption cross

section) A is defined by

SA. (1)

So defined, y4 is a function only of the direction angles be-

tween the axis of the antenna and the propagation direction

of the field. If "^" or "receiving area" are used without

qualification, it is usually understood that they refer to the

maximum value of this function.

The transmitting characteristics of an antenna are usually

specified by the power gain function G, which is essentially a

performance rating of the antenna as compared to an iso-

tropic, point-source, lossless radiator. If Pq is the power per

unit solid angle radiated by an antenna as a function of

direction when Pj- is delivered to (accepted by) the antenna,

then

G =
Pr/4n

(2)

Except for the hypothetical case of a point-source antenna,

G is also a function of the distance to the field point. If

"G" or "gain" are used without qualification, it is usually

understood that they refer to the maximum value of the

power gain function—that is, in the direction of maximum
radiation intensity, the asymptotic value that is approached

with increasing distance. The region of space in which G
does not differ significantly from its asymptotic values is

called the far-field region. With reference to the near-field

region, "near-field gain" and "G^,," are commonly used for

the power gain function; and the functional dependence on

distance is implied when it is not stated explicitly.

The power density in the field radiated into free space by a

transmitting antenna with power gain function G = Gj is

given by
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GjPj

4nr^
(3)

where r is the distance to the field point. If a receiver is lo-

cated in this field at any point where the field parameters are

essentially constant over the receiving aperture and where

the separation distance is great enough so that multiple

scattering between the transmitting and receiving antennas

is negligible, then, from (1) and (3), the received power is

given by

(4)

where A = Aj^ is the effective receiving area function of the

receiving antenna. It is worth noting that this formula is

valid for near-field values of Gj- if the receiving antenna is

sufficiently small.

The effective receiving area function and the far-field

power gain function of an antenna'are related by

471

(5)

provided that nonreciprocal elements are excluded from the

antenna.

The performance of an antenna is usually adequately

specified if the gain value and polarization parameters are

accurately known for the direction of maximum radiation

and approximately known for the other directions.

B. Gain Measurements Above 1 GHz: State-of-the-Art

Requirements for Standard Antennas

In practice, the gain of an antenna is almost always mea-

sured by comparing its performance with the performance

of a standard antenna whose gain is accurately known ([18];

[55], p. 581 ; [57], p. 454). Such measurements are referred

to as relative gain measurements. If the gain of an antenna is

measured without using an antenna whose gain is already

known, the measurement is referred to as an absolute gain

measurement. For absolute gain measurements, the well-

known two-antenna method is generally considered to

provide maximum accuracy ([18]; [55], p. 583; [57], p.

454).

Pyramidal horn antennas are the most commonly used

standard antennas above I GHz. In addition to the fact

that their gain can be easily and fairly accurately calculated

[13], they are widely used because they are rugged, easy to

construct, and have wide bandwidth properties. It has been

well established [4], [10], [1 1 ], [13] that the measured gain

of these horns agrees with the calculated gain to within +0.3

dB. For most antenna calibrations, this degree of accuracy

is sufficient; however, advancements in radio astronomy,

communications, and radar systems have created important

demands for improved accuracy. Excellent examples of

requirements for gain standards with uncertainties less than

±0.1 dB are provided by Jull and Deloli [11] and by Chu
and Semplak [4]. These reports are also notable because
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they provide, to the author's knowledge, the only careful

efforts to measure horn gain to within ±0.1 dB. The error

estimates in these reports are somewhat questionable, how-

ever, because of certain difficulties that were not adequately

considered. The two-antenna method was used for both of

these efforts, and it would appear that further discussion of

some aspects of this method is essential to establish the

necessary procedures for high-accuracy measurements of

horn gain.

C. Objectives and Approach

The main objectives of this paper are to review the litera-

ture concerning accurate horn-gain measurements, to pre-

sent further discussion of the problems that have limited the

accuracy of previous measurements, and to provide an

adequate basis for future measurements accurate to within

±0.1 dB. The two-antenna method will be briefly discussed

with reference to high-accuracy measurements, and certain

aspects of the overall measurement problem will then be

chosen for detailed discussion.

D. Terms

Scattering: For convenience, this term is considered to

include reflection as a special case.

Multipath propagation : Wave propagation from a radiat-

ing system to some reference point by multiple transmission

paths (i.e., by way of scattering objects in addition to the

direct path).

Multipath interference (MPT): The existence of fields or

voltages at some reference point (usually the receiving load)

due to multipath propagation.

Interhorn {or interantenna) scattering: A form of multi-

path propagation caused by multiple scattering directly

from horn to horn (or antenna to antenna).

Primaryfield: The radiated field ofa radiating system that

would exist under free-space conditions (i.e., if multipath

propagation did not exist).

Proximity correction : A factor (usually expressed in dB)

applied to a measured gain value to correct for the error

caused by insufficient antenna separation. (This correction

is often referred to as the ratio of "far-field gain" to "near-

field gain," but this terminology is very inaccurate. For a

discussion of this point, refer to Soejima [41 ]).

II. High-Accuracy Horn-Gain Measurements

BY THE Two-Antenna Method
A. General

The usual formula used for gain measurements is ob-

tained directly from (4) and (5), but it is seriously inadequate

for high-accuracy gain measurements. Matching losses must

be carefully considered and a detailed formulation is highly

desirable. It is usually possible to connect the generator and

load directly by an essentially perfect connector or adaptor,

and the gain measurement can then be considered as involv-

ing an insertion-loss measurement [17], [18], [49]. Using a

basic insertion-loss formula, it is shown in the Appendix

that

GtGr
|i-r«r,Pl 1 - VnT,

(i-|r^P)(i-|r^l2)|i

(6)

where 'Pj^ is the power delivered to the load when the genera-

tor and load are directly coupled, ^Pi^ is the power delivered

to the load when the transmission path is "inserted" be-

tween the generator and load, and the ratio 'PJ^P^ is the

insertion loss. The reflection coeflScients Tq, F^, Fj-, and F^

refer, respectively, to the generator, load, transmitting an-,

tenna, and receiving antenna.'^

For a measurement made at a single frequency, Fg and F^^

will usually be made "zero" by using tuners. Also, it may be

desirable to incorporate tuners with the antennas to make
Fj^ and F^ "zero." If measurements are to be made at

many frequencies, however, it will probably be easier to

measure the various reflection coefficients at each frequency

before or after the insertion-loss measurement and use (6)

without simplification.

The essential conditions involved in (6) can be sum-

marized by grouping them as follows.

1) Antenna range—free-space conditions, uniform,

plane-wave field at the receiving antenna.^

2) Transmitting medium—linear, lossless, reciprocal,

isotropic.

3) Antennas—reciprocal, polarizations conjugately

matched ([44]; [57], p. 442).

4) Equipment operation—ideal initial coupling between

generator and load, single sinusoidal frequency, single

waveguide mode, stable generator and load.

Most of these conditions require careful attention for

horn-gain measurements of high accuracy, but the limiting

problems are associated with the conditions grouped under

1). Because the errors resulting from violations of condi-

tions 1) are usually relatively large, and because the tech-

niques and corrections used to eliminate these errors are not

well known, the remaining discussion will concern only the

difficulties involved with these conditions.

B. A Representative Example of Gain Errors Caused by

Multipath Interference and Insufficient' Antenna Separation

Suppose that two identical horns are located as shown in

Fig. 5 and oriented for a gain measurement. Using material

presented in Sections III and IV, it is easy to estimate the

error that will result, if not corrected, from multipath inter-

ference and insufficient antenna separation. The estimated

errors shown in Fig. 1 are for typical gain measurements on

a high-quality range: horns with 20-dB nominal gain,

* The two-antenna method assumes that the two antennas are identical.

If there is a possibihty that the antennas are significantly different, then a

third antenna should be used to measure any difference by the comparison

technique ([5], p. 732; [12], p. 442). This consideration is emphasized in

(6) by using GjG^ rather than G^.
* In this condition is satisfied when using identical antennas, the receiv-

ing antenna will also be in the far field of the transmitting antenna.
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Fig. 1. Deviations in measured gain as a result of multipath interference

and insufficient antenna separation. (Estimated values for a representa-

tive example.)
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Fig. 2. Comparison of proximity corrections computed by methods pro-

vided by Chu and Semplak [4], Tseytlin and Kinber [45], and Braun

[20]. The curves are for X-band horns of Slayton's design [13].

h = a^lX (where "o" is the larger dimension of the rectangu-

lar aperture of the horns), and 20-dB power loss at the re-

flecting surface. The errors are graphed as a function of the

normalized separation distance, i = hrla^. The periodic

variations shown in Fig. 1 represent the eff"ects of inter-

ference energy from the surface and from interhorn scat-

tering.*' (These variations are too closely spaced for ac-

curate representation, and they are shown schematically in

this figure.) The periodic variations are superposed on a

monotonic variation (solid line in Fig. 1) that represents

the error due to insufficient antenna separation.

For separation distances greater than /i = 8, the periodic

variations are caused almost entirely by interference energy

from the specular surface; and for separation distances less

than 1=2, the periodic variations are caused almost en-

tirely by interference energy from interhorn scattering. Be-

tween /! =2 and 1=8, the variations are rather complicated

and have the general appearance of two superposed sine

waves of slowly varying period and amplitude. The two

minima in the envelope curves are due to the first and second

minima of the horn patterns.

It should be noted th^t the error in the measured gain due

to insijfficient antenn^; separation is significant even well

beyond a = 16. This unfortunate fact is related to the rather

large aperture "phase error" intrinsic to most horns ( [55 ], p.

186; [20]). Also, it should be noted that the multipath inter-

ference level is significant at all separation distances. While

it is technically feasible to construct an antenna range that

has a lower level of multipath interference than the example

considered here, it is very difficult or costly to do so.^ In

general then, high-accuracy horn-gain measurements will

always involve both a method for analyzing or discriminat-

ing against multipath interference and a method for de-

termining "proximity corrections."^

III. Proximity Corrections

A. Methodsfor Computing Proximity Corrections

Fields in the near-field region of simple apertures can be

calculated without much difficulty, and such calculations are

fairly numerous in the literature. However, the more diffi-

^ Refer to "Terms" in the Introduction (Section I-D>.

' Assuming that the range is to be used for frequencies as low as 1 GHz.
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cult problem of power transfer from an aperture to a nearby

aperture of comparable size has been calculated much less

often. Apparently, the first such calculation was by Braun

[20] (published in 1953).* Braun's calculation was for the

case of two identical pyramidal horns, oriented as in the

usual gain measurement, and it provided a simple scheme

for computing proximity corrections for separations as

small as t =2. Recently, three similar calculations for

pyramidal horns have appeared: Tseytlin and Kinber [45],

Chu and Semplak [4], and Hamid [26].^ These calculations

are somewhat more rigorous than Braun's, and it is worth

noting that the results of Tseytlin and Kinber [45] are not

restricted to identical horns.

The computation schemes provided by Braun [20],

Tseytlin and Kinber [45], and Chu and Semplak [4] are

quite simple, but each paper provides graphs or tables that

cannot be reproduced here due to space limitations. Correc-

tions computed by each method are compared in Fig. 2 for

A"-band horns [13] operating at 10 GHz, and the curves
'°

of this figure will be qualitatively correct for other horns of

similar geometry. Since all three calculations are based on

the same fundamental approximations, the deviations be-

tween the curves of Fig. 2 result from the difi"erent mathe-

matical techniques used. The deviation shown by Braun's

curve is due to an averaging technique that was not em-

ployed in the later calculations. The deviation between Chu
and Semplak's curve and Tseytlin and Kinber's curve is

small for the example given here and is due, at least in part,

to a minor error in Tseytlin and Kinber's calculation

(pointed out on p. 14 of their paper).

* Jakes [10] had previously noted the unusually large gain error for

horns caused by receiver proximity. He found that, for optimum horns,

this error could be corrected by measuring the horn separation from the

apexes of the horns rather than from their aperture planes. No theoretical

basis was given, but the correction was accurate to about +0.1 dB at

/!=2. It is interesting that formulas developed by Hamid ([26], p. 118)

from the geometrical theory of diffraction imply a certain amount of

theoretical basis for Jakes' correction scheme.
' The author regrets that he was not aware of Hamid's work [26] in

time to prepare an evaluation for the discussion here, which will be

limited to the calculations by Braun [20], Tseytlin and Kinber [45], and

Chu and Semplak [4].

For accurate computations, the graphs by Braun [20] and Tseytlin

and Kinber [45] should be enlarged and the tabular data by Chu and

Semplak [4 ] should be graphed on large paper. This was done in computing

the curves shown in Fig. 2.
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It should be emphasized that a number of questionable

assumptions are common to all three calculations, and the

agreement between Tseytlin and Kinber [45] and Chu and

Semplak [4] indiates only that these calculations will have

about the same degree of inaccuracy. It is obvious that these

calculations are valuable, but their limitations are not so

apparent. They should be used with restraint until definite

limits of accuracy can be established for them.

B. The Limits ofAccuracy: An Estimate

For some later discussion, it is essential to know the basic

approximations involved in the proximity corrections.

These approximations are introduced now because they

provide insight regarding the limits of accuracy for the cor-

rections.

1) The Kirchhoff approximation is used in determing the

field radiated by a horn ([55], p. 165; [48], ch. 9; [56], pp.

109-118). Among other things, the Kirchhoff approxima-

tion assumes that, in the general direction of maximum
radiation, the contributions to the radiation field from

currents and fields outside the aperture are negligible com-

pared to the contribution from the aperture field. (This ap-

proximation is known to be accurate for large apertures, but

most standard horns have small apertures.)

2) An approximation is used for the aperture field of a

radiating horn. The field used is the field that would exist

if the horn were extended indefinitely and excited in the

dominant mode only. (It should be noted that this approxi-

mation also omits the effects of interhorn scattering.)

These are commonly used approximations, but it has ap-

parently not been possible to compute definite limits for the

associated errors. Even though the proximity corrections

are ratio quantities that involve essentially the same assump-
tions in both the numerator and denominator [20], it would

be optimistic to tacitly assume a high degree of accuracy for

the corrections. Unfortunately, it seems that only Braun

[20] has presented direct verification (by comparing gain

measurements made for both small and large separation

distances), and his verification was limited to about ±0.1

dB. Tseytlin and Kinber [45] used the experimental results

provided by Braun [20] and Jakes [10], and after consider-

• able speculation they also estimated a verification of about

±0.1 dB. Chu and Semplak [4] compared a corrected gain

measurement made at a small separation distance with the

calculated gain value. They found that the values differed by

only 0.04 dB, but this comparison is not very conclusive

since the gain calculation involves the same basic approxi-

mations as the proximity correction calculation.
^

'

From the preceding discussion, it is evident that definite

(i.e., neither conservative nor optimistic) error limits for the

proximity corrections cannot be assigned at this time. It is

felt that a reasonable error estimate is provided by assign-

ing limits of ± 10 percent of the decibel value of the proxim-

ity corrections.

" If the conclusions reached by Slayton [13] and by Jull and DeloH
[12] are correct (see Fig. 3), then this agreement would appear to be co-

incidental.
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Fig. 3. Schematic representation of periodic variations in the gain of a

small horn (as suggested by existing experimental data). X is the design

wavelength for the horn.

C. Some Unresolved Ambiguities

A report by Slayton [13] and a report by Jull and Deloli

[ 1 1
]
(or [ 1 2 ]) appear to provide the only examples of precise

measurements of gain as a function of frequency. In both

([13], [1 1 ]) it was concluded that the measured gain showed

periodic variations somewhat as illustrated'^ in Fig. 3.

(The measured-gain curve represents corrected gain values

for measurements made at about i =3.) In both reports

these variations were considered to be "real," and it was sug-

gested that the variations might be due to currents outside

the horn aperture or higher-order modes in the aperture

field. Thus, the variations in measured gain could represent

interference, as a function of frequency, between the radia-

tion from the dominant-mode aperture field and the radia-

tion from these additional sources. However, it should be

noted that this interference would also be a function of posi-

tion; and because of approximations 1) and 2), the proxim-

ity corrections do not correct for this effect. Therefore, there

is some ambiguity, if not error, in assuming that the mea-

sured gain values of Fig. 3 have been adequately corrected.

It is reasonable to suppose that gain values measured using

large separation distances might display variations sig-

nificantly different from the variations shown in Fig. 3.

There are several other possible explanations for the

deviations shown in Fig. 3. The possibility of some type of

mismatch error deserves attention because the discussion

will reveal some important considerations regarding experi-

mental procedure. Because of approximation 2), the prox-

imity corrections are based on the primary field only, and

the effects of interhorn scattering must be eliminated by ex-

perimental technique. To measure the power that would be

received from the primary field alone, the effect of interhorn

scattering can be eliminated in the same manner as any

other multipath interference component. It is also necessary

to eliminate the effects of interhorn scattering (and any

other scattering) when measuring the reflection coefficients

of the horns or when adjusting any tuners incorporated

with the horns. This requirement is most accurately ac-

The experimental data ([13], [J I ]) are only adequate to establish the

magnitude of these variations. Figure 3 is based on a curve suggested by

Jull and Deloli [II] and they emphasized that the period attributed to the

variations is somewhat speculative.

A horn that is matched (i.e., "reflectionless") for free-space trans-

mission may appear to be mismatched when situated for the gain measure-

ment, but the horn is actually properly matched with respect to the mea-
surement scheme that is being discussed here.

985



complished by pointing the horns skyward. If, instead, the

horns are situated for the gain measurement when the re-

flection coefficients of the horns are measured, the resulting

error in the measured gain will usually be small. However,

the error resulting from this practice when adjusting tuners

to provide matched horns can be much more serious. For

instance, if the scattered energy entering the transmitting

antenna is "tuned out" to achieve "reflectionless" power

transmission, the effect will be to return this energy, minus

ohmic losses, to the radiation space. Furthermore, the tun-

ing process will, in general, change the relative phase be-

tween the radiated waves and the scattered waves leaving

the antenna. The result of these complications on the

measured gain value depends, among other things, on the

details of the tuning procedure and the particular technique

used to eliminate the effects of multipath interference at the

receiving load. Since the details of the matching procedure

are not stated by Slayton [13] or Jull and Deloli [1 1 ], it is

not possible to make a definite analysis; but some specula-

tive analysis indicates that the variations illustrated in Fig.

3 may actually represent errors due to improper matching

procedure. The limits of this possible error are easy to esti-

mate, and the estimated limits of about +0.1 dB for a = 3

are in good agreement with Fig. 3.

In addition to being approximate, the proximity correc-

tions correct only for the curvature and nonuniform power

density of the primary field of the transmitting horn at the

receiving horn. Actually, it is fortunate that they do not

include the effects of interhorn scattering since they would

then be much more difficult to compute (at least for /i < 6).

Furthermore, the reflection coefficients of the horns would
necessarily have to be measured or tuned while situated for

the gain measurement, and this requirement would greatly

complicate the problem of eliminating the effects of the

other multipath transmission components that are usually

present. For instance, if the receiver is moved to introduce

shifts in the relative phase between the multipath com-
ponents, the reflection coefficients of the antennas would

have to be remeasured or retuned for each position of the

receiver.

IV. Multipath Interference

A. General Considerations

To date, horn-gain measurements with estimates of error

less than + 0. 1 dB have all been made using small separation

distances (/!< 4), and these error estimates are questionable

because they are dependent on the assumption of high

accuracy for the proximity corrections. Until this assump-

tion has been verified, large separation distances must be

used for high-accuracy measurements of horn gain. Un-
fortunately, multipath interference (MPI) usually becomes

a very serious problem when using large separation dis-

'* An alternative procedure is to employ the same techniques used to

eliminate multipath interference from the received power.
' * It is pertinent to note that the scattering cross section for commonly

used [13] horns is approximately equal to the receivine cross section.

tances. The problem of MPI should be the primary con-

sideration when designing the measurement.

There are a number of techniques that can be used to

effectively eliminate MPI (for instance, using nanosecond

pulses), but these techniques involve complications that are

undesirable even if they could be developed to provide

adequate precision. At the present time, the most satisfac-

tory method for handling MPI is probably the following: by

careful design, the antennas are located on a range so that

the receiver can be moved sufficiently to produce reversals

in the relative phase between the component voltage at the

load due to the primary field and the component voltages

due to the scattered fields.'^ Presumably, the MPI level will

be small, and the "primary" (or "signal") power can be

determined by simply averaging out the resulting periodic

variations in the received power. Though simple in concept,

this approach is complex in detail, and accurate results can

be obtained only by careful design of the measurement. All

of the significant sources of interference must be anticipated,

and the antenna range, equipment location, and receiver

movement must be designed to produce power variations

that can be analyzed with precision and without ambiguity.

In general, measurement designs should be based on attain-

ing a low, analyzable level of interference rather than attain-

ing a minimum level of interference. Special precaution is

advisable when considering the use of baffles or screening

fences since these will produce a lower level of interference

only at the expense of increased complexity of interference,

and it is by no means certain that the measurement of pri-

mary power will be made simpler or more precise by using

these devices. Another common technique that is of ques-

tionable value is the practice of using the minima of the

antenna patterns to reduce the MPI level at the receiving

load. If sources of interference are located along these direc-

tions, it is obvious that the corresponding interference volt-

ages may change radically as the receiver is moved and that

it may be difficult or impossible to accurately analyze the

resulting power perturbations.

The remainder ofthis section will be devoted to presenting

some terms, concepts, and simple formulas that are very

useful in designing and evaluating gain measurements in-

volving significant MPI. This material is also applicable to

other multipath transmission problems such as anechoic

chamber evaluations and radar cross-section measurements.

B. Terms and Concepts

The measurement technique described above has been

used extensively, and loosely, in evaluating anechoic cham-

bers. In this connection, a few terms such as "free space -

VSWR" and "reflectivity level" have been used because of

certain analogies to transmission-line measurements. While

these terms are not devoid of meaning, they are ambiguous

enough to be rather confusing. Standing waves result from

wave reflections from symmetrical boundaries, and they

represent only a special case ofinterference. The usual trans-

For simplicity of discussion, only receiver movements will be con-

sidered, but it may sometimes be necessary or desirable to employ trans-

mitter movements or movements of surrounding objects.
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mission-line terminology can be easily generalized by con-

sidering separately each wave of a multipath transmission

to an arbitrary probe. The resultant voltage at the load of

the probe is then the phasor sum of the separate voltages,

as in (7) (where Vq is the signal or reference voltage). The

relations and definitions that follow are self-evident

:

Voltage Interference Ratio = P = ( I
* '^)/ ( I

-«)

1.5 1.2 I.I 1.05 1.02 I.OI 1.005 1.002

0.5

Vl = Vo + V, + V^ + ---
(7)

0.2

Vl = Vo(\ + K,+ K2 + ) (8)
>

0.1

Vl = Ko(l + K^e^'^ +K2e^'' + •)= Fof (9)
lage

U
0.05

Pl = PoFF* (10)
ice

Volt

002

1,2,

(In the following definitions, and elsewhere, identifying sub-

scripts are implied when not stated explicitly.)

K = \K\

5

k = 20 log K

1 + K
P =

P =
1 - K

20 log p

Pn

= interference coefficient (for component "«")

= interference voltage level

= phase difference (relative to Vq)

= interference power level

= voltage interference ratio (VIR)

= power interference ratio (PIR)

= primary power, signal power, or reference

power.

If the receiving and scattering characteristics of the probe

are well known, and if extensive probe movements can be

employed, it may be possible to determine all of the multi-

path field components. (Such an analysis is usually at-

tempted when performing an evaluation of an anechoic

chamber.) Furthermore, if the antenna, or "tip," of the

probe is sufficiently small and isotropic, the interference

pattern of the electromagnetic field can be measured di-

rectly since the voltage interference parameters at the load

of the probe will be numerically equal to the field inter-

ference parameters at the tip of the probe. (A waveguide

"VSWR" measurement can be interpreted as being such a

measurement.) It should be noted also that the reference

voltage does not necessarily have to be the signal voltage.

For instance, in radar cross-section measurements, the

signal voltage would result from the wave scattered by the

target while the reference voltage might be derived either

from a reference target or directly from the generator.

The PIR is a particularly useful concept. This is apparent

if it is observed that, when the interference voltages are all

small,

10 \Og(PLrr,JPLn,J ~ Pi + P2 + Ps + (11)

The quantities k, k, p, and p can be related in a convenient

graph, as shown in Fig. 4. The dotted lines in this figure

indicate how an interference voltage level of 0.01 is related
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Fig. 4. Graph of multipath interference parameters.

to the other quantities. The following approximations are

valid to within 5 percent for the indicated limits

:

p % 1 -h 2k-

p % 11.4k

(forK < 0.1)

(for K < 0.3).

(12)

(13)

C. Measurement Design gnd Evaluation

Some important design considerations can be precisely

stated if (10) is written in explicit form. Assuming that the

interference voltages are all small.

Pi. % Po[l + 2ki cos(27r®i + '5)

+ 2/C2 cos (27r®2 + ^(5) + •

] (14)

^„^r'{D„-r) n=l,2,--. (15)

In ( 1 5), Z)„ is the length of the transmission path between the

transmitting and receiving antennas for component of

the multipath field. In (14), the d's represent the phase dif-

ferences that are caused by phase shifts in the antennas and

at the scattering surfaces. For a simple and accurate de-

termination of Pq, the receiver movement must result in

perturbations in P^ that are essentially a sum of sinusoidal

variations. Thus, 1) the sum of the interference voltage

levels should be less than about 0.03, and 2) during each

perturbation cycle corresponding to component "«", k„ and

"S must remain essentially constant. Because fairly large

receiver movements may be necessary, the precautions

noted in Section IV-A are pertinent with respect to this

second requirement.

Predicting the interference level for a gain measurement is.
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largely a matter of guesswork; therefore, the following

estimation formulas for measurement design will emphasize

simplicity rather than accuracy. A common source of inter-

ference is a "reflection" image of the transmitter, as in Fig.

5. For identical antennas the resulting interference power

level can be estimated by

kjg ^ 2(pattern level in dB)^ + (surface loss in dB),, (16)

because the "inverse square" losses will be approximately

equal. The number of perturbations resulting from a

linear receiver movement along the x-axis can be obtained

from (15):

= ^9, = A-'[(r, - /-),,o,o
- (r, - Oo.o.o]- d?)

Then by expanding r, and r in terms of h, s, and x, it is easy

to show that

By repeating this procedure, it can be shown that

(18)

i

i^* 1 J

Imoge

Antenna

Fig. 5. Simple antenna range showing multipath interference from a

reflection image of the transmitting antenna. Receiver movements used

to evaluate multipath interference are related by rectangular coordi-

nates located as shown.

the peak-to-peak variations in the decibel value of the

received power will be approximately

1

(23)

V

and

(19)

(20)

Approximations ( 1 8), ( 1 9), and (20) are accurate to within 1

0

percent if h/s < ^ and x, y,or z< \h.

The successive scatterings between two antennas will pro-

duce a series of multipath components, but only the first

component of this series will be significant for two-antenna

gain measurements if > 2. By making some gross assump-

tions, it can be shown ([55], p. 590) that the corresponding

interference voltage level can be estimated from

K^'x{AJ)ir)^, where is the scattering cross section of the

antennas. This approximation can be transformed into a

very simple and useful formula by defining a scattering

efficiencyf=AJAp, where A^ is the physical aperture area.

Then, for rectangular apertures (dimensions a and b).

ab A,^^

Tr ~A„ a 1
(21)

Using b/a = ^, which is typical for most horns, and using a

scattering efficiency of 5, which is typical for many antennas.

16'
(22)

A choice of 3 for the scattering efficiency was made so that

(22) and (23) would be in agreement with experimental data

for Slayton's 20-dB horns. These formulas appear to be

accurate to within about ±20 percent for a > 2.'^

The same procedure used to obtain (22) can also be fol-

lowed to obtain a formula for estimating the voltage that

will appear in the transmission line of the transmitter due

to interantenna scattering. If the transmitting antenna is

reflectionless for free-space transmission, this voltage will

cause an apparent reflection F^ that can be estimated from

FJ ^
1

(24)

V. Conclusions

If the signal power Pq has been measured, then the gain

can be determined by using (6) and applying a proximity

correction. Referring to (6), if = = G, and if the factor

containing the reflection coefficients is designated as A/^,

it follows that

10 log G = 10 log M + 10 log
'4nr

+ 51og(^)+C, (25)

where C is the proximity correction in decibels. A thorough

error analysis should include some discussion of all of the

conditions listed for (6) in Section II-A.

Until a high degree of accuracy has been verified for the

necessary proximity corrections, horn-gain measurements

If the receiver is moved towards the transmitter, the power

variations will have a period of A/2. From (1 1), (13), and (22),
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accurate to within ±0.1 dB should not be attempted using

separation distances less than about ^ =4. Unfortunately,

gain measurements using separations larger than 1=4 are

usually very difficult because of complex multipath inter-

ference, and it is obvious that considerable effort is war-

ranted in establishing more accurate limits of error for these

corrections. Measurements are in progress at the National

Bureau of Standards, Boulder, Colo., that should improve

the verified accuracy of these corrections. These measure-

ments are also designed to resolve the ambiguities discussed

in Section III-C.'* At the present time a national calibra-

tion service does not exist for antenna gain above 1 GHz,
and these measurements are preliminary to establishing this

service.

The problem of measuring the polarization parameters of

pyramidal horns has not been discussed because these

antennas are thought to be linearly polarized to a high

degree in the direction of maximum gain. This is a common
assumption, but it may deserve some investigation because

of the possibility of higher-order aperture modes and the

possibility of significant sources of radiation exterior to

the aperture.

Appendix

A Working Formula for High-Accuracy
Gain Measurements

Gain measurements by the two-antenna method involve

determining the ratios of powers delivered to the receiving

load. The generator and load are coupled more or less di-

rectly, and then the antenna path is "inserted" or "sub-

stituted" for the initial transmission device. In other words,

a final two-port waveguide'^ junction (or simply "two-

port") is substituted for an initial two-port waveguide junc-

tion [17]. Usually, the two-antenna method involves an

insertion-loss measurement—that is, the initial two-port is

an essentially perfect waveguide connector or adaptor. If

the load and generator cannot be ideally coupled, then the

gain measurement involves a substitution-loss measure-

ment. The derivation presented here closely parallels a

derivation by Beatty ([18]; [58], Session II, Lecture 3) for a

nonideal initial two-port but where YQ= ri^ = 0. The same

method can be easily applied to the unsimplified case of

substitution loss by using a formula provided by Beatty

[17], but the resulting equation implies considerable com-

putational effort. It will be assumed here that it is easier to

arrange an ideal coupling for the initial two-port than it is to

carry out the computations required for the general case.

The following insertion-loss equation can be written by

inspection from Beatty [17]:

1 - Tor,

1 - r^r^

•1

(26)

where rj is the efficiency of the final two-port and Tj is the

These measurements are being made at A'-band frequencies, and it

should be possible to "scale" the results for use at lower frequencies.

" The term "waveguide" is used in the general sense to include all

transmission lines.

reflection coefficient of the generator side of the final two-

port. Assuming that negligible scattered energy enters either

antenna, and assuming that the incident waves at the receiv-

ing antenna do not differ significantly from uniform plane

waves, then the final load power can be expressed in terms

of the antenna parameters as

4nH
(27)

where ^P^ is the power accepted by the final two-port (i.e.,

the power accepted by the transmitting antenna) and A^^^^

is the effective receiving area of the receiving antenna as

terminated by the mismatched load. A,^^,^ is related to the

receiving area A^ for a conjugately matched load as follows

([18]; [43]; [58], Session II, Lecture 3):

(1 - |r^|^)(i - |rj^)

|i-r«r,P
(28)

Since fpjfp^ = r], and /4R = (/lV47t)G«, substitution of (28)

into (27) yields

n = GtGr
xyn- |r«P)(i - |rJ2)

4nr
(29)

Because of the assumption of negligible scattered energy,

Vi can be taken as Tj, and substitution of (29) into (26)

yields the desired formula.

GjGi^ =
1 r^rJ2|i-r.rr|

(1 - |r«|^)(i - |r^|')|i -r^rj
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NBS Field-Strength Standards and Measurements

(30 Hz to 1000 MHz)

Abstract—A description is given of the CW field-strength standards and

associated measurement instrumentation and techniques, used for the calibra-

tion of both commercial and military field-strength meters in various fre-

quency bands of the overall range from 30 Hz to 1000 MHz, which have been

developed at the National Bureau of Standards during the past 25 to 30 years.

The techniques are applicable only for evaluating the stiength of steady-state,

ac fields varying sinusoidally in time, and are not intended for use in broad-

band applications of any kind.

Two principal types of field-strength standards and a prototype near-zone

field-strength meter are described: 1) magnetic-field-stiength standards

(30 Hz to 30 MHz), 2) electric-field-sti-ength standards (30 to 1000 MHz),

and 3) near-zone electric-field-strength meter and interim field-strength

standards (ISO kHz to 30 MHz).

I. General Introduction

THIS PAPER presents a description of the various

CW field-strength standards and associated mea-

surement instrumentation and techniques developed

during the past 25 to 30 years at the National Bureau of

Standards. These are used for the calibration of both com-

mercial and military field-strength meters in various fre-

quency bands of the overall range from 30 Hz to 1000

MHz.' The techniques used are applicable only for evalua-

ting the strength of steady-state, ac fields varying sinusoi-

dally in time, and are not intended for use in broadband

applications of any kind.

Two principal types of field-strength standards and a pro-

totype near-zone field-strength meter are described. These

are as follows.

1) Magnetic-Field-Strength Standards used over the

frequency range 30 Hz to 30 MHz for the calibration ofCW
field-strength meters employing small-loop receiving an-

tennas.

2) Electric-Field-Strength Standards used over the fre-

quency range 30 to 1000 MHz for the calibration of CW
field-strength meters employing half-wavelength self-reso-

nant dipole receiving antennas.

3) Near-Zone Electric-Field-Strength Meter and Interim

Field-Strength Standards used over the frequency range 1 50

kHz to 30 MHz for the evaluation of hazards of high-level

electromagnetic radiation to ordnance devices and other

uses.

The techniques used for calibrating field-strength meters

must duplicate, insofar as possible, the conditions normally

Manuscript received March 28, 1967.

The author is with the National Bureau of Standards, Boulder, Colo.
' Field-strength measurements above 1000 MHz are discussed in a

paper by R. R. Bowman elsewhere in this issue.

FRANK M. GREENE, member, ieee

existing when these meters are used later for making actual

measurements. Some of the principal factors that need to

be considered are

:

1) the spatial distribution of the amplitude and phase of

the received wave over the aperture of the measuring an-

tenna [1 ]-[3];

2) interaction between the measuring antenna and its

image in the ground, in a nearby conducting plane, or in a

nearby radiator [4];

3) perturbation of the field being measured by the RF
transmission line connected between the measuring antenna

and the receiver [5].

It is desirable to have at least two independent methods of

measuring any physical quantity. From a direct intercom-

parison of the results of such measurements, then, it is

possible to obtain a better estimate of the uncertainty

existing in the methods. Basically, there are two independent

methods or techniques by which the desired component of

field strength can be evaluated. These are called 1) the

Standard-Antenna Method, and 2) the Standard-Field Meth-

od [6]. The former consists of measuring the voltage in-

duced in a standard receiving antenna by the component

of the field being evaluated, and computing the value of the

field in terms of this voltage, the dimensions and form of the

standard antenna, and its orientation with respect to the

field vector. The second method consists of generating and

computing the desired component of a standard field in

terms of the dimensions and form of a transmitting an-

tenna, its current distribution, the distance from the trans-

mitting antenna to the point at which the field component

is being evaluated, and the effect, if any, of the ground.

The procedures described in this paper are used to estab-

lish standards of electric or magnetic field strength at a

single amplitude level, or at most at a relatively few levels.

The complete calibration of a field-strength meter is then

made by extending these standard-field values to other

levels, using secondary procedures which involve the at-

tenuator calibration and the output-meter linearity determi-

nation of the instrument being calibrated. These procedures

are then repeated, in part, for each specific frequency for

which a calibration is to be carried out. A further discussion

of these secondary procedures is given elsewhere [7], [8]

and so will not be included in this paper.

All time-varying quantities used in this paper are ex-

pressed in terms of their rms values. Rationalized MKS
units are used throughout.
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II. Magnetic-Field-Strength Standards

(30 Hz TO 30 MHz)

A. Introduction

A description will be given in this section of the mag-

netic-field-strength standards and measurement techniques

used for the calibration of field-strength meters employing

loop antennas in the frequency range 30 Hz to 30 MHz.
As previously stated, these standards involve the use of

single-frequency CW fields only.

In order that the calibration conditions duplicate, insofar

as possible, those existing when the meters are used later

for making measurements, the following specific factors

need to be considered for the type of meters used in this

frequency range.

1) The type of field (propagation mode and polariza-

tion).

2) Any change in the local \E/H\ ratio at the measure-

ment site from the free-space plane-wave value caused by

any of the following:

Fig. 1. Coaxial arrangement of transmitting loop antenna (radius r,

meters), and receiving loop antenna (radius meters), spacing d
meters, in the NBS calibration setup.

normally used for calibration purposes, co-planar loops

may be useful under certain conditions (e.g., in the calibra-

tion of some types of ferrite-core loop antennas [9]).

The rms value of the normal component of the magnetic

field H, averaged over the area of the receiving loop, is

given (in amperes per meter) by the following equation

to within 0.2 percent [10]' provided PRo<^ 0, and

r,rJRl<i/l6:

1 +
15

2
8 \Rl

^ 315

+ 6^
(1 + P'Rl)\ (1)

a) local ground nonhomogeneities, or discontinuities

b) multipath propagation

c) measuring in the near-field of a transmitting an-

tenna

d) reflections or field distortion caused by local

foreign objects.

3) Any difference in field distortion caused by the pres-

ence of the field-strength meter in the standard calibrating

field and in the unknown field measured later.

B. Standard-Field Method

In this frequency range, NBS field-strength calibration

services at the present time are limited to field-strength

meters using small loop-type receiving antennas [7], [8].

Such antennas are either operated balanced with respect

to ground or are electrostatically shielded. In either case

their response is proportional to the average normal com-

ponent of magnetic field strength incident on the loop. An
accurately known quasi-static magnetic field can be pro-

duced by the Standard-Field Method for calibrating the

antennas of such field-strength meters. A small, single-turn,

circular, balanced transmitting loop is used to produce the

standard field. The radius of the wire with which the loop is

wound is assumed to be negligible compared to the loop

radius r. The loop current / is assumed to be constant in

amplitude and phase around the loop.

The loop antenna being calibrated is positioned coaxially

with respect to the transmitting loop and is spaced an axial

distance, d meters, from it. The geometry of the calibrating

setup is shown in Fig. 1 . The two loop antennas can also be

positioned in the same plane. While coaxial loops are
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where

and

Ro = [d' + ri + rlf (2)

/= transmitting loop current, rms amperes

Si =area of transmitting loop, square meters {Si = Ttrl)

^1 = radius of the transmitting loop, meters

^2 = radius of the receiving loop, meters

d=axvd\ spacing between the loops, meters

/9 = wavelength constant (P = 2n/X)

X = free-space wavelength, meters

/= frequency, hertz.

The infinite series contained in (1) converges extremely

rapidly, more so than most other series solutions found in

the literature. It is seldom necessary to use even the first

correction term of the series, since if djry and dlr2 are each

greater than 4, the correction is less than 1 .0 percent. Equa-

tion (2) for evaluating is also in an easier form to use than

normally found. These factors tend to make this an easy

formula to use for computmg standard-field values.

For the conditions specified, higher-order terms in ^R^

are negligible and have been omitted from (1). Since the

first correction term in the infinite series will contribute less

than 1 percent, (1) can be further simplified to

/Si(l + ^^Rli^

InRl
amperes per meter. (3)

7) Calibration of Field-Strength Meters: The loop cur-

rent is measured by means of a vacuum thermocouple

previously calibrated with direct current. It is located sym-
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Fig. 2. Method used to excite the NBS standard transmitting

loop antenna, and to measure the RF loop current.

Fig. 3. The NBS field-strength calibration site showing: (left) RF gen-

erating and measuring instrumentation; (center) the standard trans-

mitting loop antenna; and (right) a field-strength meter under

calibration.

metrically at the top of the loop winding, and its dc output is

measured with a dc millivoltmeter or a precision slide-wire

potentiometer as shown in Fig. 2. The RF substitution

error of this type of thermocouple, when used for this pur-

pose in a balanced circuit with the thermocouple at essen-

tially ground potential, has been found to be less than 1

percent at frequencies even as high as 100 MHz [1 1 ].

A clear space must be used for the calibration such that a

distance of at least two or three times the spacing d between

loops exists from either loop to the nearest sizable metallic

objects and to the ground. The eflFect of these objects in dis-

torting the field can be determined by placing metal objects

of similar size in the vicinity of the loops and noting the

effect on the value of the field at the receiving loop. The
calibration setup at NBS, which is located in a small frame

building remote from the main laboratory, is shown in

Fig. 3. The use of metal and electrical wiring was kept to a

minimum in its construction.

The value of the quasi-static magnetic field H produced

by the standard loop is expressed in terms of the equivalent

electric component E (in volts per meter) that would exist

in a free-space, plane-wave radiation field. For this case,

the magnitudes of these two field components are related
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by the plane-wave impedance {rf = .j]jjl^ 120?:), such that

\ 20nH. Using this relationship, (3) can be rewritten (in

volts per meter) as

lEl^'^d + m*. (4)

The value of field given by (4) is essentially independent of

frequency up to about 5 MHz. At higher frequencies, the

frequency correction term under the radical (the induction-

field component) begins to become appreciable for the

spacing in the NBS standard (d= 1 .25 meters). The value of

equivalent field strength E used for calibration is of the

order of 0.1 volt per meter (rj =0.1 meter, /=0.1 ampere).

Portable VLF standard-field calibrating instrumentation

has also been recently developed at NBS using the above

principles [12]. With this equipment a very-low-frequency

field-strength meter can be periodically calibrated during a

sequence of measurements in the field.

2) Factors Affecting the Accuracy ofCalibration and Use :

Loop-antenna current distribution: The accuracy of the

value of the standard field given by (3) or (4) is affected by

the constancy of the current / as well as its phase around the

circular transmitting loop. The uniformity depends upon
the circumference of the loop in wavelengths, but usually

does not become a problem except at frequencies above 5

or 10 MHz [13]. In order to keep the decrease in average

current from exceeding 1 percent, the loop circumference

should not exceed A/16 at the highest calibrating frequency

[10].

An interesting error analysis was recently made on the

standard-field method of loop calibration [14]. The author

estimated the uncertainty to be from 2.5 to 4.0 percent,

after analyzing possible errors in evaluating the various

parameters involved.

Local field distortion: An important factor that can

affect the accuracy of calibration and use of a loop-type

field-strength meter is the distortion of a field in the im-

mediate vicinity of the instrument by its enclosing metallic

case. If the loop antenna of the field-strength meter is

mounted a distance less than its own diameter above the

case, the field-strength meter must be calibrated and later

used with a specific relative angular orientation between the

loop antenna, the case, and the incident field being mea-

sured. Failure to observe this precaution may result in a

measurement error of as much as 5 to 10 percent, depending

upon the height of the loop above the case [15], [16]. An
example of the variation in this error as a function of orien-

tation between the loop antenna and case is shown in Fig. 4.

This is the measured error that would result for one par-

ticular make of field-strength meter whose antenna was

very close to the case. An even larger error may be en-

countered when a loop antenna is mounted above the

metallic body of an automobile, as, for example, when
making mobile field-strength measurements [17].

The field distortion just described is, in general, different

when the field-strength meter is being calibrated in the near-

zone quasi-static field given by (3) or (4) than when used
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Fig. 4. Field-distortion error versus the orientation of a loop-antenna-

type field-strength meter. The orientation angle is measured between

the plane of the loop and the long dimension of the case, with the posi-

tion of the loop remaining fixed relative to the incident magnetic field.

later to measure a uniform plane wave. In the former case,

the instrument is within one or two meters of the standard

transmitting loop, in a field that is varying rapidly as \ld^.

In the latter case, the meter is usually one or more kilometers

from the transmitting antenna, in a radiation field that is

varying much more slowly and approximately as \ld. There

is therefore a large difference, in these two cases, in the

percentage change in field strength along the longitudinal

dimension of the field-strength meter. Any resulting differ-

ence in local field distortion in the two instances can be

interpreted as a calibration error for those field-strength

meters with their loop antenna mounted close to the case.

While any such error is probably small, in most instances,

this is something that should probably be investigated

further.

Use of loop-type field-strength meters: The response

of a small receiving loop antenna that is either operated

balanced with respect to ground, or that is electrostatically

shielded, is proportional to the average normal component

of magnetic field strength incident on the loop. It can be

thought of as a magnetic probe. However, the calibration

and subsequent measurements of field strength are ex-

pressed in terms of the electric component E that would

exist if the measurement were being made in free space (in

this case, E= 1207t//).

When such a field-strength meter is used to make mea-

surements near the ground, the indicated value ofthe electric

component of field strength may not always be valid. If

there are serious local nonhomogeneities, or discontinuities

in the electrical properties of the ground (e^ and ct), the free-

space relationship between total E and total H does not

hold. The same will be true if measurements are made in a

multipath field [18] resulting from any type of reflection.

Likewise, measurements made with such an instrument in

the near field of a transmitting antenna (d<X) will be of

questionable value. In this case, the ratio \EIH\ may range

from a value much less than that in free space, to one much
grcriter, depending upon the type of transmitting antenna

(i.e., whether basically a magnetic dipole, or basically an

electric dipole), distance, polarization, etc. This is true in

near-field antenna measurements, as well as in very-low-

frequency propagation measurements, where the near field

may extend many miles from the transmitting antenna [19].

However, in all of these instances, the value of the mag-
netic component of the field i/ (in amperes per meter) can be

correctly determined if the value of equivalent electric

field strength E (in volts per meter), as indicated by the

meter, is divided by 1207r. If it is a knowledge of the electric

component of field strength that is desired in these cases,

it must be determined directly using a meter whose response

is proportional to the electric component of the field.

C. Standard-Antenna Method

1) General: This is an independent method that can be

used for evaluating magnetic field strength at frequencies

above a few megahertz. Its use has been limited mainly to

the higher frequencies because of the lack of a balanced-

voltage standard of suitable sensitivity. Its principal use

here is for intercomparison with the standard-field method

to determine the agreement between the standards. The
normal component of the magnetic field can be evaluated

in terms of the rms voltage Vq that it induces in a standard

circular receiving loop antenna of known dimensions from

the following (based on the relation V= — N{d(j)ldt)) .

4nSyNu)
amperes per meter. (5)

where

^2 = area of the receiving loop, square meters (52 = nrl)

A'^=the number of loop turns

^2 = radius of the receiving loop, meters

0} = 2nf.

It is necessary that the receiving loop antenna be electri-

cally small {2nr2« if the induced voltage is to be equal

to the voltage appearing at the antenna terminals. In effect,

this means that both the self-inductance and the distributed

capacitance should be small, or the operating frequency of

the loop should be low compared to its lowest self-resonant

frequency.

The distributed capacitance will cause the terminal volt-

age V of the loop to be higher than the induced voltage Vq

due to partial resonance. It can be shown from elementary

circuit theory [20] that for the case where the distributed

capacitance can be replaced by an equivalent lumped capaci-

tance, the relative rise in the terminal voltage will be given

quite accurately by (6) so long asfo/f. < 1/2

:

V foV

frj J
(6)

wherefjf, is the ratio of the operating frequency of the loop

antenna to its lowest self-resonant frequency. It can be seen

that the ratio fo/X- must be less than 0.1 for the error in

terminal voltage to be less than 1 percent.
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Fig. 5. Method used to measure the induced RF voltage in the NBS
standard receiving loop antenna.

2) Measuring the Antenna Voltage : The standard receiv-

ing loop antenna is similar in size to the standard-field

transmitting loop, and uses a single turn having a radius of

approximately 0.1 meter. The induced voltage is measured

by means of a calibrated balanced silicon-crystal [21 ] volt-

meter mounted at the top of the loop turn. The dc output

voltage of the crystal voltmeter is measured across an in-

sulated gap at the bottom of the loop by means of a sensitive

dc millivoltmeter. There is an RF bypass capacitor across

the gap, and the dc leads are filtered close to the loop to

prevent any RF voltage that might be induced in them from

reaching the crystal diode and being rectified. A schematic

diagram of the loop and associated measuring circuitry is

shown in Fig. 5.

The crystal is calibrated in terms of an accurate RF
voltage standard by removing it from the loop and placing

it is a special Type N coaxial mount. The voltage standard

is derived from an accurate self-balancing type of thermistor

power bridge.

The standard receiving loop is unshielded and must be

operated balanced with respect to ground to avoid the

electric-dipole response that would otherwise exist [22]. It

is wound with No. 14 AWG copper wire, and is air-sup-

ported to minimize its distributed capacitance. The silicon

semiconductor diode used has a low value of shunt capacity

(0.5 pF or less). Subminiature glass diodes selected from

types 1N832-A, 1N830-A, or 1N82-A or equivalent are

satisfactory. Corrections obtained from (6) were applied to

measurements made with this loop.

D. Uncertainty of the NBS Standards

The Standard-Antenna Method of evaluating magnetic

field strength based on (5) has been intercompared with the

Standard-Field Method based on (3) or (4) at several fre-

quencies up to 30 MHz. The agreement obtained between

the two methods was within 3 percent at frequencies below

5 MHz, and within 5 percent at frequencies from 5 to 30

MHz. The basic setup used for these intercomparisons is

the same as that shown in Fig. 1 . Several axial spacings d
were used between the coaxial loops in the range from 0.5 to

2 meters.
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III. Electric-Field-Strength Standards

(30 TO 1000 MHz)

A. Introduction

A description will be given in this section of the electric-

field-strength standards and measurement techniques used

for the calibration of VHF-UHF field-strength meters

employing half-wavelength self-resonant dipole antennas

in the frequency range 30 to 1000 MHz. The procedures

described are generally carried out only for horizontal

polarization for reasons of convenience and maximum
accuracy. The techniques are applicable for evaluating

steady-state, uniform-plane-wave, CW fields only.

It is necessary here also that the calibration conditions be

essentially the same as those under which measurements will

be made later. Some of the principal factors involved for the

type of field-strength meters used in this frequency range

are: 1) the spatial distribution of amplitude and phase in

the wave under measurement, 2) the influence of the ground

on the self-impedance of the measuring antenna, and 3)

interaction between any RF transmission line used and the

field being measured.

The standard-antenna and standard-field methods are

utilized to evaluate field strength in this frequency range, as

discussed in the previous section for the lower frequencies.

The techniques are very similar except for obvious differ-

ences in the antennas, and in the voltage- and current-

measuring instruments.

B. The Standard-Antenna Method

1) Effective Length of the Antenna: The magnitude of the

electric component of field strength existing at a given point

in space may be determined in terms of the voltage

induced in a standard receiving dipole immersed in the

field, together with certain factors involving the antenna

geometry. It will be assumed in the following that the mea-

suring dipole is oriented parallel to the electric-field vector E
and that the voltage induced is referred to the center

terminals. The relationship used is (in volts per meter)

|£| = (7)

where L^^ is the effective length of the antenna in meters.

Assuming a sinusoidal current distribution on a half-

wavelength or shorter dipole, its effective length, when
measuring a uniform plane wave, is [23 ]

1(0)
dx

tan

meters. (8)

where /(x)//(0) is the relative current distribution along the

antenna (in the transmitting mode), and L is the physical

length in meters (L = 11). The effective lengths of a half-

wavelength dipole and an electrically short dipole are, re-

spectively,
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(/ = XIA), Leff = l^-jL, meters, (9)

(/ « A/4), L,ff ^ i^L, meters. (10)

Equation (9) is only valid and meaningful for the uniform

plane wave case, while the approximation (10) is valid when
measuring any complex electric field, if /<0.03 X.

The current distribution on an antenna is not exactly

sinusoidal except for an infinitely thin filament. For cylindri-

cal antennas of radius a and half-length / the departure

from a sinusoidal distribution becomes progressively

greater as the ratio 2 l/a decreases (i.e., as the antenna gets

fatter [2], [24]). This results in a small proportionate in-

crease in the effective length.

In order to operate a half-wavelength dipole at self-

resonance, it is necessary to shorten its physical length some-

what from a full half-wavelength due to the capacitive end

effect. This results in a corresponding decrease in the effec-

tive length [23 ]. This decrease and the previous increase tend

to cancel each other.

2) Description of the Standard Receiving Antenna: The

standard receiving dipoles are shortened the required

amount from a physical half-wavelength to make them self-

resonant at their operating frequency. The antenna tubing

or rod stock used at NBS varies in diameter from 3/8 inch

(9.52 millimeters) for the 30-MHz dipoles down to 1 /16 inch

(1.59 millimeters) or less for the 1000-MHz antennas. The
required percentage shortening for self-resonant operation

varies from 3.8 percent at 30 MHz to 5.3 percent at 1000

MHz. The percentage increase in effective length, due to

the finite radius of these antennas, varies from 5.5 percent

at 30 MHz to 8.2 percent at 1000 MHz.
The induced voltage is measured directly by means of a

relatively high-impedance balanced voltmeter connected

across the gap at the center. In this manner the necessity

for a separate measurement of the antenna input impedance

is eliminated, which greatly simplifies the problem. The in-

duced voltage is rectified by a low-capacitance point-

contact silicon-crystal diode [2 1 ] built into the gap as shown
in Fig. 6. The crystal output is filtered by means of a

balanced resistance-capacitance network, and the dc output

voltage is measured on a sensitive dc millivoltmeter. The
central portion of one of the standard receiving-antenna

assemblies minus the antenna rods is shown in Fig. 7. The
input impedance of the resistance-capacitance filter is ap-

proximately 10 000 ohms in shunt with 0.05 pF.

3) Influence of the Ground: VHF-UHF field-strength

measurements generally will be in error if made at receiving

antenna heights other than that used when the field-

strength meter was calibrated. An error will likewise exist if

the electrical ground constants (e^ and a) at the site chosen to

make measurements are appreciably different from those

existing at the time or place of calibration. This results from

a change of the antenna-input impedance with height

above ground (or with changing ground conditions), caused
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Fig. 6. Method used to mount the sihcon-crystal diode in the gap at the

center of the NBS half-wavelength standard receiving dipole.

3#

Fig. 7. View of the central portion of an experimental standard receiving

dipole minus the antenna rods, showing the crystal diode and resis-

tance-capacitance filter network.

by the interaction between the measuring antenna and its

image in the ground. The measurement error is therefore

also a function of the antenna load impedance Z^^.

If a field-strength meter is calibrated with its receiving

antenna at a height greater than two or three wavelengths

above the ground, the calibration can be said to have

essentially a "free-space" value. That is, the effect of the

ground on the calibration will be minor at such an antenna

height.

The percentage difference between the true and indicated

values of field strength, when making measurements at other

antenna heights, can be as large as 10 to 15 percent (for

horizontal polarization) at heights appreciably less than one

wavelength, as can be seen from Fig. 8 [25]. The error will

decrease with increasing antenna height, and will be gen-

erally less than 5 percent for heights greater than one wave-

length over average ground {^r = 15, a/eaxK 1).

This error will also decrease as the antenna load imped-

ance is increased, since any fluctuations in Z^ will become

small in comparison. The resulting error will approach zero

as Zl approaches infinity (other factors remaining the
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Fig. 8. The theoretical effect of the ground on the accuracy of electric-

field-strength measurements using a horizontally polarized, half-

wavelength, self-resonant dipole terminated in a matched load

(Zi^ = Z^S 73 ohms). The percentage difference between the true E,

and indicated £, values of field strength (the measurement error) is a

function of the electrical ground constants, and cr; the receiving-

antenna load impedance Z^, and the antenna height (in wavelengths)

above ground Aj/A.

same). If the field-strength meter can be designed to provide

a sufficiently large value of Z^, the calibration will have

essentially a "free-space" value [25]. That is, the calibra-

tion will be largely independent of the height of the antenna

above ground, the antenna polarization, and any changes in

the electrical constants of the ground itself.

C. Standard-Field Method

1) General: A predetermined value of field strength may
be established at a given point in space in terms of the cur-

rent distribution in a transmitting antenna, the eff'ect of the

ground, and the geometry involved. Horizontally polarized

transmission over plane-homogeneous earth having finite

values of relative dielectric constant and conductivity o

will be considered. The geometry of the transmission system

is shown in Fig. 9.

The rms value of the electric component of field strength

produced by a horizontal transmitting dipole, in its equa-

torial plane, at distances greater than about 2X over plane

homogeneous earth is [26]- [28] (in volts per meter)

^(i?) = complex surface-wave attenuation factor

/= rms current in amperes at the center of the trans-

mitting antenna

p = 2nlX

The first term of (11) represents the field strength that

would exist if the transmitting and receiving antennas were

located in free space. The remaining terms take into account

the presence of the earth. The second term represents the

ground-reflected wave which, when added vectorially to

the first term of (11), comprises the space wave. The third

term of (1 1 ) represents the surface wave associated with RF
currents actually flowing in the ground. The total field given

by (1 1) is usually referred to as the ground wave. Propaga-

tion via the ionosphere or troposphere, which is subject to

changing solar or meteorological conditions, is ignored

here. The magnitude of the surface wave is usually negligibly

small for horizontally polarized transmission at the an-

tenna heights and frequencies involved here [29]. In using

(1 1) for establishing standard electric fields, then, the pres-

ence of the surface wave will be neglected entirely.

2) Description ofthe Standard Transmitting Antenna : The

transmitting antenna used is identical to the standard re-

ceiving antenna previously described. The RF current flow-

ing at its center can be measured either by means of a cali-

brated VHF vacuum thermocouple, or a small bead-type

thermistor and associated bridge. A thermocouple is satis-

factory for use in the lower part of the frequency range, but

the thermistor is preferable and can be used over the entire

frequency range of interest here with not over a 1- or 2-

percent error [30]. The antenna and thermistor, respec-

tively, terminate two sections of 72-ohm balanced, un-

shielded, twin-lead transmission line, each one-quarter

wavelength long, as shown in Fig. 10. A balanced feed-line

is connected in common with their sending ends, and a spe-

cial broadband balun [31] is used to transform the un-

balanced output of the RF generator to the balanced

transmission system. A suitable therrnistor bridge is used to

complete the current-measuring instrumentation as shown.

The transfer impedance of a quarter-wavelength lossless

line is equal to its characteristic impedance, and is not a

function of the terminating impedance. If the characteristic

impedances of the two quarter-wavelength sections used are

607rL,ff/
+

fe-jP"' (1 - F)

Ground-
reflected

(11)

Surface
wave

in which

Z-eff= effective length of the antenna, meters

A = free-space wavelength, meters

/?!= direct-ray path length, meters

/?2 = ground-reflected-ray path length, meters

r = pe~-'* = complex plane-wave reflection coefficient

(horizontal polarization)
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identical, the currents flowing at their receiving ends will

also be identical for a given voltage applied to their sending

ends. The magnitude of the RF current flowing at the center

of the transmitting antenna is thus indicated by the therm-

istor bead (or thermocouple), /1/2 distant, and is inde-

pendent of the magnitude and phase angle of the two

terminations, namely, the antenna input impedance on the



z
Fig. 9 Ray-path diagram showing direct ray along and ground-

reflected ray along R2 making an angle i/' = tan"' (ht+h2)/d with

the earth.

TRANSMITTING DIPOLE
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Fig. 10. Diagram showing the method used to measure the RF current

at the center of the NBS transmitting dipole.

one hand, and that of the thermistor bead, or thermocouple

[32] on the other.

D. Propagation Tests

I) General: An intercomparison can be made between

the standard-antenna and standard-field methods in order to

obtain a better estimate of the uncertainty existing in the

two standards. The value of field strength established using

the standard-field method based on (11) is simultaneously

measured using the standard-antenna method based on (7),

and the results intercompared. This can be accomplished by

either of two different methods.

The first, called the standing-wave method, involves the

complex plane-wave reflection coefficient T of the ground at

a selected test site. This method is based on a vertical-

incidence technique that enables one to measure T, and to

make the intercomparison between the two standards es-

sentially simultaneously in the same setup. In the second, or

field-averaging method, a vertical-incidence technique is

also employed. Using a similar setup, the ground-reflected
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Fig. 1 1 . Variation of the theoretical and measured values of horizontally

polarized electric-field strength |£] in volts per meter, versus the height

^2, in meters, of the horizontal standard receiving dipole (as used in

the standing-wave method).

wave is, in eff"ect, averaged out, yielding directly the free-

space field without the need to know the ground-reflection

coefficient.

2) Standing- Wave Method: In this method the horizontal

transmitting dipole is mounted at the top ofa light, wooden,

ladder mast at a fixed height of several wavelengths above

the ground. In the space beneath, the direct wave and the

wave reflected from the ground at vertical incidence com-

bine to produce a standing wave, as shown in Fig. 1 1 . The

receiving dipole is mounted parallel to the transmitting

dipole, but on a sliding carriage running vertically on the

ladder rails. This permits measurement of the resulting

variation in field strength with height above ground. The

reflection coefficient of the ground for vertical incidence is

determined from the resulting standing-wave ratios. The

resulting value of V is then substituted in (11) from which

the magnitude of the standard field can be calculated for

any height above the ground. The results are then compared

with corresponding measured values, as determined using

(7), to determine the agreement between the standards.

A separate analysis has been made recently of the errors

involved in measuring the reflection coefliicient of the

ground [33] using the standing-wave method. The error was

reported to vary from approximately 5 to 17 percent over

the range of the various parameters involved. However, the

eff"ect of this error on the final accuracy in evaluating the

electric-field strength is considerably less, as can be de-

termined from (1 1).

3) Field-Averaging Method: In this method, both the

transmitting and receiving dipoles are mounted parallel to

each other on the sliding carriage. A fixed spacing of ap-

proximately two wavelengths is used between the two

dipoles, so that essentially far-field conditions will exist.

The resulting standing-wave pattern that is present, as the

carriage is varied in height, is shown in Fig. 12. Since the

spacing between the two antennas is fixed, the direct wave,
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orfree-space field, given by the first term of (1 1) will remain

constant in magnitude. As the carriage is moved up or

down the mast, the resulting value of field strength will

oscillate around this free-space value. By properly averaging

the measured data based on (7), the free-space field can be

determined directly, without the need for knowing the value

of the ground-reflection coefficient T.

This is a variation of a method employed by the Federal

Communications Commission in connection with one

phase of their overall standards program, which includes

the design [34] and caUbration [35] of VHF-UHF field-

strength meters.

E. Uncertainty ofthe NBS Standards

Error analyses have been made of the standard-antenna

and standard-field methods at several frequencies in the

range 30 to 1000 MHz. Results of these studies as well as

direct intercomparisons between the two methods indicate

the uncertainty in the standards to be approximately 1.0

dB. It is hoped that further development planned for the

near future will reduce this uncertainty to 0.5 dB.

IV. Near-Zone Electric-Field-Strength Meter and

Interim Field-Strength Standards

(150 kHz TO 30 MHz)

A. Introduction

Prototype instrumentation has recently been developed

by NBS for the Defense Atomic Support Agency to measure

the electric-field components of complex, high-level, near-

zone electromagnetic fields [36]. This equipment is capable
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of measuring both the magnitude and direction of ellipti-

cally polarized CW electric fields having strengths in the

range from 0.1 to 1000 volts per meter, at frequencies from

150 kHz to 30 MHz. These field-strength meters are in-

tended primarily for use in evaluating the hazards of high-

level electromagnetic radiation to electro-explosive ord-

nance devices on shipboard, or at other military installa-

tions. Interim field-strength standards were also developed

at NBS for calibrating these near-zone meters, but will also

serve for the calibration of certain types offar-zone instru-

ments.

The design of the NBS meters is based on the use of a

novel form of telemetry, employing a completely non-

metallic electrical transmission line to avoid perturbing the

field being measured. The high line loss involved necessitates

miniaturizing the RF portions of the receiving and cali-

brating instrumentation and placing them and the asso-

ciated battery supplies inside the measuring antenna. The
field information contained in the detected dc-AF output

of the receiver is transmitted over the line to a remote read-

out unit, where the strength of the electric-field com-
ponent'parallel to the axis of the antenna is read directly.

B. The New "'Semiconducting'" Plastic Transmission Line

1) Errors Caused by Metallic Lines: In the past, electric

field-strength meters have usually made use of a long

metallic RF transmission line to connect the measuring

antenna with its receiver, usually located at a point remote

from the antenna. Such metallic lines often cause large

measurement errors, especially when measuring near-zone

fields having complex spatial distributions. In these cases, it

is difficult or impossible to orient the line so that it is every-

where normal to existing electric-field components. Thus,

not only may the line perturb the field being measured, but

unwanted RF currents induced on the line can be coupled

into the antenna and contribute to the total response of the

field-strength meter.

2) The U.se of a Nonmetallic Line: The previous diffi-

culties were avoided by making use of a special nonmetallic

balanced transmission line in which the conductor RF loss

was purposely made extremely high compared to that of the

usual copper line. If the conductors are made of sufficiently

high-resistance material, the line can be made essentially

"transparent" to the surrounding field. This can be achieved

if the volume resistivity of the conductor material used is of

the order of a million times or more higher than that of

copper. This is roughly midway (on a logarithmic scale)

between the volume resistivity of metals, on the one hand,

and that of insulators such as glass or mica on the other.

Such materials can therefore be said to be "semicon-

ducting."'^

3) Characteristics of the Conductor Material: The mate-

rial used in the NBS lines is basically polytetrafluoro-

©thylene (PTFE), rendered "semiconducting" by uniformly

^ The term "semiconducting" will be used in this section to denote a
very low level of conductivity when referring to the nonmetallic transmis-

sion line developed at NBS.
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dispersing finely divided carbon black (approximately 30

percent by weight) throughout the plastic while it is in the

semifluid state dunng its manufacture. The parallel-line

conductors are in the form of 0.03-inch (0.76-millimeter)

diameter monofilaments in place of the usual copper con-

ductors. This material has a volume resistivity of approxi-

mately 3.0 ohm centimeter (compared to 1.7 x 10"^ ohm
centimeter for copper), giving a resistance of approximately

20 000 ohms per lineal foot (65 600 ohms per meter), or a

loop resistance of approximately 1.2 megohms for a line 30

feet (9.14 meters) in length. The use of a transmission line of

this type has been found to reduce the perturbation of the

surrounding field by more than two orders of magnitude

below that existing in the case of a copper line. This renders

any eff"ect of the line on the field wholly negligible in most

instances.

C. Description of the Near-Zone Field-Strength Meters

1) Principles of Operation: Two prototype near-zone

field-strength meters were developed for the frequency

ranges 1 50 to 250 kHz and 1 8 to 30 MHz, respectively. These

meters make use of a tuned RF type of receiver to amplify

the voltage induced in the receiving antenna by the com-

ponent of the electric field being measured. A tunable CW
reference oscillator is included to permit resetting the over-

all receiver gain periodically during a sequence of measure-

ments in the field. A block diagram of the basic circuitry is

shown in Fig. 1 3. The meters employ the same basic method

of resetting the receiver gain that has been used in CW
field-strength meters in this country for many years [37].

The receiver portion of the field-strength meter consists

basically of an RF input capacitive step attenuator, a fixed-

tuned bandpass RF amplifier (with manual gain control),

and a diode detector. The RF output level of the oscillator is

monitored by its own detector. When resetting, the receiver

gain is simply adjusted until the dc outputs of the two de-

tectors are identical, as read on the remote indicator. In

this method, the exact level of the CW oscillator is not

important, and does not have to be known. However, it is

important that the oscillator monitoring detector remain

stable.

2) Design—The Dipole Antenna: The dipole of the near-

zone field-strength meter is approximately 12 inches (30

centimeters) in overall length. The miniaturized solid-state

receiver and its battery supply are contained in one half,

and the solid-state CW reference oscillator and its battery

supply are in the other. The balanced "semiconducting"

transmission line enters the interior of the hollow dipole

through a two-section balanced RC filter to help preserve

the electrical symmetry of the dipole and to minimize

common-mode RF pickup. The response of the dipole to

the cross-polarized component of the electric field is 40 dB
or more below the principal response.

The dipole is mounted on a hollow fiber-glass shaft which

is perpendicular to the dipole axis. This shaft is in turn sup-

ported by a reinforced polyfoam ring, so that manual ad-

justments in both azimuth and elevation can be readily

made in the orientation of the dipole. A view of the com-
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Fig. 13. Block diagram showing the basic layout of the NBS
near-zone electric-field-strength meter.

Fig. 14. View of the complete near-zone electric-field-strength meter.

plete field-strength meter is shown in Fig. 14. The transmis-

sion line runs from the dipole, through the hollow shaft on

the right, to the remote indicator unit shown in the fore-

ground.

A measuring dipole must be short both physically and

electrically if meaningful measurements are to be made in

the near zone of a transmitting antenna. The physical length

of the NBS dipole is about 12 inches (30 centimeters), and

the electrical length about 0.03 wavelength at the highest

operating frequency. Under these conditions, it has been

determined at NBS that the effective length of the measur-

ing dipole, when measuring a near-zone field having a highly

complex spatial distribution, will not differ by more than 2

or 3 percent (in the worst case) from the effective length

when immersed in a uniform plane wave. Likewise, any

interaction error [4], resulting from coupling between such

a short antenna and its image (in a nearby conducting plane,
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or in a nearby radiator) will be small provided the loading is

light and that measurements are not made at distances less

than 2 or 3 times the length of the measuring dipole from

these objects.

D. Development of the Interim Field-Strength Standards

This phase of the NBS program for the development of

instrumentation for measuring near-zone electric fields in-

volved the establishment of interim calibration standards

and associated techniques for use over the frequency range

from 150 kHz to 30 MHz. These were needed in order to

properly evaluate the performance of the field-strength

meters during their development, and to provide a prelimi-

nary caHbration of the completed models. It is also planned

to eventually use these standards for other purposes includ-

ing the calibration of electric-field-strength meters having

vertical-rod antennas.

Two different antenna configurations were selected to

establish independent standard calibrating fields. These

were 1) a thin cylindrical monopole over a large metallic

ground plane, and 2) a relatively large parallel-plate capaci-

tor system. An electrically short transfer (dipole) probe and

field indicator were also developed for use in directly inter-

comparing these two types of standard fields. The present

uncertainty of these standards is believed to be less than

+ 2 dB. It is hoped that further development effort will

reduce this to +1.0 dB or less and will also extend the

usable frequency range [5].

V. Summary and Conclusions

A description has been given in this paper of the various

CW field-strength standards and associated measurement

instrumentation and techniques developed at the National

Bureau of Standards during the past 25 to 30 years. Two of

the standards are used as the basis of the calibration service

maintained by NBS for both commercial and military CW
field-strength meters of various types. This service is avail-

able over the frequency range 30 Hz to 1000 MHz. These

standards and their respective uncertainties are as follows.

1 ) Magnetic-Field-Strength Standards, used over the fre-

quency range 30 Hz to 30 MHz for the calibration of CW
field-strength meters employing small-loop receiving an-

tennas. The limit of uncertainty of the standards is believed

to be +3 percent from 30 Hz to 5 MHz, and + 5 percent

from 5 to 30 MHz.
2) Electric-Field-Strength Standards, used over the fre-

quency range 30 to 1000 MHz for the calibration of CW
field-strength meters employing half-wavelength, self-res-

onant, dipole receiving antennas. The limit of uncertainty

of these standards is believed to be + 1 .0 dB over this fre-

quency range. It is hoped that further development effort in

the near future will reduce the uncertainty to ±0.5 dB.

In addition to the above, a prototype Near-Zone Electric-

Field-Strength Meter and Interim Field-Strength Standards

were recently developed by NBS for the Defense Atomic

Support Agency. These are intended for use over the fre-

quency range 150 kHz to 30 MHz for the evaluation of

hazards of high-level electromagnetic radiation to ord-

nance devices and other uses. The limit of uncertainty of

these interim standards is believed not to exceed ± 2.0 dB
over this frequency range. It is hoped that further develop-

ment effort will reduce the uncertainty to + 1 .0 dB and will

also extend the usable frequency range.
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FIELD STRENGTH CALIBRATION TECHNIQUES AT

THE NATIONAL BUREAU OF STANDARDS

Harold E. Taggart
National Bureau of Standards

Boulder, Colorado

Summary— The techniques and instrumentation

utilized by the National Bureau of Standards to

calibrate field strength meters and standards in

terms of absolute field strength at frequencies

from 10 kHz to 1 GHz are described. Two basic

techniques are used: (1) the standard -fie Id method
for loop antennas at frequencies from 30 kHz to

30 MHz and (2) the standard -antenna method for

horizontally -polarized dipole antennas at fre

-

quencies from 30 to 1000 MHz. The accuracy
and the limitations of each technique are dis-

cussed. Present loop antenna calibration

uncertainties vary from 3 to 5 percent depending

on the frequency. Dipole antenna uncertainties

are presently 12 percent. Various other antenna
calibration techniques that have been studied are

mentioned, pointing out their limitations. The
instrumentation used to calibrate the field

strength receiver characteristics is described.

These measurements include the calibration of

the signal attenuators, calibration of the overall

linearity of the receiver, and calibration of the

receiver as a two-terminal rf voltmeter.

Future plans of the National Bureau of

Standards field strength and noise calibration

services are discussed. Improved uncertainties

and extended services are planned for antennas

from 30 Hz to 1000 MHz. New noise calibration

services are planned; these include the cali-

bration of random noise generators at selected

frequencies from 30 to 1000 MHz, and the cali-

bration of impulse generators in terms of their

spectral density.

Introduction

A field strength calibration service has been
available from the National Bureau of Standards

since 1932. The initial calibrations were limited

in frequency range, primarily to the broadcast
band. Since that time the available field strength

calibration services have been expanded and

improved to include services from 10 kHz to

1000 MHz. It is the purpose of this paper to

describe the calibration techniques currently

used by NBS, the working standards that are

used, the limits of accuracy, and the services

that are available to industry and other govern-
mental agencies.

Two general techniques of calibrating

antennas will be discussed: (1) The Standard-

Field Method and (2) The Standard -Antenna
Method, the use of each being dependent upon
the type of antenna being calibrated and the fre-

quency. The standard-field method is used to

calibrate loop antennas from 10 kHz to 30 MHz,
and the standard -antenna method is used to

calibrate horizontally-polarized dipole antennas
from 30 to 1000 MHz. The instrumentation used
to calibrate the field strength receiver charac-
teristics will be illustrated; these measure-
ments include the calibration of the signal atten-

uators, calibration of the overall linearity of the

receiver, and calibration of the receiver as a

two -terminal rf voltmeter.
Other measurement techniques that have

been investigated will be mentioned showing
inherent advantages, disadvantages, and accu-
racy limitations. Long range plans for field

strength calibration services at NBS are briefly

discussed; these will include anticipated improve-
ments in uncertainty and extensions of frequency
range

.

Present Calibration Services

The present field strength calibration services
include the calibration of loop and half-wave dipole

antennas at frequencies from 10 kHz to 1000 MHz.
All measurements are made in terms of rms cw
signals. Loop antennas can be calibrated at fre-

quencies from 10 kHz to 30 MHz, and horizontally-

polarized dipole antennas at frequencies from 30

to 1000 MHz. Also available is a calibration ser-
vice for the field strength receiver; this includes

calibration of signal attenuators, overall linearity

of the receiver, and calibration of the receiver as

a two-terminal rf voltmeter.

Loop Antenna Calibrations

The standard -field method is used to cali-

brate loop antennas from 10 kHz to 30 MHz. Basi-

cally, this technique involves placing the antenna

in a known field referred to as a standard field,

thus the name standard-field method, and

determining a calibration factor or antenna

coefficient from the magnitude of the known field

and the field strength meter reading. The stand-

ard-field method is favored over the standard-
antenna method for calibrating loop antennas,

because it is an accurate, convenient, and

simple technique to use, and calibrations can

IEEE TRANSACTIONS ON Electromagnetic Compatibility
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be performed rapidly.

Loop antennas are calibrated in terms of a

free space, quasi-static magnetic field produced

by a single -turn, unshielded, balanced trans-

mitting loop of known radius carrying a known
current. The magnitude of the field produced by
a single -turn circular loop is given by the

following equation:^' ^

60 nrf I » r 2

(d + r^ + r^) ' V

1 ^

where |E
[

= equivalent free-space field

strength in rms volts per meter,
r^ = radius of the transmitting loop

in meters,
r^ = radius of the receiving loop in

meters (if the receiving loop is

rectangular, use the radius of a

circle having same area),

d = axial spacing in meters between
the coajcial loops,

I = transmitting loop current in rms
amperes, and

\ = free space wavelength in meters.

The actual value of the quasi-static field,

H, produced by the loop is expressed in terms
of the equivalent electric field, E, that would
exist in a free -space radiation field bv the

relationship E = ZH where Z is the impedance of

free space, 376.7 ohms.
The magnitude of the field is a function of

frequency as indicated by equation (1 ); however,
the induction field component under the radical

which is the frequency correction term has a

negligible effect at frequencies below approxi-

mately 5 MHz. Below 5 MHz this term can be

omitted without appreciable error.

The loop antenna configurations are illus-

trated by Figure 1. The transmitting and
receiving loops are positioned coaxially to each
other at a spacing of 1 to 2 meters. The spacing

is determined by the desired magnitude of the

calibrating field and the frequency. Equation

(1) is only valid for determining the equivalent

free-space electric field strength when r^, r^,

and d are electrically small compared to \. The
loop spacing should be a minimum of four times
the radii of the larger of r^^ or r^ for equation

(1) to be valid within one percent.

To meet the free -space requirements of

equation (1), the calibration site should be in an
area that is relatively free of any sizeable

metallic objects that might influence or distort

Fig. 1 — Simplified Loop Calibration Set-Up

the calibrating field. Normally, if the calibrating
area is cleared of metallic objects for about two
or three times the loop spacing, d, there should
be no appreciable effect. The calibrating site

should, therefore, be in an area relatively free
of any objectionable metallic objects such as
overhead power lines, shielded rooms, or steel

reinforced walls. A non-metallic building with
no overhead wiring makes a satisfactory cali-

bration site. Figure 2 shows a typical loop cali-

bration set-up at the NBS loop calibration site.

Fig. 2 — Typical Loop Calibration Set-Up

Another point of consideration is the

position of the loop antenna relative to the

receiver case when the loop antenna is mounted
directly to the case. The receiver case will .

distort the measured field, but the distortion

may not be the same for the quasi-static field

(calibrating field) as the radiation field. To
minimize this source of error, it is advisable
to specify the position of the loop relative to the

receiver case if the proximity of loop is within

one loop diameter of the receiver case.
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Loop Antenna Calibration Accuracies

The standard -field method of calibrating

loop antennas has been compared with the stand-

ard-antenna method, and good agreement between
the two obtained. A standard receiving loop

antenna used at 10 MHz consisted of a single turn,

approximately 20-cm in diameter, with a point

contact silicon crystal diode built into the center

of the loop and an R-C filter network connected

at the terminals as illustrated in Figure 3.

Fig. 3 — Circuit Diagram of a Standard Fig. 4 — A 10 MHz Standard Receiving Loop
Receiving Loop Antenna Antenna

A 10 MHz receiving loop antenna is shown in

Figure 4. The dc output of the crystal is meas-
ured with a precision, high impedance millivolt-

meter. By knowing the rf-dc voltage charac-
teristics, the open-circuit antenna voltage, V ,

can be determined. The magnitude of the elecfric

field strength can be calculated by the relation-

ship:

V

eff

where IL is the effective length of a single -turn

loop in meters. The effective length of a single

turn loop may be determined by the following

equation:

. _ 2TTA

eff \

where A = loop area in square meters,
X. = free-space wavelength in meters.

Another technique that can be employed to

calibrate balanced loop antennas is the loop-

injection method. A low impedance voltage

source (approximately 0.1 ohm) is used to

inject a known voltage in s'eries with the loop.

By calculating the effective length of the loop

and knowing the series voltage, the antenna
coefficient can be determined. This method is

limited to antennas of certain physical charac-
teristics and to lower frequencies. The upper
frequency limit is a few megahertz. Agreement
between this method and the standard -field

method is approximately 10 percent.

The diameter of the NBS transmitting loop

is approximately 2 0 centimeters, and the loop

current is normally 100 milliampe res . The
current is measured by means of a vacuum
thermoelement mounted in the top-center of the

loop. This dc calibrated thermoelement is

believed to measure rf current to well within one

percent at frequencies up to 30 MHz. The output

of the thermocouple is measured with a high
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quality millivoltmeter or digital voltmeter. The
loop input is balanced by means of a high quality

balun transformer. The balance error of this

transformer with respect to ground does not

exceed 2 percent. The uniformity of the loop

current is also a function of the loop circumfer-
ence. If the loop circumference is no greater

than K/16, the loop current will be essentially

uniform. It is apparent that the current dis-

tribution presents problems only at the higher

frequencies; it may be possible to drive the loop

from an unbalanced source at the lower fre-

quencies without serious accuracy degradation.

The magnitude of the NBS standard fields

used to calibrate loop antennas is usually

between 20 and 200 millivolts per meter. At

the present time it is believed that standard

fields can be established with an uncertainty

of 3 percent at frequencies from 10 kHz to 5

MHz and 5 percent or less at frequencies from
5 to 30 MHz.

Dipole Antenna Calibrations

Dipole antennas are calibrated in terms of

a horizontally -polarized radiated field at fre-

quencies from 30 to 1000 MHz. The standard-

antenna method is utilized for these calibrations.

A field is radiated by a transmitting antenna.

In the radiated field a self -re sonant half-wave
dipole antenna of known characteristics (called

a standard -antenna herein) capable of meas-
uring the magnitude of this radiated field is

placed at some predetermined location, and the

field measured. The transmitting level is

carefully monitored to insure no transmitting

level changes, and the antenna being calibrated

is then substituted in place of the standard-

antenna. The antenna coefficient is determined
by the relationship of the two measurements.
The standard -antenna method is used in place

of the standard -field method to calibrate dipole

antennas because of the inconvenience of

establishing known fields using the standard

field method

.

The standard receiving antenna consists of

a self-resonant half-wave dipole antenna with a

relatively high impedance (approximately 10 K
ohms) balanced voltmeter built into the center

gap of the antenna. The balanced voltmeter is

composed of a selected point-contact silicon

crystal diode as the detector and an R-C filter

network so that the dc output of the crystal can

be measured with any high quality high imped-
ance millivoltmeter. Figure 5 shows an

experimental receiving dipole antenna used from
300 to 600 MHz, showing the silicon crystal

Fig. 5 - An Experimental Receiving Dipole
Antenna

diode and the R-C filter network.
The crystal diodes mounted into the center

gap of the receiving antenna are carefully

selected to optimize characteristics such as

frequency insensitivity, temperature stability,

voltage sensitivity, rf impedance, and shunt

capacity. Several types have been used. For
the lower frequencies (30 to 400 MHz) a cart-

ridge type mixer diode has been found to be

satisfactory; the frequency characteristics of

this diode are flat to within 1 percent at fre-

quencies up to 400 MHz and within 10 percent
at 1000 MHz. Above 400 MHz it is necessary
to apply frequency corrections to achieve maxi-
mum accuracy. At the higher frequencies (400

to 1000 MHz) glass encapsulated, subminiature

,

crystal diodes are normally used because of

their improved frequency response and lower
shunt capacity. Crystals of this type have a

frequency response that is flat to within approxi-

mately 5 percent to 1000 MHz and a shunt capa-
city of 0. 3 pf or less. The frequenc^y response
of these crystal diodes was evaluated in a special

coaxial mount.
The rf voltage calibrations of the crystals
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are made in terms of a balanced rf voltmeter

that has been referenced to an NBS unbalanced

voltage standard. It is believed that the bal-

anced voltmeter is accurate to within 1 or 2

percent at the levels and frequencies used. The

crystal diodes are normally calibrated when

mounted into the center gap of the antenna.

Figure 6 shows two views of the balanced volt-

meter; the crystal diode is attached to the volt-

meter by means of the spring clips. The

Fig. 6—Balanced Voltmeters Used to Calibrate

Crystal Dipole Antennas.

calibration is accomplished by applying a known

balanced voltage to the crystal and then reducing

the voltage in known increments by means of an

accurate step attenuator. From these data a

curve showing the rf input voltage and the dc

output voltage of the crystal can be drawn.

Figure 7 illustrates a typical calibration curve

of one of these crystals. The calibrating fre-

quency is normally 50 MHz. If necessary,

frequency corrections are applied when crystals

are used at the higher frequencies.

The electric component of a field can be

expressed in terms of the induced antenna volt-

age, v., and the effective length of the antenna,

t . 'fhe effective length of half-wave dipole

(Issuming sinusoidal current distribution) can

be calculated from the relationship:

i . , =— tan—
e f f TT \

where i is the antenna half-length in meters.
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Fig. 7 — Typical Calibration Curves of the

Crystal Voltmeter, Showing the Vari-

ation in dc Output Voltage Versus
Applied rf Voltage for the Circuit

Shown

.

The induced antenna voltage, V , is measured
oc

with a reasonable high impedance balanced volt-

meter; therefore, the loading effect on the

antenna is negligible and its terminal voltage is

essentially the same as the induced voltage

(referred to the center terminals). The magni-

tude of the field can be determined by the

relationship:

V

eff

where [E
|
= electric field strength in volts per

mete r.
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eff

open-circuit antenna voltage in

volts, and
effective antenna length in meters.

V
oc

The loading effect of the voltmeter at the

center gap of the antenna may be determined
by the following relationship:

where V = load voltage,

V = open-circuit voltage,
oc

Z = load impedance, and

= antenna input impedance.

In order to achieve a self- resonant, half-

wave, dipole antenna of finite thickness, it is

necessary to shorten the overall length of the

antenna. The shortening is a function of the

antenna rod diameter and frequency. Figure 8

is a curve of the percent shortening versus the

characteristic impedance, K , of a cylindrical
half-wave antenna. The percent shortening may
be determined by the following equation: ^

% shortening =
2708
K

where K = 12 0
f
log ( t ) - ll . and

a = antenna rod diameter in centimeters.

The percent shortening of the NBS antenna is

usually between 4 and 6 percent, depending on
the length to diameter ratio. The transmitting
antenna is a self-resonant, half-wave antenna
identical in physical dimensions to the receiving
antenna. The transmitting antenna is fed with a

balanced input by means of a balun transformer.
All antenna measurements are performed at

a nearby calibration site which meets the require-
ments previously mentioned for antenna cali-

brations. The internal characteristics of the

receiver are determined in the laboratory.
Figure 9 is a view of the calibration consoles

7

a I 1 1 \ 1 1 _J
400 600 800 1000 1200

K,— OHMS

Fig. 8 — Percentage Shortening of a Cylindrical

Half-Wave Dipole Required for Self-

Resonant Operation Versus the Average
Characteristic Impedance, K .

Fig. 9 — Calibrating Consoles Used to Measure
Field Strength Receiver Characteristics.

used to determine attenuator ratios, overall

linearity, and receiver sensitivity. These con-
soles consist of various signal generators,
precision step attenuators, rf mic ropotentio

-

meters, and frequency meters to perform meas-
urements from dc to 1000 MHz. Attenuation and
linearity measurements are performed by direct

substitution, employing resistive type standard
attenuators. Voltage measurements are made
in terms of rf mic ropotentiomete rs

.

Accuracy of Dipole Calibrations

The standard -antenna method of calibrating
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dipole antennas has been compared with the stand-

ard-field method at selected frequencies to 1000

MHz in order to determine the uncertainty. The
agreement between the two method^ varied from
5 percent at the lower frequencies to 10 percent

at the higher frequencies. The establishment of

accurately known standard -fields at these fre-

quencies is difficult and requires a large flat

area (several acres) without interfering objects

such as trees or power lines. This type of

location is often not readily available nearby. The
standard -antenna method of calibrating dipole

antennas is easier to perform, and the calibrating

site requirements are less stringent.

Other techniques that have been investigated

and compared with the above-mentioned techniques

include the measurement of the receiving

antenna current, and the determination of the

electric field strength in terms of the antenna

current, dipole impedance, load impedance , and

effective length. Thermoelements are used to

measure the antenna current. The measure-
ments using this technique are in reasonably

good agreement with the standard-antenna

method, but the technique has certain inherent

disadvantages and is somewhat difficult to

accomplish.
Another comparison was made by calibrating

the antennas in terms of receiver accuracy as a

two -terminal rf voltmeter, antenna balun trans-

former characteristics, and the assumption that

the antenna was ideal. This method is easy to

perform, because the measurements can be

performed in the laboratory, but the results are

not very encouraging. Agreement with the

standard -antenna method was no better than 15

to 25 percent at some of the higher frequencies.

Antennas submitted for calibration are

normally calibrated at a height of 10 feet above

the ground; the presence of the ground will have
an effect on the antenna impedance and thus an
effect on the antenna coefficient. Therefore, it

is recommended that the antenna be used at a

height of 10 feet or more. If used at lower
heights it is ^dvisable to use additional

corrections. It has been found that the pres-
ence of average ground does not effect the

antenna impedance more than 5 percent for

antenna heights of 0. 65 wavelength or greater.

At the present time a calibration service

for horizontally-polarized half -wave dipole

antennas is offered at frequencies from 30 MHz
to 1000 MHz with a calibration uncertainty of

12 percent. Although the calibrations are per -

formed with horizontal polarization, it is

believed to be substantially the same for vertical

polarization.

Future Plans

Long range planning includes improvements
in the uncertainties of the present field strength

calibration services, as well as the extension of

the frequency range, and range of magnitudes
available. Also planned are the eventual intro-

duction of new calibration services in both field

strength and related areas.

Efforts are continuing to improve the uncer-
tainty of loop antenna calibrations over the fre-

quency range 10 kHz to 30 MHz, and eventual

extension of the frequency range downward from
10 kHz to the vicinity of 30 Hz. Improvements
are anticipated in the uncertainties of dipole

antenna calibrations over the frequency range 30

to 1000 MHz. Other new areas are being investi-

gated for possible calibration services; these

areas include vertical rod antennas and electric

and magnetic probes for high-level, near-field

measurements

.

Long range plans in related fields include

some new services for noise measuring devices.

These plans include a service for the calibration

of random noise generators in the 30 to 1000 MHz
frequency range, and eventually expanding this

service to include measurements of effective

input noise temperature and the calibration of

impulse generators.
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The National Bureau of Standards has recently completed the development of prototype instrumen-

tation for measuring the electric-field components of complex, high-level, near-zone electromagnetic

fields. The instrumentation is intended for use in evaluating hazards of high-level electromagnetic

radiation to electroexplosive ordnance devices at military installations. The measuring range is from

0.1 to 1000 V per meter, at frequencies from 150 kHz to 30 MHz, v^ith a present uncertainty of less than

±2 dB.

The design of the NBS meters is based on the use of a novel form of telemetry, which apparently

has not been fully exploited heretofore. This involves the use of a completely nonmetallic electrical

transmission line over which the held information is transmitted from the measuring antenna to a

remote readout unit. The line is essentially "transparent" to the field being measured, and reduces

the perturbation of the field two orders of magnitude below that normally experienced when using a

metallic line. The high r-f line loss involved necessitates miniaturizing the r-f portions of the receiving

and calibrating instrumentation and placing them and their associated battery supplies inside the

measuring antenna. The design and performance of the meters are discussed in some detail.

Key Words: Device, electroexplosive ordnance; field, near-zone electromagnetic; hazards, elec-

tromagnetic radiation; line, nonmetallic electrical transmission; line, semiconducting

plastic transmission; meter, electric field-strength; telemetry, novel form of.

1 . Introduction

The National Bureau of Standards, under the spon-

sorship of the Defense Atomic Support Agency, has

recently completed the development of prototype

instrumentation for measuring the electric-field com-
ponents of complex, high-level, near-zone electro-

magnetic fields. The instrumentation is capable of

measuring both the magnitude and direction of ellip-

tically polarized CW electric fields having strengths in

the range from 0.1 to 1000 V per meter at frequencies

from 150 kHz to 30 MHz. This represents one step

in the effort to develop accurate and meaningful
measuring and calibrating instrumentation, for use
in evaluating hazards of electromagnetic radiation to

electroexplosive ordnance devices. It is well known
that high-level fields of powerful nearby radio trans-

mitters may cause premature detonation of missile and
rocket type weapons during storage or loading opera-

tions on shipboard, or at other military installations.

It was from the standpoint of improving both the

weapons rehabihty. as well as the safety of operating

personnel and equipment, that the program was
undertaken.
The design of the NBS meters is based on the use

of a novel form of telemetry, employing a completely
nonmetaUic electrical transmission line to avoid per-

*For complete design details the reader is referred t(» "A New Near-Zone Electric-Field-

Strength Meter"'— Frank M. (ireene. National Bureau of Standards Technical Note No. 345.
November ].S,.1966. For sale by the Superintendent iif Documents, U.S. Government
Printinn Office. Washington. D.C, 20402. Price 35 cents.

**Radio Standards Engineering Divisii>n, National Bureau of Standards, Boulder, Colo.
80302.

turbing the field being measured. This approach has

apparently not been fully exploited, heretofore. The
extremely high r-f loss of the line used attenuates any
r-f currents induced on the line by the surrounding
field and essentially eliminates reradiation from the

hne, or unwanted couphng between the Une and the

measuring antenna. The high line-loss, however,
necessitates miniaturizing the r-f portions of the re-

ceiving and calibrating instrumentation and placing

them and the associated battery supplies inside the

measuring antenna. The field information contained

in the detected DC-AF output of the receiver is trans-

mitted over the line to a remote readout unit, where
the strength of the electric-field component parallel

to the axis of the antenna is read directly.

Interim electric-field standards and calibration tech-

niques were also develped at NBS to evaluate the

performance of the field-strength meters during their

development, as well as to provide a tentative calibra-

tion of the completed instruments. The present

uncertainty of the standards is believed to be less than
±2 dB, but further development effort is expected to

reduce this to less than ±1 dB.

2. The New "Semiconducting" Plastic

Transmission Line

2.1. Errors Caused by Metallic Lines

In the past, electric field-strength meters have
usually made use of a long metallic r-f transmission
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line to connect the measuring antenna with its receiver,

usually located at a point remote from the antenna.

Such metallic lines often cause large measurement
errors, especially when measuring near-zone fields

having complex spatial distributions. In these cases,

a neutral-field path, along which the line can be placed,

either seldom exists, or the orientation of such a path,

if it does exist is usually not known in advance of

making the measurements. Under these conditions,

it is difficult or impossible to orient the line so that it

is everywhere normal to existing electric-field compo-
nents. Thus, the fine not only may perturb the field

being measured, but unwanted r-f currents induced
on the line can be coupled into the antenna and con-

tribute to the total response of the field-strength meter.

2.2. The Use of a Nonmetallic Line

The NBS near-zone meters avoid this difficulty by
making use of a special nonmetalHc balanced trans-

mission Une in which the conductor r-f loss has been
purposely made extremely high compared to that of

the usual copper line. If the conductors are made of

sufficiently high resistance material, the line can be
made essentially "transparent" to the surrounding

field. This is to say that the r-f currents induced on
the transmission line by the field will be negligibly

small, resulting in insignificant reradiation, or that any
r-f energy propagating along the fine will be heavily

attenuated because of the extremely high loss of the

line. It has been found that this can be achieved if

the volume resistivity of the conductor material used
is of the order of a million times or more higher than

that of copper. This is roughly midway (on a loga-

rithmic scale) between the volume resistivity of metals,

on the one hand, and that of insulators such as glass or

mica on the other. Such materials can therefore be
said to be "semiconducting."

2.3. Description of the "Semiconducting" Line

The material used in the NBS fines is basically

polytetrafluoroethylene (PTFE), rendered "semicon-
ducting" by uniformly dispersing finely divided carbon
black (approximately 30 percent by weight) throughout
the plastic while it is in the semifluid state during its

manufacture. Tests at NBS have indicated the

PTFE material to be more stable electrically than
other types tried, such as silicone rubber, polyethylene,

carbon-coated multifiber glass, etc. Other types of

conductor materials (including high-resistance metallic

alloy wire and thin deposited metallic films) were
examined, but were not found to be practical for this

use, either because of unsuitable electrical charac-
teristics or excessive cost.

Several parallel-conductor balanced transmission
lines were made at NBS using the semiconducting
PTFE material. The fine conductors are in the form
of 0.03 in diam monofilaments in place of the usual

copper conductors. They are coated with a thin nylon

film (approximately 0.005 in thick) to further improve
their strength and electrical stability. Each of the

filaments is in turn enclosed in a vinyl-coated woven
fiber glass sleeve approximately 0.1 in O.D. Two such
insulated conductors are encased in a polyvinyl

chloride outer jacket, for added strength and protec-

tion, to form the completed transmission line. Military

Type JJ-048 or PJ-291 twin-conductor plugs are used
at the two ends for connecting to the dipole antenna,

and to the remote indicator unit, respectively. The
overall length of the lines is approximately 30 ft.

2.4. Electrical Characteristics of the Line

The semiconducting PTFE material used in the line

has a volume resistivity of approximately 3.0 fi-cm
(compared to 1.7x10"^ fi-cm for copper), giving a

resistance of approximately 20,000 fl per hneal foot,

or a loop resistance of approximately 1.2 Mfl for a line

30 ft in length. The measured mutual capacitance
between the two line conductors is approximately
10 pF per foot, or roughly 300 pF for the entire line.

The transmission loss, to the desired field-strength

information at dc and low af, is neghgible if a high-

impedance d-c a-f vacuum-tube voltmeter is used
as the readout device at the receiving end of

the line. The fine attenuation increases as the

square-root of frequency, reaching a theoretical as

well as a measured value of approximately 53 dB per

foot at a frequency of 30 MHz. for the differential mode
of transmission. The common-mode attenuation with

the line lying flat on a metal ground plane turns out to

have essentially the same value. The use of a high-

los=., parallel-conductor, balanced transmission line of

ihis type has been found to reduce the perturbation

of the surrounding field by more than two orders of

magnitude below that existing in the case of a copper
line. This renders any effect of the fine on the field

wholly negligible in most instances. A type of "flex-

ural" noise is generated on the transmission line

when it is suddenly flexed or moved physically. The
common-mode component of this "noise" may be
relatively high, having a peak value of several volts

on open circuit. However, the differential-mode

component is appreciably smaller and does not present

a problem in the NBS meters at the level of d-c

transmission used (see table 1).

3. Description of the Near-Zone Field-Strength

Meters

3.1. Principles of Operation

Two prototype near-zone field-strength meters were
developed for the Defense Atomic Support Agency, and
cover the frequency ranges 150 to 250 kHz, and 18 to

30 MHz, respectively. These meters make use of

a tuned r-f type of receiver to amplify the voltage in-

duced in the receiving antenna by the component of
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FlGliRE 1. Block diagram of the NBS field-strength meter.

the electric field being measured. A tunable CW
oscillator is included to permit calibrating the overall

receiver gain periodically during a sequence of meas-
urements in the field. A block diagram of the basic

circuitry is shown in figure 1. The meters employ
the same basic method of receiver-gain calibration

that has been used in CW-type field-strength meters
in this country for many years. The receiver portion

of the field-strength meter consists basically of an r-f

input capacitive step attenuator, a fixed-tuned band-
pass r-f ampUfier (with manual gain control), and a

diode detector. The r-f output level of the oscillator

is monitored by its own detector. When calibrating,

the receiver gain is simply adjusted until the d-c out-

puts of the two detectors are identical. In this

method, the exact level of the cahbrating signal is not

important, and does not have to be known. However,
it is important that the oscillator monitoring detector

remain stable.

Table 1. Distribution of nominal operating rj-voltage levels

(in the TRF field-strength meter)

0.1-1.0

1 .0-10

10.-102

102-10=

aldB)

0
20

40
60

('.(voltsl

0.015-0. 1.S

0.15-1. .SO

1.50-15.0

15.0-1.50.

I'Mvolts)

0.0113-0.03

0.03-0.30

0.30-3.00

3.00-30.0

f-'.lviilts)

0.003-0.03
0.003-0.03

0.003-0.03

0.00.3-O.03

K2(vc>lts)

0.3-3.0
0.3-3.0

0.3-3.0

0.3-3.0

Kjl volts

0.7.5-7.5

0.75-7.5
0.7.5-7.5

0.75-7.5

flV/m) = Electric field strength, volts per meter
a(dB) = .Measuring dipole attenuator setting

V, = Induced voltage in measuring dipole

y,t = Output voltage of measuring dipole

Vi = Input v(dtage to rf amplifier

= Output voltage of rf amplifier

K:, = Output voltage of amplifier detectftr (DC).

A list of the various ranges of r-f voltage over which
the principal components operate is shown in table 1

for the range of electric field strength from 0.1 to 1000

V per meter. An explanation of how the ranges were

calculated is given in the following:

Effective length of measuring dipole..., Lpff — 0.15 m
Induced voltage in dipole , Vi = E • Lpff

Dipole voltage-transfer ratio, VolVi=Cal{Ca+Cs) =0.20
C„ = Internal capacitance of dipole , C„ = 3 pF
Cv = Residual gap and circuit capacitance,

Cs = 12 pF
RF amplifier nominal voltage gain , V->IVi = 100.

3.2. Electrical Design

The Dipole Antenna. A cutaway view of the dipole

assembly is shown in figure 2, and a view of an assem-
bled unit is shown in figure 3. The dipole is made of

Vi6 in wall copper tubing 1% in O.D. The length is

approximately 13 in with a V32 in insulated gap at the

center. The miniaturized solid-state receiver and its

battery supply are contained in the left half, and the

CW calibrating oscillator and its battery supply are

in the right half. The capacitive step attenuator, the

DPDT line-transfer switch, and the oscillator ON-OFF
control comprise the five rotary switch wafers seen in

the central portion of the dipole assembly. The
balanced transmission-line plug connects to two
insulated stainless steel pins at the center of the dipole.

The line enters the interior of the dipole through a two-

section balanced RC filter to help preserve the elec-

trical symmetry or balance of the dipole with respect

to the transmission line, and to attenuate any differen-

tial, as well as common-mode r-f pickup that might
exist on the line. The symmetry is important if the

antenna is to respond only to the component of the

electric field parallel to its axis. The symmetry of

the NBS dipole is such that its response to the cross-

polarized component of the electric field is 40 dB or

more below the principal response.

It can be shown that if the length of the measuring
dipole does not exceed 0.03 wavelength, its effective
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Figure 2. Cutaway drawing of the measuring dipole.



length when measuring a field having a highly complex
spatial distribution will not differ by more than 2 or 3

percent (in the worst case) from the effective length

when immersed in a uniform plane wave. Likewise,

the interaction error, resulting from coupling between
such a short antenna and its image, will be small pro-

vided the loading is light and that measurements are

not made closer than 2 or 3 ft to the ground or large

metallic objects.

RF Capacitive Step Attenuator. This attenuator has

four principal steps, 0, 20, 40, and 60 dB, with two

additional 0 dB positions, calibrate A(OSC) and cali-

brate B(AMP)., In the latter two positions, the calibrat-

ing oscillator is automatically turned ON, and the

"semiconducting" transmission line can then be

switched between the d-c outputs of the oscillator and

amphfier detectors, while cahbrating the amplifier

gain. The attenuator is constructed using special

subminiature rotary wafer switches. Miniature low-

temperature coefficient ceramic capacitors are used

in either an "L" or a "Pi" configuration for the various

attenuator pads. The attenuator steps are accurate

to ±0.1 dB. The attenuator module is approximately

1 in O.D. by 1 in long.

Band-Pass Amplifier and Detector. In order to

provide a high input impedance, so as not to appre-

ciably load the dipole antenna or the capacitive step

attenuator, a metal-oxide-silicon field-effect transistor

(MOS-FET) is used in the first stage as an untuned
input-impedance converter. This is followed by a

six-pole, fixed-tuned, bandpass filter having a 3 dB
pass-band of 150 to 250 kHz, and 18 to 30 MHz respec-

tively in the two units and a 40 dB pass-band of 100 to

300 kHz and 12 to 36 MHz, respectively. The fiher

is followed by a 3-stage r-f amplifier. In the low-

frequency unit, this is broadband resistance-coupled,

using overall negative r-f feedback to improve gain

stabihty with respect to temperature and supply-

voltage variations. In the high-frequency unit, the

r-f amplifier has 3 stages using wide-band synchro-

nously tuned interstage transformers. The overall

gain of both amplifiers can be manually adjusted to the

required operating value of approximately 40 dB.

The output detectors of both amplifiers employ two
stable silicon diodes in a voltage-doubling circuit, to

ease voltage-swing requirements on the final stage and
consequently to reduce battery drain. A 12 V silver-

oxide battery supply is used, having a useful life of

from 10 to 20 hr. The complete amplifier module
measures IV4 in O.D. by 5 in long including its filter

and battery supply.

Calibrating Oscillator and Detector. This unit is

also transistorized. It consists of a permeabiHty-tuned
Clapp-Colpitts oscillator followed by a two-stage auto-

matic-level-control amplifier to maintain the r-f output
essentially constant over its tuning range. The tuning
range of each of the two oscillators is the same as the

3 dB bandwidth of the band-pass amplifier with which
it is used. The r-f output of the oscillator is adjustable

to roughly 3.0 V and fed into a fixed 30 dB resistive

attenuator pad. When calibrating the gain of the

band-pass amplifier, the output of approximately 0.1 V
from the pad is applied to the amplifier input through a

small variable capacitor (adjusted to approximately

3 pF) which simulates the dipole probe capacitance.

The detector circuit is identical to that used with the

band-pass amplifiers and is used to monitor the 3.0 V
oscillator level at the input terminals of the 30 dB pad.

A 13.5 V silver-oxide battery supply is used, having a

useful life of about 20 hr. A portion of the supply is

Zener regulated and applied to the transistor base
circuits for improved amplitude stability. The com-
plete calibrating oscillator module measures IV4 in

O.D. by 5 in long including the battery supply.

The Remote Indicator Unit. This unit consists

basically of a battery-operated, balanced d-c vacuum-
tube voltmeter, with its d-c microammeter, on which
the magnitude of the electric field strength is indicated.

This VTVM has exceptionally good stability and
hnearity of response because of the large amount of

negative d-c feedback employed in its design. It is

used over a single 20 dB input range of approximately
0.75 to 7.5 V. The balanced input circuitry provides

from 40 to 60 dB rejection of common mode input in the

60 to 400 Hz power-frequency range. In addition, a

two-section balanced r-f filter provides at least 40 dB
suppression of common and differential-mode input at

the higher r-f frequencies. An output circuit in the

VTVM is used to drive a transistorized audio amplifier

and loud speaker. These units are used as a zero-beat

indicator when adjusting the frequency of the calibrat-

ing oscillator to that of the field being measured.
Separate, self-contained battery supplies are used
with the VTVM and a-f amplifier. The complete
remote indicator is housed in a drawn-aluminum case,

using a tight-fitting panel to minimize r-f leakage into

the unit. A small drawn-aluminum case is used to

enclose the rear side of the d-c microammeter to reduce
r-f entry through the meter face.

The Assembled Field-Strength Meter. The meas-
uring dipole of the near-zone field-strength meter is

mounted on a hollow fiber-glass shaft which is perpen-

dicular to its axis. This shaft is in turn supported in

plastic bearings in a circular reinforced polyfoam
gimbal, approximately 21 in. in diameter, as shown in

figure 4. This assembly is mounted on a sturdy

wooden surveyor's tripod, in such a manner that

manual adjustments in both azimuth and elevation

can be readily made in the orientation of the dipole.

A view of the complete field-strength meter is shown
in figure 5. The balanced transmission line connects
to the dipole through the hollow shaft on the right.

The other end of the 30 ft line connects to the remote
indicator unit, a closeup view of which is shown in

figure 6.

3.3. Performance

The two near-zone field-strength meters underwent
extensive field tests at the U.S. Naval Weapons Labo-
ratory at Dahlgren, Va. Electric field strengths were
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Figure 4. View of the measuring dipole and mounting gimbal.

i

Figure 5. The complete near-zone field-strength meter.

9 # #

Figure 6. View of the remote, indicator unit.

measured without difficulty over the entire range from
0.1 to 1000 V per meter (CW-RMS). There was no
observable susceptibility to out-of-band CW signals

having levels as high as 200 V per meter, or to pulsed
signals from nearby 'high-powered radar transmitters.

No interaction was observed between the semicon-
ducting transmission line and the field being measured.
In general, the agreement was about ± 1 dB between
the instrument readings as calibrated in the NBS
standard field at Boulder and those obtained in the

NWL standard field at Dahlgren. The uncertainty

in the calibration accuracy of the instruments is

believed to be less than ± 2 dB. Further development
effort on the standard fields is expected to reduce this

to less than ± 1 dB.

The work described in this paper was performed for

the Field Command, Defense Atomic Support Agency,
under DASA Order No. HD-1102-31 7 1-0001 (June

20, 1963).

The author wishes to acknowledge the valuable

assistance of Wilham E. Jessen of NBS-BL in the

assembly and performance evaluation of the instru-

mentation described herein. The assistance of Ezra
B. Larsen in the standard-field development work is

also gratefully acknowledged.
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Abstracts of Related Papers

3.a. Discussion of errors in gain measurements of

standard electromagnetic horns, R. W. Beatty, NBS
Tech. Note 351 (March 1967).

In setting up a calibration service for measuring the

gain of standard electromagnetic horns, one needs a

reference horn in which one has developed a high degree

of confidence. Although it is possible to calculate the

gain of horns of certain design, confidence can be in-

creased by carefully measuring the gain. This note

examines a method for measuring the gain of two

identical horns, listing the assumptions made in making
such a measurement. The theory of 2-port waveguide

junctions is applied to the analysis of the measurement
technique. The method is shown to be essentially an

attenuation measurement which has additional sources

of error. Although these errors are not analyzed and
evaluated in this note, the problem is perhaps more
clearly stated than it was previously. The mismatch
error in comparing two horns as receiving antennas is

analyzed. Data is given on the aperture efficiency of

standard horns which indicates that improvements in

the design of such horns are feasible. It is concluded

that, at present, an uncertainty limit of the order of

tenths of decibels seems realistic, but hundredths of

decibels seems unattainable until further refinements

are made both in the standard horns themselves and

in the measurement techniques.

3.b. Theory of diffraction in microwave interfero-

metry, D. M. Kerns and E. S. Dayhoff, J. Res. NBS
64B (Math. & Math. Physics), No. 1, 1-13 (Jan.-Mar.

1960).

Microwave Michelson and Fabry-Perot interferometers

are respectively considered as instances of: (1) A "re-

flection system", consisting of a radiating-receiving

system and a reflecting object (e.g., a finite mirror);

and (2) a "transmission system", consisting of a radiat-

ing system and a receiving system with an object (e.g.,

a Fabry-Perot etalon) interposed. The basic theoretical

objective is the calculation of the amplitude and phase

of the (time-harmonic) received signal in the systems

considered. The electromagnetic field in space trans-

mission paths is represented in terms of continuous

angular spectra of vectorial plane waves, and the ele-

ments of the systems are described by means of suitable

tensor scattering matrices (having both discrete and

continuous indices). Needed scattering matrices are

considered known; relationships to experimentally de-

terminable data are outlined. The general case of either

the reflection or transmission system is soluble formally

in terms of a series of integrals stemming from the

Liouville-Neumann series solution of certain integral

equations. Formulas are obtained for models of the

Michelson and Fabry-Perot instruments with arbitrary

radiating and receiving characteristics. The theory and
various features of the instruments considered, includ-

ing Fresnel-region (or quasi-optical) behavior, are illu-

strated by means of examples obtained by choosing

relatively simple and rather hypothetical analytical ex-

pressions for the radiating and receiving characteristics.

3.C. Calibration of loop antennas at VLF, A. G.

Jean, H. E. Taggart, and J. R. Wait, J. Res. NBS 65C
(Eng. & Instr.), No. 3, 189-193 (July-Sept. 1961).

A technique and the equipment used for the precise

determination of field strength of signals received from
VLF transmitters is described. The equipment, which
is battery-operated, contains provisions for the recep-

tion of VLF signals and the generation of standard

fields to an accuracy of 5 percent. Both the receiving

and transmitting antennas are loops. The field strength

is determined in terms of a quasi-static magnetic field

with the two loop antennas positioned coaxially at a
spacing of approximately two meters. Although the

technique was developed for use at VLF, it can be used

at higher frequencies for calibrating loop antennas,

generators, and voltmeters, and for determining effec-

tive heights of antennas, or similar applications.

See also 6.A.
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The Measurement of Baseband Pulse Rise Times

of Less than 10"^ Second

N. S. NAHMAN,

Abstract—This is a review paper dealing with the measurement of frac-

tional nanosecond pulse rise time in which the following subjects are discussed

:

oscillographic systems, pulse comparison techniques, a basic instrumentation

system, and the distortion of pulses by transmission lines. Extensive refer-

ences are provided. Included in the discussion is a delineation of equivalent-

time oscillographic sampling systems and a classification into three sampling

categories: sequential, random, and multiple. Also considered are single

transient oscillographic systems employing either traveling-wave-deflection

structure cathode ray tubes or multiple sampling methods. In order to clearly

present the rise-time limitations caused by TEM transmission lines, atten-

tion is given to the distortion incurred by pulses upon passing through such

lines. Some suggestions and predictions relating to future work are presented.

I. Introduction

THE PURPOSE of this paper is to describe the present-

day capability in measuring baseband (i.e., video)

pulse transition times of less than one nanosecond

and to provide some insight into the probable course of

future development.

At present the measurement techniques can be classified

into three categories : 1 ) real-time oscillography, 2) sampling

oscillography. and 3) pulse comparison. The first two tech-

niques provide in principle a direct view of the pulse as a

Manuscript received February 15, 1967: revised March 22. 1967,

The author is with the National Bureau of Standards and the University

of Colorado, Boulder, Colo.
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function of time while the third technique may or may not

provide such a view.

Central to the development of fractional nanosecond

pulse techniques has been the implicit establishment of a

basic oscillographic instrumentation system which con-

sists of three parts : 1 ) an abrupt-transition pulse generator,

2) interconnecting transmission circuits, and 3) the oscillo-

graphic indicator. This basic system can be calibrated by

fundamental means so that the display system pulse wave-

form can be known with very little uncertainty. Note that

the displayed waveform is the response due to the cascade

of the three networks comprising the system and is not the

response of the oscilloscope by itself.

The pulses under discussion here contain frequency com-

ponents within the range from dc to above 20 GHz. Because

of the large bandwidths required to transmit or delay such

pulses from point to point, the pulses must be transmitted

or delayed within low-loss uniform TEM-mode transmis-

sion lines. Furthermore, because transmission-line losses

and nonuniformities are always present, the pulse shapes

will be changed by transmission through such transmission

lines.

The order of the topics to be presented is as follows:

real-time oscillography, sampling oscillography, pulse com-

855
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parison techniques, a basic instrumentation system, trans-

mission-line pulse distortion, and concluding remarks.

Finally, numerous references are cited, some of which in-

clude private oral or written communications between the

author and other workers in this field. In order to provide

recognition to these individuals, their communications are

acknowledged in the references.

II. Real-Time Oscillography

The main utility of the real-time oscilloscope rests in its

ability to display a nonrecurrent pulse, i.e., operate in the

single-shot mode. To do so, the oscilloscope cathode ray

tube (CRT) must possess sufficient beam energy and suitable

phosphor characteristics so that the light from its trace is

able to expose a photographic film producing a permanent

record of the single-shot pulse waveform. It is also possible

to employ a vacuum-demountable CRT in which the elec-

tron beam writes directly upon a photographic film within

the vacuum space. In order to produce the high writing rates

required to record fractional nanosecond pulses, design

compromises are necessary which yield CRT's that are

relatively deflection-insensitive when compared to conven-

tional tubes.

To increase the deflection sensitivity in the signal (vertical)

channel, a traveling-wave (TW), or in other words, slow-

wave deflection structure is used. Simply put, the slow-

wave deflection structure allows the vertical deflection sig-

nal to travel with the same velocity as the electron beam.

Consequently, over the length of the deflection structure

each particular value of the vertical signal travels along

with a portion of the electron beam and acts on the beam
for a longer period of time than would be the case with an

ordinary parallel-plate deflection structure. Because of the

increased action time the corresponding deflection is

greater; hence, the deflection sensitivity is increased.

Since there are no amplifiers available possessing the

bandwidth, impedance characteristics, and dynamic range

suitable for amplifying fractional nanosecond pulses, the

vertical deflection signals are fed directly into the traveling-

wave deflection structure via transmission lines having the

same characteristic impedance as the traveling-wave struc-

ture. The relatively low sensitivity of TW oscilloscopes has

been capitalized upon for measurements on large-amplitude

signals. In fact, TWCRT's have been designed for very low-

deflection sensitivities to eliminate the need for wideband

and high-dissipation attenuators in observing such sig-

nals [8].

Table I contams performance data which are representa-

tive of what is to be expected from TWCRT's; data on some
other tubes are given elsewhere [8]-[13]. Of particular in-

terest are entries under f^^ and t, the deflection response

cutoff" frequency (6 dB down) and the 10- to- 90-percent

system rise time, respectively. For a given tube, no direct

correlation can be made between and x because f^g relates

solely to the performance of the TWCRT while t represents

the collective performance of the pulse generator, inter-

connecting transmission lines, and the TWCRT. However,

upon considering the data for all of the tubes listed, the ex-
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pected trend of t being inversely proportional to does

appear.

A direct correlation between bandwidth and rise time

could only be made if all the tubes coiild be tested in the

same system; this of course is not possible because of the

different impedance levels.

The Model-2 tube is a vacuum-demountable three-beam

device which writes directly on photographic film. Six sets of

deflection plates provide three independent oscillographic

channels. The greater-than-lO-GHz value for f^^ is a theo-

retical value computed solely from transit-time distortion

considerations; however, sinusoidal waveforms up to 10

GHz have been recorded, but an overall bandwidth study

has not been made [7]. No information is available on frac-

tional nanosecond systems using the Model-2.

In regard to some of the physical details of the traveling-

wave deflection structures, the helical structures have a

"Z)"-shaped cross section with the flat side facing and

parallel to the electron-beam axis; balanced helical struc-

tures consist of two helices each unbalanced to ground but

balanced to each other. The zig-zag structure is a planar

structure that meanders regularly from side to side. The

disk-coaxial structure is a disk-loaded coaxial line, i.e.,

disks are placed regularly along the center conductor.

Of major importance in realizing a constant deflection

factor over the range of dc to several GHz is the collective

uniformity of the transmission-line system consisting of

the vertical deflection plate connectors, the transitions be-

tween the connectors and the traveling-wave deflector, the

deflector, and the deflector-terminating impedance. The
measurement technique employed in obtaining the values

in Table I (excepting the Model-2) measured the overall

effectiveness of the vertical deflection transmission-line sys-

tem.

Balanced deflection operation requires the use of a trans-

mission-line phase inverter [1 4] to produce the required out-

of-phase deflection signals. This will double the deflection

factor, but the nonuniformities and high-frequency losses

introduced by the inversion processes may impose a serious

reduction in system bandwidth. The balanced-deflection

TWCRT also is useful as a pulse comparator and a pulse

coincidence indicator. The two pulses (of the same polarity)

to be compared are introduced to separate vertical deflection

plates. If the pulses are coincident in time and are of

exactly the same shape, the trace deflection will be zero.

Up to this point nothing has been said about the hori-

zontal channel and the generation of the time base. Inspec-

tion of Table I shows that the tubes listed have a horizontal

deflection sensitivity within the approximate range of 0.3

to 6.5 volts per spot width or 94 to 1625 volts per inch. For

a 1-ns/cm time base, horizontal sweep voltages ranging

from 37 to 640 V/ns would be required. Consequently, it is

apparent that the horizontal scan length may be limited by

the dynamic range of the time-base generator. Typical time-

base circuitry is given in the literature [2], [4], [8], [13], [15].

Representative of present-day development eff"orts is a

TWCRT employing a serrated slow-wave structure, and a

fiber-optic'coupler; the development objectives are: X<i>2
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TABLE I

Traveling-Wave Cathode Ray Tubes

Tube No.

Vertical TW Deflector Horizontal

Plates,

s„

Beam

Type Z T D W P

KR1/3341A 5-Helix 0.054 120* 1.6 [1] 300 [2] 0.3 0.002 2x10" 24

KR3 fi-Helix 0.054 100 1.0 [1] 400 [3] 0.3 0.002 2x 10" 21.4

KR5 [/-Helix 0.93 50 >2.0 [3] 250 [3] 1.38 0.006 10'^ 25

K1524P t/-Helix 1.04 50 2.1 [1] 370 [4] 3.64 0.013 25

T519-1 [/-Zigzag 0.084 125 1.7 [5] 300 [6] 0.376 0.004 24

T519-2 [/-Coax.** 0.74 125 125 [6] 0.376 0.004 24

Model-2 [/-Disk-Coax. 0.2 50 >IOt [7] 6.5 0.004 3x 10" 50

Sh—Horizontal sensibility, volts per spot width

Sy—Vertical sensibility, volts per spot width; in balanced structure, value given for unbalanced operation of one deflector

Z—Characteristic impedance, ohms
B—Balanced to ground

U—Unbalanced to ground

—Frequency in GHz at which the deflection response is 6 dB down from dc value; generator impedance and traveling wave structure termination

equal to Z
T— lO-to-90-percent rise time in picoseconds (10 second) of experimental system

D—Spot size, inches

IV—Writing rate, spot widths per second

P—Total acceleration potential, kilovolts

[
]—See References
*—First models had Z= 120 ohms, in later models Z= 100 ohms

t—Theoretical value based on transit-time considerations
**—Nonloaded coaxial line; no slow-wave properties.

gigahertz, t = 200 picoseconds, Z= 50 ohms, 5^ = 0.375

volts per spot width, Z) = 0.0015 inch, lV=4x\0^^ spot

widths per second [16].

Future TWCRTs will employ fiber-optic systems. The

fiber-optic system in conjunction with presently available

photographic film in effect provides a faster film. The effec-

tive increased film speed can be traded off in design to en-

hance the deflection sensitivity or the writing rate [3]. An
excellent discussion on the application of fiber optics to

CRT design is given by Katzmann [17].

Also, there is a need for additional investigation into the

analysis of wideband CRT's. In particular, attention should

be given to the detailed theory of TEM-mode slow-wave

structures, electron ballistics within the fields of wideband

deflection structures, and the realization of uniform deflec-

tor transmission-line systems.

III. Sampling Oscillography

In contrast to the low sensitivity and single-shot capabil-

ity of the real-time oscilloscope, the sampling oscilloscope

possesses a high sensitivity and ordinarily requires a re-

current waveform. The shape of the recurrent waveform is

determined by automatic point-by-point measurement,

each individual value being measured at a different point on

successive waveform recurrences. The successive measure-

ments are displayed on a relatively narrowband oscillo-

scope. If smoothing networks are not used, the displayed

waveform may appear as a discrete number of dots spaced

uniformly in the horizontal direction (time axis) with a
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vertical displacement of each dot respectively proportional

to the amplitude of the waveform. Two different display

traces are possible in sampling oscillography; they result

from the type of horizontal scanning used. Usually, discrete

horizontal scanning produces a dotted trace while con-

tinuous scanning yields a smooth trace. However, low-

pass filter networks in the sampled-data channel may be

used to transform a dotted trace into a smooth one, and in-

tensity modulation to transform a smooth trace to a dotted

one.

In general, an ideal sampling oscilloscope may be thought

of as a waveform converter that converts a rapidly varying

waveform into a slowly varying waveform of exactly the

same shape, i.e., uniformly stretched in time.

The samples need not be taken in a uniformly spaced time

sequence; in fact, a random sequence has particular ad-

vantages. Furthermore, in principle a recurrent waveform is

not required if multiple samples may be taken on a single

occurrence. Consequently, sampling oscilloscopes may be

classified into three sampling categories: 1) sequential, 2)

random, and 3) multiple.

Before discussing the details of the three sampling meth-

ods a brief illustration of a sampling process [18] will be

given in order to provide a basis for later discussion. Con-
sider an unknown waveform source, a sampling-pulse

generator, a capacitor, and a diode connected in a series

loop as shown in Fig. 1. For simplicity assume that a) the

respective generators have zero internal impedance and the

same peak value, and b) the diode is ideal.
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Sampling Poise

J V.

Unknown Woveforr

Fig. 1 . Elementary sampling system.

First, consider that only the sampling generator is trig-

gered. The sampling pulse appears at the diode anode,

passes through it and charges the capacitor to the sampling-

pulse peak value which is retained indefinitely; hence, the

sampling-pulse amplitude may be determined at a later

convenient time by measuring the capacitor potential.

Second, consider that the sampling pulse and the un-

known appear simultaneously, i.e., t^<t^<t2. The un-

known waveform applied by itself cannot produce a capaci-

tor potential because the diode will not conduct for positive

cathode-to-anode potential. However, when the unknown
waveform is applied simultaneously with the sampling

pulse, the effective charging amplitude of the sampling

pulse is reduced by the instantaneous value of the unknown
waveform. If the waveform is at its peak value, then the

capacitor potential will remain at zero.

By successively varying the time position of the sampling

pulse in relation to the unknown waveform and measuring

the resultant capacitor potential, the unknown waveform

may be determined. In this hypothetical system the capaci-

tor must be discharged after each measurement. In physi-

cally realizable systems, the capacitor discharges through

the reverse diode resistance and the loop circuit resistance.

From this illustration it is apparent that the sampling

technique defers to a later time the actual measurement of

the instantaneous values. In practice, this means that the

instantaneous values are measured during the dead time

between successive recurrences of the unknown waveform.

Furthermore, many recurrences are necessary to determine

the entire waveform; consequently, the time scale of the

resultant waveform constructed from the samples directly

depends upon the number of samples (recurrences).

In a constant-current sampling (charging) system, if the

sampling pulse has a symmetrical triangular shape, the

step response of the oscillographic system will have a 0-to-

1 00-percent rise time equal to time duration of the sampling-

pulse base, and the deflection frequency response will be of

the form (sin x)lx, x being proportional to frequency [19].

Some more detailed analyses and other systems are pre-

sented in other articles [20]-[24].

The discussion now returns to the three types of sampling

systems. The first kind, the sequential system, takes the

samples in order of increasing time referred to the unknown
waveform or signal. The original sampling oscillographic

system [25] is of the first kind and was designed to display

periodic (as contrasted with aperiodic) signals. To scan the

signal it employed phase modulation of a sine wave that

drove the sampling-pulse generator. The scanning, being

continuous, produced a smooth trace. Some later systems

[26]-[28] also employed similar phase-modulation scan-

ning techniques; however, the resultant displays were not
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all continuous due to intensity modulation, but all of these

systems were suitable for viewing periodic waveforms or

waveforms initiated by a command pulse generated within

the oscillograph.

With the development of the first "signal-triggered" sam-

pling oscilloscope [29], [30], sampling oscillography was

extended to recurrent aperiodic waveforms. Subsequent

development of the signal-triggered system has been rela-

tively rapid [31 ]-[47] and has led to quite sophisticated in-

struments. Typical specifications for some currently avail-

able sampling oscilloscopes are given in Tables II and III.

The time delay T given in Table III has a significance in

relation to the usable oscilloscope bandwidth when it is

necessary to trigger the oscilloscope with a trigger derived

directly from the signal. Figure 2 shows the method re-

quired to view aperiodic signals from nontriggerable

sources. Notice the delay line placed in the vertical channel

to delay the signal in order to allow for the time required to

generate the sampling pulse and deliver it to the sampler.

For real-time oscillography, operation in the signal-

triggered mode also required a time delay in the signal

channel; the time delay is based on the time required to

start the sweep and intensify the electron beam. Introduc-

tion of the delay line in the vertical channel of the real-time

or sampling system reduces the overall system bandwidth.

The effects ofsuch delay lines will be discussed in Section VI.

The second kind of sampling system is the random-sam-

pling type which presents the signal samples in a random

order but places each sample in its correct time position.

Figure 3 illustrates the difference between the sequential

presentation and the random presentation; the numbers

represent the order of the successive samples. In the sequen-

tial system the pulse information is collected at uniform

intervals from the beginning to the end of the pulse; in the

random system the information is collected in a nonuni-

form manner and in no prescribed sequence. Two random-

sampling oscillographs are reported in the literature [26],

[50]. The earlier oscillograph employed the random-

sampling method only as an antijitter circuit, while the

later one fully utilized the method as an oscillographic

technique which realized a bandwidth of greater than

250 MHz.
The term "random sampling" has also been used to

describe the incoherent sampling employed in sampling

voltmeters [51]. Sampling voltmeters [52] and real-time

sampling oscilloscopes [42] employ incoherent sampling.

Incoherent sampling does not provide direct (time-based)

information regarding the shape of the periodic signal; it

does provide a measurement of the peak-to-peak value and

can follow low-frequency modulation of the periodic signal.

Consequently, a real-time sampling oscilloscope can only

provide a display of a modulation envelope. Incoherent

sampling may be used to provide histographic (statistical)

information of periodic waveforms.

It is to be emphasized that the term "random sampling"

as used in this paper relates to equivalent-time sampling

systems and denotes a nonsynchronous sampling technique

through which the signal shape is preserved.
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TABLE II

Typical Dual-Channel Samplers*

DFR
Sampling Head

Type Z VSWR Lo T A N DR Kick-out

1-200 RIBI2 50 E 3 to I 12.4 35 [48] ±5 7 ±1 10/5

2-200 R/B/4 50 E 1.5 to 1 >3.5 100 [49] ±4 4 ±1

2-200 V/B/2 50/ 2 to 1 >4 90 [6] ±5 4 + 1

*—Data per channel

DFR—Deflection factor range, mV/cm
V—Sampler in vertical unit

R—Remote sampler

B/l—Bridge sampler per two diodes

Z—Sampler mput impedance, ohms
E—Sampler channel externally terminated to allow feed-through operation

/—Sampler channel internally terminated

VSWR—Sampler voltage standing wave ratio, less than indicated value up to

/„—Frequency in GHz at which sampler output response is 3 dB down from dc value; generator impedance and sampler termination equal to Z
T— I O-to-90-percent rise time in picoseconds (10"'^ second) of experimental system

A—Percent overshoot

A'—Noise unsmoothed, millivolts peak to peak, observed on screen excluding 10 percent of random dots

DR—Dynamic range, volts

Kick-out—Pulse produced by sampler and sent back toward signal source, approximate amplitude in millivolts per duration in nanoseconds (10"'

second).

Briefly, the random-sampling system operates as follows.

When the signal enters the system it starts a linear ramp and

also enters the sampler. When a sampling pulse occurs (at

random) it samples the signal in the sampler and after a

fixed delay stops the linear ramp. The value of the signal

sample and the height reached by the linear ramp are both

stored. The ramp height is related to the time position of the

sample. Since the ramp started when the signal arrived and

was subsequently stopped by the delayed sampling pulse,

the time position of the sample is known in respect to the

beginning of the signal [50].

There are two advantages to the random sampling sys-

tem; 1) a signal channel delay line is not required in the

signal-triggered mode and 2) synchronization is not re-

quired between the signal and the sampling pulse. On the

other hand, there are two disadvantages: 1) time-base

memory circuitry is required and 2) the signal information-

collection rate may be very slow, depending upon the num-

ber of simultaneous occurrences of the signal and sampling

pulse.

The third kind of system, the multiple-sampling system,

has been physically realized and is undergoing further de-

veloprnent. To obtain multiple samples from a single

pulse several methods are in principle possible. Two such

methods could be accomplished by 1) passing the pulse

through a cascade of samplers, and 2) recirculating the

pulse through a single sampler. To date, systems based

upon the first method claim to have attained a bandwidth

of 500 MHz for a cascade of 50 samplers [96]. Other sys-

tems are described elsewhere [53], [97]- [99].

An active effort is being made to construct a recirculating

system by employing superconductive lines [54]. Central to

this effort is the development of a superconductive switch

which would admit the pulse to the recirculating system

[55]. Experiments have been performed in which pulses
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TABLE III

Sampler-Time Bases

Time Base Range
External Trigger

Z L W J T

10 ps/500 fis 50 50 2 20 60 [48]

3 ps/IOO lis* 50 10 2 30 80 [49]

10 ps/IOO /isT 50 50 2 30 45 [6]

ps—Picoseconds (I0~'^ second) per centimeter

/iS—Microseconds (10^* second) per centimeter
*—Real-time sampling time base 1 ms/cm to 10 ms/cm in addition to

range listed

t—Real-time sampling time base 0.2 ms/cm to 5 s/cm in addition to

range listed

Z—Input impedance, ohms
L—Trigger pulse level, millivolts

W—Trigger pulse width, nanoseconds

J—Time-base jitter for L and conditions. Less than tabulated value,

in picoseconds (10"'^ second)

T—^Time delay in nanoseconds (10"' second) before sample is taken

in response to time-base trigger.

Delay Line.

Tseconds _n_
-nnmniwwr* •

Vclicol Input

OSCILLOSCOPE

Trigger Trigger Input

Pick -Oft

Fig. 2. Signal-triggered operation.

4 5 6 7 8 9 10 4 6 12 13 I

Sequential Random

Fig. 3. Sampling displays.



were recirculated in superconductive lines. One method

[56] recirculated nanosecond pulses 100 times over a 300-

foot superconductive line, while another method [57] ob-

served a pulse after it had traveled a total distance of 140 000

feet along a superconductive line of 700 feet in actual length.

Also, an active serial storage system has been realized which

employs a superconductive line and a tunnel diode [100],

[101].

Basic to present-day sampling technology is the physical

realization of a sampler whose configuration provides 1)

a uniform transmission line for the signal, and 2) sampling

at a point. The most advanced sampling structure produced

to date which approaches these objectives is decribed by

Grove [47]. Future developments along such lines will prob-

ably incorporate integrated circuitry in the sampling gate in

an effort to reduce the size and loading effects of the sam-

pling circuit. Consideration of intrinsic frequency limita-

tions for semiconductor (hot carrier) diodes [58] will assist

in developing accurate baseband models of sampler circuits.

Because of the ease in providing an analog output from a

sampling oscilloscope, it is possible to analyze the oscillo-

scope display by processing the analog output in a comput-

ing system. One method for converting a sampling oscillo-

scope analog output to digital form employed as a buffer

unit a coincident core memory with a capacity of 4096 16-

bit words [59]. Such computer attachments will provide

expanded possibilities in reducing measurement data.

IV. Pulse Comparison Techniques

Pulse comparison techniques are basically time-co-

incidence measurements. A given recurrent pulse is applied

simultaneously to the two channels of a time-coincidence

detector. If the channel time delays are identical, the pulses

in each channel will arrive in time coincidence, and the co-

incidence detector will give the maximum coincidence

reading. If the time delay in one channel can be contin-

uously varied, then the time position of the pulse coming out

of the variable-delay channel may be shifted in relation to

the pulse output of the constant-delay channel ; the resultant

detector reading will depend upon the degree ofcoincidence

between the pulses.

The elementary sampling system circuit (Fig. 1) may be

used as a pulse coincidence circuit. Consider the unknown
pulse to be applied to each side of the diode capacitor com-
bination. When the pulses are in time coincidence, no cur-

rent will flow, and the capacitor C will not accumulate

charge. If either pulse (but not both) is shifted by ^2 — 'i sec-

onds, the pulse duration, from the coincident time position,

the capacitor will charge to the maximum possible value.

For time shifts less than tj — t^ the capacitor will accumulate

less charge.

Coaxial comparison systems employing the simple diode

detector (Fig. 1) have been used to determine the approxi-

mate time dimensions of fractional nanosecond pulses

[60]-[65]. A typical system is shown in Fig. 4. It is apparent

from the basic circuit arrangement that the method most
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Fig. 4. Pulse comparison system.

certainly could be used to determine pulse width; however,

it is not evident how the method could provide information

about rise time, flat top, and fall time. Analysis [64]

demonstrates for a trapezoidal pulse that the nonlinear

voltage-current characteristics of the diode in the forward

direction causes changes in the curvature of the coincidence

detector output curve. The changes occur at relative times

which are approximately equal to the 0-to- 100-percent rise

time, the flat top, and the fall time. It should be emphasized

that this particular technique cannot provide the detailed

measurements that are realized with a sampling oscillo-

scope. However, it can be used to evaluate sampling-pulse

width and in that way assist in the development of sampling

systems. Pulse comparison systems provided the first mea-

surements of 100-MHz klystron pulses having lO-to-90-

percent rise and fall times of 100 and 300 picoseconds, re-

spectively [61], [64].

The diode detector, pulse comparison system has also

been called [63] a "self-sampling" system because the signal

samples itself. It is possible to build a rudimentary sampling

system from a pulse comparison system using only passive

components to create a sampling pulse in one channel from

the input signal [66]. If the comparison detector is a true

square-law detector, then a pulse comparison study for a

given pulse would yield an output curve that would be the

autocorrelation function of the pulse. If the two pulse inputs

were not the same, then the output curve would be the

correlation function between the two pulses. It is evident

that comparison studies could be made between any two

pulse shapes.

The pulse comparison technique using the diode co-

incidence detector or a square-law detector does not pro-

vide the exact shape of the pulse. In order to obtain more

information about the pulse shape, the coincidence detector

could be replaced by an amplitude-sensitive detector such

as a tunnel diode [64], [65]. A pulse comparison system
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using a tunnel-diode detector has been employed by Frye

[6]. Such amplitude-discriminator techniques used in the

dissimilar input form of the comparison technique should

yield useful results. In regard to applying amplitude dis-

criminators to the measurement of fractional nanosecond

pulses, measurements [67] have been made with amplitude

discriminators on pulses of the order of 20 to 30 pico-

seconds.

V. A Basic Oscillographic Instrumentation System

The development of oscillographic systems for fractional

nanosecond pulse instrumentation has been a bootstrap

process. Improvements in oscilloscopes led to improve-

ments in pulse generators, transmission-line components,

and other components which in turn engendered further

oscilloscope development. Central to such development

work was the use of the instrumentation system shown in

Fig. 5. This system contains amplitude- and time-calibration

circuitry which provides for calibrating the displayed system

waveform.

Time-base calibration is accomplished by changing the

length of the trigger channel transmission line. Upon
shortening the trigger line the display moves to a later time

position. If V is the velocity of propagation in the removed

length X of trigger line, then the display will shift by x;v

seconds. Small changes are accomplished with a line

stretcher which provides a time shift of 10 picoseconds per

3 millimeters. The vertical deflection scale is calibrated by

applying a known variable dc potential to the vertical input.

The calibrated system waveform can be employed as a

pulse source for testing four-terminal networks inserted

between the insertion connectors; the resultant display will

be the convolution of the system waveform and the impulse

response of the inserted four-terminal network. Conse-

quently, the system may be employed to evaluate a theo-

retical model of a four-terminal network inserted into the

vertical channel ; this method has been used to investigate

the validity of a transmission-line model [68].

The system waveform rise time is an upper bound that

each component rise time at most may approach. The isola-

tion of the individual component transient responses re-

quires accurate models for all but one component in con-

junction with the displayed response.

In many applications a calibrated system waveform is all

that is really needed. Of course, comparisons between

oscilloscopes ideally require an absolute reference pulse;

but for comparisons between state-of-the-art high-speed

oscilloscopes or other pulse-measurement instruments,

most probably such a pulse will not exist. Consequently, the

indirect methods of the calibrated system waveform will

continue to be employed and refined.

Frequently it is necessary to demonstrate that the pulse

response characteristics of a given oscillographic system

have or have not changed with time. This can be done

effectively if a regular system-calibration schedule is fol-

lowed and if the system components are not altered. Sam-

121-

Signal Tf.gqered Mode

Fig. 5. Basic instrumentation system.

pling oscilloscopes are particularly amenable to such cali-

bration as the display analog read-out provides a convenient

means for recording the system response.

VI. Transmission-Line Pulse Distortion

Because large bandwidths are required to transmit or de-

lay fractional nanosecond waveforms, low-loss uniform

TEM-mode transmission lines are employed. Even though

the losses are small and the nonuniformity very slight, pulses

are altered upon passing through such lines [68]-[79], [95].

Considering for the moment strictly uniform transmission

lines, the pulse distortion is due to skin effect losses in the

conductors and polarization processes in the dielectric. The

conductor loss per unit length is inversely proportional to

the conductor surface area, while for a given characteristic

impedance the dielectric loss per unit length is independent

of the line dimensions. Accordingly, for coaxial lines of the

same materials and characteristic impedance, the smaller

the line diameter, the greater is the loss per unit length.

As the line diameter is increased, the metal losses de-

crease, and the size-independent dielectric loss appears as a

greater portion of the total loss. To further reduce the total

loss while maintaining the same outer diameter, the volume

of the solid dielectric material within the dielectric space is

reduced by removing or hollowing out the solid dielectric

and increasing the center-conductor diameter to maintain

the given characteristic impedance. The resultant semi-

solid dielectric contributes less dielectric loss per unit length

while also the conductor loss per unit length is decreased

due to the increased inner-conductor diameter. Conse-

quently, the total line loss per unit length has been sig-

nificantly reduced, but not without penalty.

The price paid for reducing the attenuation is twofold;

the hollowing of the dielectric introduces additional non-

uniformities, and the generally larger dimensions decrease

the cutoff frequencies of the higher-order transmission

modes.

The effects of loss and nonuniformity on the pulse re-

sponse of a transmission line can be shown by the step

response. In coaxial lines for which simple skin effect is the

dominant distorting effect, the step response, after the

initial delay of //r seconds, is of the form cerf-(A'/\7) [68]

where cerf x is the complementary error function of argu-

ment .V. and /, f, t. and k are the length, propagation velocity,

time, and a constant, respectively (see Fig. 6). For lines in

which plated conductors are used or in which small dielec-
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Fig. 6. Normalized step response considering skin-effect loss.

trie losses (compared to skin-effect losses) exist, the step

response will depart from the error function response but

will have a similar shape [69]. Inspection of Fig. 6 shows that

the step response as a whole rises rapidly to the 50-percent

level, then takes about 50 times as long to reach 90 percent,

about 500 times as long to reach 95 percent, and then tails up

even more slowly as the 100-percent level is approached.

Typical O-to-50-percent times of 100-foot lengths for

RG-8/U and RG-58/U are of the order of 0.32 and 1.8

nanoseconds, respectively.

Semisolid dielectric cables have nonuniformities which

introduce large amounts of phase shift which cannot be

associated to the joule heating losses; consequently, the

phase shift is nonminimum phase shift. Because of this non-

minimum phase property, the step response cannot be pre-

dicted solely on the basis of attenuation data as both at-

tenuation and phase information are required. Character-

istic of these cables are step responses which ring at the

leading edge while afterwards tail up slowly, similar to the

response of uniform cables.

In order to improve the transmission properties of cables

for pulse instrumentation two approaches have been

pursued : 1 ) equalization of the transmission characteristics

[48], [80]- [85] and 2) reduction of line, losses by using

superconductive metals and a cryogenic environment [57],

[86]-[94].

By means of the first technique useful results can be

achieved using simple reflective equalizers, e.g., constant

7-dB loss out to 7 GHz for 100 feet of j-inch styroflex

cable [81]. For long lengths and matched impedances,

efficient equalization is achieved by amplitude and phase

equalization. Excellent results have been obtained in which

1000 feet of j-inch styroflex cable was nonreflectively
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equalized for transmission of 1-ns lO-to-90-percent rise-

time pulses, 7-dB loss out to 100 MHz, 10 dB down at 350

MHz, time delay flat to 1 GHz [84 ]. Most modern samplers

with built-in delay lines and trigger pick-off" systems use

some form of nonreflective delay-line equalization.

Superconductive lines, because of their very small metal

losses, can be miniaturized. Also, operation at cryogenic

temperatures reduces the dielectric losses. Consequently,

such lines do provide large delay times with little pulse

distortion. Rise times of 500 picoseconds have been pre-

served upon transmission through a 1360-foot length of

0.051-inch dielectric OD 50-ohm cable (Pb and Nb outer

and inner conductors, respectively; polytetrafluoroethylene

dielectric; 4.2°K operating temperature [89]). For a similar

cable of 80 feet in length (130 nanosecond delay), a 45-

picosecond rise time was observed for the line. There was

an initial loss in step height of approximately 7 percent at 50

picoseconds which decreased to 1 percent in about 4 nano-

seconds [94].

VII. Conclusion

In the final analysis, the utility of this sort of paper rests

in the stimuli to others that it may provide. Here has been

presented the author's view of the development and the

present state-of-the-art of the measurement of baseband

pulse rise times of less than 10"^ second.

As for the future, these suggestions may serve as guides

for some or as points of departure for those of opposing

views. In any event, it is the challenge evoked by suggestions

which spur others on to prove, disprove, or suggest

anew. . ,

.

Relevant to all of the areas discussed is the necessity for

the development ofimproved models to serve as the basis for

analysis and accurate design. The resolution of a system

rise time into the contribution of the component parts of the

system can only be done with adequate models. This is not a

contrived generalization, but an urgent necessity. The

formulation and verification of better models will be time-

consuming and arduous tasks, but are none the less impor-

tant.

At present it appears that for the required delay-line

length, the rise time of the best (superconductive) delay

line is of the same order as that of the best sampler. Improve-

ments in superconductive lines or a reduction in time-delay

requirements could increase the delay-line bandwidth.

Quite probably, for recurrent waveforms recourse to ran-

dom sampling will avoid the delay-line problem by simply

eliminating the line.

For single-shot measurements on rise times of the order

of 0.1 to 1 nanosecond, multiple sampling by pulse re-

circulation appears to be a practical method. Fiber optics

and possibly image-storage systems will improve the per-

formance and extend thenisefulness of the TWCRT.
Pulse comparison systems will continue to be discarded

and resurrected as the occasion demands. TEM-mode
transmission lines will undergo more detailed analysis and

efficient equalization techniques will be extended down into

the fractional nanosecond domain.
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Peak Pulse Voltage Measurement

(Baseband Pulse)

A. R. ONDREJKA

.4 bstract—Several methods are presently being used for the measure-

ment of pulse voltage. Oscilloscopes are particularly osefiil because they

provide informatioa conceniing the shape ofthe pulse, besides a measure of the

peak voltage. In addition to the oscilloscope, several peak voltmeter circuits

are mentioned. These include pulse stretching, sampling, and the slideback

method. A standard pulse generator is described which provides a calibrated

pulse voltage suitable for voltmeter calibration and other uses.

I. Dehnitions of Terms and Measurement
Considerations

THE voltage waveform of interest here is a train of

baseband or video pulses. Ideally (in the mathe-

matical sense), in pulses of this type the voltage

excursion occurs in only one direction from zero or some

Manuscript received March 23, 1967.

The author is with the National Bureau of Standards, Boulder, Colo.

fixed dc level. Usually the pulse duration is much less than

the time interval between pulses, and the average voltage

is small compared to the peak voltage.

The term "peak pulse amplitude" is defined as the maxi-

mum absolute peak value of the pulse excluding those

portions considered to be unwanted, such as spikes [1].

Pulse rise time is defined as the time interval between the

instants at which the instantaneous amplitude first reaches

sf)ecified lower and upper limits (e.g., 10 percent and 90

percent) of the peak pulse amplitude.

Real pulses generated in the laboratory usually depart

from the desired shape in one or more parameters. For

example, in many cases the pulse may have such spurious

effects as overshoot or ripple on its top. Ripple is a periodic

(usually damped) variation of the pulse top which may en-

dure for a considerable portion of the pulse duration. The
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user is then faced with making a decision as to the peak

ampHtude. In the case of ripple, an acceptable compromise

may be the determination of the average pulse amplitude

which is defined as the average of the instantaneous ampli-

tude taken over the appropriate part of the pulse duration.

Overshoot generally requires a different treatment.

The accuracy of measurement of peak pulse voltage de-

pends on the characteristics of the measuring system (which

includes the measuring instrument and any associated

sensor or transducer) relative to the nature of the pulse

being measured. Of particular interest is the response time

of the system. It is obvious that a measuring system having

a rise time of 10 nanoseconds is incapable of accurately

measuring the peak voltage of a pulse whose duration is 5

nanoseconds. On the other hand, measurement on a pulse

with 20-nanosecond duration would be within the capabil-

ity of the 10-nanosecond system, provided the pulse is ap-

proximately rectangular. In general, if the required mini-

mum time resolution is /, the rise time of the measuring

instrument should be no greater than r/2 for an uncertainty

less than a few percent. In frequency-domain terminology,

the upper frequency limit (3 dB) of the system should be at

least lit and the phase characteristics should be such that

the time of transmission of all significant frequency com-

ponents in the pulse is constant (i.e., linear phase shift).

The precautions necessary in CW RF measurements are

generally also required in pulse measurements. In addition

to the aforementioned frequency and phase responses,

these include such matters as 1) adequate shielding of

measuring equipment, 2) loading effects of measuring

equipment, 3) lead length which may introduce resonance

effects, 4) proper terminations, and 5) nonlinear behavior

of circuit elements [2].

II. Measurement Methods

Several methods for pulse voltage measurement have

been developed in past years, some of which are in current

use. The principles of operation of these are presented in the

following.

A. Oscilloscopes

Oscilloscopes have found wide and significant applica-

tion in the measurement of pulse voltage. They serve a dual

function in pulse analysis in that they can be used to mea-

sure the pulse voltage and also provide data necessary

for the delineation of the pulses. Delineation [2] is the

process by which the relative shape of the pulse is described.

Delineation of the pulse is important before the effects of

spikes and other distortions can be considered. Even though

measurements are to be performed with a voltmeter other

than an oscilloscope, it is usually desirable to observe the

pulse shape before measurement to avoid possible serious

errors.

Oscilloscopes are generally classified into two broad

categoric;, real-time and sampling [3]. In real-time oscillo-

scopes, the time necessary to display an event on the cathode

ray tube is approximately equal to the actual time of oc-
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currence of the event. For example, a pulse whose duration

is 10 nanoseconds will require approximately 10 nano-

seconds to be displayed. This can be contrasted with sam-

pling oscilloscopes in which the time required to display the

signal is a function of the number of samples required per

display. For example, if one hundred samples are required

per display, then the ratio of display time to actual time is at

least 100 to 1.

The oscilloscope parameters of importance in pulse volt-

age measurement include rise time (or bandwidth and phase

response), vertical sensitivity calibration, and vertical lin-

earity. The rise time of the oscilloscope should be sufficiently

short so that the display essentially represents the true shape

of the input pulse. If the pulse rise time is faster than that of

the oscilloscope, then the displayed pulse will be distorted

and the displayed peak amplitude may only approximately

represent the true peak amplitude. The determination of rise

time (or bandwidth and phase response) of oscilloscopes is

not an easy task. Methods which have been employed in-

clude the application of pulses with known rise time, and

gain and phase response versus frequency measurements.

Measurements on pulses having nanosecond and subnano-

second rise times are particularly difficult and it is in this

range that the errors may become large.

Calibration of the vertical sensitivity and linearity is an

obviously necessary procedure which should be carried out

immediately prior to use of the oscilloscope.

Real-time oscilloscopes with 3.5-nanosecond rise-time

capability are available commercially. Special types em-

ploying travelling-wave deflection systems have rise times as

small as 0.2 nanosecond but have limited vertical sensi-

tivity. Some have relatively high resolution because of their

extremely narrow trace widths.

Sampling oscilloscopes with 0.028-nanosecond (28-ps)

rise time have recently become available [4]. Certain prob-

lems exist which are peculiar to this type of instrument. One
of these, commonly called "blow-by," is a distortion caused

by capacitive feed-through of the input signal in the absence

of a gating pulse to the sampling diode. Smoothing and

shaping controls may also introduce distortions. These

types of distortion can introduce errors of up to 10 percent.

Manufacturers' claims for the vertical sensitivity and

linearity uncertainty are generally 2 to 3 percent. If care is

exercised in the performance of the measurement, total un-

certainties of 2 or 3 percent are possible. Experiments have

been performed which indicate a possible minimum un-

certainty of 0.3 percent in amplitude when the pulse is not

severely distorted by the oscilloscope.

B. Pulse Stretchers

The method of pulse stretching was one of the earliest

used in the art of peak voltage measurement. The basic

principle involved is that of developing a steady direct volt-

age which is (in the ideal case) equal to the peak amplitude

of the input signal. Measurement of peak pulse voltage is

then reduced to the simple matter of measuring a direct

voltage.
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One of the simplest pulse stretchers is a capacitor which

is charged by the pulse voltage through a diode as shown in

Fig. 1. The relatively small forward resistance of the diode

allows the capacitor to charge rapidly while the large diode

back-resistance tends to prevent charge leakage from the

capacitor. A high-input resistance voltmeter, such as an

electrometer, is used to measure the voltage across the

capacitor.

A major defect in the simple capacitor pulse stretcher is

due to the fact that as the capacitor becomes charged to near

the peak voltage of the input pulse, the forward resistance of

the diode becomes large and approaches the back-value.

Thus the capacitor is not able to charge to the full voltage

of the input signal, and an offset exists between the capacitor

voltage and the peak input voltage. If the characteristics of

the diode are known, the magnitude of the offset voltage

can be estimated and a correction made to the observed

direct voltage. Typically, the offset voltage is of the order of

0.5 V.

Some commercially available, direct-reading peak volt-

meters employ a unity gain amplifier to improve pulse

stretching and to allow use of a low-resistance dc voltmeter.

The input impedance of the amplifier is very high to mini-

mize its loading effect on the capacitor.

C. Sampling Voltmeters

The sampling method of pulse voltage measurement was
designed to overcome some of the difficulties (e.g., offset

voltage) described previously. In the sampling scheme

shown in Fig. 2, the sampler senses the input pulse voltage

for a time which is small compared to the duration of the

pulse. The duration of the sample is short enough that vari-

ations in the input voltage during the sampling time are

negligible. Ideally, the sampler does not discriminate be-

tween a sample taken within the constant-amplitude por-

tion of a pulse and a sample taken from a dc signal. The out-

put ofthe sampler is a pulse whose amplitude is proportional

to the amplitude of the input signal at the sampled point.

The proportionality factor can be determined, for example,

by dc calibration. The voltage information from the sampler

is then stored and stretched in such a way that it is available

for measurement by conventional dc instrumentation.

The sampling scheme described is not necessarily peak

reading. Two methods have been used to convert it to peak

reading. In one method, a timing unit controls the position

of the sample with respect to the input waveshape. The tim-

ing can be adjusted to locate the sample at the peak of the

pulse. In another method [5], samples are taken at random
locations and the sample with maximum amplitude is mea-
sured by a peak-reading voltmeter. This peak-reading

voltmeter need not have the bandwidth of the sampler since

the samples can be stored long enough for the voltmeter to

respond.

A commercially available synchronous instrument has a

claimed accuracy of ±2 percent for 4-nanosecond duration

pulses. An available random-sampling voltmeter offers ± 3
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Fig. 2. Sampling voltmeter.

percent at approximately 4 nanoseconds and has a band-

width greater than 1 GHz.

D. Slideback Voltmeter

The slideback voltmeter [6] compares an unknown volt-

age to an accurately known, adjustable, direct voltage. A
peak pulse slideback voltmeter has been developed at the

National Bureau of Standards, Boulder Laboratories, for

use as a reference standard. The circuit, as shown in Fig.

3, employs a semiconductor diode which is back-biased by

the dc slideback voltage V^. In operation, a train of pulses

from pulse generator PG (positive pulses for the circuit

shown), applied to the input, causes the diode to conduct

in the forward direction. If the amount of back-bias is in-

creased from zero, a voltage is reached where the diode is

just at cutoff and no forward pulse current flows through the

diode and galvanometer G. This reverse direct voltage,

which can be easily and accurately measured by the volt-

meter V, is then equated to the peak pulse voltage. For

greater sensitivity, a peak null indicator, such as an oscillo-

scope, replaces the galvanometer.

The accuracy of the.system is primarily dependent on the

validity of the assumption that, at a null condition, the dc

bias voltage is equal to the peak pulse voltage. The validity

of this assumption is, in turn, a function of the character-

istics of the diode. If some voltage V^ across the diode is

required to cause minimum detectable current to flow, then

the dc slideback voltage would be less than the peak pulse

voltage by an amount F^, which is called the offset voltage.

It is possible to measure V^ for a particular diode and apply

a correction.

The choice of a diode must take into consideration a

number of factors such as rise time, peak inverse rating,

and forward V-I characteristics. With respect to the V-I

characteristics, it is desirable that the diode offset voltage

be as small as possible to allow the measurement of low

peak voltages. The rise time of the diode limits the minimum
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pulse width which can be measured while the peak inverse

rating determines the maximum voltage range of an instru-

ment employing a single diode. Diodes may, of course, be

connected in series to increase the voltage range. Several

heads, which contain the diode and load resistor, have been

constructed for particular applications using various types

of diodes. The 1N270 diode, for example, has a low offset

voltage (40 mV) and a rise time of 10 nanoseconds. Hot

carrier diodes are available with switching speeds on the

order of 100 picoseconds and an offset voltage of approxi-

mately 300 mV.
In the latest version of the slideback voltmeter, the diode

and bias batteries are mounted in a coaxial configuration to

reduce distortions caused by undesirable reactances. This is

shown schematically in Fig. 4. Using a hot carrier diode,

the total rise time of the voltmeter is approximately 300

picoseconds. When proper corrections have been made to

the measured value to compensate for the offset voltage V^,

the total uncertainty in the measurement can be as small as

0.3 percent. The range of the present instrument extends

from 5 V to 1000 V.

E. A Standard Pulse Generating System [3]

For many applications, such as the calibration of peak

voltmeters, it is often convenient to use a pulse generator

whose output amplitude is known and stable. For this pur-

pose, a zener limiter circuit has been developed which ac-

cepts pulses whose amplitudes are only approximately

known and delivers flat-topped pulses whose amplitudes are

constant and known to within a small uncertainty. The tan-

dem circuit shown in Fig. 5 has proven superior to the more

common single zener circuit.

Coaxially

Mounted

Diode

Coaxially

Mounted

Bias

Batteries

Null

Detecting

Oscilloscope

Fig. 4. Improved slideback voltmeter.

Fig. 5. Pulse limiter.

The zener limiter can be calibrated by applying direct

voltage to the input and determining the voltage level at

which limiting action occurs. The calibration is valid as

long as the temperature of the junction is controlled and the

input pulse is not of shorter duration than the rise time of the

limiter circuit. The rise time of the limiter circuit can be

made as short as 50 nanoseconds. Limiter circuits for several

output voltages (up to 100 V) have been constructed and

tested.

Analysis of errors in the standard pulse generating system

indicates a maximum uncertainty of0.25 percent. Maximum
disagreement with the slideback voltmeter described pre-

viously is 0.3 percent, which is well within the maximum
possible disagreement.
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Measurement of RF Peak Pulse Power

PAUL A. HUDSON, member, ieee

Abstract—This paper is a survey of the principal methods developed

daring the past twenty years for the measurement of RF peak pulse power.

The basic principles involved for each method are described together with

accuracies attainable under normal operating conditions. General techniques

for pulse power measurement and precautions to be observed are also given.

I. Introduction

THE USE of pulse waveforms in the radio-electronics

field has increased sharply in the past few years.

Perhaps the best-known application of pulse modu-
lated RF carriers is in radar systems. The number of radar

and other pulse modulated carrier systems in use in the

United States alone is estimated to be in the hundreds of

thousands. More recent applications of pulse modulated

carriers include IFF and Tacan and various forms of data-

information transmission systems such as pulse-code modu-
lation (PCM), pulse-duration modulation (PDM), and

pulse-position modulation (PPM). The primary quantity of

interest in pulse modulated RF transmitters is the power,

and more particularly the power at the peak of the pulse.

This report includes a review of some of the salient tech-

niques for measurement of RF pulse power.

II. Definitions of Terms

The term peak pulse power as used in this paper refers to

peak pulse power, carrier frequency. The definition of the

latter term is the power averaged over that carrier-frequency

cycle which occurs at the maximum of the pulse of power

[1 ]. A carrier-frequency pulse is also referred to as a burst

of RF energy which endures for a finite time and is zero be-

fore and after the burst. The pulse repetition rate (PRR) is

defined as the average number of pulses per second. The rise

time of a carrier-frequency pulse (powerwise) is defined as

the interval between the instants when the power first

reaches the 10-percent and 90-percent points of the power

at the peak of the pulse. Also, pulse duration t is the time

interval between the first and last instants at which the power

reaches a stated percentage (e.g., 50 percent) of the power

at the peak of the pulse.

The duty factor for repetitive RF pulses is the product of

the pulse repetition rate PRR and the pulse width t. Typical

duty factors for RF pulse systems range from 10""* to 10"-^,

and thus the instantaneous power is zero for all but a small

fraction of the time. In general, peak display and peak detec-

tion techniques have been used in the design of RF pulse

power measuring instruments. Descriptions of some of the

more widely used measurement principles and instruments

are given below.
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III. Description of Salient Measurement
Principles and Instruments

Various methods for peak pulse power measurement have

been developed during the past 20 years. In general, the

aim has been to develop instruments which indicate directly

the measured quantity. Indirect methods such as calcula-

tion of the pulse power from a measurement of the average

power are included in this report for the sake of complete-

ness.

A. Calculation of Pulse Power from Average

Power Measurements

The average power of a train of repetitive pulses can be

measured with calorimetric or bolometric instruments, pro-

vided the time constants of the instruments are large com-

pared to the pulse period. If the pulses are approximately

rectangular in shape, the average power P^^ and the pulse

power Pp are related by the simple equation

P
* (1)

" xPRR

The pulse repetition rate PRR can be measured easily and

accurately with commercial electronic frequency counters.

Measurements of pulse duration is usually accomplished

by detecting the RF pulse envelope (as with a diode) and

measuring the duration using a calibrated oscilloscope. In

this measurement, it is assumed that the rise time of the

diode and the oscilloscope are fast enough to yield a true

representation of the actual pulse shape. If the pulse dura-

tion is large compared to its rise time, then this measure-

ment can be quite accurate. When the pulse shape is irregu-

lar, a shape factor correction must be applied. Often the

shape factor correction must be estimated and hence may
be subject to a relatively large uncertainty.

B. Notch Power Meter

The notch power meter [2] is a terminating-type instru-

ment and thus absorbs the power which it measures. It is

basically a two-channel (F) system wherein the amplitude

of the detected or demodulated RF pulse envelope is com-

pared to the detected amplitude of a reference CW level

on a cathode ray tube (CRT). The CW signal is turned off

(blanked) for a period of time which is larger than the dura-

tion of the RF pulse. The turn-off of the signal results in a

notched (negative going pulse) display on the CRT. In

comm.ercial versions of the notch method, the RF pulse

channel includes a tuned RF amplifier and a variable wave-

guide-below-cutoff attenuator. The variable attenuator is

used to adjust the level of the input pulse so that its detected

amplitude as indicated on the CRT is the same as that of the
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reference CW level. A block diagram of a typical notch

power meter is shown in Fig. 1

.

Before performing a measurement, certain internal cali-

brations are necessary. First, the reference CW level is set

to a known value (e.g., 1 mW) by means of a precision

bridge, standard cell, and galvanometer. The gain of the

two channels is equalized by alternately feeding the CW
reference signal first through its own channel and then

through the pulse channel. The variable attenuator in the

pulse channel is adjusted to equalize the amplitude of the

notch, and the attenuator dial is slipped to zero reading.

After the RF pulse power is applied, the detected pulse

envelope is positioned within the notch and the attenuator

adjusted to equalize its amplitude to that of the notch. The

input RF pulse power is then read on the attenuator scale in

dBm. A typical CRT display is shown in Fig. 2.

Measurement uncertainties using commercial notch

power meters range from 5 to 10 percent, and the precision

is of the order of 1 to 2 percent, depending upon the input

power level. One source of uncertainty is that the amplitudes

of the reference CW and pulse signals displayed on the CRT
are proportional to the respective peak RF voltages rather

than power. Thus, even though the displayed voltages are

equal, the power levels may be different if the impedances

of the two channels are different. Other sources of uncer-

tainty include the 1-mW reference CW signal and the vari-

able attenuator.

VARIABLE

Pulse

put

ATTENUATOR

1

READOUT
1

Fig. 1 . Block diagram of notch power meter.

The power range of typical notch power meters extends

from 0.1 mW to 2 kW (-10 to 63 dBm). Measurement

accuracy is independent of pulse shape and duty factor

over a wide range of pulse durations and PRR's.

C. Barretter Integration-Differentiation Pulse Power Meter

The basis of this technique is that any waveform may be

integrated and the resulting shape differentiated to restore

the original waveshape [3 ], [4]. A special barretter is used to

integrate the input pulse of power, and the resulting wave-

shape is amplified and diff"erentiated by an RC network.

The resulting voltage pulse is thus proportional to the power
envelope of the RF input pulse. The a mplitude of the pulse is

measured with a peak reading voltmeter calibrated in watts.

A special calibration generator is included within commer-
cial instruments as shown in Fig. 3. In calibrating these in-

struments, it is also necessary that the barretter sensitivity in

terms of voltage output per mW of RF power input be

known.

Sources of uncertainty in the barretter integration-

differentiation technique include the calibration generator

and the calibration factor or effective efficiency of the

barretter mount. The effective efficiency of the mount can

be determined using CW power. However, bridges employ-

ing audio substitution power should not be used because the

time constant of the barretter is such that it will tend to

follow the audio voltage. Manufacturers' claims for the un-

certainty limit of peak pulse power measuring instruments

employing the barretter integration-differentiation tech-

nique are 5 to 10 percent. Barretter mounts are available for

frequencies from 500 MHz to 10 GHz for coaxial systems

and to 18 GHz in waveguide. Typically, the power range ex-

tends from 5 mW to 300 mW and the measurements are not

sensitive to duty factor over a wide range of PRR (50 to

10 000) and pulse duration (0.25 to 10 /is).

A new instrument based on this principle has recently

been developed in the U.S.S.R. [5].

D. Methods Employing Peak Detection ofRF Voltage

Semiconductor diodes have been used extensively as de-

tectors of RF energy. As is well known, these devices tend to

detect the peak voltage of the RF signal when they are pro-

vided with a filter circuit having the proper time constant.

Instruments employing peak diode detection for CW power

measurement have been on the market for a number of

years.

The relationship between the peak RF voltage and the

rms power is given by

(Fp X 0.707)2

R 2R
(2)

Fig. 2. Typical CRT display of notch power meter.

where R is the resistance of the load across which the diode is

connected or the impedance of the coaxial line for the case

of feed-through meters. The instrumentation for this type of

meter involves simply a direct-reading meter calibrated in

rms power.

In adapting the direct-reading peak detection method to
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pulse power measurement, it has been the practice to supply

additional circuitry to the instrument to furnish the current

needed to drive the meter and thus give a continuous read-

ing. The added circuit constantly compares the voltage

across the meter with the instantaneous peak output of the

diode (envelope peaks) and automatically adjusts the meter

voltage so that it follows the peak diode output [6].

Instruments of this type, in both feed-through and termi-

nation types, are available commercially. The power range

extends from 1 W to 25 kW at frequencies from 0.45 to 2300

MHz. Maximum uncertainty is claimed to be no greater

than 8 percent of full scale.

In another embodiment of the peak detection technique

[7], a variable dc reference voltage is set equal to the peak

of the detected RF pulse envelope using a chopper and an

oscilloscope as an indicator. A block diagram of the in-

strument is shown in Fig. 4. The input RF pulse is divided

into two paths by the resistive power divider. The power in

the through path is absorbed in the 10-dB pad and the 50-

ohm termination. In the other path, the peak signal en-

velope is detected by the diode which is forward biased to an

operating point of maximum stability and beyond the

square-law region. Dividing the signal into two paths

allows the calibration of the instrument with CW power,

and the divider provides impedance isolation between the

input and the diode. The chopper alternately connects the

diode output and a reference dc voltage to the input of an

auxiliary oscilloscope. The dc voltage is adjusted until its

display on the CRT coincides with the peak of the detected

pulse envelope. The reference voltage is monitored by a

meter calibrated in watts.

The instrument may be calibrated using CW power by

replacing the 50-ohm termination with a 10-mW power

bridge to measure the power at the output of the 10-dB pad.

Subsequently, the power loss between this point and the

input connector must also be determined. The frequency

range extends from 50 to 2000 MHz, and the full-scale power

range is 200 mW. Maximum uncertainty of 0.6 dB is

claimed.

Harmonic distortion in the signal being measured can

cause large errors in peak-detection-type power meters.

Well filtered (60 dB) sources should therefore be used with

this type of instrument.

X allows the selection of either the CW or pulsed signals.

The pulsed signal may come directly from the source or from

the source via a directional coupler.

In making a measurement, the pulsed power is applied to

the diode switch input from whence it goes to the normally

closed output 1. A switching or gating pulser switches the

input to output 2 for a period of time less than the RF pulse

duration. The gating pulser is synchronized through a vari-

able delay network with the pulser modulating the RF
source. Thus, the switch is gated each time an RF pulse ap-

pears at the switch input. The timewise sample of the RF
pulse at output 2 is detected with a thermocouple or diode

detector, the dc output of which is measured and recorded.

The pulsed power is then removed and CW power applied

to the diode switch input via a calibrated directional

coupler. Holding all parameters of the gating pulse fixed as

before, the CW power is adjusted so that the detector output

is the same as that previously recorded. The system thus

samples the CW power in a timewise fashion as was the

case with the pulse modulated power. There only remains

the task of measuring the CW power incident upon the

switch, and this power is equated to the peak pulse power.

The diode which terminates output 1 on the switch may be
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Fig. 3. Block diagram of barretter integration-differentiation method.
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Fig. 4. Block diagram of pulse power meter employing peak diode

detection—video chopper method.

E. Sampling-Comparison Technique

In 1962, two methods for peak power measurements em-
ploying sampling-comparison techniques were developed

independently at the Boulder Laboratories of the National

Bureau of Standards and the Sandia Corporation, Albu-

querque, N. Mex. [8], [9]. The basic principles of the

methods are the same and only one of them (NBS) will be

described.

In the sampling-comparison method, comparison is made
between RF pulse power and CW power at the same fre-

quency. Comparison is made by means of identical time-

wise samples extracted from both signals using a fast semi-

conductor diode switch. With reference to the block dia-

gram of Fig. 5, the manually operated coaxial switch at point
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used with an oscilloscope to view the pulse envelope shape

and to aid in positioning the sampling pulse at the peak of

the main RF pulse.

The range of the basic system extends from 0.02 W to 2 W,
and the limit of uncertainty is 2 percent. When directional

couplers are used to extend the range, as shown in the dia-

gram, an additional 1 percent uncertainty is added.

Equipment used in construction of the sampling-com-

parison system is somewhat conventional except for the

SPDT semiconductor diode switch. In order to minimize

mismatch errors, the input VSWR of the switch must be as

near unity as possible. An upper limit of 1 .08 was set in the

design of the system and commercially available units had

considerably higher VSWR's. Thus it was necessary to con-

struct a special switch [10].

Once set up, it is possible to make rapid, precise measure-

ments with this system.

It should be noted that in the system described above it is

necessary that the pulse repetition rate be very constant

throughout the measurement process. Although com-
mercially available pulse generators have adequately stable

PRR's, in some cases this requirement may present a

problem. Recently, a modification of the comparison tech-

nique has been reported [11] which does not require a con-

stant PRR. The method employs sequential comparison

of the pulsed RF power to a variable CW reference level at

the same frequency as that of the pulsed carrier. With ref-

erence to Fig. 6, a known fraction of the RF pulse power is

coupled to the secondary arm of a 4-arm calibrated coupler

from whence the sample is fed to a receiver (detector)

through a second coupler. The video output of the receiver

goes to an oscilloscope and a trigger unit which gates a CW
reference source on for a predetermined time in the interval

between pulses. The output of the gated CW source is con-

nected to a standard power meter through the secondary

line of the first coupler and the primary arm of the second

coupler. A portion of the CW power is coupled to the re-

ceiver by the second coupler, and its envelope is displayed

on the oscilloscope along with the pulse envelope. The
trigger unit causes the timebase to be initiated twice in each

pulse-modulation period. Thus the CW and pulse envelopes

are superimposed on the CRT, allowing precise adjustment

of the reference level to that of the pulse. The peak pulse

power is given by the power level as measured by the

standard meter multiplied by the coupling coefficient of the

calibrated coupler and the factor « -i- 1, where n is the off/on

ratio of the reference source.

Except for the trigger unit, the necessary components for

constructing the system are readily available. An uncer-

tainty limit of 3 percent is claimed by the developers of the

system.

IV. Measurement Techniques and Sources of Error

In addition to the usual sources of error in RF power

measurement, there are several additional ones which are

peculiar to peak pulse power. Examples of the former in-

clude mismatch error, unaccounted losses between differ-

ent measurement points, and errors in calibration of direc-

tional couplers or pads used as range extenders. A source of

error in pulse power measurement is due to distortion in

peak envelope detectors. Distortion in the detected envelope

may be caused by harmonic distortion in the signal, or it

may arise because the diode has a limited rise time response

and therefore cannot follow the envelope. In many modern

pulsed systems, including radar, the rise time of the modu-

lating pulses is of the order of 1 ns with pulse durations of

the order of 100 ns. Fast diodes are therefore required. As

mentioned earlier, errors due to harmonic distortion in the

RF signal can be reduced by adequate filtering of the

generator.

Another source of error is due to bandwidth limitations

which may exist in the pulse power measuring instrument.

As is well known, a pulse modulated carrier has sidebands

associated with it which contain an appreciable fraction of

the power. The spectrum envelope of a rectangular pulse

modulated carrier is shown in Fig. 7. The lobe width is 1/t,

where t is the pulse duration. The spectrum is discrete with

the spacing between lines being equal to the PRR. Approxi-

mately 99 percent of the power is contained in the fre-

quency band ^0+ If and therefore the bandwidth of the

measuring instrument should be at least this wide. Care

must be exercised in using high-^ tuning devices on pulsed

systems, such as in impedance matching or filtering. A sys-

tem which is sharply tuned at To may reflect an appreciable

amount of sideband power. In many cases it is advisable

to check the frequency distribution of the pulsed signal

Fig. 6. Block diagram of method of pulse power measurement Fig. 7. Power spectrum envelope of rectangular pulse

by sequential comparison with a reference.
i i o /i

modulated RF carrier.



at the measurement point with a spectrum analyzer.

Leakage effects may also be a source of error, particularly

when a low-level power meter is used to measure a relatively

high power level with a directional coupler or attenuator

pads. Interfering fields may come from either the RF
generator or the modulator, and it may be necessary to

provide shielding for the measuring instrument.

Tests and calibrations of most of the instrument types

described previously indicate that, by and large, their error

limits are within the manufacturers' specifications [12]. In

critical applications, however, the user would do well to

have his instrument calibrated or compared to a standard

or other instrument of known error limit.
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Analysis and Performance of Superconductive

Coaxial Transmission Lines

R. J. ALLEN, MEMBER, IEEE AND N. S. NAHMAN, SENIOR MEMBER, IEEE

Summary—This paper discusses the mechanisms affecting

metallic conduction and dielectric properties in relation to a low

temperature transmission line to provide a basis for analysis of the

characteristic change, and the remaining losses at low temperature.

Specific attention is given to lines employing Teflon or polyethylene

as dielectrics, and operating up to 10 Gc. The construction and meas-

ured performance of a number of long superconductive coaxial lines

is given in support of the analytical results.

Introduction

THE application of cryogenic techniques to the

design of low loss coaxial transmission lines has

provided lines with significantly improved char-

acteristics. Attenuation and bandwidth of the small

diameter cryogenic lines compare favorably with those

of the largest of the room temperature cables.

The decrease in the series resistance loss of the metal-

lic conductors at low temperature undergoes a further

marked decrease when the metals enter the supercon-

ductive state. The shunt conductive loss due to the di-

electric also decreases with decreasing temperature.

Consequently, when operating at liquid helium tempera-

ture (4.2°K), the line exhibits characteristics approach-

ing those of an ideal line.
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R. J. Allen is with Molecular Electronics Division, Westinghouse
Electric Co., Baltimore, Md. He was formerly with The Bunker
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Theory

Transmission Line Equations

The voltage on an infinitely long transmission line at

a point X units from the line input terminals is given by

V{x, s) = F(0, i)e--'''<»' (1)

where v{0, s) is the input voltage (x = 0) and T(s) the

propagation function,

r(5) = vzw (2)

in which 2(5) and y{s) are the series impedance per unit

length and the shunt admittance per unit length, re-

spectively. z{s) and y{s) are analytic functions of the

complex variable 5 which reduces to ju> on the real fre-

quency axis, i.e., for real frequencies, s=jo:, and

Z(/co) = R{o}) +jx{w), ohms per unit length (3)

Y{iui) = G(w) + jB{(x>), mhos per unit length. (4)

The voltage expression (1) is also valid for a line of

finite length which is terminated in the line's charac-

teristic impedance, Zo(5),

Zo(5) =
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For low loss high frequency coaxial lines the series

impedance per unit length consists of two terms, the

inductive reactance per unit length sL and the skin

effect impedance per unit length s(s)

Z(s) = sL + 2(5) (6)

in which the geometrical factors are the usual factors,

henrys per meter (7)

2a 1 Za 2

2(5) =
1 J ohms per meter. (8)

The subscripts 1 and 2 relate to the pertinent inner and

outer coaxial conductors, respectively, r denotes a

conductor radius, and Za the conductor surface im-

pendance per unit square.

Also, for low loss high frequency coaxial lines the

shunt admittance per unit length is given by

Y{s) = — K*{s) (9)

where €0 is the mks free space dielectric constant, and

K*{s) is the frequency dependent complex relative di-

electric constant, ri and Ti are the same as those de-

noted in (7) and (8).

The Metallic Normal Conduction Losses

In general, the high frequency surface impedances of

the coaxial conductors contain the effects of the con-

ductor losses; the real part of the complex surface im-

pedance represents the metallic conduction loss while

the imaginary part gives the related phase shift. For

example, the lossless coaxial line has the equivalent

circuit per unit length shown in Fig. 1(a) while the

presence of a nonzero surface impedance Z^(jw) modifies

the equivalent circuit as shown in Fig. 1(b). s(jco) repre-

sents the series impedance per unit length contributed

by the surface impedances of the two conductors, (8).

This equivalent circuit [Fig. 1(a)] follows from a series

expansion of (2) in which Z{s) is given by (6), Y{s) by

sC and under the condition z^^^/sL<^l [l ].

Z = iwL

o n!w<-

L

l[]W]--t{lD)+\x(W)

C Y= iojc

Z =jwL+z(ja))

rr Y= iwc

(a) (b)

Fig. I—Equivalent circuit per unit length for a lossless coaxial line.

In normal conductors at room temperature (as con-

trasted to superconductors) s(jw} is proportional to

w''^145° hence, the real and imaginary components of

2(jw) are of equal magnitude. This follows from the
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mechanism of high frequency skin effect as found in a

homogeneous plane conductor.'

At low temperatures of the order of 10°K normal con-

ductors may exhibit the anomalous skin effect which

occurs when the mean free path of the conduction

electrons e exceeds the classical skin depth of penetra-

tion 5, i.e., the skin depth as calculated from the dc con-

ductivity is less than the electronic mean free path [2],

[3]. Under such a condition, the electric field in the

metal is not spatially constant over the distance de-

fined by the mean free path. Furthermore, this situa-

tion is characterized by saying that the electric field at

a point in the metal conductor is not a local field but

rather a nonlocal field. In other words, the usual cur-

rent density relation.

lir) = aE{r)
;

r = x, y, Z spatial coordinates (10)

defines the current density J at the spatial position r

as being proportional to the electric field E{r) at the

point r, the constant of the proportionality being the

conductivity <t; for the anomalous case, the usual cur-

rent density expression is replaced by

J{r) f{E)dV (11)

in which 7 is proportional to a volume integral of a

function of the electric field integrated over the entire

volume of the metal. Hence, the current density at the

point r is not simply proportional to the electric field

at the point r\ and the dc conductivity <j no longer

provides the means of specifying j or E from E or

respectively.

When anomalous skin depth is much less than the

electronic mean free path, the skin effect phenomenon
is said to be in the extreme anomalous limit, and in this

limit the anomalous surface impedance produces a

s(jw) that varies as (jw)-'^, which obviously varies at

faster rate vs w than the classical 2(jw) variation of

(jw)"-. Aside from the more rapid rate of increase vs co,

the magnitude of the anomalous skin effect is greater

than that of the classical effect. Hence, the anomalous

effect produces a skin loss (impedance) which is greater

than the skin loss produced by the classical skin effect.

The Metallic Superconduction Losses

In superconductors local and nonlocal current densi-

ties are also encountered; however, in superconductors,

the onset of local or nonlocal conditions depend upon

the relative sizes of the coherence distance and the

electric-field penetration depth X rather than the normal

state mean free path / and electric field penetration

depth b.

Essentially, the superconductive state can be charac-

terized as a condensation of the entire electron gas of

' For coaxial lines, as long as the skin depth is much smaller than
the respective conductor radius, the conductor surface can be con-
sidered to be a plane surface.
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the normal state into a single state of bound electron

pairs. The binding energy creates a gap which exists

between the lower energy super state and the higher

energy normal state. Thus, if a superconducting ma-

terial is subjected to radiation of high enough energy,

the bound electron pairs will be broken up and raised

into the higher energy normal conducting state. Ac-

cording to the Bardeen, Cooper, and Schrieffer [4]

theory at a temperature T such that T/Tc^Q.S, the

energy necessary to break up a bound electron pair is

approximately given by

eo = i.SkTc, (12)

where 7\ and k are the critical temperature below which

the conductor remains superconductive in zero mag-

netic field and Boltzmann's constant, respectively.

Consequently electromagnetic radiation at frequencies

of the order of en/h (h being Planck's constant) will

excite transitions from the super to normal state.

The coherence distance can be thought of as the

distance between the bound electron pairs of the super-

conductive state. Because the coherence distance is

very large in terms of atomic interaction distances, the

scattering processes which can scatter a normal state

electron do not frequently act simultaneously on each

electron of the bound electron pair. Consequently, the

superconducting current can persist as the scattering

process responsible for the normal state finite conduc-

tivity can do little to disrupt the pairing of the bound

electron pairs in the superconductive state.

When the coherence distance is large compared to

X, which is the superconducting current's penetration

depth into the superconductor, the superconducting

current density is a nonlocal one. When the opposite

situation obtains, the current density is a local one. A
superconductor that principally has a local current

density is called a "London" metal.

Bardeen, Cooper, and Schrieffer [4] formulated a

tractable theory for superconductivity, and Mattis and

Bardeen [S] extended the Bardeen, Cooper, and

Schrieffer theory to include time dependent electric

fields and nonideal superconductors (in the normal

state /«oo).2 The significance of Mattis and Bardeen's

result for the current density is that their current den-

sity in its most general form included local and nonlocal

characteristics and applied to both the super and nor-

mal state. Furthermore, their expression for the surface

impedance is an analytic function of the complex fre-

quency variable S which satisfied the causal conditions

[6], [7] required by physical systems.

The Bardeen, Cooper, and Schrieffer [4] theory

depends upon a knowledge of three parameters, the

critical temperature T^, or the energy gap at 0°^", the

' The normal state mean free path / does not enter into the
Bardeen, Cooper, and Schrieffer calculation of the superconductive
current density if the superconductor is assumed to be ideal. Un L
such conditions, / is not limited to a relatively small value by scatter-

ing mechanisms, but rather it is large enough such that X//—>0.
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density of normal electronic states, vV(0) and the veloc-

ity at the Fermi surface Vo. Numerous studies [S] have
shown that from consistent experimental data three

such parameters can be deduced so as to account for

the experimental data with the Bardeen, Cooper, and
Schrieffer [4] theory. Consequently, if the three param-
eters are known for a given superconductor, the high

frequency surface impedance can be closely predicted.

However, it is necessary that the parameters must be

known for the specific sample of the superconductor

concerned; impurities, strains, etc. can create large dif-

ferences between different samples of the same metal.

A more detailed discussion of the effects of impurities

and stains in relation to superconductive coaxial lines

along with a detailed derivation of the Mattis and
Bardeen surface impedance is given in [3].

Finally, it should be said that the theory of super-

conductivity is as yet far from completely resolved. For

a lively discussion of the subject, the reader is referred

to the recent writings of Anderson and Matthias [9].

In concluding this section, we can summarize our

previous discussion by stating that the surface im-

pedance of a superconductor is such that the high fre-

quency losses increase sharply when the operating fre-

quency approaches the energy gap frequency eo/h;

above the energy gap frequency, the losses rapidly and
asymptotically approach the normal state losses of the

anomalous skin effect. For frequencies well below the

energy gap frequency (microwave frequencies and

downward) the losses per unit length are very small.

Consequently, for short samples, such losses are neg-

ligible. On the other hand, for long samples, such as

those used in microsecond delay lines, the losses are not

negligible, and their presence imposes a bandwidth

limitation.

Dielectric Properties

Dielectric Constant: Teflon and polyethylene are long

chain polymers with as many as 100,000 X—C—

X

groups per molecule. Their dielectric constants are ap-

proximately 2, and frequency independent from 10'

cps to 10'" cps. Theoretically, the dielectric constants

should remain constant up to the optical region (5X10"
cps), except for absorption lines in the infrared. The
losses are low and relatively insensitive to frequency.

These dielectric properties serve to indicate that the

largest contribution to dielectric constant comes from

atomic and electronic polarizations. Examination of

the symmetry of the pure molecule shows no netdipole

moment, since the C—C bond has no dipole moment
and the C—X bonds, which have dipole moments, are

symmetrically arranged on the chain. In FEP Teflon,

the X can be either an F or a CF3. (The total amount

of the fluorinated propylene is about 15 per cent by

weight.) The position of the CF,i on the chain is ran-

dom. Because the CF4 molecule has no dipole moment,

the CF3 group has the same dipole moment as a single

C—F group, and the net dipole moment of the F—C—

F
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and CF3—C—F groups is the same. It is assumed that

the polarizations of the C—F bonds are additive. It

follows that, even for the FEP Teflon, there will be no

net dipole moment per molecule, without which the

molecule has no tendency to align itself with the elec-

tric field. The motion of molecules in this fashion is

usually a major cause of dielectric loss. While this

mechanism is not present for the chemically pure ma-

terial, impurities may cause dipole moments and thus

cause losses.

The electric field also causes the charge in a molecule

to redistribute itself which gives rise to an induced

dipole. When molecules are brought together to form

solids, the magnitude of the induced dipole moment per

molecule may be altered a great deal by the forces of

the atoms of neighboring molecules.

However, in Teflon and polyethylene, the covalent

chemical bonds correspond to very short range inter-

actions, such that only members of the particular

chemical bond interact significantly with one another.

For such materials, the polarization of the molecule in

the solid is equal to the polarization of the isolated

molecule. Furthermore, the polarization of the molecule

is the sum of polarization of the difTerent chemical bonds.

Such bonds do not contribute losses as they will have

absorption only in the infrared and optical regions.

Since the polarization of the

X
=0 group is known,

one can demonstrate that Teflon and polyethylene [lO]

fall into this class. The following calculation demon-

strates this. The polymer molecules tend to be parallel

to each other. Such regions are referred to as crystalline,

while between the crystalline regions there are amor-

phous regions, so called because of their lack of regularity.

The size of the crystalline region is quite a bit less than

the mean length of a polymer chain, of 10~^ to 10~' cm.

For this reason, crystalline order does not extend over

wavelengths greater than 10"'' to 10~' cm. For 3-cm

wavelengths, the material can be thought of as com-

posed of randomly oriented molecules, and the Clausius-

Mossotti formula is used to compute the dielectric

constant. This formula is

1 +•
57r p

3 M
TV,

4ir p
1 Noa

3 M

(13)

p is the density of the material, M is the molecular

weight, Nts is Avogadro's number, and a is the molecular

polarization.

The molecular polarization depends on the number

and the types of bonds in the molecule.

a = ao + ain (14)

where ao is the mean polarization of the end group and

oLi is the mean polarization of each X—C—X group.

Using values of bond polarizabilities given in Landolt

and Bornstein [ll] for C—C and C—H gives ai = 20.6.

This is about 10 per cent higher than the correct value

for the H—C—H group, which is given as 5i=18.3.

Using this value, € = 2.30 for polyethylene, in the limit

as The experimental value of e corresponding to

the same density used in the calculation was 2.3 [l2].

The close agreement indicates 1 per cent or less of the

dielectric constant is a result of these bonds. Because

these bonds will not absorb or scatter, nonconstructively,

energy from microwave electromagnetic field, the ma-

terial is essentially lossless. Since the pure material,

ignoring structural defects, is lossless, it follows that

the impurities must give rise to the losses, assuming

there is no interaction between molecules. Actually,

there is a very weak interaction which can give rise to

small losses. The picture of a lossless material with a

small percentage of impurities causing small losses is

consistent with the experimental facts.

It should be mentioned that the opaque character of

the material is due to its macroscopic structure. The
theory would predict that Teflon and polyethylene

should be optically transparent with an index of refrac-

tion of 1.4. The opacity is due to the inhomogeneity of

the material over wave lengths of the order of 10~^ cm.

During crystallization of the polymer, many crystallites

grow radially from a common nucleus, and the resulting

"spherulitic" aggregate made up of many crystallites

will be large enough to scatter visible light. Since the

scattering is incoherent, the material is opaque [l3].

Upon heating to the gel point, the spherulites dissolve

and the material is transparent. The index of refraction

squared differs from the dielectric constant by only a

few percent; therefore, the major part of the polariza-

tion is electronic.

Since the absorption lines corresponding to the nu-

clear polarizaion are in the infrared and those due to

the electronic polarization are in the ultraviolet, it is

clear that these polarizations are lossless in the micro-

wave region and below.

Dielectric Losses

Losses due to electrostriction: Losses in the pure

material arise from electrostriction and electronic

conduction. The former comes from the fact that under

the influence of an electric field, the material contracts

along the field and expands perpendicular to the field.

The expansion and contraction are not quite reversible.

Since the acoustical cutofi^ frequency of the material is

above the microwave region, the alternating field will

set the material into vibration. While Teflon does not

have a lattice in the same sense as quartz. Teflon will
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have a phonon spectrum corresponding to different

modes of vibration. The interaction between modes
will cause absorption of energy. Ail lattice modes except

for that corresponding to the frequency of the electric

field are in thermal equilibrium. The rate at which

phonons produced by the electric field are absorbed and

re-emitted at a different frequency will depend on the

product of the total number of phonons present at both

frequencies. In any such process, at least three types of

phonons must be involved. The rate of energy absorp-

tion will be of the form

IP' = 2Z XI wi(fe'i)K2(^'w2) — M{wi, Wi, w) (15)

ni{tiw\), and ni{h'W2) are the average number of phonons

present in their respective lattice modes which can be

written as

1

j(Att.i/*-<) _
J

and
1

is the energy density of the field and hence proportional

to the number of phonons present. M(wi, Wt, w) is a

measure of the coupling of the electric field to the

lattice modes of frequency coi, toa and restricts Wi, Wi to

the same magnitude of {w) to give M nonzero value.

Since w is 27rX10^° sec~' and r = 4.2°K or greater,

one can write fiiM as

n\ni
tiw\hw2

for T > 1°K. (16)

It follows that this process varies as 7"^. Interactions

involving more kinds of phonons will vary as higher

powers of T. The form of M {w\, w^, w) depends on the

actual structure of the material, including properties

analogous to dislocations and impurities which are ac-

tive in phonon scattering. Whether or not these con-

tribute significantly to the losses can only be answered

by computing M (wi, Wo, w). which is not simple. None-

theless, at worst, the temperature dependence indicated

suggests the contribution from this process decreases

by a factor of 5000 as the temperature decreases from

300° to 4°K.

Losses due to dipole moments: While the ideal poly-

mer carries no net dipole moment, deviations of the

molecule from its ideal folded structure could cause

sections of the molecule to have a net dipole moment.

Noncancellation of these dipole moments results in a

very weak interaction between dipoles and the lattice

A true orientational polarization will not be possible

because the molecules' overall length causes them to be

frozen in place. The interaction will be temperature de-

pendent and show an exponential decrease analogous

to that of a hindered rotation.

Loss due to condtictifig particles: Teflon and poly-

ethylene have a finite conductivity, although extremely
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small, which obeys a law of the form

cr = <7o exp (£/A'r). (17)

E is the binding energy of the weakest bound electrons.

For the pure material, £==10 ev. A calculation by Pao
and Bjocklund [l4] indicates 10.07 ev between the 35

and 2p bands. Actually, the observed value is 1.1 ev.

Impurities such as free radicals, although much less

numerous, probably give rise to most of the free elec-

trons because the binding energy of the electrons is

less (about 1 ev). It follows that the loss mechanism
depends on an exponential law and, hence, this con-

tribution decreases exponentially. A Maxwell-Wagner
type of polarization is held unlikely, since it would be

inconsistent with the observed homogeneity of the ma-
terial and the observed temperature dependence of the

conductivity.

The Effect of Impurities : Impurities in the polymer
can be

1) Chemical groups substituted for hydrogen or

fluorine on the chain.

2) Free radicals at the chain end.

3) Trapped chemical impurities.

Presence of chemical groups in place of the hydrogen

or fluorine on the chain: Chemical impurities can pro-

duce loss if they give the molecule a net dipole moment
or if the impurity group has an absorption line in the

microwave region. The former is considered unlikely

since the loss tangent is flat in the microwave region,

while the presence of an absorption line would be ex-

pected to produce a peak. On the other hand, dipole

groups can give rise to the broad spectrum type of losses

observed.

An example of such a mechanism would be the in-

troduction of a carbonyl group, C = 0, in place of the

two hydrogens on the chain of polyethylene. Such an

impurity can be introduced through oxidation. This has

been proposed as a principal mechanism for losses,

[15], [l6]. The carbonyl group possesses a dipole mo-
ment. The potential is double valued, and there are two
equilibrium positions. Classically, the carbonyl group

cannot go from one position to another unless it has a

sufficient amount of energy to overcome the potential

barrier. This type of motion is a hindered rotation. In

the crudest approximation, if w is the frequency of

vibration in the potential well, the frequency with which

the particle has enough energy to surmount the barrier

is

0,12 = coe-^''''^^. (18)

Okamoto and Takeuchi [l7] have studied the dielec-

tric constant of high density Polyethylene from — 75° to

100°C with frequencies from 30 to 10* cps. They have

found three loss peaks with activation energies of 25,

20, and 6 K cal per molecule (1.7X10-l^ 1.4X10-12 and

4.8X10"" erg). The three loss peaks would imply that
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the model of the potential well was oversimplified, as

it should have more than one metastable position.

At low temperatures all of the positions are essentially

frozen in.

Effect offree-radical and trapped chetnical impurities

:

The principal effect of impurities will be to provide

sources for electrons or traps. From the observed dc

conduction of Teflon and polyethylene, it would appear

that these impurities provide the majority of the elec-

trons. For example, the temperature dependence of the

dc conductivity of Teflon has been observed to be [l8]

o- = (To exp (— 1.1/irr).

Since the electrons of the C—F are held much tighter

than 1.1 ev, impurities must contribute most of the

electrons. Again the mechanism will contribute a very

small loss at liquid helium temperatures.

In addition to providing conduction electrons, chem-

ical impurities can also absorb energy if they possess a

dipole moment. The best example of this would be

water, which possesses a very large dipole moment, and

will, if absorbed, cause the dielectric constant to rise.

Teflon and polyethylene tend to absorb very little

water. At low temperature the dipole moment of the

water molecules will be frozen in place as the potential

in which it aligns itself will have barriers much greater

than KT at 4°K or 1/3000 ev.

Conclusions—Dielectric Properties : The mechanisms

which are plausible enough to appear in the dielectric

are all temperature dependent. The slowest temperature

dependence corresponded to the loss mechanism which

varied as T-. If the dominant contribution of the losses

at room temperature were due to these processes, the

losses would decrease by a factor of 2X10~*, giving a

loss tangent of 4X10~*. More rapid decay would be

caused by terms having exponential behavior.

Migration of conducting particles at room tempera-

ture is insufficient by many orders of magnitude to

account for existing losses. The efi"ect of C = 0 groups

does give the right order of magnitude for room tem-

perature loss in highly oxidized polyethylene. The
temperature dependence of relatively pure polyethyl-

ene does not decrease as fast as the simple model for

C = 0 group would predict for Fo = 4.8X10~" erg.

It would be expected that the bending of the molecule

would cause sections of it to have a net dipole moment.

These sections will tend to align themselves with the

field. The rotational barrier should be less than that for

the carbonyl group, although it should be of the same
order of magnitude.

It seems reasonable to conclude that the loss tangent

of Teflon and polyethylene is less than 2X10~' at

r= 4.2°K. Other dielectrics such as Cyanocel, poly-

vinyl chloride, and Tedlar which have much higher

losses at room temperature, should have losses com-

parable to Teflon and polyethylene at 4.2°K, since most

of their losses arise from dipole groups and decrease

exponentially with \/T.
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Delay Line Construction

Several types of coaxial lines were fabricated, using

both polyethylene and Teflon dielectric.^ The poly-

ethylene line consisted of a 7 mil diameter niobium center

conductor, 25 mil OD extruded polyethylene dielectric

and an outer conductor of vacuum deposited lead. The
line was 474.8 feet long and had a characteristic im-

pedance of slightly under 50 ohms. Teflon dielectric lines

had 15 mil center conductors and 51 mil OD extruded

Teflon insulation to give 50 ohms characteristic im-

pedance. Two types of lead outer conductor construc-

tion were used, vacuum deposition and pressure weld-

ing of sheet lead [3]. The OD of the heavy lead lines

were approximately 90 mils. (See Fig. 2.) The Teflon

insulated lines were approximately 1360 feet long,

which provided 2 ^(sec dela\'.

Oxidation of the thin vacuum deposited lead outer

conductor initially caused some deterioration of the line

characteristics which was overcome by coating each

layer on the spool with a film of vacuum deposited tin.

Fig. 2—Two lisec heavy lead FEP Teflon line.

' The seven mil niobium was obtained from the Fansteel Metal-
lurgical Corporation, North Chicago, 111. The polyethylene extrusion
was done through the courtesy of the Polychemicals Division, Chest-
nut Run Plant, of the E. I. t)uPont Corporation, Wilmington, Del.
The 15 mil niobium was obtained from both Fansteel and the
Kawecki Chemical Co., Boyertown, Pa. The FEP Teflon dielectric

was extruded by American Super-Temp Wire Co., Winooski, Vt.
The heavy lead jacket was applied by the National Lead Company,
Perth Amboy, N. J.
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The ends of the vacuum deposited lead lines were

protected by encasing them in 18 to 20 inch lengths of

lead tubing. Tubing for the 51 mil line was provided by

lengths of pressure welded lead removed from other

lines. The protective tubing for the 25 mil polyethylene

line was made from resin core 60-40 electrical solder by

removing the resin. The ID, fortunately, coincided

exactly with the outer diameter of the cable. The solder

also superconducted at above 4.20°K, although its

critical current was not measured.

Connections to the 7 mil polyethylene line were made
directly with Graymar "red-line" connectors which

were mated to TNC adaptors and connectors and im-

mersed in liquid helium. The coaxial leads extending

from the TNC connectors were about 10 inches long

and consisted of modified RG-141 cable. The outer

conductor was removed from the conventional RG-141

cable and replaced with 0.003 inch wall stainless steel

tubing. TNC connectors were used at room temperature.

The 51 mil dielectric Teflon lines used a tapered

transition to the modified RG-141 cable instead of con-

nectors immersed in the liquid helium. The transition

had a length of liV inches over which the center con-

ductor outside diameter and the dielectric ID increased

uniformly from 15 mils to 37 mils while the dielectric

OD increased from 51 mils to 119 mils. GR-874 con-

nectors were used at room temperature. An assembled

vacuum deposited line providing 2 microseconds delay

is shown with cryostat in Fig. 3.

Performance Cha.racxe"ristics

The performance data germain to the analysis in-

cludes pulse response characteristics, total insertion

loss, and delay time. The first two parameters can be

related to losses while the third gives dielectric con-

stant.

The pulse response for a two microsecond heavy lead

jacketed FEP Teflon line is given in Fig. 4. Input and

output pulses are shown superimposed on a 1 nsec per

division scale. Rise time is seen to be under 0.5 nsec. It

is seen that there is virtually no attenuation. Slightl})'

poorer characteristics were obtained with the vacuum'

deposited outer conductor line (Fig. 5).

Fig. 4—Pulse response for heavy lead jacketed

delay line. Scale 1 nsec division.

Fig. 3—Assembled vacuum deposited outer

conductor line with cryostat.

Fig. 5- -Pulse response of vacuum deposited lead

delay line. Scale 1 nsec/division.
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Total insertion loss was measured up to 8 Gc using

matched pairs of directional couplers and bolometers.

Data for a heavy lead jacket line is given in Table 1.

The insertion loss of 8.2 db at 7 Gc can be studied to

relate the measured loss to the analytical prediction.

An approximate separation of losses can be made by

assigning conductor losses in accordance with the values

of the surface resistivity of lead and niobium measured

by Shizume and Vaher [19]. They obtained values at

9 Gc and 4.2°K of TXIO""* ohms per square for lead

and 4X10~^ ohms per square for niobium. Considering

the geometry of the lines and assuming the w'^ de-

pendency of resistance, the ac resistance becomes ap-

proximately 50 ohms. Along with 0.5 db loss due to

input-output leads, this reduces the loss attributable to

the dielectric to 1.7 db. The dielectric loss tangent cor-

TABLE I

Insertion Loss
2 /iSEc (1360 ft) Line with FEP Teflon Dielectric and

Heavy Lead Outer Conductor

Frequency Insertion loss (peak)
Gc db

1 2

1.5 1 .4

2 6
2.5 5

3 4
4 4
5 5.5
6 7

7 8.2
8 10.6

2025-
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Fig. 6—Delay time by null resonance for a nominal
2.014 fisec line (two runs).

responding to this loss is 7.3X10~*. Since other loss

mechanisms such as internal reflections have been neg-

lected, it is reasonable to assume this to be an upper

limit, with the actual value falling closer to the 4X10~*
or less suggested by theory.

The measurement of delay time, as shown in Fig. 6,

showed essentially no dispersion, and permitted the di-

electric constant to be found quite accurately. A value

of € = 2.10 was obtained for FEP Teflon and 2.25 was

received for polyethylene (2.30 was found analytically

for polyethylene).
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Nanosecond Response and Attenuation Characteris-

tics of a Superconductive Coaxial Line*

N. S. NAHMANf, senior member, ire, and G. M. GOOCHf

Summary—A miniature superconducting coaxial line is described

which transmits nanosecond (nsec) pulses without any measurable

change in rise time. Data in regard to the temperature dependence

of the bandwidth over the range 293°K to 4.2°K are presented. The

investigation is confined to ten and hvmdred foot lengths of cable.

Introduction

THE TRANSMISSION of a nanosecond (lO""

second) duration pulse over a relatively long

transmission path is conveniently accomplished

by a coaxial transmission line; the bandwidth of the

line is primarily limited by its inherent skin effect at-

tenuation.' Physically realizable coaxial lines are not

uniform lines because connectors, dielectric supports,

and random geometrical imperfections introduce non-

uniformities which in turn produce reflective losses and

* Received by the IRE, May 18, 1960; revised manuscript re-

ceived, August 29, 1960.

t Electronics Res. Lab., Center for Res. in Engrg. Science, Univ.
of Kansas, Lawrence, Kans.

' S. Ramo and J. R. Whinnery, "Fields and Waves in Modern
Radio," John Wiley and Sons, Inc., New York, N. Y.; May, 1956.
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may also produce higher order mode transmission of

microwave frequencies. Skin effect losses for a given

characteristic impedance may be reduced to any de-

sired nonzero magnitude by increasing the respective

dimensions of the coaxial line; however, mode conver-

sion effects, if they are present, will occur at much
lower frequencies.' Nanosecond systems by their very

nature are inherently small physically and are not too

compatible with large diameter coaxial lines. In nsec

pulse oscillography it is usual practice to employ rela-

tively large semirigid 50-ohm coaxial lines (§ inch to |

inch outer diameter) to provide signal delays of the

order of 100 nsec in the vertical signal channel. Such

lines possess an attenuation which is less than 10

db/100 feet at 4000 Mc.

This paper describes a miniature coaxial line (50

ohms, 0.091 inch diameter) that possesses a very low

attenuation by virtue of the superconductivity phe-

nomenon which occurs at low temperatures. The minia-

ture line was constructed for use as a relatively lossless

signal delay line for nsec pulse oscillography.
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The Miniature Line

The miniature line was tabricated in a total length

of 200 feet; its construction is as follows:

1) Inner conductor, niobium, 0.010 inch diameter;

2) Outer conductor, lead, 0.034 inch inner diameter,

0.091 inch outer diameter;

3) Dielectric, teflon.

Electrically, the line has a characteristic impedance of

50 ohms and a capacity of 29.1 picofarads per foot. Alode

conversion occurs for frequencies on the order of 100

kMc. The line superconducts for temperatures less than

7.22°K, the critical temperature for Pb; the critical

temperature for Nb is 8.7°K. The measured conduc-

tivities of the conductors at 293°K. (room temperature)

are 6.14X10* mhos/meter for the Nb center conductor

and 4.82X10* mhos/meter for the Pb outer conductor.

Fig. 1 shows a photograph of the line and the associated

transition to a type-iV coaxial connector (note the boot

match shown for size comparison).

The high-frequency attenuation of the line at 293°K

was predicted by calculating the skin effect and dielec-

tric losses. For liquid nitrogen temperatures (77.3°K)

the dielectric losses were neglected, and the skin effect

loss was based upon 77.3°K conductivities which were

determined by direct measurement in a liquid N bath.

No predictions were made as to the low temperature

(4.2°K) attenuation of the line due to the fact that the

superconductive losses would be very small and would

not present any measurable value in the contemplated

instrumentation system. This may be seen by referring

to Fig. 2, an approximation to Gruneisen's curve. ^ The
low temperature resistivity' varies approximately as T^,

while for high temperatures it varies approximately as

T. For the specific metal samples used in the line,

Gruneisen's curve in conjunction with the two resis-

tivity measurements (in the linear region of the curve)

yields the resistivity constants''~^

Nb: 0 = 26.5; Re = 1.3 X lO"* ohm meters

Pb: 6» = 70°K; Re = 4.49 X lO-^ohm meters.

When the temperature is lowered, the normal resistivity

(not the superconductive resistivity) approaches the

residual resistivity (resistivity at 0°K). Fig. 2 shows

that the normal conductivity at low temperatures be-

^ C. Kittel, "Introduction to Solid State Physics," John Wiley and
Sons, Inc., New York, N. Y.

;
August, 1955.

' The Pb values are of the same order as the usual values cited in

the literature. On the other hand, the Nb Debye temperature is much
smaller than the usual values (26.5°K compared to 252°K). This is

not unusual; even the exact Gruneisen curve does not always agree
with exeriment when the metal concerned is one of the transition
metals. Fig. 2 is not intended to be quantitative, only qualitative; it

is included at this point mainly to demonstrate qualitative!)- the
variation of conductivity with temperature.

" "American Institute of Physics Handbook," McGraw-Hill
Book Co., Inc., New York, N. Y.; 1957. Also, R. B. Scott, "Cryogenic
Engineering," D. Van Nostrand Co., Inc., New York, N. Y.; 1959.

^ N. F. Mott and H. Jones, "The Theory of the Properties of

Metal and Alloys," Clarendon Press, Oxford, Eng.; 1936. (Reprinted
by Dover Publications, Inc., New York, N. Y.; 1958.)
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Fig. 1—The miniature line and its associated
transition to a type-N connector.

Fig. 2—Gruneisen's curve, d=Debye temperature,
i?9 = Debye temperature resistivity.

comes very large. If at low temperatures the conduc-

tivity is increased by a factor of 10^, the line attenuation

at any RF frequency would be reduced by a factor of

10-; this in itself would be a remarkable reduction in

attenuation which could not be fully detected by the

contemplated instrumentation system. When super-

conductivity occurs, the conductivity (Pb) may in-

crease by a factor of 10" over the 293°K conductivity.'

The Experiment.\l System

The experimental system is shown in block diagram

form in Fig. 3(a) and 3(b). The insertion switch, which

may be seen in Fig. 4, provides a convenient method for

rapid insertion switching in the rigid coaxial system.

Rigid coaxial lines are used to minimize the loss and in-

stability in the over-all transmission system. The pulse

transmission measurements were accomplished on a

Project JAYHAWK traveling-wave synchroscope that

employed a DuMont type KR 1524 PUM TWCRT.«
The deflection response of the indicator is 6 db down at

2.1 kMc. The 100 feet of miniature line when wound on a

2 inch diameter form constitutes a cylindrical package

of 3j inches in diameter and 5 inches long. The low-

temperature system consists of two concentric dewars,

the He flask having an internal radius of 2| inches and a

depth of 15 J inches; the N flask has an internal radius

« Project JAYHAWK Progress Report, Contract No. DA 49-

170-SC-2618, Univ. of Kansas Res. Foundation, Lawrence; April
12, 1959 to July 11, 1959.
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(a)

6ft SR Line

(b)

Fig. 3—(a) Attenuation instrumentation, (b)

Pulse response instrumentation.

Fig. 4—Laboratory arrangement for attenuation measurements.

of 4| inches and a depth of 18^ inches. The low-tem-

perature operation of the system was at 4.2°K and He
pumping was not required.

Experimental Results

The pulse response measurements employed an input

pulse having the following characteristics:

1) 50 per cent pulse width 1.7 nsec.

2) 10 per cent-90 per cent rise time 0.4 nsec.

3) Amplitude 16.7 volts.

The pulse measurements were run on a 10 foot and a 100

foot length of line in order to demonstrate clearly the
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behavior of the line. The shorter length was necessary

to obtain measurable responses when the line was op-

erating at temperatures equal to or greater than

77.3°K [Fig. 5(a) and 5(b)]. Fig. 5(c) through 5(e)

presents a graphic picture of the increase in bandwidth
as the temperature moves from 293°K to 77.3°K to

4.2°K. Fig. 5(f) contains a superposition of the input

pulse and the output pulse from the 100-foot line at

4.2°K. Notice that the rise time of the pulse is unaltered

after passing through 100 feet of line, and that the

upper portion of the output pulse has been reduced

initially in amplitude by a reflection. The attenuation

measurements demonstrate the presence of reflections.

The attenuation measurements were also concerned

with two lengths of line, 10 and 100 feet long. For tem-

peratures equal to or greater than 77.3°K, the 10 foot

length was employed; the results were multiplied by 10

and plotted in db/100 feet. In Fig. 6, A and B are the

293°K calculated and measured attenuation, respec-

tively, and C is included the show the 293°K attenua-

tion of an all-copper coaxial line having the identical

dimensions of the miniature line. The attenuation of

the copper line is less than the miniature line at 293°K,

but is useless at 293°K for nsec pulse transmission. In

Fig. 7, A and B show the measured and predicted

77.3°K attenuation.

In Fig. 8, B is the 4.2°K measured attenuation, while

A is also included for comparison. This curve is the at-

tenuation curve at room temperature of 100 feet of

5-inch Spiroline rigid coaxial line. The 4.2°K attenua-

tion curve has been adjusted in that the known rigid

line losses and the input reflection loss have been sub-

tracted from the over-all attenuation. Experimental

error is in evidence which accounts for the negative at-

tenuation. The variations in the 4.2°K attenuation are

due to the multiple reflections that are present in the

over-all system; however, even with the reflective losses

the line outperforms the large 293°K Spiroline coaxial

line. The reflection losses of the over-all system includ-

ing all transmission paths are clearly placed in evidence

when the miniature line is in the superconductive state

(4.2°K).

When the majority of the attenuation disappears in

the transmission line system, all of the nonuniformities

of the system become evident and are exhibited in the

undamped reflections produced by the system. Some
of the discontinuities of the various components in the

given system can be measured separately, and their ef-

fect on the over-all transmission may be calculated.

Regarding the discontinuities of the superconductive

line and its associated connectors, it is found that the

very low operating temperature causes geometrical

changes (contractions) in the line itself and significantly

disturbs the relative positions of the line conductors in

the connector constant impedance matching transitions.

This, in turn, produces a relatively large frequency-

dependent VSWR that is not experimentally repeatable

due to the present design of the transitions.
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Fig. 6—Attenuation at 293°K.

FREO.(KMCI

Fig. 7—Attenuation at 77.3°K.

Fig. 5—(a) Upper trace: input pulse. Lower trace: output pulse, 10
feet, 293°K. (b) Upper trace: input pulse. Lower trace: output
pulse, 10 feet, 77.3°K. (c) Output pulse, 100 feet, 293°K. (d)
Output pulse, 100 feet, 77.3°K. (e) Output pulse, 100 feet, 4.2°K.
(f) Superposition of input and output pulses, 100 feet, 4.2°K; in-

put pulse shifted to left.

/
7

A-y

/

\
-

Fig. 8—/I = 100 feet j-inch Spiroline cable (manufacturer's data)
293°K; B = 100 feet miniature line, 4.2°K.
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Additional Remarks

The 4.2°K attenuation measurements in Fig. 8 are

not to be interpreted as being indicative of the high-

frequency attenuation to be found in superconductors.

The majority of the resistive attenuation is due to the

two short lengths of the miniature Hne that are not

superconducting along their entire lengths. These two

lengths are the input and output portions of the line

that are not submerged in liquid He and are attached

to the connectors shown in Fig. 1. The connectors are

panel mounted in the base of a liquid N bucket; hence,

the miniature line's extremities are held at 77.3°K.

In addition to nonuniform thermal contractions, the

line attenuation is dependent upon the electrical char-

acteristics of the particular Nb, Pb and teflon samples

employed in the construction of the line. The fabrica-

tion techniques of the individual materials and the line

itself introduce into the respective materials various

stresses and strains which, in turn, alter their electrical

characteristics. The Pb outer conductor was fabricated

about the teflon coated Nb center conductor by a pres-

sure-welding technique. The Pb was chemically pure,

and subsequent measurements on the completed line

showed that the conductivity was 4.82X10* mhos/

meter at 293°K and 20.17X106 mhos/meter at 77.3°K.

Using these values and tabulated values of Gruneisen's

function^ the Debye temperature • was found to be

106. 7°K as compared to the published value 96.3°K,

normalization being referred to 293°K. The Nb Debye
temperature was found to be 56.5°K using the conduc-

tivities 6.14X10'^ mhos/meter (293°K) and 24.1 XlO«

mhos/meter (77.3°K), normalized at 293°K.

The teflon dielectric was extruded upon the Nb
center conductor. The Nb wire is not pure and contains

0.25 per cent impurities.'' The 10-mil Nb wire was

formed by sintering a metallic powder into an ingot and

drawing to size. Slade and Smallman* have found that

3-mil samples of the same wire even after vacuum an-

nealing are not exceptional superconductors. The maxi-

mum supercurrent that could be carried by the 3-mil

wire before the Silsbee destruction of the supercurrent

'Per cents: Fe—0.02, Ni—0.01, W—0.01, Ta—0.05, Ti—0.02,

Zr—0.02, O—0.05, .N—0.05, C—0.02. Manufactured by Fanstell

Metallurgical Corp., Chicago, 111.

' A. E. Slade and C. R. Smallman, Arthur D. Little Co., Cam-
bridge, Mass.

;
private communication with C. R. Smallman.

occurred was approximately 50 per cent of that which

the Silsbee Hypothesis predicts.®

Future studies on the miniature line will be con-

cerned with the Silsbee efTect and the measurement of

the conductivities from 293°K down to the supercon-

duction critical temperatures. Also, the X-band di-

electric properties of teflon at 4.2°K are to be investi-

gated. The results of these studies in conjunction with a

study of the high-frequency behavior of superconduc-

tors is expected to provide a basis for calculating the

bandwidth of the line.

Conclusion

This investigation has demonstrated that a minia-

ture superconducting line may be employed as a rela-

tively lossless wideband coaxial line that is able to

transmit nanosecond pulses with no apparent distortion.

Furthermore, the experiments performed within this

investigation in conjunction with the present-day

knowledge of low temperature normal conductivity in-

dicates the feasibility for designing a miniature low-

temperature normal conducting line which would pos-

sess an attenuation several orders less than 293°K at-

tenuation. One point that should be kept in mind is

that if the losses vanish in a transmission line, the line

geometry must be perfectly uniform if reflections within

the line itself are to be avoided. Under lossless condi-

tions, such internal reflections would not be damped by

resistive loss, and the resulting multiple reflections could

affect the signal-to-noise ratio of the transmission line;

hence, under some circumstances in a given line, a com-

bination of normal and superconductors would be ap-

propriate, e.g., inner conductor—super and outer con-

ductor—normal.
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Two systems for the measurement and standardization of peak pulse voltage have recently been
developed in the Radio Standards Engineering Division of the National Bureau of Standards. De-
signed for use with pulses having durations as short as 10 nanoseconds, the systems represent the initial

effort by NBS for establishment of standards in this field and it is expected that they will serve as the

basis for a calibration service.

One of the systems is a refined, slideback voltmeter employing a solid state diode. The rise time

is less than 10 nanoseconds and the instrument is useful for measurements in the range 5V to lOOV
as presently constructed.

The second system standardizes the output peak voltage level of pulse generators by means of

cascaded zener diodes. The clipping level of the diodes is determined first by d-c voltage measure-
ments and the system is subsequently used to generate pulses of known peak amplitudes. The rise

time of the diodes is approximately 30 nanoseconds.
The accuracy of both systems is within 0.25 percent, and comparison measurements have been

made between the two, and with other NBS a-c and rf (CW) voltage standards.

Key Words: Measurement, peak, pulse, pulse-limiting, shdeback, standard, voltage.

1 . Introduction

The use of pulse waveforms has increased signifi-

cantly during recent years, resulting in a wider interest

in measurement of pulse parameters. Pulses are

used in a variety of apphcations such as high speed
electronic computers, medical apphcations, pulse

amplitude modulation of carrier waves, and for testing

of broadband circuits and components. The time

domain reflectometer is a good example of the latter.

In addition, progress has been made in the state of the

art of generation of fast-rise, short-duration pulses.

Subnanosecond rise times are now common and work
is progressing on picosecond rise-time pulsers.

The parameters of interest in measurements on
pulses include the rise time and the peak voltage am-
phtude. Various types of instruments for performing
these measurements are commercially available, the

most common of which is the cathode ray oscilloscope.

Other types include direct reading peak voltmeters

which cover a wide dynamic range from a few miUi-

volts to several kilovolts at pulse widths down to a

fraction of a microsecond. The specified uncertain-

ties of the instruments used for peak voltage measure-
ment are generally 1 to 2 percent.

As a result of the wider application of pulse wave-
forms and the overall higher accuracies required in

present-day measurements, the National Bureau of

Standards has received requests for calibration serv-

ices in the pulse parameters. It is the purpose of

*Radio Standards Engineering Division, NBS Boulder Laboratories, Boulder, Colo.

this paper to describe two systems for measurement
and standardization of peak pulse voltage in the range

5V to lOOV for pulses having durations of at least 10

nsec. These systems represent the initial efforts

at NBS for establishing standards in this field and it is

expected that they will serve as the basis for a cah-

bration service.

Two independent systems were developed to allow

intercomparison and thus better evaluate the absolute

accuracies. One system is designed to measure the

pulse voltage across its input terminals while the other

generates a predetermined, accurately known, pulse

voltage level. Intercomparison can then be carried

out without the need for a transfer instrument.

The development of standards for pulse rise time

measurement is planned for the future.

2. Principles of Operation and Design

The voltage waveform of interest here is a train of

so-called "d-c" or unidirectional pulses [1].' That is,

ideally (in the mathematical sense), the voltage excur-

sion occurs in only one direction from the zero position.

Usually the pulse width is much less than the time
interval between pulses and the average voltage is

small compared to the peak voltage. One of the prob-

lems is to obtain an accurate, continuous reading of a

waveform whose instantaneous value is zero the

greater part of the time.

' Figures in brackets indicate the literature references at the end of this paper.
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2.1. The Standard Measurement System

In the design of a system, for peak pulse voltage

measurement, there are certain features which are

necessary or desirable. Of primary importance is

the system accuracy which requires that the design

ehminate as many sources of error as possible even
though some sacrifice in ease of operation may have

to be made. Other desirable features include wide

dynamic range, insensitivity to pulse duty cycle, and a

continuous output reading. Since it is desired to use

the system for measurements on fast-rise, short-

duration pulses, it must also have an extremely broad

bandwidth.
After theoretical and experimental investigation of

various known measurement techniques, it was de-

cided that a system based on the shdeback principle

would adequately fulfill the requirements mentioned
above. Shdeback voltmeters have been in use for a

number of years and have been described in the litera-

ture [2, 3]. The principle involves comparing the

unknown voltage to an accurately known, adjustable

voltage. The circuit is arranged so that the two

voltages oppose each other and null detection methods
are used to indicate when the voltages are equal. For

the measurement of d-c voltage, high accuracy and
precision are attainable. In applying the principle

to pulse voltage measurement a diode is employed to

limit current drain from the d-c shdeback source dur-

ing the time interval between pulses. This time inter-

val may be several orders of magnitude (e.g., W)
greater than the pulse width. The version used here

can be described by referring to the circuit in figure 1,

which is included for the purpose of illustrating the

principle. In the absence of an input signal and with

the d-c shdeback voltage set to zero, no current flows

in the circuit as evidenced by a null indication on the

galvanometer. When a train of pulses (positive pulses

for the circuit shown) is applied to the input, the diode

becomes conducting and may be returned to its original

nonconducting state by adjusting the reverse d-c

(shdeback) voltage until the diode is cut off and the

galvanometer is again nulled. The reverse d-c bias

voltage, which can be easily and accurately measured,

is then equated to the peak pulse voltage.

I © i 1

Figure 1. Basic circuit of slideback principle.

The accuracy of the system is primarily dependent
on the vahdity of the assumption that, at a null con-

dition, the d-c bias voltage is equal to the peak pulse
voltage. The validity of this assumption is, in turn,

a function of the characteristics of the diode. In

an ideal diode both the back resistance and the forward
conductance would be infinite while the rise time and
shunt capacitance would be zero. The problem then
was to choose an available diode having as nearly as

possible these ideal characteristics. One of the

critical characteristics is the forward conductance at

low values of appUed voltage. The forward conduc-
tance is important because of the finite sensitivity of

the null detector. If some voltage, Vg, across the

diode is required to cause a detectable current to

flow, then the d-c shdeback voltage, Vb, would be less

than the peak pulse voltage, Vp, by an amount Vg which
we have called the offset voltage. It is possible to

measure the Vg of a particular diode and apply a correc-

tion. Some uncertainty would, however, be involved

in this correction and, in general, it is desired to keep
the correction as small as possible.

The forward diode current, /, is given approximately
by the equation [4J

I= -h{€l»l'^''-\)
(1)

where
/.s
= reverse saturation current

9= electronic charge
i;= apphed voltage

A: = Boltzmann's constant . ,

r= Temperature, °K.
,

Thus the forward current is a function of the reverse

current, Is. This suggests the choice of certain types
of point-contact diodes which have relatively large

reverse currents. In the point-contact diodes tested,

the reverse current did not reach a saturation value

but, rather, tended to increase with increasing reverse

voltage. The resultant heating effect caused changes
in the forward characteristics. Thus the point-

contact types were not suitable for this application.

Junction diodes, on the other hand, are usually charac-

terized by extremely low reverse currents and would
not be suited because of the resulting large forward
offset voltage. A diode type which is intermediate
between these two is the metal-semiconductor type.

In one version of this type, a gold wire is welded to

ra-type germanium to form a rectifying contact as in the

1N270 diode. The reverse resistance of the 1N270
is approximately 10 MO as compared to 1000 Mfl for

typical junction types. A comparison of V-1 curves
for the 1N270 and a 1N4445 junction diode is shown in

figure 2. The conductance of the 1N270 at the voltage

levels shown is approximately 600 times greater than
that of the junction type. Since conduction in metal-

semiconductor diodes is by majority carriers, they have
a better high frequency response (fast rise time) and
in addition the shunt capacity is comparatively small.

The rise time of the 1N270 is approximately 10 nsec
and at present it appears to have the best overall
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Figure 2. Comparison ofV-l characteristics of 1N270 gold bonded
diode and 1N4445 junction diode.

characteristics of the several diodes tested for this

application.

Another important factor in the accuracy of the

system is the means used for detecting when the diode
is just at cutoff. The galvanometer detector mentioned
earher is not suitable because it responds to average
current and thus suffers a considerable loss in sensi-

tivity over that obtainable with a peak-responding
detector. In addition, nulling the galvanometer would
not guarantee equaUty between the pulse and d-c

sUdeback voltages because of the reverse leakage
current through the diode during the time interval

between pulses. This current tends to reach a satura-

tion value, Is, of the ord^r of l/xA (see fig. 2). The
average reverse current, Ir, then is given by

iR=m-ftp) (2)

where / is the pulse repetition rate and tp is the pulse

duration. Typical pulse duty cycles, ftp, range from
10"^ to 10-1 and thus Ir is equal to at least 0.9 /«. The
average forward current through the diode is given by

Ip^Ipftp (3)

where Ip is the peak current and a flat-top pulse is

assumed. At nuU, If=Ir, and

ftp
(4)

When the pulse duty cycle is lO'S for example,

/p = 9 Is, or approximately 9 fiA. Referring again

to figure 2, this current corresponds to 80 mV
forward voltage and the peak pulse voltage must be

larger than the d-c bias by this amount in order to

null the galvanometer. At lower duty cycles, the

pulse voltage would need to exceed the d-c bias by
even greater amounts.
Due to the fact that the pulse duty cycle for narrow

pulses is difficult to measure accurately and the

reverse saturation current, Is, varies with tempera-

ture, it is not practical to apply a correction for this

eff'ect.

1
-€

o
CRO

Figure 3. Circuit diagram of slideback voltmeter system.

A better detector was devised by substituting a

coaxial resistor and a high gain cathode ray oscillo-

scope for the galvanometer. The circuit diagram of

the complete measuring system is shown in figure 3.

This is a peak detecting system and does not depend
on average values of d-c current as previously. The
CRO is set for capacitive couphng across the resistor,

Rb. Pulses of current flowing through Rr are detected

by the CRO and the d-c bias voltage is adjusted so

that the top of the pulse just recedes into the baseUne.
The baseline is not affected appreciably by the re-

verse current ^ except for a very small differentiated

pulse at the leading and trailing edges of the input

pulses which is caused by the shunt capacitance of

the diode.

Since the CRO detector has limited sensitivity,

there wiU be some small forward pulse current, h,
through the diode which is not detectable. As men-
tioned earher, the voltage, Ve, which causes this

current to flow is the diff"erence (offset) between the

peak pulse voltage and the d-c bias voltage. That
is, Ve = Vpu\se ~ ^d-c- Thus, when the d-c bias voltage

has been adjusted to cause the peak of the pulse to just

recede into the baseUne, the diode will appear to be
cutoff when in reahty a small current continues to

flow. It is possible to estimate the magnitude of the

offset voltage by use of the V-I curve of figure 2 and a

knowledge of the detector sensitivity. The detector

sensitivity is 5 mV/cm and resolution is approximately
.0.2 mm on the oscilloscope CRT which corresponds
to a minimum detectable voltage of 0.1 mV. This
voltage is the IR drop across the 50 fi coaxial resistor,

Rb, which terminates the coaxial hne to the oscillo-

scope input and thus the minimum current is 2 fxA.

Referring to figure 2, it can be seen that at this current

the offset voltage is 40 mV. This voltage is added to

the measured d-c bias voltage as a correction. Due
to thermal effects the offset voltage may vary ±10 mV
and this figure is taken as an uncertainty and it is

independent of the input voltage level.

^ It should be noted that when the bias voltage is equal to the input pulse voltage the

reverse current goes to zero during the time the pulse is impressed across the diode. This
interruption of the reverse current results in the generation of a small positive pulse.

Since the reverse current is approximately 1 /xA and the resistor is 50 f). the pulse voltage

is 50 /iV- The top of this pulse is the true baseline; however, due to the limited sensitivity

of the CRO it appears only as a widening of the trace.
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The detector sensitivity limits the abihty of the
operator to determine when the diode is just at cutoff

and this is another factor which affects the accuracy
of the measuring system. It was found experimen-
tally that the random error caused by this factor alone
resulted in variations in the reading of the peak pulse
voltage as large as ± 20 mV from the mean. In order
to make a quantitative determination of this error, the

standard deviation of the mean was calculated for a

sample of 30 measurements made with the input

voltage held constant. This value was calculated to

be ± 10 mV and was taken as an additional error which,
again, is independent of the input pulse voltage level.

The other source of error is in the measurement of

the d-c bias voltage. This measurement is made with
a digital voltmeter which is accurate to within 0.05

percent of the indicated voltage. The overall system
accuracy is estimated to be within 0.05 percent
±20 mV.
To complete the description of the measuring

system, reference is made to figure 3. That portion

of the circuit enclosed by the dashed lines is mounted
in a small, round, metal container IV2 in. in diameter
and 2V2 in. long. The load resistor, Rl, consists of
three film resistors connected in parallel. These
resistors are easily removed so that Rl may be adjusted
to match any generator impedance from 50 to 10,000 ft.

The parallel arrangement reduces the inductive re-

actance as compared to a single resistor and also

increases the power dissipation capability. A second
mount employing a 50 ft coaxial resistor is used for

measurements on pulses having the fastest rise times.

The shdeback voltage is obtained from a battery

pack containing ten 9 V batteries and one 12 V battery.

Any or all of the batteries may be switched into the

circuit and a 10-turn potentiometer across the 12 V
battery serves as a vernier. The capacitor, C, con-

nected across the battery serves as a path for the pulse

current. Batteries cause much less distortion of the

pulse than the electronically regulated supplies which
were tried. The reason for the distortion by the regu-

lated suppUes has not been investigated extensively,

but it is believed to be due to the filter capacitors and
the frequency dependence of the internal impedance.
Connection between the diode mount and the bias

supply is made by means of a shielded cable. A 50 ft

cable is used to connect to the oscilloscope detector

and this cable is terminated by the 50 ft coaxial load,

Rb, which is connected in parallel with the CRO input.

The bandwidth of the CRO vertical amplifier is 50 MHz.
Since Rl may be as large as 10,000 ft, the sHde back

system may also be used as a high impedance volt-

meter. That is, it can be connected in parallel with
the output of a pulse generator to measure and moni-
tor the voltage level. The loading effect due to Rl is,

in most cases, negligible.

2.2. The Standard Generating System

In order to provide a cross-check on the measuring
system described above, a second independent system
was developed. It was desired that the second system

standardize the output level of a pulse generator to an
accurately predictable value. In addition it was de-

sirable that the output level be constant over relatively

long periods of time. Intercomparison of this system
and the first could then be carried out without the need
for a transfer standard.
The most promising method for achreving these

objectives appeared to be a circuit employing zener
(reference) diodes to clip or limit the pulse generator
output. The voltage level at which limiting occurred
could be determined using accurately measured d-c

voltage. It would then be assumed that pulse voltage

limiting would occur at the same level. In order to

establish the validity of this assumption, an investi-

gation of the characteristics of zener diodes and their

associated circuits was required.

The regulating action of zener diodes is now fairly

well understood. This action occurs in reverse biased

junction diodes when the reverse voltage, F, exceeds
a certain critical value, Vc. The diode current in-

creases extremely rapidly with V > Vc causing the

voltage drop across the junction to maintain a nearly

constant value as shown in figure 4 [5]. The rapid

increase in current is caused by an avalanche effect

in the semiconductor material and is due mainly to

majority (i.e., electron) carriers. Thus, the action

can be fast and is highly desirable for pulse voltage

limiting to avoid undue increase in the rise time of the

output pulse over that of the input pulse.

A basic shunt zener regulating circuit is shown in

figure 5a, with the a-c equivalent circuit of the zener
junction shown in figure 5b. The junction capaci-

tance, Cj, is of the order of a few hundred picofarads

which results in the storage of charge in the junction.

12 10 5

Vz (VOLTS)

05 10 1.5 2.0

Vp (VOLTS)

Figure 4. V-I Characteristics of zener diode.

Figure 5 (a) Basic zener regulating circuit; (b) A-C equivalent

circuit of zener junction.
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This effect tends to Hmit the high frequency (and rise

time) response. In designing the circuit for use as a

d-c cahbrated pulse voltage limiter, standard equations

from handbooks were employed. The basic equation

relating changes in output voltage, Vo, to changes in

input voltage, F,, load resistance, Rt, and tempera-

ture, T, is given by

In our application the second term in the above equa-

tion is not important because Rl is constant and
(//?/, = 0. The temperature effect on Vo is, however,

very important and required the use of diodes having

low temperature coefficients. The importance of

temperature coefficients is due to the fact that when
calibrating Vo using d-c voltage, the power dissipated

in the junction may be several orders of magnitude
greater than when the circuit is subsequently used
with pulses. Temperature coefficients for the 10 and
50 W diodes used here are less than 0.1 percent/°C.

It was desired to limit (^^^ dT to 0.1 percent and

hence the maximum temperature rise for a 50 W diode

is 1 °C which corresponds to 1 W power dissipation in

the junction. (The thermal resistance of these diodes

is 1 °C/W.)
During the d-c calibration of Fo, the magnitude of

Vi was adjusted so that the zener current was large

enough to insure good regulation (low zener impedance)
and at the same time not exceed 1 W of power in the

junction. In subsequently using the calibrated cir-

cuit on a pulse generator, it was assumed that Fi(puise)

could be set no closer than± 10 percent of Vnd-o- It

was required that the change in Fo due to the uncer-

tainty in Fi(puise) be hmited to 0.1 percent. Thus

SF
the value of -rrj in eq (5) could be no greater than 0.01

OF,

Using this information it was possible to calculate the

value of the series resistor, for each diode by use
of the equation

o vw

8Fo

8Vi'

1

1 + ^.1^ +^
(6)

In a typical example for a 12 V, 10 W zener and a 50 fl

load, the value of Rs is 400 fl. The voltage drop across

Rs is approximately 120 V and it must absorb 25 W of

power. The same degree of regulation can be achieved
with less power dissipation and voltage drop in /?,, by
connecting a second higher voltage zener circuit ahead
of the first as shown in figure 6. The regulation re-

quired for each circuit is now only 0.1 (10 percent),

and the values of Rg, and Rs^ can be reduced to approxi-

mately 40 n each. The rise time of the double diode

circuit is 50 nsec as compared to 30 nsec for the
single diode.

Zener diodes are manufactured with breakdown
voltages ranging from a few volts to well over 100 V.

Figure 6. Double zener circuit.

Figure 7. Mount for zener diodes and resistors used in the standard
generating system.

Several circuits for various voltages in this range have
been built and evaluated. In general, at the higher

voltage levels it was found that the rise time could be
improved by stacking several low voltage diodes in

series rather than using a single high voltage unit.

Each zener circuit is mounted in a 2-in. diam by 2-in.

high brass case as shown in figure 7. The perform-
ance of the circuits was improved by immersing the

circuit and case in liquid nitrogen. Nitrogen is allowed
to fill the case through holes in the top and bottom.

This served to insure that the 0.1 percent temperature
effect was not exceeded and allowed the series resistor,

Rs, to be smaller in physical size.

3. Performance Characteristics and Results

of Intercomparison

As mentioned earlier the estimated uncertainty of

the standard measuring system using the 1N270 diode
is no greater than 0.05 percent ±20 mV. Due to the

fixed 20 mV uncertainty and a maximum allowable
error of 0.5 percent, the lower limit on the useful volt-

age range is 5 V. The upper limit of 100 V is fixed by
the maximum allowed reverse voltage of the diode.

The rise time of the circuit is 10 nsec and the mini-

mum width of the peak of the pulse is 10 nsec.
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Tests were made on the standard measurement
system to determine the effect of pulse duty cycle on
the accuracy. Within the limits of precision, the

measuring systepi was found to be insensitive to duty

cycle in the range 10~^ to 5 X 10"'. These tests were
made by varying separately both the pulse duration

and the repetition rate.

In the zener circuits, as in the measuring system,

the effects of varying the duty cycle were negligible.

The errors in the system include the 0.1 percent due
to temperature effects, the 0.1 percent due to the

uncertainty in setting P'i(puise) equal to Vn^-c) and the

0.05 percent error in the d-c voltmeter used to measure
the limiting voltage, Vq. Thus, the overall estimated

accuracy is 0.25 percent.

The zener circuits may also be used to simply regu-

late the output of a pulse generator. In this applica-

tion variations in the output amplitude of the pulse

generator are reduced by a factor of 100 to 1 at the

output of the zener circuit. Higher regulation can be
obtained by increasing the value of the source
resistor, Rs.

Comparison measurements have been made between
the two systems and with the NBS a-c and CW rf

voltage standards. At 100 Hz the disagreement was
less than 0.1 percent, at 10 MHz and 30 MHz less

than 0.3 percent, and at 100 MHz less than 2.5 percent.

The uncertainty of the 100 MHz rf CW thermal voh-

meter used in the comparison was approximately 1

percent.

Agreement between the standard measurement
system and the standard generating system was within

0.3 percent at all voltage levels where comparison was
made. These voltage levels were 6 V, 12 V, 24 V,
47 V, and 100 V.

A photograph of the console containing both stand-

ard systems is shown in figure 8.

(Paper TOCl-/^/^

4. Conclusion

The accuracies of the two systems for measurement
and standardization of peak pulse voltage have been
reasonably well established to be within 0.25 percent.

These systems are considered an adequate basis for

1

J 9 • •

Figure 8. Accessory equipment for both pulse voltage standards.
Included are the digital voltmeter, pulse generator, oscilloscope, and adjustable d-c

bias supply.

establishment of a calibration service for presently

available commercial instruments.

Further work is planned to improve the performance
characteristics of the systems and to develop new
superior systems. Extension of the voltage range

above the present 100 V will be an important part of

this work.
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Noise Standards, Measurements, and

Receiver Noise Definitions

C. K. S. MILLER, W. C. DAYWITT, and M. G. ARTHUR

Abstract—This paper consists of four sections covering 1) basic principles

of noise measurement, 2) the switching radiometer, 3) a survey of noise

sources, and 4) concepts of noise factor and noise temperature. The first

section presents basic formulas used in analyzing radiometers. The second

discusses the switching radiometer, briefly tracing its development and usage

in the standards field. The third section surveys the development of hot and

cold thermal noise sources, noise diodes, and gas-discharge noise generators.

The last section presents and discusses the basic definitions of receiver noise

performance.

I. Introduction

"^OISE generally implies any random disturbance

which corrupts a desired signal and reduces the

certainty with which an observation or measure-

ment may be made. In observing a star, the observer oe-

comes aware of the sensation of the flashing or twinkling.

The twinkling is apparently random and is caused by

fluctuations in the index of refraction of the atmosphere.

In this case the medium fluctuates randomly, perturbing

any signal traveling through it, and we have the signal

partially obscured by noise. A discriminating look at a

continuous sinusoidal signal will reveal a randomness in

the amplitude and phase which is in itself a corruption to

the signal.

The random quality exhibited by fluctuating or noise-

like phenomena requires statistical mathematical methods

for its analysis. Generally, one must idealize noise-like

characteristics to formulate a mathematical model whose

properties approximate those of the natural phenomenon.

There are numerous references to which the newcomer can

turn for aid [1 ]-[5].

The intent of this paper is to fill in some of the voids that

exist in the literature on the subject of noise measurements.

The following sections cover four distinct areas. Section II

gives the basic principles of noise measurement, presenting

four areas of uncertainty in measuring an eff"ective noise

temperature by comparison with a standard. Section III dis-

cusses the switching radiometer, briefly tracing its develop-

ment and usage in the standards field. Section IV surveys the

field of reference noise sources. The survey covers the

development of heated and cooled resistors and tries to

draw from the literature the salient points of consideration

in constructing either kind. Noise sources requiring calibra-

tion are also considered, and noise diodes are reviewed in

the light of attempting to show the need for calibration.

Gas-discharge noise sources are covered from their incep-

tion to the types of devices currently available commercially.

Section V is a discussion of the concepts of noise factor

and noise temperature as related to their definitions.

II. Basic Principles of Noise Measurement

Some techniques and formulas for calculating the effects

of thermal radiation in communication systems have proved

so useful and convenient and of such widespread applica-

tion that they are worth gathering in one place. These ex-

pressions are most easily derived by assuming thermo-

dynamic equilibrium and applying the second law of

thermodynamics. However, they have proved to be ap-

plicable to many nonequilibrium situations. Their range of

applicability includes systems whose components can be

specified by some temperature, either eff"ective or physical,

and an impedance. The bandwidth ofimportance is assumed

narrow enough to consider the power density constant in

frequency. It is to this type of problem that the following

noise formulas apply.

Before proceeding to the formulas per se, it is first neces-

sary to review a number of expressions from microwave net-

work analysis [6]. These expressions are, of course, applica-

able to lower frequency circuits and reflect only a preference

for the language of microwave theory.

For immediate convenience, we introduce the circuit in

Fig. 1 and restrict ourselves to noiseless components and to

a CW signal source.

In Fig. 1, Fg, Fi, F2, and F^ are reflection coefficients, S
is the scattering matrix that characterizes the two-port, and

F,. and /*2d are the net power delivered to the right of

reference planes 1 and 2, respectively. Z,^ and Z^v ^re char-

acteristic line impedances which are not necessarily identi-

cal. The reflection coefficients and the scattering matrix S
are measured at their respective reference planes 1 and 2.

Fi is related to the matrix S and F^ by the following formula

:

Manuscript received March 7, 1967.

The authors are with the National Bureau of Standards, Boulder, Colo. Fig. I . Circuit schematic used to define M, N, rj, and a.
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1 - s^.r.
(1)

A similar expression holds for Fj.

There are four derived expressions of interest. They are

the mismatch factors M and N associated with the respec-

tive reference planes 1 and 2

M

N =

(1 - |rj^)(i - \r,\')

|i-r,r,|^

(1 - |r^|^)(i - ir^l^)^

the efficiency

^P2,
^ {zjz,)\s,,\H\ -|rj^)

.

p,, (1 - Ir.hli - s^^rJ^

'

(2)

(3)

(4)

and a quantity "a" which is the ratio of the available power

at the output to the available power at the input.

Obviously,

and

N (1 - \r,\')\i - SiiF^p

= MP,,

(5)

(6)

Both a and rj are measures of the lossiness of the two-port

S in that, ;/ S is lossless.

t] = I = a. (7)

As such, a will turn out to be a direct measure of how much
noise the two-port will contribute to the output. Further-

more, a is independent of F^ and rj is independent of F^.

With the preceding definitions and expressions in mind, it

is possible to write very convenient expressions for the

relevant noise powers used in radiometer analysis. We
assume a constant spectral density across the bandwidth

of interest and describe the source in terms of an effective

temperature. For example, the available power from an

impedance heated -to a uniform temperature Tis character-

ized by the physical temperature T itself. That is

kB
(8)

where k is Boltzmann's constant, B is the bandwidth, P, the

available power, and Twill be referred to as the available

temperature. It should be kept in mind, however, that T
need not be a physical temperature. For example, T may
correspond to the available power of an impulse noise

source whose physical temperature may be quite different

from T. Furthermore, we will adhere to the common but

sloppy practice of using the terms "temperature" and "noise

power" synonymously.

Figure 2 is typical of many radiometers or portions

thereof. In Fig. 2 we have a noise source, either under mea-

surement or being compared to another source of noise

power; the source is followed by some two-port, for ex-

ample an attenuator at ambient temperature or perhaps

a section of lossy transmission line. We are interested m
either the available power, T, at reference plane 2 or the

power delivered, NT, across plane 2 to the receiver. NT
consists of two parts: a part that is generated by the noise

source and delivered to the receiver, T^Mrj = T^Not\ and a

part generated in the two-port itself, NT^{ \ — a). That is

NT= Mt]Ts + NTJl - a)

= N[TsOi + 7,(1 - a)]. (9)

Thus, for example, with proper tuning (N = 1), the maxi-

mum available power to the receiver is

T= V + r^(l - a), (10)

and should the component be lossless.

It is this last formula for NT that finds its way into so

many radiometer applications. To illustrate its use, it will be

applied to the comparison of an unknown noise source to a

noise standard. In this case the two-port becomes a preci-

sion attenuator and, for convenience, we will assume that

its input and output are sufficiently isolated from its interior

so that 5i 1, 822^ and Fj can be considered to be constant as

the attenuator is changed from one setting to another. The

comparison is described schematically in Fig. 3 [7]. The

quantities in Fig. 3 have meanings analogous to those of

Figs. 1 and 2. The comparison is made by adjusting a with

the standard first connected to the M reference plane (ag)

and then adjusted again when the unknown is connected

to this same plane (a^.) so that the receiver samples the same

NOISE SOURCE
WITH

AVAIL POWER Ts

Fig. 2. Block diagram used to depict the net average noise power,

exclusive of receiver noise, delivered to the receiver.

STANDARD SOURCE
WITH AVAILABLE

POWER T;

SOURCE TO BE
MEASURED T,

I

Fig. 3.
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A'^rboth times. Our assumption of isolation insures that A'^

is the same in both cases and that noise generated in the re-

ceiver and reflected back from N remains the same in both

cases. Therefore, the effect of receiver noise cancels out and

need not appear in the equations. For simplicity, we will as-

sume infinite receiver resolution to changes in NT. The
balance equation then reads

NTsO^s + NTJl - as) = NT= NT^a, + NTJl - aj.

or

(11)

Assuming equal characteristic impedances, Zf^^ = Zi^^ and

remembering that Vj, Sn, and N are constants for the as-

sumed isolation,

1 -SnF,
1 -SnFs

Ir Pr si

1
- ? P''21 X

(12)

The phases of the quantities F,, and Vs are seldom if

ever measured. Therefore, the first factor in aj/a^ is uncer-

tain by approximately 2|5'ii|(|r^| 4- |rs|) and indicates why
the input to the attenuator section is usually tuned (S-^^k 0).

This first factor causes what is commonly called "mismatch

error." Both |r^|^ and \VsY are usually very small and slight

inaccuracies in their measurement have little effect on the

accuracy of so that the second factor can be considered

to be exact. The third ratio can be measured to a high de-

gree of accuracy, but inaccuracy in its measurement will

still noticeably affect the accuracy of T^. The uncertainty

in 7^, then, mainly stems from four causes : uncertainty due

to mismatch

:

1 + ISiiFJ 1 - Ir.l^Ms^i

1 - In.1 - IS.iFs

~2|Si,|(|r,| + |r,|)T,;

uncertainty in the calibration of the ratio:

(13a)

(13b)

(<5T <
i-s„r.

^i\S2Ml\s^M)
,

(|^2l|s/|^2l|x)

uncertainty in the standard temperature 7^:

(<5TA,<°^^T,*T.^;

1^2 1

^2.

and finally, the uncertainty in :

1 - -\^T^ 1
-

1^2 1
I

(14a)

(14b)

(15)

<5T,. (16)

III. Discussion of Radiometers for Noise

Temperature Comparisons

There are many types of radiometers [8], [9], and they

have varied applications. For example, radiometers are

used in radio telescopes to chart maps of radio noise sources

in outer space, to measure temperatures and temperature

variations of stars and sky, to search for icebergs in the

oceans, to guide all-weather missiles, to plot temperature

profiles of the earth, to study plasmas, and to seek out

cancerous areas in human patients. Basically, the radiome-

ter is an instrument to measure noncoherent radio waves.

The radiometer is used as a comparator of noise sources,

usually two noise sources, a standard and an unknown.

For this purpose the switching radiometer is most fre-

quently used and will be surveyed here. Colvin [8] and

Knight [9] give a more general survey including those

radiometers excluded in the present discussion.

In 1946, Dicke [10] suggested uring a switch in the front

end of a radiometer (Fig. 4). Dicke constructed a wheel

made of an absorbing material and shaped in such a way
that, when rotated by a motor in a slotted section of the

waveguide, it produced a nearly square wave modulation

with close to equal times in and out of the waveguide. If we
assume the wheel and antenna were both nonreflecting, then

the effect of the wheel is one of disconnecting the antenna

and connecting an equivalent resistance (the absorbing

material of the wheel) to the receiver. Note that if the radia-

tion from the wheel and the antenna is the same no change

will be noticed on the output meter, while if there is a

difference a modulated signal will result and the deflection

on the output meter will change.

This scheme was adapted for use in the measurement of

standards [II]. The first modification was quite apparent

(Fig. 5). The front end of the radiometer was modified so

that the switch alternately connected one or the other of the

two noise sources, each of which was actually on a separate

arm. As depicted, a matching section could be included if so

Fig. 4. Schematic diagram of the radiometer used by Dicke.

SWITCH OR
MODULATORS

ATIENUAIOR TUNER
UNKNOWN

SOURCE

Fig. 5. Block diagram of a switching radiometer

used to compare noise sources.
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desired. An attenuator was included to lower the noise

power level of the unknown, which was usually of consider-

ably higher output than the thermal standard. With subtle

differences, and sometimes novel switch designs, this

scheme has been employed with a modulator and a syn-

chronous detection signal [12], [13] and with a switch with-

out a synchronous detection signal [14], [15].

The advantage in alternately sampling the two noise

sources is that the receiver need only have a stability of the

order of time required to complete a full switching cycle.

This is extremely valuable since the gain variations and

temperature changes encountered are seldom critical for

time periods of fractions of a second. 1 he problems caused

by receiver instability increase if the switch is of a manual

variety and increase even further if the standard and un-

known are manually interchanged and connected directly

to the receiver [16], [17]. The disadvantages are: 1) the

insertion loss of the two paths must be the same or accu-

rately known; 2) asymmetries in the junction of the arms

can exist; 3) the switch must be repeatable to the desired

degree of accuracy; and 4) the attenuator must have an

absolute calibration or the calibration uncertainty in this

insertion loss will provide an appreciable error.

MODULATORS -
UNKNOWN

SOURCE

STANDARD

Fig. 6. Block diagram of a modified switching radiometer

used for calibration of noise sources.

To improve this type of radiometer, further modifications

were made [18]. The modifications (Fig. 6) consist of: 1)

using one arm of the previous arrangement as a reference

noise source, the only requirement being that it have a stable

output over the period of time required to make a measure-

ment, and 2) converting the other arm to a comparison arm,

where the comparison of standard and unknown is made.

The requirement for the attenuator in the reference arm is

that it be stable, and for the attenuator in the comparison

arm that it be calibrated for difference attenuation mea-

surements. It should be noted that a difference attenuation

calibration is inherently more accurate than an absolute

attenuation calibration. In addition, a manually operated

switch may be used for ease in connecting standard and

unknown to the comparison arm of the radiometer, but

the switch must have identical paths (i.e., insertion loss the

same) and be repeatable. This modified radiometer has been

used by a number of noise metrologists [18], [7], [9], [20],

[21 ]. A further modification of switching the IF rather than

the RF signal has also been used successfully [22].

The modified switching radiometer has been analyzed

quite extensively and the sources of error are quite well

defined [7], [19], [22]. A block diagram (Fig. 7) of the

WR90 modified switched radiometer at the National

Bureau of Standards is shown. It has a reflectometer incor-

porated into the comparison arm to simplify tuning the in-

put and measuring the reflection coefficient of the source.

To circumvent the problem of matching the attenuator to

the transmission line, the attenuator is calibrated with 60

dB of isolation permanently affixed to either side so that the

attenuator mismatch effects are included in the calibration.

REFERENCE
lEVEL

SOURCE

BALANCE

ATTENUATOR

SENSITIvr

attenuator!

ATTENUATOR

DETECTOR
XXX^ TUNER

ISOLATOR ATTENUATOR ISOLATOR TUNER

UNKNOWN
NOISE

SOURCE

STANDARD
NOISE
SOURCE

MODULATOR

Fig. 7. Block diagram of the NBS modified switching radiometer used to

provide microwave noise calibration services.
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IV. Survey of Reference Noise Sources

A. The Basic Standard of Noise

Physical measurements of natural phenomena are limited

by thermal noise. The noise can be minimized or reduced to

the degree that the physical temperature can be reduced.

Since thermal noise is directly related to temperature we

have the basis of a basic standard. The determination as to

whether a thermal noise source can be used as a basic stan-

dard lies in whether or not its output is calculable from its

dependent parameters

]) Heated Resistor for Rectangular Waveguides:' A
heated resistor has been recognized as a thermal noise stan-

dard for some time. The difficulty comes in making a prac-

tical noise source for use at radio frequencies. A further

difficulty arises in applying an analysis to the source which

can satisfactorily calculate the noise output.

In 1928, Johnson [23] showed experimentally that a re-

sistor with no externally applied voltage across it has a mea-

surable electrical noise across its terminals. In the same year,

Nyquist [24] reported a theoretical calculation of thermal-

noise voltage in a resistor. This work has been followed

by those who have tried to fabricate practical thermal-noise

standards. By present standards some of these attempts may
be judged to have been a little crude and somewhat op-

timistic. Many of these attempts have made contributions

to the state of present thermal-noise standard capabilities

by the thoroughness of their reporting.

In 1956, Hughes [13] constructed a "hot load" as he

called the resistive wedge that he heated to temperatures

between 160°C and 230°C. Hughes used three copper-

constantan thermocouples (calibrated against a batch of

thermometers which were themselves consistent to within

0.5°C) to measure his wedge. The thermocouples were im-

bedded into the wedge. He reported his error from his

heated resistive noise source to be less than 0.5°K. How-
ever, Hughes reported no allowances made for the effects

of the gradient in the waveguide connecting his noise

source to the radiometer.

In the same year, Sutcliffe [14] constructed a resistive

wedge which he placed in a steel waveguide to generate

thermal noise. He used chromel-alumel thermocouples

(calibrated against thermometers to 360°C) and operated

the wedge at a nominal 600°C. Sutcliffe did not construct his

thermocouples into his wedge so his temperature measure-

ments were taken during simulated rather than operational

conditions. He concerned himself with attenuation effects

of the gradient in the connecting waveguide but since his

measured values in the hot and cold states were so similar he

concluded this effect was negligible. Sutcliffe reported that

although he could maintain the source temperature to

within 1 °C, the thermal noise power source was known to

only 10°C.

In 1957, Knol [16] constructed a heated resistive noise

source using a platinum waveguide and a zinc-titanate

based wedge. Knol heated his wedge to 1063'"C and re-

ported being able to keep it at the melting point of gold to

within + 1°C. He did not consider the effects of the con-

necting waveguide; however, he chose platinum to avoid

oxidation of the waveguide.

In the same year, Reynard [25] constructed a quartz

wedge that was coated with platinum and silicon monoxide.

The wedge was placed in a nickel WR 12 waveguide and the

operating temperature ranged between 600 'C and 700 C.

Reynard tried to avoid a waveguide that could become lossy

through oxidation. He tried to measure the gradients of the

wedge and connecting waveguide as best he could for the

size waveguide he was using. He reported that he could

maintain the gradient of the load to less than I 'C. There

have been other workers who have constructed heated

resistors for millimeter wavelengths [26].

In 1958, Sees [27] discussed some considerations and

sources of errors to be considered in constructing and using

hot-body noise sources. Sees recognized that the waveguide

would not only attenuate the noise power generated by the

heated resistive wedge but that the waveguide would also

generate noise power because of its resistive qualities. Both

the attenuation and generation would be functions of the

temperature gradient of the waveguide. He correspondingly

formulated a method of calculating the resulting macro-

scopic attenuation and generation effect.

With this background, Estin et al. [18] constructed a

hot-body noise source using a silicon-carbide wedge and a

gold waveguide. Their oven was a vertical oven and their

effort was not completely successful, but it did provide a

good beginning for further work at the National Bureau

of Standards to develop a hot-body reference noise stan-

dard. Later, Wells et al. [7] reported their progress in the

development of a hot-body noise source and the National

Bureau of Standards announced the availability of a cali-

bration service [28].

Wells et al. used two hot-body noise sources; one was a

silicon-carbide wedge in a gold waveguide, the other a zinc-

titanate wedge in a platinum- 13 percent rhodium wave-

guide. The shape of the two wedges were different so in

effect two entirely different designs were used. They op-

erated the two noise sources over wide temperature ranges.

These features showed their standard to be calculable since

the differences in configuration did not affect the results,

and variations in material and operating temperature could

be accounted for as corrections to the noise output to the

hot-body noise source. Wells et al. reported having imple-

mented Sees' [27] method of calculating a correction to the

noise power output of the resistive wedge due to the resis-

tivity and temperature gradient of the connecting wave-

guides. They reported the gradient of the wedge to be less

than 1°K, but due to the calibration of the thermocouples

to +2.5°K and the temperature effects in the connecting

waveguide, they claimed the effective temperature of the

load known to an accuracy of +4.rK at 1000°C.

It would be remiss not to recognize the work of Birger

and Sokov [29], who were apparently unaware of the efforts

of all who preceded them with the exception of Sutcliffe.

They constructed a wedge of green carborundum on a
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ceramic base and a connecting waveguide of nickel with

internal gold-plating as their thermal noise generator. The
operating temperature was a nominal 600°C. They con-

sidered the attenuating effects of the connecting waveguide.

They constructed a total of four noise generators, one in

each waveguide size WR90, WR137, WR187, and WR284,
and reported the effective temperature errors not exceeding

±8^C.

Recently, Liedquist [19] reported that the Research In-

stitute of Swedish National Defence (FOA) had purchased

a hot-body noise standard from an industrial organization

in Japan. The silver-palladium alloy waveguide is gold

plated on the inner surface. The reported operating tem-

perature is 1 OOO'K using a single thermocouple for measure-

ment and control. The waveguide necessarily uses a transi-

tion from circular to rectangular waveguide. Liedquist re-

ported knowing the wedge temperature to 3"K and the

effective temperature to 8"K.

Also, recently, Halford [22 ]
reported the construction of a

thermal standard composed of a zinc-titanate wedge in a

waveguide composed in part of duralumin and in part of

silver plated steel and operated at 400 C. During noise

comparisons, temperature measurements are performed by

a platinum resistance thermometer located in a channel of

the bar which contains the waveguide port. He correlates his

thermometer readings with the temperature of the wedge by

an auxiliary experiment where he actually measures the

wedge temperature with a thermocouple probe. Halford

reported knowing the wedge temperature to ±0.5°K and

the effective temperature of the source to + 1.5°K.

2) Heated Resistorfor Coaxial Waveguide : Halford [22]

reported a second effort to build a thermal standard in a

coaxial configuration for operation in the 2-4 GHz fre-

quency range. This arrangement uses a carbonyl iron pow-

der bounded by a suitable adhesive cement as the material

of the wedge. The wedge is cone shaped with the inner con-

ductor passing through its center and tapered towards the

outer conductor. The wedge is operated at 400'C and the

temperature measured by a thermometer in an auxiliary

channel neighboring the outer conductor. The noise power

is coupled to the waveguide by a tunable coaxial to wave-

guide adapter arrangement. He reported some room for

improvement since the coaxial wedge had a local gradient

of 3"K.

Zucker et al. [30] built a coaxial heated resistor noise

source in 1958. It was designed for use in the 0-1000 MHz
frequency range with an operating temperature of 1 300°C.

The generator was designed with the outer conductor

tapered to the inner conductor. The 50-Q resistive character

of the generator was ol3tained by the deposition of a

pyrolytic carbon film on a ceramic base. Temperature

measurements of the generator were made by a pyrometer

through special ports in the side of the oven. No considera-

tion is recorded by Zucker et al. of the attenuation and

generation effects due to the temperature gradient in the

connecting coaxial line. They reported that an experienced

operator should be able to measure the source temperature

to +3°K.
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Gordon-Smith and Lane [20] briefly describe a coaxial

heated resistor noise source in a paper published in 1964.

They used a 50-Q metal-oxide resistor having a low tempera-

ture coefficient of resistance and an outside diameter of

0.3 cm and length of 1.0 cm. They report that the resistor

was heated by immersion into a stirred oil bath maintained

at 280 C and that the temperature gradient of the resistor

was less than \ C. Gordon-Smith and Lane considered the

attenuation of the coaxial line but not the generation of

noise in the line. They reported knowing the effective

temperature to ±3.75°K.

Also in 1964 Rusinov and Sorochenko [31 ]
reported the

construction of a heated cylindrical carbon resistor for use

as a thermal noise standard. The cylindrical carbon resistor

is heated from within and is the center conductor as shown
in Fig. 8. The outer conductor is composed of two adjoining

conical transition sections which are finned for cooling.

The resistor is operated at 200-250°C and an accuracy of

3 to 4 percent is claimed.

From the efforts of these authors we recognize that the

two major contributors to errors co a heated-resistor noise

source are: 1) determining the temperature of the resistor,

and 2) evaluating the effects of the connecting transmission

line on the output of the resistor.

For determining the effective temperature of the resistor,

ideally we would want the resistor to be homogeneous, have

a conjugate impedance match, and an infinite thermal con-

ductivity. Similarly, in determining the effects of the trans-

mission line, ideally we would want a stable material with

infinite electrical conductivity.

Having less than the ideal resistor, we must measure 1 ) the

gradient in the resistor material to determine an average

temperature, and 2) the gradient in the material (from im-

bedded temperature sensors to the radiating surface) to

determine the average temperature of the radiating mass.

Unfortunately in physical models the rate of radiation in a

transmission line enclosure is not uniform across the radiat-

ing surface of the resistor. For one shape of wedge used at

the National Bureau of Standards the majority of the power

is radiated from a cross section approximately one-third the

length of the radiating surface back from the tip of the

COOLING FINS

THERMOCOUPLE
WIRES
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Fig. 8. Schematic diagram of the coaxial thermal noise source

used by Rusinov and Sorochenko [31 ].



wedge. Generally speaking, the lower the temperature

gradient, the greater the certainty of the temperature.

Evaluating the effects the transmission line has on the

output of the resistor requires 1 ) knowing the temperature

gradient of the transmission line, and 2) knowing the resis-

tive properties of the transmission line as a function of

temperature. The attenuation effect of the transmission line

can be measured, but for small attenuation values the mea-

surement may be less accurate than calculating the attenua-

tion. This calculation has been programmed for computer

solution. To calculate these effects, a material must be

selected for the transmission line that will not oxidize at the

highest temperatures expected or have uncertain Curie

point effects.

The attenuation effect will lower the effective noise tem-

perature while the generation effect will raise the effective

noise temperature. These effects can be added because un-

corrected random noise signals are additive. With a heated

resistor the attenuation effect is larger than the generation

effect; hence, the total effect of the transmission line will be

to lower the effective temperature of the resistors. However,

considering only the attenuating effect of the connecting

transmission line results in a greater error than totally

neglecting both attenuation and generation.

3) Cooled Resistor: The noise characteristics of a low-

noise system can be more accurately measured by using a

cooled resistor as opposed to a heated resistor. Depending

on the degree of cooling required, the cooling mechanism

will vary. When cryogenic fluids are used, the complexity

of the apparatus can compare to that of apparatus used

with high temperature resistors.

In 1961, Stelzried [32] constructed a cold resistor in a

connecting coaxial line. The coaxi.il transmission line had

both stainless steel conductors coated first with 50 micro-

inches of copper followed by 40 microinches of gold. The
resistor was a nominal 50 Q constructed to givea VSWR less

than 1.05 at 960 MHz when immersed in L-He (liquid

helium, 4.2 K). He measured the gradient of the coaxial

transmission line for differing L-He levels and gives a

graph of his calculated equivalent noise temperature for

these levels.

In 1962, Mezger and Rother [33] constructed, for the

1-5 GHz frequency range, three configurations where the

resistive material was the same and changes were made in

the connecting coaxial line. In each case the inner conductor

had a 6-mm OD and the outer conductor had a 16-mm ID
and was 2 mm thick. One coaxial line was formed from

silver-plated brass. A second coaxial line was formed with a

100-mm intermediate section formed from German silver.

This section had the wall thickness reduced to 0.5 mm for

both conductors (this means the inner conductor was
hollow for this section) with the intent of minimizing the

heat transfer. The third coaxial line had, in addition to the

insulating section, a vented hollow inner conductor to per-

mit the cryogenic fluid to rise to the same level in the inner

conductor to that surrounding the outer conductor. Using
the first two configurations, the effectiveness of the in-

sulating section using L-Nj (liquid nitrogen) lowers the
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noise by 2.5 K. They used the second two configurations

to evaluate the effectiveness of cooling as a function of con-

tact surface by changing the depth of L-Nj.

In 1964, Eisele [34] constructed a wedge in a section of

WR137 waveguide which was cooled to L-He temperatures.

The wedge was cut from a single crystal ruby. It was sliced

to 0.050 inch, tapered and coated with nichrome and in-

serted in the connecting waveguide in a manner assuring

good thermal contact. For the insulating section, he used a

copper-plated stainless steel waveguide. Eisele selected a

configuration where the waveguide connection emanated

from the bottom of the cryostat. He reported that the noise

temperature of the refrigerated termination, excluding

transmission line contributions, approached the tempera-

ture of the bath to less than 1 K.

In 1965, Stelzried [35] reported having constructed a

WR284 waveguide L-He cooled termination. He used a

copper-plated stainless steel section as an insulating section

and reported an equivalent noise temprature referenced to

the connecting flange as 5.0"K.

Also in 1965, Penzias [36] reported having constructed a

WR229 waveguide L-He cooled termination as a reference

noise source. The waveguide was 90 percent copper brass.

The wedge had a pyramid shape and was bathed in L-He.

A Mylar septum prevented the L-He from filling the wave-

guide. Penzias used the same design with L-N2. With the

L-N2 he measured a VSWR of 1 .05 of the termination com-

pared to 1.04 for L-He. Penzias reported that, for the case

of L-N2, the effective equivalent noise output of the device

was calculated to be 78.1 K. Penzias measured the tem-

perature gradient of the waveguide by diode thermometers

and it appears that he calculated the effects of the connecting

waveguide based on Stelzried's [32] earlier work.

In the same year, Jurkus [37 ]
reported having constructed

two WR137 waveguide cooled noise sources. The load ele-

ment, as Jurkus called the resistive material, is made from

a resin loaded with iron powder which is shaped in four

wedges which fit into the corners of the waveguide. A
copper-plated thin-walled 6-inch section of stainless steel

waveguide is used as a thermal insulator. The temperature

gradient was used to calculate the effect of the connecting

waveguide by the method suggested by Wells et al. [7].

Jurkus calculated the effects of the gradient on each of the

two noise sources for immersion in L-N2 and L-O2 (liquid

oxygen). He also reports on the effect of the depth of immer-

sion in L-N2 on the gradient.

In 1966, Menon and Albaugh [38] reported having con-

structed three cooled noise sources for use at 2 cm, 9.5 mm,
and 3.5 mm. For the thermally isolating section, thin-walled

brass and electroformed copper waveguide were used. The

resistive element was horizontally positioned through the

side of a flask close to the bottom. This configuration was

used to reduce the dependence of the effective temperature

on the liquid level of the cryogenic fluid (L-N2 in this case).

From the efforts of these authors, we can surmise major

difficulties that will need consideration in construction and

in determining the errors encountered in using a cooled-

resistor noise source. The same two major contributions to
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errors that were mentioned with heated-resistor noise

sources will apply for cooled-resistor noise sources, namely

:

1) determining the temperature of the resistor, and 2)

evaluating the effects of the connecting transmission line on

the output of the resistor.

The same ideal conditions apply as previously stated.

With limitations in materials that we can choose for the

resistor, we can plan for the most effective thermal contact

with the coolant as possible. This means keeping the resistor

immersed deep enough or bathed in the coolant. The tem-

perature of the coolant must be known. The boiling point

of cryogenic coolants are well defined and they are de-

pendent on pressure. Altitude changes can effect the boiling

points of cryogenic fluids and, to a lesser degree, so can

local barometric pressure changes. Designs for resistors that

provide a reflection coefficient magnitude T or VSWR that

is a minimum and is independent of temperature are pre-

ferred.

The eff"ect the transmission hne has on the effective noise

temperature of the resistor requires 1) knowing the tem-

perature gradient of the length of transmission line, 2)

knowing the resistive properties of the transmission line as

a function of temperature, and 3) knowing that the trans-

mission line is free of any condensates. The same comments
made previously in regard to heated resistors still apply.

The attenuation and generation effects can probably be

calculated more accurately than measured for known resis-

tive properties and a measured temperature gradient of the

transmission line. The same computer program solves the

gradient effects of cooled loads. With cooled resistors, the

connecting transmission line has the effect of raising the

effective noise temperature output of the resistor, since the

generation of noise in the transmission line is greater than

the attenuation. Here, too, considering only one effect re-

sults in a greater error than in neglecting the total effect.

Keeping the transmission line free of condensates is an

additional significant problem. Evacuating, purging, or

pressurizing, or some combination of these three, is neces-

sary to keep the transmission line free. For waveguide

transmission lines, a window of some kind is usually neces-

sary; polystyrene [35], Teflon [37], or Mylar [34], [36],

[38], have been used. A configuration where changing

coolant liquid level does not change the effective tempera-

ture is preferred. The transmission line connector should be

considered as a source of error and has not been identified as

such by any of these authors. The new 14-mm and 7-mm
precision connectors for coaxial line are improved over the

Type A'. Still these precision connectors and good flanges

(in waveguide) can be serious sources of error to cooled

resistors.

B. Noise Sources Needing Calibration or Comparison to a

Standard

Noise sources that do not have completely calculable out-

puts cannot qualify as primary standards. If, however, they

are stable, repeatable from one usage to another, and have

bandwidths broad enough that they can be used to make
noise measurements, then they are valuable in that they

may be compared to a standard and so function as an
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interlaboratory standard. In the case where no absolute

standard exists per se, then obviously no comparison can be

made. This is a condition that had existed in noise for quite a

long time but is now being remedied. The noise sources be-

ing used for measuring noise figure, noise factor, and

effective input noise temperature need a value and, in the

absence of a standard, one of two procedures has been

followed. Either a single noise source was isolated and

assigned a value and in turn used to assign similar values to

other comparable noise sources, or each noise source used

had an output that was calculated by an agreed method

based on operating conditions and known parameters. The

agreed method of calculation needs to be uniformly adapted

by all users so that comparable devices have comparable

outputs. Both of these methods are still in use in the noise

field where standards are lacking. Unfortunately the adop-

tion of these methods can encourage apathy toward the

development of standards, and sometimes measurements

are attempted with inadequate standards. In this light it

may be said that the noise source field is undergoing grow-

ing pains.

The noise souices generally used in the field are of two

major varieties : a) the noise diode, and b) the gas-discharge

noise source. The noise diode is used to around 500 MHz
and can be extended in frequency range to higher fre-

quencies with some modifications. The gas-discharge noise

source is a comparatively new addition to the noise field and

it has been used successfully from 300 MHz and into the

millimeter-wave regions. A pleasant discussion of these two

noise sources is to be found in Hart [17]. Maxwell and Leon

[39] recognized the need for calibrating noise diodes and

used a hot-cold resistive standard in 1956. Prinzler [40] used

a heated resistor as a standard for his calibration of noise

diodes in 1958.

]) The Noise Diode: A noise diode has an output that is

generally referred to as shot noise. Shot noise normally

implies a fluctuating current, although it could be applied

to the fluctuating voltage developed across a conductor

through which shot noise current flows. Schottky [41 ] ob-

served that a flow of electrons from a thermionic cathode

was irregular because each emission was a random, inde-

pendent event. The fluctuating current caused by this ir-

regular flow of electrons he called the "Schroteffekt," from

which we get the term "shot noise."

To cover the literature written about the noise diode

would be an extensive work in itself. There has been a

bibliography [42] made of many of the published papers in

noise prior to 1954, so only a few pertinent papers will be

referenced.

Tien and Moshman [43], through use of a mathematical

model based on the generation of random numbers by the

Monte Carlo method, simulated the electron emission at

the cathode ofa noise diode. Using this, they tried to predict

results at low frequencies and high frequencies. They felt

the results agreed well with existing theory for low fre-

quencies, but found no correlation at high frequencies.

Kosmahl [44] tried to measure the correlation between the

induced grid noise current and the fluctuations in the output,

but found none.
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Most of the noise diodes presently on the market have

been described in the Hterature [45] at one time or another.

These devices have their own characteristics as a function

of their tube geometry. They are often frequency sensitive

and have diflFering emitter characteristics depending on the

material and construction of the emitter. They have noise

output characteristics that have some predictability, and it

depends on how well the output must be known as to how
much faith you should put in the calculated output. In

England, a noise generator designed by Harris [46] is

employed as an interim noise standard.

The Soviet Union established a thermal noise standard in

1964 in the decimeter bands for the calibration of noise

diodes and gas-discharge noise sources [31 ]. The National

Bureau of Standards expects to offer a calibration service

at 3 MHz based on a thermal noise standard before the end

of 1967.

2) The Gas-Discharge Source : The first suggestion to use

a gas-discharge tube as a noise source was made by Mum-
ford [47]. Mumford first used a fluorescent lamp mounted
in the //-plane of a waveguide. The fluorescent lamp, he

reported, gains most of its noise radiation from the mercury

gas-discharge in the tube. Mumford used lamps with 10

different types of fluorescent coatings and one germicidal

lamp (i.e., no fluorescent coating) to find that the fluorescent

coating was not the source of the noise since all of them had

comparable noise outputs. He concluded that it was the gas-

discharge alone that produced the noise.

The fluorescent lamp noise source appears to have been

quite temperature sensitive and some effort was made try-

ing to predict the noise output as a function of mount tem-

perature [48], [49]. The statement has been made that "the

noise power, in general, is derived both from the thermal

velocities, which are characterized by the electron tempera-

ture, and from the dc power, which is characterized by the

average current" [50 ]. The facility of being able to calculate

the electron temperature and identifying it with the noise

temperature when applied to pure gas discharges provided

the basis for suggesting that gas-discharge noise sources

be used as microwave noise standards [15]. The trouble is

that for pure gas discharges the measured values obtained

[51 ]-[53] did not seem to always support these claims; in

fact, the noise temperature is usually less than the electron

temperature. These discrepancies could mean that there

exist unaccounted for effects [11], [54], or even that the

noise temperature as measured is not simply related to the

electron temperature. Consequently, gas-discharge noise

sources need calibration against a standard to ascertain a

numeric value that will classify the noise output.

Johnson and Deremer [53] had trouble extending Mum-
ford's design [47] to 10 GHz, since this design gave a

drastically reduced bandwidth of the noise source. They

found that with a tube mounted in the £-plane of the wave-

guide at 10° to the axis of the waveguide that the VSWR
was much lower than a comparable design using the H-

plane. Decreasing the angle lowered the VSWR, but

lengthened the elliptic waveguide cut to accommodate the

tube and also rrieant the tube itself had to be lengthened. No
optimum design was resolved with these limitations. John-
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son and Deremer suggested a 10" £-plane mount for general

use and suggested that a smaller angle could be selected for

more exact measurements. In their experiments they varied

the gas fill presure from 3 to 30 mm of Hg and tried differ-

ent gases for gas fill in the tubes. They found gas mixtures

minimized problems with fluctuations in the plasma, but

also appeared to slightly increase the VSWR. Tubes were

designed to have a discharge diameter of 1/4 to 1/3 of the

inside width of the waveguide and to operate at discharge

currents of200-250 mA which meant gas fill pressure was to

be 20-30 mm of Hg. To eliminate the dependence of noise

output on the operating temperature, only inert gases were

used.

Originally, Johnson and Deremer designed a series of

mounts for use in the 3 to 30 GHz range. This design has

been available commercially and has only been modified

by manufacturers to satisfy their own specifications. We
note that Knol [51] independently built a 10° f-plane

mount for his own use at about the same time. Others in

the field have extended this design for general usage and to

increase the upper frequency limits [55], [25], [56], [57].

More recently, it was found that the tube in the typical

Johnson and Deremer mount design, ifonce removed, could

not easily be replaced and still repeat the effective noise

temperature originally measured [58]. Other weaknesses in

current commercial design were noted and an improved

mount design was suggested with a 9° insertion angle [58]

and a 7 insertion angle [22]. Further, an improvement in

tube design is also suggested [22].

To extend the useful range of the gas-discharge noise

source to lower frequencies, Johnson and Deremer [53]

tried to construct tube shapes that would fill the entire cross

section of the coaxial transmission line with a gaseous dis-

charge. They did not regard this work as the most successful

but could not pursue the matter due to the termination of

the contract. They were aware of a contractural program

designed to construct a coaxial helical mount and did not

pursue this avenue since it would have been a duplication of

effort.

To build a good helical-type coaxial mount we need

sufficient coupling between the gas-discharge and the trans-

. mission line, and a good impedance match. The helical

center conductor is a slow-wave structure as is a lumped-

constant low-pass filter. Spencer and Strum [59] believed

it was possible to make a coaxial mount on the helix idea

that would be usable from 30-5000 MHz. Such a design

hinged upon whether the gas tube could be constructed

long enough for the necessary length of helix. Spencer and

Strum give a lot of design criteria in their paper and state

they built a mount having a flat noise output from 200 MHz
to 3 GHz. Using the low-pass filter concept they built a

coaxial source usable from 50 to 300 MHz. Others have

reported having successfully built coaxial helical mounts

for gas-discharge tubes [39], [60]- [63].

Alma'ssy and Frigyes [64] present a novel suggestion on

building a mount for a gas-discharge noise source. They

constructed a coaxial transmission line mount where the

inner conductor is replaced by a gas tube having comparable

dimensions to the inner conductor. 'The filament voltage

873



reaches the tube through a broadband metal extension while

the anode is directly connected to the inner conductor."

One end may be terminated, thereby simplifying the con-

struction. The device was built, and with a discharge cur-

rent of 120 mA no difference in output was detected be-

tween six tubes. The device was operated between 1800 and

2200 MHz. Another different idea was to construct a gas-

discharge tube in two-conductor lines [65].

At present the National Bureau of Standards has the

capability to perform calibrations in the frequency range

8.2 to 18.0 GHz, which is covered by two waveguide sizes

(WR90 and WR62). The National Bureau of Standards

expects to perform calibrations in the 2.60 to 3.95 GHz
frequency range (waveguide size WR284) in the immediate

future. The remaining frequencies have no standards avail-

able to them for calibration. To take up this void Lee and

Olsen [66] devised a technique where, by fabricating special

tubes, they made transitions between bands.

V. Concepts of Noise Factor and Noise Temperature

A. Introduction

In 1942, North wrote a paper on "The Absolute Sensitiv-

ity of Radio Receivers" [67]. This is perhaps the earliest

paper that proposed a standardized measurand for the

noise performance of a radio receiver. The author sug-

gested a number, A^, that he termed "noise factor," as being

a fundamental description of the internal noise of a receiver.

In 1944, Friis [68] wrote a paper in which he discussed

"noise figure" at greater length, and this paper is considered

by many to lay the foundation for this quantity. Since 1944,

many papers on the subject of the noise performance of

amplifiers and receivers have appeared. Such papers have

been stimulated by the need to describe this aspect of de-

vices, and by the need to clarify the meaning and application

of the noise factor concept.

In recent years, the noise performance of receivers and

amplifiers has been described in terms of an effective input

noise temperature [69 ], Tg. For many persons, is a more
meaningful measurand than is noise factor, F. However,

for a device for which both quantities are defined, a simple

relationship exists between the two (23).

The concept of noise temperature comes quite naturally

from the relationship between the noise power available

from a resistor at a uniform temperature T, which is

= /cT watts per hertz. (17)

For a device having a noise power P^ per unit bandwidth

available from one of its ports, a noise temperature of T
degrees Kelvin can be associated with that port. Thus the

internal noise of an amplifier or receiver, or in fact of any

network containing a source of noise, can be expressed in

terms of a noise temperature.

B. Noise Factor (Noise Figure)

The noise factor (noise figure), F{f), of a linear two-port,

at a specified input frequency /is defined as the ratio of 1)

the total noise power per unit bandwidth A', at a correspond-

ing output frequency available at the output port when the
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noise temperature of the input termination is standard

(290°K), to 2) that portion of 1), A^^, that is engendered at

the input frequency of the input termination at the stan-

dard noise temperature (290°K) [70]. Thus

Although this definition is concise, complete, and useful,

it must not be misapplied or confused with the more than

fifteen additional and different types of noise factor which

may be found in the literature.

An alternate definition of noise factor is based upon the

concept of signal-to-noise ratio [68]. If SJNi and Sq/Nq

are the signal power-to-noise power ratios at the input port

and output port of the linear two-port, respectively, when

the input input termination is at 290°K, F is defined by

the relationship

Thus, noise factor serves most directly as a measure of the

extent to which the noisy two-port degrades the signal-to-

noise ratio of the input power.

Equation (19) also shows that, in order to produce a

unity output signal-to-noise ratio when the source tempera-

ture is 290°K, a signal power S'l is required where

S'i = FkTQ watts per hertz (20)

and

To = 290°K. '

(21)

Noise factor, F(f), as defined by the IEEE is a rather

idealized concept. It describes the noise performance of a

linear two-port at a single operating frequency. To describe

the noise performance over a band of frequencies, an

average noise factor, F, is defined [70]. To distinguish the

two, the term spot noise factor [70] is sometimes used to

identify the single frequency factor. Noise factor is not de-

fined for a nonlinear two-port, nor for a multiport trans-

ducer [see Section V-C)].

Noise factor is a hyperbolic function ofsource impedance.

It reaches a minimum value at some value of source imped-

ance called the "optimum source impedance." This mini-

mum noise factor is called the optimum noise factor [71 ],

and is independent of source impedance.

Noise factor is based on the temperature of the source

impedance being standard, a condition that does not al-

ways prevail in practice. Thus, the noise performance of a

transducer will differ from that predicted by its noise factor

when it operates in a system where the temperature of its

input termination is not standard. Furthermore, since the

experimental procedures for measuring F can be carried

out using source impedance temperatures that are differ-

ent from 290°K, the quantity that is often measured is not F
but, rather, an analogous quantity F'. F' is defined the

same way as F except that the noise temperature of the in-
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put termination, 7^, is taken to be that which prevails during

the measurement. It can then be shown that

(f '
- 1)T, = (F - l)To (22)

so that

F=1+(F-1)^- (22a)

In practice, effort is made to reduce F to its minimum
value of unity, thus making the two-port as near as possible

to an ideal, noise-free transducer.

C. Effective Input Noise Temperature,

The effective input noise temperature (of a multiport

transducer with one port designated as the output port) is

defined as the noise temperature in degrees Kelvin which,

assigned simultaneously to the specified impedance termi-

nations at the set of frequencies contributing to the output,

at all accessible ports except the designated output port of

a noise-free equivalent of the transducer, would yield the

same available power per unit bandwidth at a specified

output frequency at the output port as that of the actual

transducer connected to noise-free equivalents of the termi-

nations at all ports except the output port [69].

To help understand this definition, two block diagrams

are shown in Fig. 9. In the upper diagram, the input ports of

the noise-free equivalent of the multiport transducer are

terminated in source impedances, each at temperature T^.

The power per unit bandwidth available from the transducer

is P^. In the lower diagram, the input ports ofthe noisy multi-

port transducer are terminated in source impedances of the

same impedance values as before, but each such input

termination is noise-free (noise temperature of 0°K). The
power per unit bandwidth available from this transducer is

also Pi^. The value of necessary to produce the same
value of Pi^ in both diagrams is equal to the value of the

effective input noise temperature of the (actual) noisy multi-

port transducer.

Note that each of the diagrams of Fig. 9 requires the use

Fig. 9. Diagrams illustrating the definition of T^.
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of fiction (e.g., noise-free equivalent components). How-
ever, the real quantity, T^, of the real, noisy multiport

transducer is established through the use of this fiction.

Furthermore, no difficulty is presented to the measurement

of through this use.

The definition of pertains to output power at a single

frequency. As with noise factor, an average effective input

noise temperature, T^, is defined to describe the noise per-

formance of a multiport transducer over a band of output

frequencies [70].

For a linear two-port transducer with a single input and a

single output frequency, is related to F [70] by

T, = 290 (F- 1). (23)

Thus the dependence of upon source impedance is also

a hyperbolic function. An optimum value of occurs when
the input ports are terminated with source impedances

that minimize \ this optimum is independent of source

impedance, and is characteristic of the transducer alone.

is a function of frequency, but is not a function of the

temperatures of the input terminations, except that in a

nonlinear transducer it may be a function of signal level.

D. Operating Noise Temperature, T^p

In a system of transducers, such as may be comprised of

one or more sources (e.g., an antenna) and one or more

amplifiers, filters, and frequency translators connected in

cascade, a useful figure of merit is the operating noise

temperature, Tg^, of a system under operating conditions.

Tgp is defined as the temperature in degrees Kelvin given by

where A^o 's the output noise power per unit bandwidth at a

specified output frequency flowing into the output circuit

(under operating conditions), k is Boltzmann's constant,

and Gj is the ratio of 1) the signal power delivered at the

specified output frequency into the output circuit (under

operating conditions), to 2) the signal power available at the

corresponding input frequency or frequencies to the system

(under operating conditions) at its accessible input termina-

tions [67].

In a linear two-port transducer with a single input and a

single output frequency, if the noise power originating in

the output termination and reflected at the output port can

be neglected, T^^ is related to the noise temperature of the

input termination (source impedance), Tj, and the effective

input noise temperature, T^, by the equation

T„, = T,+ r,. (25)

An average operating noise temperature, r„p, is defined

[69] when performance over a band of output frequencies

is required.

In practice, a system with the smallest T„p will provide the

best performance from the standpoint of noise degradation

of information.
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E. Measurement Techniques for F and Tg

Various methods have been devised for measuring the

noise factor and/or effective input noise temperature of

transducers. A fairly complete description of these methods

has been covered previously [70], [72].
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The theory is given for a precision comparator that measures the ratio of two noise
spectral densities. The relative error of a single measurement is also derived. The com-
parator described removes or alleviates many of the problems in high-speed switching,
and since the instrument operates under null conditions, the null position is essentially
independent of amplifier noise and gain instabilities.

1. Introduction

Tlie relative strength of two power sources or
signal levels is often desired. As the strength of the
two power sources decreases the determination of

this ratio becomes increasingly difficult. When the
desired signals have levels that are approximately
equal or smaller than the internal noise level of a
very low noise amplifier, the problems become severe.

This is due not only to the masking effect of the in-

ternal amplifier noise but also to the instability of the
amplifier gain. This in turn arises from the enor-
mous amounts of gain needed.
The usual practice is to sample the outputs of the

two levels at a switching rate that is high compared
to the instability drift rate of the amplifier. An
attenuator is usually used to reduce the level of the
stronger signal to that of the other signal. The
earlv pioneer of this method was the Dicke Radiom-
eter" [Dicke, 1946].

The switch with its noise, losses, and instabilities

is often a limiting factor in such methods. The at-

tenuator and the necessity of impedance matching
is another problem source. These problems are
eliminated or greatly alleviated by the method de-
scribed herein.

2. Principle of Operation

The basic problem in such measurements is to

make the amplifier gain drift essentially ununportant.
In principle, the usual radiometer samples the two
sources so that the variation of amplifier gain affects

the amplified source levels of both sources equally.

A preferable method would be to have botli sources
simultaneously present and no switching. The
problem then, is to separate the two amplified
sources at the output. If the two sources are

statistically independent, they could be separated
by correlation techniques. In principle this is

what is done in the system described below.
Correlation techniques are an old tool and there

are systems described in the literature that in various
respects resemble the one discussed here [Fink, 1959;

Freeman, 195S, p. 274].

The block diagram of the system is shown in

figure 1. The individual components and also the
configuration can take on different forms without
changing the basic principles. The system described
here is similar to one presently under construction.

AMPLIFIER

A

SOURCE

X

- JUNCTION -
WAVEGUIDE

BELOW CUTOFF

ATTENUATOR

SOURCE

Y

AMPLIFIER

MULTIPLIER - INTEGRATOR
NULL

INDICATOR

Figure 1. Block diagram of comparator.

2.1. Sources

The two sources uiay be very general. They may
consist of random noise, pulse singals, CW, etc., or
combinations of various types. It is assumed their

output levels are constant during the measuring time.

2.2. Attenuator

For precison results the attenuator may be an
accurate wave guide-below-cutoff (piston) attenuator.
Small changes in attenuation may also be determined
by measuring changes in the input level to the
attenuator.

2.3. Junction

This simple but important component is shown in

figure 2. It is a low-loss symmetrical coaxial T.

Opposite to where the center leg joins the T, very
small slits, perpendicular to the axis of the two side

arms, are cut into the outer conductor. These are

symmetrically placed on the T. The junction then
is made an integral part of the attenuator so that the

fields (TEii mode) within the attenuator guide
impinge upon the slits of the T. In eflect, the T acts

as a center-tapped secondary of a transformer. The
source X is applied to the center tap.
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Figure 2. Junction.

2.4. Amplifiers

There is some value in having the two amplifiers

similar, though this is not necessary. The amplifiers

should be linear; at least the frequency components
produced by the nonlinearity should be prevented
from reaching the input to the multiplier. For some
modes of system operation it is essential for the pass

band characteristics of the amplifiers to remain
constant during a measurement while the gain can
vary. This is what primarily happens in an amplifier

as the mutual conductance of a vacuum tube varies.

The stability of the pass band can be enhanced by
keeping the amphfier broadbanded except for stable

band limiting devices.

2.5. Multiplier, Filter, and Indicator

The multiplier has the function of forming the
product of the input voltages. The output of the
multiplier, which is this product, is applied to the
filter. The filter permits only the d-c and very low
frequency components of this product to reach the
indicator. Of course the filter and multiplier could
be a single integral unit. The indicator responds to

both positive and negative d-c voltages and is used
only to obtain a nuU.

3. General Theory-

Only the basic general theory will be presented.
This describes, under certain assmiiptions, what the
system measures and the expected error (due to the
inevitable random fluctuations in the output) in this

measurement. Possible errors due to various com-
ponents deviating from the assumptions will be
reserved for a forthcoming report when a specific

system is being described.
The assumptions used m the following theory are

:

1. The system, excluding the multiplier, is con-
sidered linear.

2. The amplifiers and filter, while linear, may be
considered varying in time. The unit impulse
response and Fourier system response functions of

these units are then time variable. The analysis

could have also been carried through witli the

assumption that the unit impulse functions were
sample functions from a linearly independent ergodic

process with the essential results being the same.

3. The signals present are all assumed to be sample
functions from random processes that are bounded,
and are singly and jomtly ergodic as well as singly

and jointly stationary. The periodic signals are

considered to occur with a uniform random phase
distribution over the ensemble.

4. The components, other than what is stated or

implied above, are considered to be ideal. For
example, the multiplier performs the proper product.

Also, the junction is symmetrical, etc.

Sources A' and Y respectively give rise to random
signals x{t) and y{t) that are real tune varying
fimctions and contain, in general, both periodic and
nonperiodic parts. The input to amplifier A is

To amplifier B, it is

x(0-2/«).

The output of amplifier A, ea{t), is

eaW=J ha{a,t)[x{t-~a)+y{t~a) +

(1)

(2)

Z,{t-a)]da (3)

where ha{a, t) is the imit impulse response of amplifier

A, Za{t) is the internal noise of amplifier A referred

to its input, and a is the variable of integration in

the convolution integral. Likewise the output of

amplifier B, is

K{^, t)[x{t-^)-y{t-&) +z,{t-m^ (4)

where the h subscripts refer to amplifier B. The
quantities ea{t) and e^it) are multiplied together by
means of the multiplier. The expected value or

statistical average of the output of the multiplier,

mdicated by E(e„et,) or e^eb is

Sto)=s[(J" hMt)[xit-a)

+y{t-<x)+z,{t-a)]dc^

(^^'^ K{&,t)[x{t-&)-y{i-0) +zS-m^-

Since ha{a,t) and hi,il3,t) are considered to be non-
random functions,

E{eaeb)=j j ha{a,t)h{&,t)E{[x{t-a)+y{t-a)

+ z,{t-a)][x{t-^)-y{t-ff)+z,{t-mdad& (5)

where the order of integration and averaging have
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been interchanged. The expected value or statistical

mean of the indicator output, /, is given by

/=iy.(0,oj J ha{a,t)h{^,t)E{{i:{t-a

-y{t-^)+z,{t-mdad3 (6)

where H^CO, t) is the zero frequency response of the

filter and iiidicator.

The expected value of the time varying signal

function in (6) is composed of the statistical auto-

correlation and cross correlation functions of the

various random signals present. Thus

E[x{t-OL)x{t-P)] =R,{^-a) (7a)

where Rxi^—a) is the statistical autocorrelation

function of x{1). Similarly

E[xii-a)y{t-p)]^E,Afi-a) (7b)

with similar results for other combinations, where
Ej.y{^—a) is the cross correlation function of the

functions x{t) and y{i).

From the foregoing, (6) may be written

-i?,(/3-a) -i?.,(/3-a) +i?..,(^-a)

+ i?,. (,3- a) + i?,.,(^- a) + i?,^, (/3- a)

-i?.^,(/3-a)+i?.^.,(/3-a)]c?af//3. (8)

If the respective signals are uncorrelated all cross

correlation functions become zero, and (8) reduces

to (correlation between Za{t) and Zt,(t) is discussed

later)

T=Ha{0,t)j
I

ha(a,t)h,(J3,t)

[R,{0-a)-R,(0-a)]dad^. (9)

The above correlation functions are related to the

spectral densities of the various signals. Let Sx(f)
represent the spectral density of the signal x{t).

Then Sx(J) and Rx{t) are related (by definition)

through the Fourier transform pair

'S.(/)=J° RAr)e-^'^'^dr

with similar relations for the y signal.

(10a)

(10b)
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Substituting the above values for the correlation
functions into (9) together with the relation t=/3— a
yields

[Sxif)-Sy(f)]dfdad0. (11)

Now the impulse response function, ha(a,t), is

related to the complex frequency response function,

HJj2^f, f) by

J ha(.a, t)e-^--'-da=Ha{j2ivj, t) = \Ha{j2l,f, t) \e''>a

(12)

where Ha{j2Trf,t) is the complex frequency gain
function of amplifier A and 6a is the associated
phase angle. Similarly

j h,{p,i)e'''^m=m(j2wJ,t)^\H,{j2Tf, t)\e-^'b-

(13)

In general, da and dt are functions of time, though
for simplicity in notation they are not explicitly

written as such. Thus (11) becomes

I=HM t)j \Ha{j2^f, t)\\H,{j2^J, O|[cos {da-d,)

+ j sin {da-e,)] [Sx{f)-Sy(f)W. (14)

It may be shown that H{j2i:j, t) has an imaginary
part that is an odd fimction of frequency.
Using this fact, (14) becomes

/> CO

7=^^,(0, oJ_ IHaifiwf, t)\\H,{j2i:j, 01 [cos {da-e,)]

[SAf)-Sy{J)]dJ. (15)

Periodic signals such as CW signals or even
periodic wide-sense random processes have power
spectral densities expressed by means of the Dirac
delta function, 6 [Davenport, 1958; ch. 6]. For
example, a CW signal, V cos (ccot^d) has a power
spectral density

=^ S ij-fo)+^ d{f+fo) . (16)

The total power, therefore, is

(17)

as is well known.
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The output, /, would become zero (a null would
exist) when

t)
I

\H,{j2-Kj, t) |cos {da-e,)S,{f) dj

-J-
\HaU2Trj, t)

I
|27,(i27r/, 0 |cos {6^-6,) S,{f) dj.

(18)

It is of considerable practical importance to

consider those cases for which a null is obtained
independent of the variations in the amplifiers and
filter response functions. Since (181 contains no
filter response function, the null is independent of

the filter characteristics. From (18) it is also

obvious that if the spectral densities of the x{t) and
y{t) signals were equal over the amplifier pass bands,
that is, if

S.{f)=Sy{f), (19)

a null is then obtained regardless of the time varying
aspects of the amplifiers. Thus the important
result is obtained that a drift or variation in the
gain or phase response of the amplifiers and filter

would not influence the null condition.

Further, if the amplifiers were constructed so that
the frequency response determiniag components
were stable, the amplifier characteristics could be
written

\Ha{j2irj, t)
I

\H,{ j2ivj, t) |cos (da-e,)
•

=Ga{t)G,{t)\H'aU2TrJ)\\H',{j2ivJ)\cos {e-e,) (20)

where Ga{t) and Gi,{t) represent the time variable

or unstable parts of the gains of the respective
amplifiers and the primed H's are new time-stable

frequency-dependent parts of the amplifier gains.

The d's are now also independent of time.

The output of the system may then be written,

since G„{t)Gt{t) is independent of/ over the bandpass,

I=HAO,t)Ga{t)G.(oj: \H:ij2mH[(j2^f)\

cos (e,-d,)[S,(f)-S,{f)]df. (21)

This becomes zero when

j: \H'Aj2wf)\\H',{i2irf)\ cos (da-d,)S,(J)df

\h: (i27r/) \\m (jStt/)
I

cos {e-e,) Sy{f)df (22)

and is independent of the amplifier drift or variation
in gain. Such amplifiers are not too hard to realize

by making the unstable frequency-dependent parts
with pass bands broad compared to the stable

frequency-dependent parts.

With such amplifiers a time-stable null condition
expressed by (22) may be met with signals having
spectral densities with widely different frequency
characteristics. For example y(t) may be a sinusoidal

signal

2/(0= 1^0 cos (coo«+e). (23)

Then (22) becomes

J"
\H:(j27rf)\m(j27rf)\ COS {d-d,)SAm

=J" [\m{j2irf)\\H',{j2irf)\ COS {e,-e,)]

= \H', {j27rJo)
I

|H; (i27r/o) |
COS [6^ -^.(/o) ] y- (24)

This is again independent of the amplifier gain
variation.

4. Measurement of Spectral Densities

From the foregoing relationships, spectral densities

of one source may be obtained in terms of that of
another source.

Assume, for example, the value »S'j,(/) is known
and is also known to be essentially constant over
the pass band, and it is desired to obtain the value
of Sx( f) which is also known to be constant over the
pass band.
With reference to (18), a null condition is obtained

when Si(f)=Sy(f). The two spectral densities are
thus equated.
Let two different x{t) signals be measured. Then

The ratio

--A

(25)

(26)

(27)

may be measured by means of the precision attenua-
tor (see fig. 1), and hence

SM-ASM- (28)

In this case Sxi(J) and Sx2(J) need not be equal
and only relative values of Sy{f) are needed. The
relative values of iS'!,(/) may be obtained by means
of the attenuator.

A CW signal could just as well be used in place
of Sy(J). Then

SM)=^Sx,(f)=AS,,{f) (29)
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where

and is again measured by the attenuator.
If SxoiJ) and SiiiJ) vary differently with frequency,

the relationship between them may be obtained bv
using (22) to relate Sn(f) with S,i(f) and S.iif) with

Syiif). Notmg also that S,j2(J)=AS,^if),t\ie desired
relationship becomes

I \H:{j2^J)\\m{j2-Kj)\ cos {ea-B,)S,,U)dJ

\H:(j2rj)\\H',{i2^j)\ COS {e,-e,)SAm-

(30)

If the spectral density of Snif) is constant in value
over the pass band, (30) becomes

\H'a{j2^j)\\m{j2-Kf)\ cos {e„~e,)SAm

\H:{j2vMH',(j2nf)l cos {ea-e,)df

=ASAf). (31)

In practice, this is what is usually measured.
This gives the equivalent constant spectral density
that would yield the same total power as the actual

spectral density function when both are integrated
over the actual pass band response function. This
means the relative pass band response function of the

actual sj^stem used should be given when stating the

equivalent S:,(_f).

A system that meets the conditions imposed by
(22) lends itself very well to a measurement of the

relative pass band response function,

K\H',ij2wf)\\Hi(j2^J)\ cos {Oa-e,).

Here K is a, constant and represents the fact that

only relative and not absolute values are needed as

a function of frequency. The above function is

obtained by using CW signals for both the x{t) and
7/(0 signals. The y{t) signal may be varied in level

to maintain a null as x(t) is varied m frequency but
kept at a constant level. The relative values of the

attenuator setting as a function of frequency give

the desired relationship.

Other ways of using the system may readily come
to mind. One other will be briefly mentioned.
Another uncorrelated signal vif) with spectral

density <S'„(/) may be combined with the x(f) signal.

The relative amounts of this extra signal may be
measured by an attenuator external to the x(t) signal

in much the same way as is done with the y(t) signal.

In this case, the y{t) signal need not be varied and,

(19) could be written

= S,,(f)+SM)= S,,iJ) +SM (32)

If only relative values of SJf) are known a useful
relation is

where
_Sj3

4. 1 . Broad Spectral Signals Versus CW Signals

As indicated, either broad spectral signals or
a CW signal may be used as the y(f) signal to com-
pare various random x{t) signals. When CW signals-

are used, it is hnportant that the frequency of the
CW signal be constant. Also, practical usage
dictates finite averaging times at the output. This
means tliat a CW yit) signal would produce less

random fluctuation than a random y{f) signal.

Broad spectral y{t) signals, however, place less
stringent requirements on the constancy of the band
pass characteristics, especially if their spectral
densities are similar to those of x(t). A broad
spectral nonrandom signal would produce less

random fluctuation than a random signal and still

have those advantages of broad spectral signals.

4.2. Residual Noise

If the signals Za{t) and z^it) are correlated an
additional term

\H„{j27r/MH,U^TfMS.,^,(.f)\ COS (^a-e,+0.„.,)

would have occurred. Here, (j)^^,^ is the relative

phase of the correlated- part of the amplifier noise
signal in (15). This represents a contribution in the
output due to correlation between the two amplifier
noise signals. While there is usually ver}^ little

correlation between the two amplifier noise signals

there can be contributions by the two amplifier
noises that have common origins and are therefore
correlated. Whether the effect of this correlated
residual noise can be ignored depends on the relative

strength of signals being measured to the residual

noise and the desired accuracy of measurement.
This residual noise may possibly be reduced by

proper design of tlie amplifier, or by using special

networks that prevent coupling or that cause shifts

in the phase of the correlated parts of the residual
noise such that the quantity 9a—6b-\-(l)2^,^ in (17)

equals 7r/2, thus making the cosine factor zero.

Also, the residual noise may be simply measured
by the use of two sources of different known levels.

The principle ma}^ be simply demonstrated by
assuming (this is not a necessary assumption) all

signals have constant spectral densities within the
amplifier pass bands and the amplifiers have equal
phase shifts {9a= db). Using (15) with the assump-
tion that no signals are correlated except Za{t) and
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Zi,{t) and that the null condition holds, then

S,(f)-Sy(J) + \S,^,^(,f)\ COS <^.,e,=0. (.34)

For two different levels of Sxif), this yields

\S.^.,(J)\cos<f>^^.=^^f^ (35)

where

5. Relative Error of a Single Measurement

Any practical system will average the output over

a finite time. Because this time is finite, random
fluctuations will appear in the output giving rise to

errors when the output indicator is read.

For simplicity in evaluating this error, the follow-

ing assumptions in addition to those above (with one
exception) will be made.

1. Each amplifier has a square band pass of

width B.
2. The random processes giving rise to x(t), z^it),

and Zi{t) are considered to be Gaussian, and the

respective signals are independent and thus uncor-
related. Also, the various signal sources have zero

means.
3. The signal x{t) has a spectral density S^iJ)

that is constant over the band.
4. The signal, y{t) = Y^ cos (woi), is now a de-

terministic (nonrandom) CW signal centered in the

pass band of the amplifier. The former theory still

applies. The present system merely represents

sample functions of the ensemble with time origins

fixed relative to the CW signal.

5. The two amplifier noise signals, Za{t) and 2s(?),

are noncorrelated. Their respective spectral densi-

ties S^Jf) and <Sj,^(/) are constant over the band.

6. The exception to the former assumptions is

that the response functions of the amplifiers and
filter are constant with time.

It is quite common to represent a narrow band of

noise of band width B around a central frequency by
[Davenport, p. 158]

X(t)=Xc{t) cos uot—Xsit) sin uot

=R{t) cos [o:ot-cf>(t)] (36)

where Xdt), Xs(t), R{t), and 4>[t) are ra,ndom fluc-

tuations that are slowly varymg (due to the narrow
band) with respect to the central frequency, /o=
coo/27r. Similarly

Za{t)=Zac{t) COS Uot—ZaM siu U>ot (37)

zJ,t) — Z^c{t) COS wo<— Z(,.,(0 sin uof. (38)

It can be shown [Davenport, p. 158] that

Xl=Xi=2j^° S,{f)df-^SAO)B (39)
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Zl=Zl=2S. {0)B (40)

Zl= Zl--=2SA)B (41)

AVY,=Z„,Z„,=Z,,Z,,= 1 (42)

where S^iO) denotes the constancy of witli fre-

quency.
Also, it can be shown [van der Ziel, 1954] that

XmXUf + T)=2RlXr)+ iXiy (4.3)

where

/?„(r)=A^(OX(/ +r)=J" SA.f)e df

=2SMB'^^ (44)

since SxiO) is constant. Similar relationships hold
for X,it), Z,it), and Z,{t).

It will also be assumed that the two amplifier
noise signals are of equal strength. Hence

^.,(0) =^^,,(0)^^,(0). . (45)

The inputs to the two amplifiers will be
Input a

eAt) = [XAt)+Yo+Z,,(t)] cos coo^

-[XM+Za,(f)] sin ccot (46)

Input h

e,(0 = [A',(n-ro+Z,,(0] cos cooi

-[A%(0+Z(„(0] sin coo^ (47)

For mathematical convenience, the filter is con-
sidered to consist of two parts; (!) a zonal filter

(i.e., a filter that has a system function that is

unity over the pass band and zero elsewhere) that

effectively integrates [Freeman, p. 226] the output
of the multiplier over a period long compared to

that of the central frequency /o, and (2) a filter that

is effective at much lower frequencies.

The output of the multiplier, M, is effectively

time averaged over a cycle of the center frequency,

wc, by the zonal filter. Thus

M{t)^<eM)e,,{t)>=l {[X.(0+ro+Z,,(0]

[XM)-Yo+Z,Xt)]

+ [Xs{t)+Z,,{t)] [X,{t)+Z,,{t)]} (48)

where <C^ait)e^(t)^ represents the temporal average.
To obtain the spectral density of M, its auto-
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correlation function is needed. Now

BM{T)=M{t)M(t+T). (49)

If the value of M{t) and M(<+t) are used as given

in (48) together with other relationships expressed
above, it may be shown that

(0)
1 / ^^sin^jvSr , „2

+ 16^,(0)^,(0) +8^K0)]+411^.(0)^
^"';^^

+ 16^1(0)5^-87^^,(0)5+11

Since Bm{t) is an even function of t

(50)

Rm{t) cos (27r/r)f/r. (51)

Substituting the value of Ru{t) as given by (50)

and integrating

SM)=\['^S,mB-YoYKi)

r 115,(0) +2[2si (0) +2SA^)sm
+sim[B-\j\]

for0<|/|<|

2[2Sl{0) +2.5,(0)5,(0)+Sm ][B- \J\]

L 0

for|<|/|<i?

for \j\>B. (52)

The mean value of the indicator deflection, /, is

given by

(53)

which may be obtained from (48) by taking the aver-

age over the ensemble and multiplying by the d-c

response function Ha{0). The same value can be
obtained by integrating (52) over the vicinity of

zero frequency, taking the square root, and multi-

plying by HaiO). At null, of course, / is zero which
occurs when

11=45,(0)5. (54)

In adjusting the output to a null, the fluctuations

in the output cause an uncertamty in the value of

II for a null condition. This means that the
measured value of 11 and consequently the meas-
ured value of 5,(0) are random variables. These
are designated 11^ and 5,^(0) respectively and are

related through (54) ; that is

rL=45,,„(0)5. (55)
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The relative error, e, in a single measurement is

now defined as

,_V(5,.(0)-5;r(0))'

5,^(0)

.Va5L(0)

5,iO)

where

and

5,„,(0)-5,,„(0)=A5,(0)

5,„,(0)=5,(0).

(56)

(57)

It is assumed the operator (or servomechanism) in

adjusting the attenuator makes an error, AY, (which
is a random variable) that just compensates for the

fluctuation. A/, in I{t), where

Al^I{t)-I
or

(58)AP=I\t)-iI)\

This means, using (53), that

A/=-^H,(0)[45,(0)5-(Fo+AF)-1. (59)

Simplifying by the use of (54)

A/=H.(0)FoAF (60)

where AF^ has been neglected compared to AFFq.
Using (58) it can be sliown that

AP=J" \HAj27rf)\'SM{fW-(lf. (61)

When Ha{j2Ttf) is nonzero except at zero and near-
zero frequencies, it follows that essentially

A/^=5;;,(o)J" \H,{j2^f)\Hj.

Now, from (52), and using (54)

5;,(0)=45^(0)5[l+27+^]

_ 5,(0)

5,(0)

where

(62)

(63)

(64)

and the prime denotes 5v(0) less the term involving
the delta function.

The quantity I+7 is equivalent to the operating

noise figure. This would reduce to the standard
noise figure when xit) is equivalent to a signal that
originates from a resistor at a temperature of 290 °K.
Using various relations as given above, the follow-
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ing chain of relations may be obtained

' ~ Sim "
yi ~HmYt

For a simple RC filter of time constant T, the

integral is equal to For a critically damped

system the integral would be jo that given above.
Using the simple RC filter, the equation for e

becomes
/I 1 1

For example, if

5=5 XIO^' c/s

7=1
r=3.5 sec

then

€=10~^ or 1 percent.

If 7= 10, then T must be increased to 80 sec to

obtain the same value of e. If 7= 0, then T need
only be 1.0 sec for the same value of e.

6. Conclusions

The system described has several desirable char-
acteristics.

1. The normally used high-speed switch has been
eliminated. This removes the problems of switch
noise, insertion loss, and instability.

2. The effect of amplifier gain drift has been
essentially eliminated.

3. The system is operated under null conditions
and the indicator null position is therefore inde-

pendent of amplifier gain settings.

4. A precision, continuously variable piston at-

tenuator may be used.

5. Signals of widely varying strengths may be
compared.

6. TJie system is capable of measuring its own
effective pass band response to a high degree of

precision.

7. Problems of impedance variations in a dissi-

pative attenuator have been removed.
S. The system is quite insensitive to "hum" and

other such signals that might possibly modulate the
normally present signals. This follows since the null

condition is independent of a time variable system
response. This time variation if produced by "hum "

or other signals is what often gives troubles in

systems, especially those using Imear or envelope
detectors and switching frequencies commensurate
with the undesirable modulating frequencies.

Some undesirable aspects are:

1. One must have two low noise amplifiers.

2. The signal power is now divided into two
channels.

3. A determination of the effect of correlation be-
tween the internal amplifiers may be necessary in

some situations. This may be done by comparing
two standard sources of differeiit levels.

4. An appropriate multiplier is needed. Only the
output at zero frequency is of interest and this fact

removes many problems. Also, an ideal multiplier

is not necessarily needed. The main consideration
is that no output at zero frequency should exist

when only one input is energized.

The author expresses his gratitude for the valuable
discussions and encouragement given by M. C.
Selby and M. G. Arthur.
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A Precision Noise-Power Comparator

M. G. ARTHUR, C. M. ALLRED, member, ieee, and M. K. CANNON, member, ieee

Abstract—This paper describes a prototype noise-power com-
parator based upon a theory given by Albed. Operating at 3 MHz, it is

a null-type instrument, the principal components of which are a

hybrid four-port, a stable CW generator, a precision attenuator, a

dual-channel amplifier and band-pass filter, and an analog mixltiplier.

Unlike other radiometers, no rapid switching of the noise power or

reference voltage is performed.

The instrument can compare noise powers having effective noise

temperatures in the range from below liqtiid-nitrogen temperature to

greater than 30,000°K. Two noise generators having known spectral

densities are used to calibrate the compeirator. The uncertainty of

comparison is less than 1 per cent at 75°K and decreases to 0.2 per

cent at 29,000°K.

T
Introduction

HIS PAPER DESCRIBES a prototype noise-

power comparator, based upon a theory given by
Allred.^ The comparator, in conjunction with

suitable standards of noise power, is used to measure

the noise-spectral density in a 7.5-kHz band of frequen-

cies centered at 3 MHz. Its measurement-range capabil-

ity is greater than 26 dB ; it can measure generators hav-

ing equivalent-noise temperatures from 75°K to

30,000°K, which, for a 7.5-kHz bandwidth, corresponds

to available signal powers from —141 dBm to —115
dBm.

At the present stage of development, the uncertainty

in a measurement is less than 1 per cent for generators

at 75°K, decreasing to 0.2 per cent for generators above

500°K.

The principal advantage of this comparator is that

the adverse effects of changes in amplifier gain are essen-

tially eliminated without resorting to the use of high-

speed switching.

The manner in which the comparator is used is anal-

ogous to that of the familiar uncalibrated potenti-

ometer. A noise generator is connected to the input port

of the comparator, and a null indicator is connected to

its output port. A precision piston attenuator is ad-

justed until a null is obtained. A second noise generator

is connected in the place of the first noise generator, and

the attenuator is readjusted to again obtain a null. The
ratio of powers delivered by the two generators to the

comparator is obtained from the difference in precision-

attenuator settings.

Description of the Comparator

A block diagram of the comparator is shown in Fig. 1.

The essential components are:

Manuscript received July 18, 1964.

The authors are with the National Bureau of Standards, Boulder,
Colo.

' Allred, C. M., A precision noise spectral density comparator
J. Res. NBS, vol 66C, Oct 1962, pp 323-330.

1) A hybrid four-port.

2) A stable CW generator.

3) A precision attenuator.

4) Two separate channels of amplification and filter-

ing.

5) An analog multiplier.

6) An averaging network.

INPUT, HTBSID

PORT
I
FOUB-POBI

HPHECISION
I

I STABLE CW I

MIEWAIObI
I
CEWEBATOB I

CHANHEE 6 BEIWORK

HAVERACIKC L»lOUTPUT
PORT

Fig. 1. Block diagram of comparator.

Hybrid Four-Port

The hybrid four-port, shown in Fig. 2, is the coaxial

equivalent of a magic tee. A flange is mounted on the

cross arm of a coaxial tee opposite the stem of the tee.

Several slots are cut into the flange, symmetrically with

respect to the tee junction, and the barrel of a precision

piston attenuator is attached to the flange. Continuous

wave power is coupled into this hybrid four-port via the

magnetic field that passes through the slots to the cross-

center conductor of the tee.

Precision Attenuator

The precision attenuator is a waveguide-below-cutofT

piston attenuator operating with the TEu mode. Figure

3 shows how it is mounted with relation to the hybrid

four-port. The piston is translated with a lead screw

and carriage mounted on a heavy lathe bed. End-gage

blocks and a precision micrometer are used to measure

changes in the position of the piston.

The precision barrel that was on hand for use in the

prototype comparator has an attenuation constant of

21.304 dB per inch of piston travel at 3 MHz. The drive

mechanism and micrometer are such that relative at-

tenuation settings as small as 0.0005 dB can be resolved.

CW Generator

The crystal controlled 3-MHz CW generator delivers

one watt of power to the input-matching network of the

precision attenuator. The frequency stability is one

part in 10^, and the output voltage is stabilized to fiv.

parts in 10* by means of a high-gain degenerative feed

back loop.

ive

Channel A , Channel B Networks

A block diagram of Channel A and Channel B net-

works is shown in Fig. 4. These networks consist of a
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Fig. 2. Hybrid four-port.

Fig. 3. Piston attenuator assembly.

low noise 3-MHz RF amplifier, a linear-frequency con-

verter, several 500-kHz IF amplifier stages and gain

controls, and a 500-kHz narrow band-pass filter. Al-

though these circuits are designed and built with special

care, no new principles are involved.

The overall gain of each channel is approximately 135

to 180 dB, depending upon gain control settings. An
automatic level control servo system, operating from

voltage obtained from the analog-multiplier circuit,

maintains a nearly constant output voltage from these

networks.

Figure 5 shows the frequency and phase response of

the comparator, and the equivalent rectangular band-

width. The relative phase difference between the output

voltages from the two channels does not exceed four

degrees over the pass band.

Analog Multiplier

The analog multiplier is constructed from four 5-mA
thermal converters, arranged to form a quarter-square

multiplier. Figure 6 shows a schematic diagram of the

multiplier circuit. Because of differences in the transfer

characteristics of the four thermal converters, the multi-

INPUT FROM
HYBRID >
FOUR -PORT

FREQUEKCt

COKVERIfD

AUIOHtTIC

LEVEL CONHOL

IIAIIRO«-eAIID

flllEB

INPUT FROM
< ANALOG
MULTIPLIER

OUTPUT TO
-ANALOG

MULTIPLIER

Fig. 4. Block diagram of channel A and channel B networks.

2980.00 2990.00 2996.25 3003.75

3000.00

3010.00 3020.00

FREQUENCY IN kHz

Fig. 5. Amplitude and phase response of comparator.

plier is operated at a constant-input level. The level-

sense thermal converters and the automatic level-con-

trol servo system regulate the input currents to the

multiplier at approximately 4 mA to within 0.1 per cent.

To further stabilize the operating point of the thermal

converters, they are housed in a heavy copper compart-

mentalized box, shown in Fig. 7, which is temperature

controlled by circulating temperature-regulated water

around four sides of the box.

Averaging Network

The averaging network may take on any of three

configurations.

1) It may be a simple RC filter network. In this case,

the output voltage of the filter approximates the average

of the multiplier-output voltage, over a time approxi-

mately equal to the time constant of the filter. A sensi-

tive high impedance, dc microvoltmeter displays the

filter-output voltage.

2) It may consist of a sensitive recording voltmeter.

In this case, the average of the multiplier output voltage

is obtained by averaging graphically the recorded volt-

age over a suitable period of time.

3) It may consist of a voltage-to-frequency converter

and digital-counter combination that effectively inte-

grates the multiplier-output voltage over a preselected

period of time.
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INPUT FROM
CHANNEL A

INPUT FROM
CHANNEL A

Fig. 6. Analog multiplier circuit.

!• IK. 7, Analog niiiltiplier.

Each method has its particular advantages and disad-

vantages. A combination of 1) and 2) may be used with

additional advantages.

Circuit Adjustment

The circuits and components of the prototype com-
parator are designed and adjusted to represent as nearly

as practicable the circuits outlined by Allred.'

The comparator is designed for use with noise gen-

erators having nominally 50-ohm source impedance.

The hybrid four-port is nearly symmetrical and ideal in

its operation. The Channel A and Channel B networks

are adjusted to provide zero relative phase difference at

their output ports for a 3-MHz input signal. This also

results in a nearly 180° relative-phase difference for the

3-MHz CW signal entering the hybrid four-port via the

precision attenuator. The narrow band-pass filters in

these networks are constructed to be as identical as

possible, and their response functions are essentially

independent of gain fluctuations of the amplifiers. The
nonideal behavior of the analog multiplier is minimized

by holding its operating point constant.

Comparator Operation

In the basic general theory of operation given by

Allred,^ certain assumptions were stated to simplify the

development of the theory; consequently, all the opera-

tional parameters involved in the prototype comparator

were not taken into account. A totally complete theory

is very lengthy and will not be given here.^ However,

a brief heuristic description of the essential operation of

the prototype follows.

With a noise generator connected to the input port of

the comparator, the total effective input power Pe,

lying within the total response band of the comparator

and entering this port, is proportional to the sum of Tn,

the effective noise temperature of the generator, and

Te, the effective input noise temperature of the com-

parator (due to its internal noise) referred to this port.

Thus

Pe = a(r„-fr,) (1)

The total effective input power Ph, entering the port of

the hybrid four-port to which the precision attenuator is

attached and lying within the total response band of the

comparator, is proportional to the sum of APcw, the

attenuated power from the CW generator, and Th, the

effective input noise temperature of the comparator re-

ferred to this input port. Thus

Pk = b{AP,^+ Th). (2)

At null, these two input powers are related by a factor

c. Thus

Pe = cPh. (3)

The effective input noise temperatures Te and Th will

be constant to the extent that the noise factors of the

amplifier networks are stable. The quantity c will be

constant with time and input-power level if the param-

eters of the hybrid four-port, the narrow band-pass

filters, and the analog multiplier are stable, and if the

amplifier networks are linear.

From (1), (2), and (3),

be

Tn + r.- = — /IPow, (4)
a

where

be
, ,

Ti = Te Tk. (5)

^ To be published.

180-303



For two known noise generators of equal source

impedances and spectral-density distributions, but with

noise temperatures of r„, and Tn^, the null condition

gives

and

he

r„, + Ti = Ai — P,
a

be

a

(6)

(7)

Solving (6) and (7) for Ti gives

T — T

Ti =

1 -
Ai^

A2

(8)

The ratio A1/A2, in dB, is obtained directly from the

precision attenuator.

Having evaluated Ti, the noise temperature T^ of an

unVnown noise generator is measured in terms of the

noise temperature Tr of a reference standard noise gen-

erator by use of the relation

1 -

Tr
Ar

1 -
A,

r„ —
Ai

T,„ (9)

Here, either T^, or Tn^ may be equal to T^, thus reducing

to two the number of known temperatures of noise

generators required to perform a measurement.

Comparator Performance

Sensitivity

For the purposes of this paper, the sensitivity of the

comparator is defined as the change in average output

voltage from the analog multiplier, near null, per unit

relative change in input-noise temperature. The units of

sensitivity are millivolts per degree Kelvin per degree

Kelvin (mV/°K/°K).

The two principal factors that affect the sensitivity

of the comparator are 1) the reduction of gain by the

automatic-level control with an increase of input noise

power, and 2) the increased relative contribution of the

net effective input noise temperature T, of the compara-

tor to the total input noise power at lower noise-gen-

erator temperatures. The changes in multiplier-output

voltage for 1) a change in effective noise temperature

ATn of a generator and 2) a change in attenuation AA
of the precision attenuator, are shown in Fig. 8. The
empirically-determined sensitivity of the comparator,

as a function of the noise temperature of a noise gen-

erator, is shown in Fig. 9. The comparator sensitivity

181.

Fig. 8. Multiplier output voltage.
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Fig. 9. Sensitivity and uncertainty curves of comparator.

changes by less than a factor of three over the tempera-

ture range indicated.

Uncertainty of a Measurement

Several factors affect the uncertainty of a comparison

measurement

:

1) The rms fluctuations of the averaging network

output voltage.

2) The sensitivity of the comparator.

3) The stability of the analog multiplier.

4) The stability of the CVV generator.

5) The stability of the net effective input noise tem-

perature of the comparator.

6) The stability of the frequency-response determin-

ing networks in the comparator.

Uncertainty is here defined as the uncertainty, in milli-

volts, in the mean output voltage from the averaging

network divided by the sensitivity of the comparator.

When multiplied by 100, this quantity is expressed in

per cent.

With a recording voltmeter to provide an averaging

time of approximately thirty minutes, the empirically-

determined uncertainty as a function of generator-noise

temperature is also shown in Fig. 9. The increase in

uncertainty with a decrease in noise temperature is
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Fig. 10. Calibration curve of comparator.

principally due to the nonzero effective input noise

temperature of the comparator.

Calibration Curve

A calibration curve for the comparator is shown in

Fig. 10. On the semilog plot, the curve is nearly linear

above 500°K and becomes curved where the internal

noise becomes influential. From this curve, the net

effective internal noise temperature Ti of the com-
parator appears to be approximately 40°K.

Conclusion

The prototype 3-MHz noise-power comparator has

been shown to have operational characteristics as pre-

dicted by theory and can intercompare noise generators

having effective noise temperatures from below 75°K
to greater than 30,000°K. The accuracy of comparison

is better than 1 per cent at 75°K and improves to better

than 0.2 per cent above 500°K. These results indicate

that a high-quality comparator can be built for use in a

calibration service for noise power.
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Measurement of Effective Temperatures of

Microwave Noise Sources

J. S. WELLS, W. C. DAYWITT, and C. K. S. MILLER

Summary—This report describes a system now in operation for

the purpose of calibrating microwave noise sources at three selected

frequencies in the range 8.2 to 12.4 Gc. Included are a discussion of

the reference standard noise source, an error analysis of the standard

source and the comparison system, and evidence of system per-

formance. Results of measurements indicate that the excess noise

ratio of a specific commercial argon filled noise source is 15.6 db

at 9.8 Gc.

A calibration service is now available for tube-in-mount noise

sources at the three selected frequencies 9.0 Gc, 9.8 Gc, and 11.2 Gc.

L Introduction

RECENT WORK in microwave noise measure-

ment techniques in the Radio Standards Labo-
" ratory, Boulder, Colo., has led to the completion

of a hot load standard noise source and an improved

microwave radiometer. These are now incorporated in a

microwave noise calibration system.

This report includes a description of recent im-

provements in the radiometer, the reference standard

noise source, and an analysis of possible errors involved

in making a measurement. The results of experiments to

determine the effective noise temperature of one type of

commonly used argon noise source are-presented. This

Manuscript received June 14, 1963; revised January 22, 1964.
This paper was previously published in the 1962 IRE Interna-
tional Convention Record, pt. 3, pp. 220-238.

The authors are with the National Bureau of Standards, Boulder,
Colo.

source is used as a working standard for the calibration

service in the frequency range 8.2 to 12.4 Gc.

n. Radiometer

The comparison system consists of a modified radiom-

eter of the type developed by Dicke [l]. The principal

modification of the Dicke radiometer is the use of one

arm for comparison purposes and the other for establish-

ing a reference noise level. A block diagram of the sys-

tem is shown in Fig. 1. A photograph of the comparison

system is shown in Fig. 2. An earlier version of this sys-

tem and its operation have been previously described

[2 ] ; therefore, a detailed description of its components
and operation will not be given.

In brief, the power from an unknown noise source and
the power from a standard noise source are compared
through a single arm of the radiometer. Fig. 1, and the

ratio of the power levels is determined from an attenua-

tion difference read on a precisely calibrated variable

attenuator. The following procedure is used to deter-

mine the attenuation difference. The unknown source

is connected to the radiometer input and the precision

attenuator is set to one of the calibrated points in the

vicinity of 10.6 db. A null output of the radiometer is

then obtained and is achieved by readjusting the balance

attenuator, which remains fixed during the remainder of

the measurement. The hot load standard is then sub-
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Fig. 1—Block diagram of the system.

Fig. 2—The radiometer.

stituted for the unknown source and the precision at-

tenuator readjusted to null output. The attenuation

difference is then the difference between the attenuation

readings on the precision attenuator at the two null

conditions. The temperature of the unknown source is

then determined from the attenuation difference, the

temperature of the attenuator, and the effective tem-

perature of the standard.

III. Reference Standard

The reference standard is based on Nyquist's theorem

and in practice consists of a high temperature wave-

guide terminated by a suitably matched resistive ele-

ment. The waveguide itself is one continuous piece

with a heat sink in the form of a water jacket enclosing

the flanged end. This design eliminates two flange joints

and the resulting reflections which had existed in the

previous model [Z], and since flange joints lack exact

reproducibility, the new design permits greater uniform-

ity. The use of a homogeneous material for the entire

length of waveguide also simplifies the calculation of the

attenuation as a function of temperature.

The choice of materials for a high temperature wave-

guide is somewhat limited. Magnetic materials such as

inconel and nickel were eliminated due to some uncer-

tainty regarding their behavior in the vicinity of the

Curie point. The materials given further consideration

were restricted to the noble metals because of their rela-

tive stability and resistance to oxidation and corrosion.

Most of these were eliminated for various reasons. Silver

has too low a melting point; palladium and rhodium
oxidize at relatively low temperatures; ruthenium,

rhodium, and iridium are difificult to work, and osmium
produces poisonous fumes when heated [3].

It was finally decided to build two standards, as

shown in Fig. 3. One is of gold and the other is of a

platinum- 13 per cent rhodium alloy. Both gold and
platinum are too soft for repeated use at high tempera-

tures. The platinum-rhodium alloy is quite satisfactory

mechanically and will maintain its shape over a long

period; however, the uncertainty in its attenuation is

larger than that of a gold waveguide. The attenuation

of the gold waveguide is calculable, but its softness and

lower melting point are disadvantages. The gold wave-

guide was terminated by a silicon-carbide load, and the

platinum-rhodium alloy waveguide was terminated by a

zinc-titanate load. It was necessary to use something

other than a silicon-carbide load in the platinum alloy

waveguide, since platinum and silicon combine to form

a eutectic which melts around 800°C [4].

The temperature controller and oven used to heat

the waveguide and its resistive termination are shown
in Fig. 4. The temperature controller was designed by
E. Campbell of the Boulder Laboratories and was found

to be very effective. A horizontal orientation of the oven

was found to be more desirable than a vertical orienta-

tion for several reasons. Possible cooling of the load by
convection currents is reduced. In addition, the thermo-

couples which measure the temperature of the termina-

tion are brought out of the rear of the oven and thus

the possibility of error due to kinking is minimized.

With the oven in the horizontal position the flange of

the output terminal of the standard may be connected

directly to a reflectometer for a more accurate measure-

ment of the reflection coefficient. The load may be posi-

tioned within the waveguide for optimum performance

by use of a ceramic rod inserted from the rear of the

oven. The desired temperature distribution is achieved

by controlling the current through three separate heater

coils wound on a single core inside the oven. While in

theory it would seem desirable to servo all three coils,

proportional control of the current in the center coil has

proved satisfactory. The sensing thermal junction is

located longitudinally in the proximity of the hot load

and radially near the inside of the core. The current

through the auxiliary coils on either side of the central

coil is adjusted manually to minimize the gradient along

the length of the load. The load itself contains a thermo-

couple that is used to monitor its temperature.
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Fig- 3—Heat distributor, loads, and high temperature waveguides.

Fig. 4—Temperature controller and oven.

Fig. 5—Inorganic growth in an inconel waveguide.

A combination water flow and temperature indicator

is attached to the front of the oven. It was found nec-

essary during the initial heating to keep the jacketed

section of the waveguide considerably above room tem-

perature to prevent water from condensing on the inte-

rior of the waveguide. Some earlier erroneous results

are attributable to such condensation. Another source of

error during the developmental stage was power ab-

sorption by an inorganic growth which formed in the

inconel waveguide then in use, as pictured in Fig. 5. The
bulk of this material was lost in the process of measuring

its power absorption, hence a proposed chemical analy-

sis could not be attempted. Later efforts to duplicate

this growth were unsuccessful.

IV. Calculation of Output Temperature

A. General Analysis

The noise power entering the radiometer from the

standard may be written as

(1 -
I

r,h)(i -
I

r/h)
F = kBT,

1 - r^Fi'

where the F's, reflection coefficients, are interpreted in

Fig. 9 (Appendix I), is the effective temperature of

the standard, k is Boltzmann's constant, and B the

bandwidth of the system. will be less than the meas-

ured value of the load temperature, due to the attenua-

tion of the noise power by the walls of the high tempera-

ture waveguide. However, the resistivity of the walls

also contributes to the noise output, and this must be

taken into account.

The analysis used here to determine the output tem-

perature of the standard is essentially that outlined by
Sees [5]. His expression can be written

•exp^J a(s')<^2'^ f/zj
, (1)

where

:

Ts = the output noise temperature in °K
Tg(z) =the temperature of the waveguide in °K
Tm = the measured temperature of the load in °K
Ag' = the total attenuation of the waveguide in deci-

bels

2 = the axial 'distance in inches from the tip of the

load (for convenience the reference point was
taken to coincide with the tip of the load) to

the waveguide region under consideration

b = the length of the waveguide from the tip of

load to the output flange in inches

0(2)= the attenuation in nepers per unit length,

= (ao/Po)(p(2))"^ where p is the resistivity of

the waveguide. The subscript "0" refers to

0°C. The quantities ao and po are constants,

depending on the size and composition of the

waveguide.

Eq. (1) is obtained from

r, = r„exp|^- J a(z')dz''^ + j a{z)Tg{z)

•exp \dz.

The physical interpretation of (1) is made more evident

with this alternate form, where the first term in the al-

ternate expression is proportional to the power gener-

ated by the hot load and attenuated by the waveguide
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between 0 and b, and the second term is proportional to

tiie sum of the power generated in each infinitesimal

segment dz of waveguide at z and attenuated by the

remaining ib — z) inches of waveguide.

To make practical use of (1), it is convenient to make
several approximations. With the section of the wave-

guide between the hot load and the output flange con-

sidered to be divided into sufficiently small segments,

the quantities a and Tg can be considered constant over

each segment. Then, when (1) is applied to each seg-

ment, the output of the kth. segment may be expressed

as

akTg,

exp
^ J*

a{z')dz'^dz
, (2)

which becomes

Tg,) (3)

provided that second and higher order terms in A, (the

total attenuation of the ^th section) are discarded and

the average values of a and Tg are taken. Ak is related

to ak by ^/ = 4.34 a^Az/t, where 4.34 a* is the average

attenuation in decibels per unit length for the ^th seg-

ment and Azjfc is the length of this segment.

To apply (3), the temperature distribution along the

waveguide must be measured and 0(2) calculated as a

function of this distribution. The expression for the at-

tenuation per unit length (db/in) along the waveguide

is given in Appendix II as

(P + C2)

if - c^y-'
(4)

where / is the frequency in Gc, p is the resistivity in

jLtfl-cm, and Ci, d, d are constants. Eq. (4) is used to

calculate A, for each segment. Roeser and Wensel's

[6] values for resistivity as a function of temperature

for platinum and platinum-rhodium alloys appear in

Table I. Values for resistivity as a function of tempera-

ture for gold are taken from Northrup's work [?].

The uncertainty in the output temperature of each

section, Sr^+i, is found by taking the total difl"erential

of (3) and is

= \bTk\ + 0.23(ri - Tgk)
I

bAk'
\

+ Q.2iAk'\KTk - T,k)
\

. (5)

The total uncertainty in T, is then found from succes-

sive applications of (5).

B. Sample Calculation

The analysis in Section IV-^ will now be used to cal-

culate the correction to the final output noise tempera-

ture of the hot load standard and also the accompany-

TABLE I

Resistivity of Waveguide Materials as a
Function of Temperature

Temp. °C
Platinum

p/po

90 per cent
Platinum
10 per cent
Rhodium
18 Mfi-cm*

p/pi>

87 per cent
Platinum
13 per cent
Rhodium

19.0 fjSl-cm*

p/po

Gold
p

1 .000 1 .000
100 1 392 1 166 1 .156 2 .97 M^i-cm
200 1 77^1 . i 1

J

1 .330 1 .308 3 .83
300 1 .490 1 .456 4 . 72
400 2.499 1 646 1 601
500 2.844 1 798 1 .744 6.62

600 1 1 780 . 1 1 0 1 947 1 885
700 0 . j\JU 2 093 2 030
snnovyf X sin 2 234 2 157 9.94
900 4.109 2 370 2 287
1000 4 . 396 2 503 2 414 12.52

1100 4.671 2 633 2 538
1200 4.935 2 761 2 660
1300 5.187 2 887 2 780
1400 5.427 3 Oil 2 898
1500 5.655 3 133 3 014

Data for Platinum alloys given by Roeser and Wensel [6].

Data for Gold given by Northrup [7].
* Resistivities at zero degree centigrade.

Fig. 6—Typical waveguide temperature distribution.

ing uncertainty. Fig. 6 shows a typical temperature dis-

tribution for a gold waveguide as measured by tem-

porarily positioning a thermocouple at integral values of

2 inside the waveguide and reading the thermal EMF
after equilibrium had been attained. The tip of the load

is located at 3 = 0. When the system is in steady state,

the gradient can be held to within 1°C per load length.

The temperature at 2=11 inches is dependent upon the

temperature and rate of flow of water through the water

jacket. Also indicated in Fig. 6 are the assigned values

of Tgk and A,' for each segment.

Ts and bTg are calculated from (3) and (5) and Fig. 6.

This calculation shows that Ts, the temperature of the

reference standard, is reduced by 5.9°K, due to the

resistivity of the waveguide; and that the uncertainty in

T., 5Ts, is 4.1°K.
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V. Error Analysis

A. Introduction and General Analysis

Several factors limit the accuracy to which the noise

temperature of an unknown source can be measured.

These may be grouped into two categories:

1) Temperature uncertainties: These temperature un-

certainties depend on three factors, the accuracy

with which temperatures can be measured, the

accuracy to which attenuation or resistivity of the

high temperature guide is known, and the approxi-

mations made in determining the noise tempera-

ture at the output terminal of the standard source.

2) Uncertainties in the analysis of the comparison sys-

tem: One might question how closely an indication

of equality relates the effective noise temperatures

of two sources. The variables here are the attenu-

ator error, which includes mismatch, resolution

and resettability. Further included in system un-

certainties are system resolution and the im-

pedance matches at the input of the radiometer

and output of the noise power generators. It is also

convenient to put a small uncertainty in the bal-

ance equation in this group. This arises due to

changes in the noise power originating in and re-

flected from the attenuator [8 ] at different attenu-

ation levels.

In order to conveniently combine the above uncertain-

ties into an expression for the total uncertainty of the

noise temperature of the standard, the subsequent pro-

cedure has been followed: a first-order balance equation,

which is essentially the one used for computational pur-

poses, is indicated ; this equation is then differentiated to

determine the weights assigned to the various uncer-

tainties. The temperature uncertainties are treated at

this point.

In a matched system with limitless resolution and sta-

bility, a balance equation could be easily obtained by

measuring the ratio of two excess noise powers and ex-

pressing the ratio in terms of the measured attenuation.

The first-order balance equation based on these assump-

tions is

kB{Tr,e - Ted

kB{T, - Ta)

which may be written in the form

kBiTne - Ta) {T^e " _^A = lOlogio = 4.34 log (6)
kB{T, - To)

^ (T, - Ta)

The quantities in the above equations are defined as

follows

:

A^=the attenuation difference in db, as read from

the calibrated attenuator

fe = Boltzmann's constant

B = the bandwidth of the system

Ta = the temperature of the attenuator in °K

rs = the load thermocouple temperature modified by

the effective attenuation of the guide in °K

r„e = the effective temperature of the noise tube and

mount to be determined (the mount includes a

termination at room temperature at one end).

By differentiating (6) and rearranging, one obtains

5Tne= - ( l)STa + { It)^^'\T.-Ta I \T.-TJ
+ 0.23(r„«- r.)5(A^).

From (7), the expression for the maximum uncertainty

becomes

I [ / Tri e Ta \
I

\T.-Ta/

+ 0.23(r„ - Ta)
I

5(A/J)
I

. (8)

Although the above treatment is based on assumptions

which are not strictly justified, it is none the less a con-

venient method for separating the different sources of

uncertainty and does not lead to error in the treatment

of temperature uncertainties which follows. In order to

evaluate 5(A^) a more detailed expression will be de-

rived following a discussion of the temperature uncer-

tainties.

B. Uncertainly in the Temperature of the Radiometer

bTa is the uncertainty in measuring the ambient tem-

perature of the attenuator section of the radiometer.

The room is temperature controlled and Ta does not

vary appreciably. A thermocouple was taped to the

side of the resistive element in an attenuator (which

was substituted for the calibrated attenuator) to meas-

ure heating due to radiation when the thermal noise

standard was connected to the radiometer. An increase

in temperature of less than 1°C was observed 30 minutes

after noise power from the reference standard had been

applied. This is the normal time duration for a meas-

urement.

As may be seen by examining (8), a bTa of 1°K in the

equation causes an uncertainty which is small compared

to that contributed by the other sources. Hence, a con-

servative estimate is

bTa < 2°K.

C. Uncertainty in the Temperature of the Standard

It is convenient to define ST", as STm+SSr*, where

hTm is the uncertainty in the measurement of the load

temperature and is due to a small inaccuracy in the cali-

bration of the thermocouple and to its physical place-

ment at a small distance from the point of interest.
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Error due to the latter is reduced by minimizing the

temperature gradient across the load and waiting suffi-

ciently long to ensure thermal equilibrium. The quan-

tity bTm/Tm can be as much as ±0.25 per cent. How-
ever, precautions are taken to minimize this uncertainty

by annealing the platinum thermocouple at approxi-

mately 1450°C for one hour. The utmost care is exer-

cised to avoid contamination in construction of the

thermocouples. Insulation and protection tubes of high

purity alumina (better than 99.0 per cent) are used for

greater stability and accuracy. The portion of the

thermocouple not enclosed in protective ceramic tubing

is prevented from kinking by enclosing it in thick walled

plastic tubing. The 25 contributions have been dis-

cussed. The uncertainty in the effective temperature is

bT, = bTm + 25n < 4.1°K.

D. Uncertainties Associated with the Comparison System

In practice, one does not have a matched system. In

order to properly evaluate the resulting uncertainties, a

more sophisticated balance equation which includes the

effects of the various mismatches must be used. The
phases of the impedance mismatches appearing in this

higher-order balance equation are not known, but the

new equation does permit one to establish the limits of

uncertainty which have been neglected in the computa-

tional equation. As the derivation of the complete bal-

ance equation is somewhat tedious, it has been rele-

gated to Appendix I. The resulting expression, as it

appears there, is

lOlogio-
(r. - r.)(i -

AA + 201ogio
1 - Cur„

+ 20 logio

1 - CuT

1 - r,TL

1 - r/Fi

+ 10 logio (1 + e),

1 - 722^11

1 - /22^1l'

where the second term on the right is a source mismatch

uncertainty, the third is an attenuator mismatch un-

certainty, and the fourth term arises when one con-

siders the effectof noise contributed by and reflected from

the mismatch attenuator. (The F's, A„'s, and 7,,'s are

reflection coefficients and scattering elements which are

defined in the Appendix). The last three terms, along

with a term representing the uncertainty in the calibra-

tion of the attenuator, are all included in 5(Ayl). The
magnitudes of these uncertainties will now be con-

sidered.

1) Precision Attenuator Mismatch Uncertainty: The
maximum value of the precision attenuator mismatch

uncertainty is given by

5(A^)e = 20 logic
1 +

I

/22^ii|
I I

1 +
I

V^Tl

1 +
I
htAW

I I

|l +
I

Vi'Ti

When the equality logio x = 0.434 loge x and the approxi-

mation loge (l+:x:) ~x, are inserted into this expression,

it becomes

KAA), « 8.68{
I

h (I ^11

+
I

+
i

AW\)

r^l (I rJ + r/l)}. (9)

Multiple-stub tuners are used to reduce the reflection

coefficients
\
V i\ and

| /22I to as small a value as possible

in order to minimize 5(A^). The uncertainty in measur-

ing these parameters is small compared to their abso-

lute value and may be ignored. It was found necessary

to use two isolators in cascade following the tuners to

insure that the measured reflections remained the same
when the units were connected to the radiometer.

The magnitudes of the reflection coefficients are meas-

ured at the reference planes which are indicated in Fig.

1 and discussed in Appendix I. |^ii| , a scattering ele-

ment at the input of the attenuator, is measured with

Vl replaced by a matched load (r£,<0.001). Typical

curves of reflection coefficient as a function of frequency

are presented in Fig. 7, with the IF signal and image fre-

quency responses indicated by cross hatching. The
primes of (9) refer to the values of the quantities ob-

tained with the attenuator set at approximately zero

db, as is the case when the hot load is supplying the

power at the radiometer input. Using Fig. 7 one can cal-

culate 5(A^)( with the result

KAA), < 0.016 db.

2) Source Mismatch Uncertainty : The second factor in

the expression for Av4 may be considered to be an uncer-

tainty due to multiple reflections resulting from two

mismatched sources supplying noise power to a mis-

matched input terminal at different times. This source

mismatch factor may be written

6(A^)„
[1 ±

< 20 logio
Cur„|

J

[1 +
I

Cii'r.l ]

or.

5(A^)„. « 8.68{
I

Cnr„| 4-
|
CuT,

|
}.

A typical value is

6(Ayl)„ < 0.005 db.

3) Balance Uncertainly : Using typical values of the

parameters in (19) of Appendix I to calculate e, one

finds that

10 login (1 + 0 0.006 db.

The experimental resolution of the radiometer is

found by changing the precision attenuator setting a

small measured value and noting the resulting deflec-

tion on the recorder. Attenuation changes corresponding

to the minimum detectable deflection must be included

as a balance uncertainty. With a power level correspond-

ing to a hot load temperature of 1000°C at the radiom-

eter input, unbalances of less than 0.005 db are discern-
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The result is

5(AA) < 0.044 db.

9!o sa

freqlency, gc

E. Maximum Total Uncertainty

The maximum total uncertainty given by (8) will now
be calculated. For representative values it is assumed

that T, is 1236°K, that Ta is 296°K, and that is

10,796°K. Then (r„.- rj/(r,- is 11.17, and

5Ts is found to be 4.1°K. 5(A.4) was found from Sec-

tion V-D to be 0.044 db and 57^ from Section \'-B

was found to be 2°K. Substituting these values into

(8) gives |5r„,| <(0.23)(10,500)(0.044) + (10.17)(2)

+ (11.17)(4.1) ===172°K.

The excess noise ratio (EXR) is defined to be

EXR = lOlogi
Tne

To

where 7"o = 290°K. From this equation it is easily found

that

5(ENR) = 10 logio 1 +
8Tn

Tne - T^

Fig. 7—Typical curves of reflection coefficient

as a function of frequency.

ible at the output, and unbalances of 0.002 have been

detected. The limit of the resolution is certainly less

than 0.01 db.

Adding these two uncertainties the total balance un-

certainty is

5(A.4)^ < 0.016 db.

4) Attenuator Calibration Uncertainty: The limits of

resolution and repeatability w"ere established by means
of observations made during the precise calibration of

the precision attenuator and are estimated to be +0.002

db. The calculated mismatch error was less than 0.005

db. Therefore, in summing both contributions, the un-

certainty in the precision attenuator calibration is

h{AA), < 0.007 db.

The requirement for keeping the error in the excess

noise ratio to within 0.1 db necessitated a more precise

calibration of the attenuator than was commonly' avail-

able. The method decided upon was a subcarrier tech-

nique [9]. In order to assure the accuracy of the attenu-

ator, it is calibrated periodically. The need for assur-

ance was pointed up when it was noted that a previous

calibration was changed by 0.04 db at the higher levels

of attenuation during an 18 month period. The maxi-

mum associated attenuation uncertainty is then ob-

tained by adding the uncertainties of 1, 2, 3, and 4.

189

Substituting the above values into this equation there

results

5(EXR) = 0.070 db.

These results represent the maximum total uncer-

tainty in the measurement of effective noise tempera-

ture and excess noise ratio of a waveguide noise source

given in this analysis.

VI. Experimental Results

The performance of the comparison system may be

determined by examining Fig. 8 which contains record-

ings of the radiometer output and a temperature record-

ing made simultaneously with part of Strip No. 3. Cor-

responding points in time are indicated by pairs of

markers designated X, Y, and Z. The stability and sensi-

tivity at an excess noise temperature of 10,500°K are

indicated on Strip No. 1. The distance from the bottom

of the chart to the point "la" represents six hours. The
power level was changed 0.02 db at "la" and returned

to its original level at "lb."

The power level in Strip No. 2 corresponds to an ex-

cess temperature of 1213°K at the radiometer input

which is the nominal operating temperature of the hot

load. The increase in fluctuation of the amplitude is due

to the deterioration of the signal-to-noise ratio at the

lower signal input temperature and the consequent in-

crease in gain required to maintain the same nominal

deflection sensitivity. Strip No. 2 shows changes of

0.02 db at "2a" and 0.04 db in the opposite direction

at "2b."

Strips Nos. 3 and 4 are indicative of the types of

records made during an actual measurement. At the be-

ginning of the measurement the precision attenuator

was adjusted to 10.62 db. A small unbalance was noted
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Pig 8—Records of over-all system performance.
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and the balancing attenuator was used to obtain a null

output as indicated at "3a. " After sufficient time to estab-

lish the reference level, the recorder input was short cir-

cuited and the unknown waveguide source was replaced

by the hot load standard. The precision attenuator was

changed from 10.62 db to 0.09 db and the output was

recorded again at "3b." Note that the temperature of

the reference standard as indicated on Strip No. 4 in-

creases from point X to point Y. At point Y an unbal-

ance is detectable on Strip No. 3 and the attenuator

repositioned to 0.10 db, and the system uninterrupted

for 30 minutes, during which time the temperature is

stable as indicated. At "3d," the unknown waveguide

noise source is substituted for the hot load standard and

the attenuator returned to 10.62 db. Flange reproduci-

bility and attenuator resettability appear good. The
measurement is complete at "3e."

The results of two sets of 10 consecutive runs such as

illustrated on Strip No. 3 are shown in Table II to indi-

cate the system repeatability and self consistency. One
set was taken using the gold and silicon carbide model

of the standard noise source. The other set was obtained

using the platinum alloy and zinc-titanate model. The
center calibration frequency was 9.8 Gc and the average

excess noise ratios were 15.59 db for the gold combina-

tion and 15.58 db for the platinum combination. In

either case the uncertainty was less than 0.1 db. Tm and

TABLE II

System Consistency Indicated by Consecutive
Test Runs

Using the Gold Wageguide

r„°c r.°c r,°c AA db r„.°K ENRin db

958.4 952.6 25.0 10.54 10,800 15.593*

961.2 955.4 25.9 10.53 10,800 15.592
966.6 960.7 26.0 10.51 10,810 15.596
964.5 958.6 25.9 10.50 10,770 15.580
976.4 970.6 26.1 10.46 10,800 15.592

984.5 978.5 26.0 10.43 10,820 15.598
986.0 980.0 26.3 10.41 10,780 15.584
999.5 993.5 25.7 10.35 10,790 15.587

1000.0 994.0 25.8 10.35 10,790 15.589
1010.6 1004.5 25.9 10.30 10,780 15.586

Average r„e=10,790°K
ENR= 15.59 db

Using the Platinum-Rhodium Waveguide

r„°c r.°c Ta°C aA db ENRindb

947.3 934.5 22.5 10.60 10,770 15.578*
972.0 959.0 25.2 10.50 10,780 15.581
976.6 963.6 24.9 10.48 10,780 15.585
995.6 982.4 24.3 10.39 10,780 15.582
1008.0 994.7 23.3 10.34 10,800 15.593

1019.5 1006.0 24.4 10.28 10,770 15.578
1021 .1 1007.6 24.5 10.28 10,780 15.585
1047.4 1033.7 23.9 10.17 10,800 15.591
1059.2 1045.4 25.3 10. 11 10,780 15.584
1060.0 1046.2 23.3 10.10 10,760 15.577

Average r„,= 10,780°K
ENR = 15.58+ db

? The fifth place is retained for averaging only.
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Ts are defined in Section IV-^, Ta, AA, and T„e in Sec-

tion V-^ and ENR in Section V-£.

To obtain a better idea of the reproducibility of gas-

tube noise sources, several different comparisons were

made with the radiometer operated at a level corre-

sponding to an excess temperature of 10,500°K. Strip

No. 1 in Fig. 8 indicates the stability and sensitivity at

this level.

Four each of two different specially constructed

noise tubes, one type using a heated cathode, the other

operating with a cold cathode, were compared in the

same mount, which remained fixed to the comparison

system. The spread in excess noise ratio was less than

0.02 db for both sets. Two tubes with nearly identical

excess temperatures were then put in different mounts,

and the tube-in-mount units were compared. The out-

put of these units differed by as much as 0.05 db. This

seems to suggest that the repeatability among tubes is

better than that for mounts. Factors, such as a flaw in

the glass envelope and a deviation from nominal mount
insertion angle were found to cause even larger differ-

ences.

VII. Conclusion

Because of the very good agreement between meas-

urements made with the two hot load noise sources it

was decided that the outputs from both sources were

sufficiently calculable, and that either could be used as

a reference noise source. From experimental results dis-

cussed, it is apparent that the system has sufficient sen-

sitivity for the purpose of comparing sources, and the

above analysis shows that the system is capable of the

desired accuracy. It was concluded from these consider-

ations that a calibration service for WR-90 waveguide
noise sources could be offered.

Due to small differences in output power of one tube

in different mounts it was concluded that for a calibra-

tion service to be offered with the desired accuracy it

would be mandatory for the units submitted for calibra-

tion to consist of a tube-in-mount.

Consequently, a calibration service is being offered at

the selected frequencies of 9.0 Gc, 9.8 Gc, and 11.2 Gc
to the accuracy of ±250°K of the effective noise tem-

perature, which corresponds to +0.1 db of the excess

noise ratio for waveguide noise sources with effective

noise temperatures in the order of 11,000°K.

Appendix I

Derivation of Balance Equation

Fig. 9 depicts how the radiometer is considered to be

divided for the purpose of this analysis. With reference

to Fig. 1, the input terminal of the radiometer is coinci-

dental with the input plane of Fig. 9, and the terminal

surface between the output of the precision attenuator

and the following tuner is coincidental with the com-
parison plane of Fig. 9. The attenuator section is con-

sidered to be at constant ambient temperature Ta in °K,
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Fig. 9—Schematic showing planes for derivation

of. balance equation.

with an efficiency r] from the input to the output of the

attenuator section. The input portion of the receiver sec-

tion is assumed to be at the constant temperature Ta

with an efficiency | from the output to the input and the

output portion at a constant temperature Tr in °K. The
input portion of the receiver section consists of the tuner

and isolator immediately following the comparison

plane. All F's appearing in Fig. 9 are reflection coeffi-

cients.

When used for the measurement described in this

paper, the radiometer may be considered as a device

which indicates the equality of noise power propagating

toward the comparison plane under two different condi-

tions. This noise power is composed of power originating

in a noise generator at temperature T which is trans-

mitted by the network, Ps{T), power originating to the

left of the comparison plane (Fig. 9) which is reflected

back into the radiometer by impedance discontinuities

denoted by either r2 or r2'. Let P denote power originat-

ing to the right of the comparison plane and p denote

power originating to the left of this plane. The sub-

scripts r> and d refer to the reflected and delivered power,

respectively. The primed variables refer to the situation

in which the thermal noise standard is connected to the

input terminal of the radiometer; the same variables

without primes refer to the situation in which the wave-

guide noise source is connected to the input terminal.

When one noise source is compared to another and the

system is returned to a null, the power entering the re-

ceiver section in either case must be the same. Since

noise powers from independent sources can be added

linearly, we get

Pd+ pr = Pa + (10)

Pr =

A similar expression holds for P/, in which all the quan-
tities except Tl become primed. Fig. 9 may be used to

relate Pa and pd to the measured quantities of interest.

To find Pd, it is necessary to find Pj, the noise power
delivered from a source at temperature P to a passive

load {i.e., a load at 0°K)
;
P„, the power contributed by

the network; and rj, the efficiency of the network.

Combining the expression due to Nyquist for the

average voltage squared,

= 4kTB Re (Z),

with the expression for the power delivered to a mis-

match load from a mismatch generator.

P =
1 - rJHi

4Zo 1 - r„roi- A
I

{k is Boltzmann's Constant, P is the temperature of the

source, B is the bandwidth of the receiver. Re (Z) is the

real part of the source impedance, Zq is the character-

istic impedance of the line, Tg is an arbitrary source re-

flection coefficient, and Th an arbitrary load reflection

coefficient), the result is

kTB
(1 -

I

r„h)(i r.l^)

1 - r„r
(11)

(7^ h

Using (11), the power delivered by a source at tem-

perature T°K connected to the input plane is

P.iT) =
kTB{\

1 - r„ri
(12)

P„ the power generated by the attenuator section,

will be determined. With the receiver section at a tem-

perature Ta the expression for the power delivered to

the of the comparison plane is

right

kTaB{\ -
I

r,\^)(i -
I
r^l^)

1

However, when the networks on both sides of the com-

parison plane are at the same temperature Pa,

PiiTa) = Pmn + P,(P.)

or solving for P,,{Tc)

P,(P.) = Pl(P.) - Pmr,. (13)

In general

Pd = Ps(Th + P,(T,). (13a)
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The expression for the efficiency ri [lO] of the network

when apphed to this system is

C2lh(l

1 - C22rj2(i -
I

Ti h)
(14)

Where C22 is the appropriate element of the scattering

matrix for the attenuator section, which consists of a

matched isolator and an attenuator. The element C21 is

the transmission scattering coefficient for the attenua-

tor section and is determined by the usual method of

cascading matrices. The quantities /,y and Aij are the

elements of the scattering matrices for the isolator and

attenuator, respectively.

C21 ^ =
I21A21 r

(15)

I

1 - /22^1l|^

When (12)-(14), along with the relations

(1 - rir,)(i - C22TL) = (1 - Cnr„)(i - T2Tl),

and

(1 - r/r,)(i - C22'Tl) = (1 - Cn'r,)(i - TsT^)

are substituted into an expression (13a) for the power

delivered to the receiver section and when the tempera-

ture of the unknown source is r„, the result is

Pd = kB
{Tn - rj(i -

I

r„|2)| C21I

CnVnl'l 1 - r^r

Tail -
I
T2\T

+
1 2i L -1

(1 -
I
r^I^) (16a)

where Cn is a scattering coefficient for the attenuator

section. Similarly, for the standard source 7",,

P/ = kB
{T, - Ta)(l -

I
r,|2)l C21'

L
I

1 - CiiT,

Tail
+

1 - TjTJ
(1 -

I

Tl\'). (16b)

Note the common factor in the denominator of the two

terms comprising the expressions for Pa and PJ- In a

siniilar fashion the power represented by p consisting of

power from a receiver at temperature Tr and the net-

work ^ at Ta is given by

Pd = kB[iTr- Ta)F^+Tail- \Tl\')]

(1 -
I
r2h)

I

1 - TsFil^

(1 -
I

vA')
_

^1
1 - T.'VlV

' (17)
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The details of the matching factor F need not be known
since ^ is of the order of 10~'^ and hence this term may
be neglected. When (15)-(17) are combined with (10)

the resulting balance equation may be shown to be

(r. - r.) (1 -
I
T„Y)

(r, - r.) (1 r. P)

1 - Cur„

where

I
^21 1^

1
1 -c„'r,|2

I

1 - 722^11 H 1 - VjTi

1

1

Ta\\ - CuTJH 1 - TaTij

(1 + e) (18)

(n - r.)| Cji'Kl

1

I
r.h)

1 - Vi'Ti 1 - TzFl hj
(19)

The term including ^sslO"^^ has been neglected in the

approximation for e. . .

Let

_1 L = \Q^A|la

and let Tm be defined as follows:

{Tn - Ta){\ -
I

r„|2)

^ r„(i -
I

r„|=) - r„^=T„e - r..

Using the two definitions given above it is easily

shown that (18) can be written as

10 log,

= + 20 log

TaKi -
I

r,|2)

1 - Ciir„

+ 20 logio

1 - CuT,

(1 - /22^ii)(i - r^r^)

(1 - /22^1l')(l - T2'rL)

+ 101ogio(l + e). (20)

Appendix 11

Calculation of the Attenuation of a
High Temperature Waveguide

The field intensity in a rectangular waveguide of

finite conductivity is known [ll] to vary as i-^),

where 7, the propagation constant, is defined as

7o 1 + (1 - i)
2b).

(21)
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and which can be written as

¥ =

To'

Mo(l + X™),

a = large dimension of the waveguide

b = small dimension of the waveguide

aj = angular frequency in radians/sec.

<r = conductivity of the waveguide walls

Mm = permeability of the waveguide walls

/x = permeability of the medium in the waveguide

€ = dielectric constant of the medium in the wave-

guide

p = resistivity of the waveguide walls

5 = skin depth in the waveguide walls

The units for the above definitions are all mks units.

The imaginary part of the propagation constant

causes a diminution of the field intensity and is related

to the attenuation along the waveguide in db, A', by the

definition

A' = 20(logio e)7.AZ, (22)

or

A'/Az = 20 (logio e)yi db/m,

where Az is an incremental length along the waveguide.

ji = Im (7) = •

(
— + — 1

M7o Va'

(- + -)
2b/ (2py

" fir
2\ 1/2

Then,

(-3

A'/Az = 20(logio e)yi =

2b/

'FIT

20(logio e)fi„

lit

A'/Az -(7)
f + C,

// (/^-Ca)"

if the constants Ci, C2, and C3 are adjusted so that

A'/Az reads in db/inches, when the frequency is ex-

pressed in gigacycles per second and the resistivity is in

micro-ohm-centimeters, their values are found to be

Ci = 36.2X10-«, C2 = 38.2, and Ci = i3.0 for WR-90
waveguide size.
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Insertion Loss Concepts

ROBERT W. BEATTY, senior member, ieee

Summary—The tenn "insertion loss" has become such a pop-

ular one and is applied to so many different concepts that it is be-

coming unsuitable for precise use. Certain other concepts coimected

with insertion loss such as attenuation and mismatch loss, are\n

need of clarification. A logical set of definitions and equations are

presented as a suggested approach to more precise terminology. The
effect of complex characteristic impedance on these equations is

given in an Appendix Specific suggestions are given for changes in

the usage of terms, which if acceptable and adopted would improve

the situation.

Introduction

THE TERM "insertion loss" has become such a

popular one and is applied to so many different

concepts that it is becoming unsuitable for pre-

cise use. For example, it is used to designate 1) the

residual loss of an isolator, variable attenuator, or other

component which ideally would have no residual loss,

2) the loss of power received by a nonreflecting load

Manuscript received August 19, 1963; revised February 12, 1964.
This paper was presented at the URSI-IRE Spring Meeting in Wash-
ington, D. C, May 2, 1962-.

Th^ author is with the Radio Standards Laboratory, National
Bureau of Standards, Boulder, Colo.

from a nonreflecting generator when a two-arm wave-

guide junction is inserted between them, 3) the loss

of power received by an arbitrary load from an

arbitrary generator when a two-arm waveguide junc-

tion is inserted between them, and 4) the loss in power

received by an arbitrary load from an arbitrary gen-

erator when a two-arm waveguide junction is inserted

in place of a lossless transducer which transfers all of

the available power to the load.

Certain other concepts connected with insertion loss

such as attenuation and mismatch loss are in need of

clarification. For example, there is a tendency in some

quarters for the term attenuation to be used to refer

only to dissipative loss. Note, however, that the word

attenuation denotes a reduction or weakening, and that

in a circuit, a reduction in power can be caused either

by dissipation or reflection. Therefore attenuation

should not be limited to dissipative losses. The term

"attenuation" has also been used to refer to the mini-

mum loss obtainable by connecting lossless tuners and

adjusting them for a bilateral nonreflecting match.

This practice tends to confuse attenuation with the con-
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cept called "intrinsic insertion loss"' or "intrinsic at-

tenuation."^

Tiie term mismatch loss has been used to refer to the

ratio of the power received by a load having an im-

pedance equal to the complex conjugate of the gen-

erator impedance (the available power) to the power

received by a specified difTerent load later connected to

the same generator. However it has been also used^ to

refer to the ratio of power received by a nonreflecting

load (matched to the characteristic impedance of the

waveguide) to the power received by a specified dif-

ferent load later connected to the same generator. This

latter concept has also been called "reflection loss."*

Although the above problems arise mainly in connec-

tion with microwave measurements, it is felt that the

concepts and recommendations given are applicable

and worthy of consideration at lower frequencies when-

ever waveguide and transmission lines are employed.

The purpose of this paper is not only to discourage

practices which tend to confuse, but also to provide a

logical and natural basis for new and revised definitions

for selected loss concepts, and to suggest a more pre-

cise terminology. The names are intended to be descrip-

tive, and where possible to conform to past usage. If

these suggestions are found useful, they could make
unnecessary the above confusing practices.

Loss Concepts—Gener.\l

It is proposed in the following to introduce a term

called "substitution loss" which is intended to be the

most general loss concept involving a two-arm wave-

guide junction or two port. Other losses such as trans-

ducer loss, insertion loss and attenuation may be

derived from it as special cases. Instead of actually

deriving them in this way, they will be defined in terms

of power ratios, so that each may also be considered

independently of the others, if desired.

It is also proposed to introduce a term called "com-

parison loss" which is intended to be a general loss con-

cept involving different loads connected to the same

generator. Mismatch losses can be derived from it as

special cases.

In deriving the equations for the various losses con-

sidered in this paper from the basic definitions, any set

of network parameters could be chosen. In this paper,

formulas are presented in terms of scattering coefii-

' K. Tomiyasu, "Intrinsic insertion loss of a mismatched micro-
wave network," IRE Trans, on Microwave Theory and Tech-
niques, vol. MTT-3, pp. 40-44; January, 1955.

- R. W. Beatty, "Intrinsic attenuation," IEEE Trans, on
Microwave Theory and Techniques, vol. MTT-11, pp. 179-182;
May, 1963.

^ This usage has occurred in manufacturer's literature. For exam-
ple, see the catalog of Sperry Microline 1960 Test Instruments, p. 55.

* The term "Waveguide" is used in this paper in the general sense

recommended in IRE standards, thus including coaxial and two-wire
transmission lines, for example.

' P. J.Selgin, "Electrical Transmission in Steady State," McGraw-
Hill Book Co. Inc., New York, N. Y., 1st ed., pp. 112-120; 1946

cients,^ which are particularly useful in the analysis of

circuits in which waveguide (of any type) is employed.
It is first assumed that the characteristic impedances
of the waveguides are real, as would be the case if the

waveguide were lossless. Later, this restriction is re-

moved and, in the Appendix, corresponding equations for

the case of complex characteristic impedances are pre-

sented.

Substitution Loss

Consider as in Fig. 1 the load power under two sepa-

rate conditions. Initially a two-arm waveguide junc-

tion (two-port or two terminal-pair network) is con-

nected between the generator and the load. Its scatter-

ing coefificients 'Su, 'S21, and have the front

superscript i to denote the fact that this is the junction

initially connected. When this junction is removed and
a different waveguide junction is substituted in its place,

net power transmitted^ to the load changes from 'Pt

to ^Pt, where the front superscript / denotes the final

condition. The substitution loss is defined as

'Pt
L,, = 101og,o (1)

In terms of the scattering coefiicients of the two wave-
guide junctions and the reflection coefficients Fc and Tl
of the generator and the load, the substitution loss is'

Ls = 20 login

f
7 . (2)

It has been assumed in deriving (2) that the generator

and load characteristics are the same finally as they

* The scattering coefficients are defined to be those coefficients

appearing in the scattering equations

61 = -S'lifli -|- 51232, and bt_ = SnWi -j- S22O2

where the b's and a's denote the complex voltage wave amplitudes,
and the subscripts 1 and 2 refer to terminal surfaces in the waveguides
as shown in Fig. 2. Waves incident on the waveguide junction are des-
ignated by the a's and waves emergent from the waveguide junction
are designated by the 6's. Instead of the more usual normalization
scheme, one has been chosen in which the characteristic impedances
of the waveguides appear explicitly in some of the loss equations.
This has been done for the sake of generality. The more general ex-

pressions given enable one more easily to deal with waveguide junc-
tions having dissimilar arms, such as rectangular waveguide and
coaxial line, for example. If desired, simpler expressions correspond-
ing to the usual normalization scheme can be obtained by substituting

S12 = Y —— 5i2, and S^, = \' —- ^21',

where the primes denote the normalization scheme which is widely
used, although seldom discussed or acknowledged.

' This is the power dissipated in the load and is also known as the
power delivered to the load.

* This is the same as the change of insertion loss AZ, in (3) of

R. W. Beatty, "Mismatch errors in the measurement of ultrahigh-

frequency and microwave variable attenuators," J . Research NBS,
vol. 52, pp. 7-9; January, 1954.
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GENERATOR

INITIAL
WAVEGUIDE
JUNCTION

FINAL
WAVEGUIDE
JUNCTION

INITIAL
JUNCTION

A

^CONN

\-q = EFFICIENCY OF INITIAL WAVEGUIDE JUNCTION

\r) -- EFFICIENCY OF FINAL WAVEGUIDE JUNCTION
'PtSUBSTITUTION LOSS = 10 ICQio

IPt POWER TRANSMITTED TO ( Dl SS I RATED BY) LOAD
WHEN INITIAL WAVEGUIDE JUNCTION IS INSERTED

fp = POWER TRANSMITTED TO LOAD WHEN FINAL
WAVEGUIDE JUNCTION IS INSERTED

Fig. 1—Substitution loss.

were in the initial condition. The e.xpression applies to

cases in which the two arms of the waveguide junctions

may be dissimilar or have different propagating modes,

as well as to the more usual case in which they are

identical. It is apparent that substitution loss is a func-

tion of the generator and load impedances or reflection

coefificients and therefore is associated with the values

of these impedances at the time that it is determined.

The substitution loss as defined above may range

from —CO to +0°, in principle, and upon assuming

negative values, could be regarded as a gain, rather than

a loss. This continues to hold true even when we exclude

"active networks" such as amplifiers. If one specifies

certain characteristics for the initial waveguide junc-

tion or for the generator and load, the range over which
the loss varies may be restricted to positive values, in

some cases, to be discussed.

Actually the substitution loss most closely cor-

responds to what one can measure, since even if initially

no waveguide junction is placed between generator

and load, one must still have a waveguide joint or

connector. When very accurate measurements are to be

made, it is not permissible to neglect the reflection and

dissipative loss from the connector, so that it must be

considered as the initial waveguide junction. Thus as

shown in Fig. 2, one always measures a substitution loss

when attempting to measure the insertion loss or at-

tenuation of a waveguide junction.

A step attenuator, in which one attenuator is re-

moved and another inserted in its place, is an excellent

example of the need for the concept of substitution loss.

A smoothly variable attenuator in operation may be

regarded as though one removes an initial attenuator

(corresponding to the initial setting) and substitutes in

its place another attenuator (corresponding to a final

setting), although the variable attenuator is not phys-

ically removed from the circuit. Thus it is analytically

FINAL
JUNCTION

CONNECTORS- - WAVEGUIDE
COMPONENT

INSERTION OF A WAVEGUIDE COMPONENT
INTO A WAVEGUIDE SYSTEM

IS A SUBSTITUTION PROCESS

Fig. 2— Insertion of a waveguide component into

a waveguide system.

equivalent' to a step attenuator and the substitution

loss concept applies.

Transducer Loss'"

As a special case of substitution loss, consider that

the initial waveguide junction is a perfect transducer,

i.e., transmits all of the available" generator power

to the load. In order to do this, the perfect transducer

must be lossless and in addition transform the load

impedance to equal the complex conjugate of the gen-

erator impedance. Removal of the perfect transducer

and substitution of another waveguide junction as in

Fig. 3 will always decrease the power Pt transmitted to

the load, unless the second junction is also a perfect

transducer, or an active device such as an amplifier.

The transducer loss is

Ltd = 10 logio
Pa

(3)

This loss may be expressed in terms of the scattering

coefficients Sn, Si\ and of the final waveguide

junction, the reflection coefficients and Fz, of the

generator and load, and the real characteristic im-

pedances Zoi and Zni of the input and output wave-

guide arms of the junction. The expression is as follows.

' See also p. 7 of the reference cited in Beatty.'

The concept of transducer loss is defined in a similar sense in

"Reference Data for Radio Engineers," International Telephone and
Telegraph Corp., New York, N. Y., 4th ed., ch. 20, p. 569; 1956.

" A variable load connected to a fixed generator will absorb
(dissipate) maximum power when the load impedance is the complex
conjugate of the generator impedance. This maximum power is called

tihe available power of the generator.

201-665



GENERATOR

PERFECT
TRANSDUCER

WAVEGUIDE
JUNCTION

TRANSDUCER LOSS = 10 log|Q

Fig. 3—Transducer loss.

INSERTION LOSS = 10 log

Fig. 4— Insertion loss.

A.
10 Pt

Zo2
Ltd = 10 logio

-^01

1
(1 - SuTG)a - SioTi) - SnSnToTL \'

(1 rG|^)|5nP'(l
(4)

It follows from the above definition and (3) that the

transducer loss of a passive waveguide junction cannot

be negative. It is a measure of how closely the per-

formance of a waveguide junction approaches that of a

perfect transducer between a given generator and load.

When it is zero, there is no difTerence between them,

and the waveguide junction is a perfect transducer.

Although it is felt to be a useful concept for purposes

of analysis and calculation, attempts to measure the

transducer loss will be in error l)y the amount by which

the initial junction fails to be a perfect transducer, un-

less this quantity can be accurately determined or

estimated.

One can apply this concept to a waveguide junction

in which the waveguide arms are dissimilar, or propagat-

ing different modes, or both. Thus it would be of value

for example, in situations where a rectangular waveguide

to coaxial waveguide adapter was used. It cannot be

used to specify a property of the junction unless the

generator and load characteristics are also specified.

Insertion Loss

Another special case of substitution loss is the inser-

tion loss as illustrated in Fig. 4. It is difi^erent from

transducer loss in that the initial waveguide junction,

although lossless, does not provide a conjugate im-

pedance to match to the generator. One supposes that

the initial waveguide junction is an ideal connector or

adaptor; i.e., it is nonreflecting (5i] = 522 = 0) and loss-

less, and its phase shift (in a nonreflecting system) is

an integral number of Itr radians. The effect of this

initial junction is thus almost as if it were not there,

for the reflection coefficient at its input is the same as

the reflection roefticient of the load.

Insertion of the final waveguide junction between

the generator and load will usually change the net

power to the load. The ratio of initial load power Pl
to the final load power Pt, expressed in decibels, is the

insertion loss,

Pl
Li = lOlogio

Pt

It may be expressed as follows:'^

'~Zo2
.

•

(1 - 5„ro)(l - Si-'TL) - SnSiiForL

(5)

L[ = 10 logio

52,(1 TgTl)
(6)

where the symbols have the usual meanings. If, in the

initial connection, the load does not provide a conju-

gate match to the generator impedance and conse-

quently does not absorb all of the available power, there

is a possibility that the insertion loss might be negative.

This could be the case, for example, if the waveguide

junction under consideration were a perfect transducer.

The concept of insertion loss may be useful when one

can safely neglect the effect of an imperfect waveguide

connector or adaptor. This idealized condition may per-

haps be more closely approached in practice than that

of the perfect transducer.

Although one could regard the substitution loss as a

change in either transducer loss or insertion loss, it is

felt to be more fundamental to regard those as special

cases of substitution loss which is more general and

involves fewer implicit assumptions.

It is clear from inspection of (2), (4) and (6), that

insertion loss, like transducer loss and substitution loss,

depends in general not only upon the characteristics of

the waveguide junction under consideration, but also

upon the reflection coefficients of the generator and load

This IS similar to ( 1 ) of the reference cited in Beatty.

202-666



of the system. Thus, these quantities are not in general

suitable by themselves for designating a property of a

waveguide junction for specification purposes.

Attenuation

A quantity which is useful for specification purposes

is the attenuation of a waveguide junction. It is defined

to be the insertion loss of the junction when the system

is nonreffecting (rc = rL = 0). It is the ratio of initial to

final load powers, expressed in decibels, when the wave-

guide junction is substituted for a perfect connector or

adaptor, and the generator and load impedances have

been adjusted so that the system is nonreflecting. Using

the symbols of Fig. 5, the attenuation may be written

A = lOlogio (7)

Substitution of the nonreflecting conditions into (4)

yields the expression.

;zo2 1

A = 101og,o (8)

It is apparent that the attenuation is a property of the

waveguide junction and is independent of the generator

and load impedances. This concept can be applied to

waveguide junctions having dissimilar arms, or similar

arms with similar or dissimilar propagating modes.

One should note that although this is a useful concept

for purposes of analysis or calculation, the specified con-

ditions, i.e., an initially connected perfect connector or

adaptor, and a nonreflecting system, cannot be strictly

realized in practice, and that measured results will

therefore be in error from this cause to some degree.

In the special but common case when the waveguide
junction has identical waveguide arms and the same
mode propagates in each, it is natural to choose

Zoi = Zo2, and the attenuation power ratio equals the

reciprocal of 15211^. This concept has been named "in-

sertion loss" in the Institute of Radio Engineer's Stand-

ards on Antennas and Waveguides: Waveguide and
Waveguide Component Measurements." However it is

also there recognized that a more general definition of

insertion loss does not specify a nonreflecting system or

identical waveguide arms or propagating modes. Un-
fortunately this opens the door to confusion, since one

is permitted under this "standard" to call both concepts

(which may correspond to different quantities) by the

same name. In order to avoid confusion, the author

recommends that they be called by different names, i.e.,

the ones given in this paper.

" "IRE standards on antennas and waveguides: waveguide and
waveguide component measurements, 1959," Puoc. IRE, vol. 47,

pp. 568-582; April, 1959.
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Fig. 5—Attenuation.

Other Loss Concepts

One can define various other losses in terms of power

ratios, using available power, incident power, reflected

power, net power (delivered power), etc. One can also

specify different initial waveguide jimctions, such as

one having the equivalent circuit of an ideal trans-

former. The scope of this paper has been limited to the

above four concepts which are regarded by the author

as especially fundamental and valuable in microwave
circuit analysis.

Components of Losses

It is convenient and enlightening to separate each of

the above losses into two components, one associated

with the dissipation of energy within the waveguide

junction, and the other with the reflection of energy.

Since the loss concepts are each special cases of the

substitution loss, their components are corresponding

special cases of the components of substitution loss. In

the following, this will be kept in mind, at the same
time defining the components in terms of power ratios,

where applicable.

Components of Substitution Loss

If one refers back to Fig. 1 and (1) and designates the

efficiency of a waveguide junction by r? [of (21)], the

substitution loss is separated into components as fol-

lows:

L.= 101og.„-=10 1og.„(^-^)

log.o(^).10 logio + 101c (9)

The first term involving only the efficiencies is the

component associated with dissipation and the second

term involving the net power inputs to the junctions is

the component associated with reflection. They are

written in terms of the coefficients previously used as

follows:
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{L,)d = 10 log.o
(J^^

loglO
^

= 10
^21 1 - ^S22T.

and

iUu = 10 log

= 10 logio
^

^521 1 - 'So^Ti

1 - Ta^r, 2 1

1

1
- 'TJ7

(10)

TcT, 1 - UFi
(11)

The substitution loss is given by adding the above equa-

tions, obtaining

= 20 log

1

'Sn 1 - ^SiiTi 1

(12)
'S-n 1 - 'SiiTi 1 - Tg Ti

It is apparent that (12) is equivalent to (2) if the follow

ing equation is substituted.

Ti =
1 — 322^1

(13)

In (10)-(13) and throughout the paper, Fi is the re-

flection coefficient at terminal surface number 1 equal

to the ratio of to ai.

Components of Other Losses

The components of the transducer loss, insertion loss,

and attenuation associated with dissipation and with

reflection, are shown in the table of Fig. 6. In each case

it is noted that the initial waveguide junction is lossless

('rj=l). It will also be shown that the components of

loss associated with mismatch can be regarded as a

change of mismatch loss, to be defined.

Comparison Loss

When two different loads are alternately connected to

the same stable generator, the ratio of the power 'Pi

dissipated in the load initially connected to the power

^Pi dissipated in the load finally connected is (expressed

in decibels)

Lc = 10 log,
'Pi

'Pi

= 10 1 Ogin
^

1 - Tg'V,

To 'T,

1 -
I

'Ti\-

1 ~kr,h
(14)

This ratio is widely used'^ in analysis of mismatch

errors in power measurements. If one is given the power

dissipated in the load initially connected, and this

power is expressed in decibels referred to some con-

venient level, then one subtracts to obtain the power

dissipated in the different load finally connected.

" R. W. Beatty and A. C. Macpherson, "Mismatch errors in

microwave power measurements," Proc. IRE, vol. 41, pp. 1112-
1 119: September, 1953.

LOSS

TRANSDUCER
LOSS

INSERTION

LOSS

ATTENUATION

COMPONENT ASSOCIATED WITH

MISMATCH

10 LOG,,

10 LOG,,

10 LOG,,

i-r,r,

-iroHO-lr.r

i-ror,p-|rJ'

i-ror,l i-|r,|^

i-ls„r

DISSIPATION

10 LOG,,

10 LOG,c,:j

10 LOG,,
i-is„r

,OTE THAT , =
l^^'l ('-'^^1

|i-S22r,r-|(s,2S2,-s„s„)rL+s„|
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Fig. 6—Components of losses.

Usually Ti is specified, but one must then know in

addition Vg and -Ti in order to determine Lc
If the specified load is a "matched load," then is

the loss of power due to mismatch. Since more than one

interpretation of the term "matched load" is possible,

one can define more than one mismatch loss.

Mismatch Loss

In the following discussion, it is helpful to recall a

pertinent ordinary meaning of the word match: "to

adapt, fit, or suit (one thing to another)." In electrical

circuits, the maximum transfer of power from a gen-

erator to a load requires matching of the impedances in

the circuit. When only resistances are involved, the

maximum power is obtained from a generator when the

load resistance is identical with (matches) the generator

internal resistance. However when the generator im-

pedance is complex, maximum power requires that the

load impedance be the complex conjugate of the internal

impedance of the generator. Such a condition is called

a conjugate match.

When the electrical circuits involve waveguides and

transmission lines, it is found that standing waves due

to reflection of energy are eliminated when the im-

pedance of the load terminating the transmission line

equals (matches) the characteristic impedance of the

line. If the internal impedance of the generator also

equals the characteristic impedance of the line, then

the system is nonreflecting, or matched in both direc-

tions. However if the generator does not match the line,

then the load can match either the line or the generator,

but not both.

One can also consider impedance matching of net-

works on an image or an iterative basis, so that the

terms "match" or "mismatch" taken by themselves are

not specific enough for precise use.

There are two types of mismatch loss which might

be considered useful. One is the usual mismatch loss,
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here called the conjugate mismatch loss, which is useful

when one is given the available power Pa from a given

generator, and wishes to determine the power Pi that it

will deliver to some specified load. If the powers are

given in decibels relative to some convenient level, one

subtracts the conjugate mismatch loss from the avail-

able power to obtain the power absorbed by the load.

If one is given, instead, the power Po that the gen-

erator will deliver to a nonreflecting load, and wishes to

determine the power Pi delivered to some specified load,

one subtracts the Zo-mismatch loss from Po. This is a

useful concept because power meters are often designed

to be nonrefiecting so that one is often given or can

easily determine Po.

Each of these types of mismatch loss can be con-

sidered as a special case of the more general comparison

loss. This approach has been used by Selgin* in dis-

cussing similar loss concepts having different names,

and is consistent with the approach used in this paper

of defining attenuation, insertion loss, and transducer

loss in terms of the more general substitution loss.

Conjugate Mismatch Loss

The conjugate mismatch loss is the ratio, expressed in

decibels, of the available power from the generator to

the power absorbed by the load connected to the gen-

erator. In terms of impedances, using the usual symbols,

it has the familiar form

Mc = 10 logio

Zg + Zi
(15)

If the same expression is desired in terms of reflection

coefBcients and if the characteristic impedance is real,

we then obtain

Mc = lOlogi
1 - roFi 2

(1
- Tih)

(16)

where Fi is the reflection coefficient of the mismatched

load. The conjugate mismatch loss is, from the above

definition, never negative, and is identical with the

component of transducer loss associated with reflection

(see Fig. 6). This is almost universally called "mismatch

loss" in the literature.

Zo-MiSMATCH Loss

The Zo-mismatch loss is the ratio (expressed in

decibels) of the power that would be absorbed by a

nonrefiecting load if it were connected to the generator,

to the power absorbed by the load which is connected

to the generator. This loss may be written

Mzo = 10 logio
FcFi

1 -
I

r,
(17)

It is possible for this loss to be negative if the internal

impedance of the generator does not match the char-

acteristic impedance Zo of the waveguide or transmis-

sion line. For example, if the load under consideration
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provides a conjugate match and absorbs all of the

power, the load which matches the Zo of the waveguide

will absorb less power, and hence Mz^ must be negative.

In the special case when the generator does match the

line (Fc = 0), the Zo-mismatch loss is

(Mz„)iY=o = lOlogi
1

1 Fi
(18)

If, in addition, the load under consideration consists of

a two-arm waveguide junction terminated in a non-

reflecting load, then Fi = 5ii and (18) becomes identical

with the component of attenuation associated with

reflection (see Fig. 6).

The conjugate mismatch loss and the Zo-mismatch

loss can both be called "mismatch loss."'^ In order to

distinguish between them, the author recommends that

the modifiers "conjugate" and "Zo-" be used, as above.

As shown below, they are not in general the same except

in cases in which the generator is nonrefiecting.

Difference Between Conjugate and
Zo- Mismatch Losses

It has been observed that when the internal im-

pedance of the generator matches the characteristic

impedance of the transmission line (Fc = 0), the conju-

gate mismatch loss and the Zo-mismatch loss are identical

and are given by (18). When this is not the case, the

dilTerence between these two losses is

Mc = Mc Mi lOlogi
1

1

(19)

It is the ratio (expressed in decibels) of the available

power from a generator to the power that a nonrefiecting

load would absorb when connected to this generator.

Return Loss

A measure of the loss in power returned to the source

by a refiecting load is given by the return loss Lr. It is

written'^

Lr = 20 logio

1

(20)

In the case of total reflection, the return loss is zero,

whereas it becomes infinite when the reflection ap-

proaches zero. This is not to be confused with mismatch

losses which were previously defined.

Selgin' has called the Zo-mismatch loss by the name "reflection

loss." However, it has also been named "mismatch loss" in recent

manufacturer's literature, see for example the 1960 Sperry Microline

Catalog, p. 55, and Hewlett-Packard .Application Note, no. 38, sec.

in, p. 1; 1960.
'5 R. W. Beatty and W. J. Anson, "Table of Magnitude of Retlec-

tion Coefficient Versus Return Loss,"

(^Lr = 20 logic,
-j^-j-y

NBS, Tech. Note 72; September 19, 1960.
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Losses Associated with Dissipation

A number of losses have been defined which are asso-

ciated with dissipation of energy within a two-arm

waveguide junction. The case usually considered is that

in which energy is fed into one arm of the junction, and

some of this energy passes out the other arm.

The ratio expressed in decibels of the net power input

to the net power output is the dissipative loss Ld of the

junction. It may be written

1

Z-z, = lOlogio— . (21)

On the constructive side, a basis was given for pre-

cisely defining a selected number of loss concepts, such

as substitution loss, transducer loss, insertion loss and
attenuation. The components of these losses associated

with dissipation and with reflection were defined and

equations were presented. The author's recommenda-
tions for the changed usage of terms are summarized
in Fig. 7.

Thus it is hoped that use of a more precise termi-

nology where losses are concerned will be encouraged, as

this will reduce confusion and lead to more precise

thinking and to more precise measurements as well.

where ?? is the efficiency. It is a measure of the dissipa-

tion occurring within the waveguide junction. When
there is no dissipation, all of the net power input is

transmitted to the load, and there is no loss in trans-

mission.

This dissipative loss is the same as either the dissipa-

tive component of transducer loss, insertion loss or at-

tenuation, whichever load condition applies. The elTi-

ciency is'^

I

5,1 h(l -
I

Tl^-)
(22)

showing that it depends in general not only upon the

properties of the waveguide junction, but also upon the

reflection coefficient Tl of the load.

In the special case when V i = Q the efficiency equals

Zai
VA -

Zo2 1 —
\

Su\
(23)

Comparison with Fig. 6 shows that (23) is related to

the component of attenuation associated with dissipa-

tion. It is evident that attenuation as defined in this

paper is not strictly dissipative, but involves reflection

as well.

Conclusions

In the author's opinion the restriction of the term

attenuation to purely dissipative losses should be dis-

couraged and also the tendency to speak of mismatch

loss without specifying what is meant by mismatch

should be similarly discouraged.

" The derivation is straightforward, starting with the familiar

equation for power P = Re {i*v), where Zoi = a—b, and v = a+b, and
a and b are the incident and emergent wave amplitudes. For example,

P, = (1
- and Pl
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Common Usage Recommended

Insertion Loss:

1 ) Referring to the minimum or

initial loss of a \'ariable at-

tenuator, or isolator; or to

loss of a component which is

ideally lossless.

2) Referring to loss'' of a com-
ponent designed to produce
a loss, such as an attenua-
tor.

Instead of Insertion Loss, Use:

1) Residual loss (numerically
equal to attenuation be-

low).

2) Attenuation (equal to the
insertion loss in a nonre-
flecting system).

Attenuation:

1 ) Referring only to dissipative

loss.

2) Attenuation of a variable at-

tenuator; the difference be-

tween a given setting and the
zero setting.

Instead of Attenuation, Use:

1) Dissipative loss.

2) Incremental attenuation.

Fig. 7—Some recommended changes in terminology.

The efficiency is the ratio of Pl to Pi and Ti is obtained from (13)

Appendix

It is usual to choose the characteristic impedances of

lossless waveguides to be pure real numbers. However

it has been shown'* that the effect of losses is often to

add a small reactive component Xo, while the resistive

component Rn may be slightly different than the char-

acteristic impedance of a lossless waveguide of the same

dimensions.

One can take into account the effect of a complex

characteristic impedance by straightforward circuit

analysis, obtaining the following equations. Reflection

coefficients are related to impedances by equations of

the form

Z - Zo
r = •

Z+ Zo

Substitution Loss: See (2). There is no change.

See for example Eq. (62), p. 23, of "Microwave Transmission
Circuits," George L. Ragan, M.I.T. Rad Lab. Ser., McGraw-Hill
Book Co. Inc., New York, X. Y., vol, 9; 1948.
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Transducer Loss:

Ltd^ = 10 logi
(1 - SnTo)(i - S22TL) - S,,S2yVgVlV-

+ lOlogio

1 +
\R02/

(24)

Insertion Loss:

rRo2
1
(1 - -SnrG)(i - S22rL) - SuS2irGTL

Lti = 10 logio
LRoi

+ 10 log!

1 + /X02Y

521 I 1 - TgTlI'

1+y-
i?oi 1

1 + (-)' 1+y
-^02 — Tl

R02 1

(25)

Attenuation: The subsequent terms contain factors of the form

Ai = 10 log

- 10 log

\Roi
\

S2\\ - /

01/ J

+ 10 logio -©1 1 +j
X T - T*

R 1

(26)

Comparison Loss: See (14). There is no change.

Conjugate Mismatch Loss:

I
1 - roFih

Mc = 10 logio
.(1 -

I

TgV){\ -
I
T,Y-).

+ 101

+ lOlogio

1 +

i?oi 1 - Tl 2

1 +_;—•-

Zi)-Mismatch Loss:

Mz„ = 10 logio

lOlogi

Roi 1

1 - rgFil^

1 -
I

Tl |2

1 +i ^—

r

/2oi 1 - Fi 2J

(27)

(28)

Note that the first terms of the equations are of the

same form as those given for pure real Zo, and that the

subsequent terms take into account the effects of com-
plex Zo.

and of the form 1 + (X/R)-. The quantity X/R appears

to the first order in one and to the second order in the

other. Its efTect can be greater in the first term provided

that the reflection coefificient T has a sufficiently large

component along the imaginary axis.

For example, lossy cable having a nichrome centir

conductor may have an attenuation of 44 decibels per

100 feet at 3 Gc. The ratio of a to and of Xo to Ro

is then approximately 0.0027. If r=j0.5, a term of the

first form above would have an elYect of 0.016 db, and

a term of the second form would have an effect of less

than 0.001 db. Thus if lossy cable were used on one

side of the insertion point, but not on the other, the

efTect on the attenuation would be less than 0.001 db,

and if used on both sides, there would be no efTect.

These elTects are thus negligible in many cases, but

could become important at lower frequencies if the

ratio of a to |8 increases, and if the precision of the

measurements increases.
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RF Attenuation

DAVID RUSSELL and WILBUR LARSON

Abstract—A tutorial review of RF attenuation measurement methods

and standards is presented.

Accepted and proposed definitions and attenuator models are discussed.

Commonly used standards operating from dc through most waveguide bands

are compared with the "ideal''' interlaboratory standard. Characteristics of

fixed resistive, waveguide below-cutoff, and rotary-vane standards are in-

iiuded.

Measurement methods are classified and described, including comments

concerning convenience and accuracy of various methods, and references are

given which cover most of the basic important research in the field.

I. Introduction

ACONSIDERABLE amount of material has been

published on the subject of attenuation measure-

ment and standards. In an attempt to provide a

compilation of methods and standards, the present paper is

divided into five areas. Attenuator models and definitions of

terms are included to clarify existing confusion on exactly

what is being measured. A comprehensive listing of at-

tenuator types and the features of those most commonly

used form a major segment of this discussion. Interlabora-

tory standards are classified by mode of operation (coaxial

or waveguide) rather than by frequency. Qualities of the

ideal interlaboratory standard are compared with existing

standards. Various methods of attenuation measurement

are described, including methods of measurement which

do not require reference to a standard attenuator. The final

section describes the many errors of systematic and random

nature that affect attenuation measurements. Suggestions

are offered for reduction of some and for estimating the

magnitude of others not easily reduced. Some of the mate-

rial in this paper, particularly in Section III-B on power

ratio standards and Sections V-A, V-B, and V-C on mea-

surement methods, is adapted from NBS Monograph 97 [ 1 ].

II. Attenuation Models and Definitions

The term attenuation means a decrease in power from

one point in a transmission system to another, usually

resulting from either dissipative or reflective losses. This

can be a characteristic of a transmission line expressed in

decibels or nepers per unit length, or an attribute of a par-

ticular device. To adequately describe attenuation measure-

ment and devices to be measured it is necessary to choose a

model for an attenuator that will closely approximate

what is encountered in practice. With such a mode! one can

define precisely what is to be measured, errors that may be

expected, and limitations of the device in question.

Manuscript received March 31, 1967; revised April 10, 1967.

The authors are with the National Bureau of Standards, Boulder, Colo.

The customary model for an attenuator is a two-port' as

shown in Fig. 1 (b) where access to the attenuator is achieved

by ideal waveguide connectors. The fact that this condition

and the presentation of proper impedances to the attenuator

cannot be achieved in practice has led to a proliferation of

definitions [2]- [6], [42] for Insertion Loss, Attenuation,

Transducer Loss, Substitution Loss, Incremental Attenua-

tion, Change in Insertion Loss, Intrinsic Attenuation, and

others. Because so many different concepts have arisen,

much confusion exists. A consistent set of definitions, neces-

sary for a discussion of errors in attenuation measure-

ments, is provided in this paper. Although they may not be

universally acceptable, they do serve the purposes of this

paper very well. In most coaxial cases the two-port has a

connecting mechanism with losses and reflections as shown

in Fig. 1(a). Access to the device is impossible in the manner

described above and shown in Fig. 1(b). The model shown

in Fig. 1(c) approaches the actual situation found in prac-

tice and is the model referred to in the definitions for Sub-

stitution Loss and Attenuation. These are the most useful

concepts for attenuation measurements.

A. Insertion Loss

The most widely used definitions for insertion loss are

contained in two IRE Standards [3], [4]. The earlier 1953

Standard [3 ]
gives a quite general definition'^ using arbitrary

source and load impedances. The 1959 IRE Standard [4]

gives two definitions for insertion loss, one in which system

mismatch is not specified and another in which thcsystem is

nonreflecting.^ The definitions contradict each other since

' The term "two-port" as used here includes linear structures con-

taining passive or active elements which may be nonreciprocal. Multiport

devices such as directional couplers become "two-ports" when unused

ports are terminated with unchanging impedances.
^ Insertion Loss: I) The loss in load power due to the msertion of

apparatus at some point in a transmission system. It is measured as the

difference between the power received at the load before insertion of the

apparatus and the power received at the load after insertion. 2) The ratio,

expressed in decibels, ot the power received at the load before insertion of

the apparatus, to the power received at the load after insertion.

^ Insertion Loss {of a Waveguide Component) : The change in load

power, due to the insertion of a waveguide component at some point in a

transmission system, where the specified input and output waveguides con-

nected to the component are refiectionless looking in both directions from

the component (match-terminated). This change in load power is ex-

pressed as a ratio, usually in decibels, of the power received at the load

before insertion of the waveguide component to the power received at the

load after insertion. Note 1 : A more general definition of insertion loss does

not specify match-terminated connecting waveguides, in which case the

insertion loss would vary with the load and generator impedances. In this

Standard, match-terminated connecting waveguides will be assumed un-

less otherwise specified. Note 2 : When the input and output waveguides

connected to the component are not alike or do not operate in the same
mode, the change in load power is determined relative to an ideal refiec-

tionless and lossless transition between the input and output waveguides.
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- CONNECTOR PAIRS

KERNEL OF
ATTENUATOR

l«CONNECTOR-»l

TERMINAL SURFACE OR IDEAL WAVEGUIDE
EFERENCE PLANE LEAD

-WAVEGUIDE JUNCTION -

OR 2 -PORT

V'
PORTION WHICH I

I

U REPRESENTS »i

ATTENUATOR
TERMINAL SURFACE

Fig. 1. Two models to represent an attenuator, (a) An attenuator, (b)

A two-port representation, (c) Use of three cascaded two-ports to rep-

resent an attenuator connected in a system. Connector pairs are rep-

resented by two-ports A and C. The individual connectors are not

separately represented by two-ports but are designated by D^. B^,

Bl. and D^-

the insertion loss of an attenuator will be different for each

case. The measurement procedure for all the definitions is to

open the system, insert the attenuator, and note the relative

power absorbed by the load (or detecting device) betore and

after insertion. The insertion loss in decibels is then com-

puted from these two values. If the attenuator is variable

and remains in the system, the initial and final powers

absorbed by the load for two settings are used ; this determi-

nation is more properly called "Change in Insertion Loss."

Any of the definitions are entirely adequate for a single,

unique system, but if the loss (or gain) measurement is to

be transferred from one laboratory to another, more must

be specified about system conditions in the "mismatched"

case.

In practice, many manufacturers use "insertion loss (non-

reflecting)" for what is described in Section II-C as attenua-

tion. This includes the attenuation at the zero dial setting of

a variable attenuator and the forward loss in a nonreciprocal

device such as an isolator.

B. Substitution Loss [5]

In this case two conditions must be described, an initial

system configuration as shown in Fig. 2(a) and a final con-

dition as shown in Fig. 2(b). The quantity to be measured is

still the relative power absorbed by the load before and

after insertion, but in calculating substitution loss one

includes the effect of system mismatches and connector

losses. These losses are functions of differing interface com-
binations and not of the connector body, which should be

lumped with attenuator loss. This definition is perfectly

general and applies to variable as well as fixed attenuators.

The main difference between substitution loss and insertion

loss (general) is that in the former, the initial condition
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Fig. 2. Representation of a fixed attenuator inserted into a waveguide

system, (a) Initial waveguide junction and connector pair, (b) Final

waveguide junction where the attenuator consists of a central portion or

kernel to which is attached connectors that will mate with the con-

nectors belonging to the waveguide system to form the three cascaded

two-ports shown.

(joining connector) is specified, but in the latter nothing

whatever is said about it. It should be noted that substitution

loss depends on both the attenuator and the system. Be-

cause so many variables must be measured before the calcu-

lation of substitution loss can be made, simplifying assump-

tions are usually applied. A special case of substitution loss

is known as attenuation.

C. Attenuation

This is defined as the insertion loss in a nonreflecting

system (F^ = F, = O),^ and is the same as the IRE 1 959 defini-

tion of insertion Loss (matched) [4]. It is ideally a property

of the attenuator only and does not depend on the system.

In actual measurement these initial conditions can only be

approached, due to imperfections in connectors or adapters

and the uncertainties in reducing system reflections to

zero. These imperfections and uncertainties are much more

pronounced in coaxial systems than in waveguide except

when precision coaxial connectors are employed. Since

attenuation cannot be exactly measured a more practical

term has been defined and may come into more general use

where uncertainties less than 0.01 dB, 0.001 dB are impor-

tant.

It should be noted that the differences between attenua-

tion and standard attenuation become negligible when high-

precision connectors are used. These connectors are not

widely used at present because of their high cost.

D. Standard Attenuation

This has been defined [5] as the insertion loss of a linear

two-port device in a nonreflecting system which is initially

connected together at the insertion point by a standard^

"* Where F, and F, are defined as the reflection coefficients of the gen-

erator and load, respectively. See Fig. 1(c) for reference plane.
^ Standard connector or waveguide point. A "standard connector" is

one which is made precisely to standard specifications It can be a general

connector, such as the type N or TNC, or a high-precision connector

(see elsewhere in this issue 173 J). Standard connector pairs usually have

low but measurable loss and reflections [7 J. [8].

-943



connector pair, adapter, or waveguide joint, the nonreflect-

ing condition being obtained in the standard waveguide

sections to which the standard connectors or waveguide

joints are attached. The standard attenuation is the ratio

expressed in decibels of the powers absorbed by the load

before and after the insertion of the two-port device under

test. Eventually, the concepts in this definition should prob-

ably be incorporated in the definition for attenuation (Sec-

tion II-C) and thus avoid still another term.

E. Incremental Attenuation

Incremental attenuation is the change in attenuation of an

adjustable attenuator between a reference setting (usually

zero) and any other setting. The same restraints on system

conditions apply as for attenuation and standard attenua-

tion. The term "differential attenuation" is sometimes used

instead of incremental attenuation and usually refers to two

nonzero settings.

F. Intrinsic Attenuation [2]

This is more of a theoretical quantity than a practical

one and relates to the absolute minimum attenuation which

can be obtained from a mismatched two-port network. This

is achieved by tuning the input and output with appropriate

susceptances to achieve a bilateral match. It is almost

always possible to achieve a combined nonreflecting net-

work with "lossless" tuners. Since these "lossless" tuners

will have losses of a few tenths of a decibel unless specially

designed and constructed, they add to the apparent or

measured intrinsic attenuation. Unless the initial mis-

match is substantial (VSWR>2), the apparent net loss will

not be improved.

G. Transducer Loss [5]

This is a special case of substitution loss where it is

assumed that the initial system contains a perfect trans-

ducer at the insertion point (lossless, nonreflecting con-

nectors) which transmits all available generator power to the

load. Removal of the perfect transducer and substitution of

another will always decrease the transmitted power unless

the second transducer is also perfect. It follows that trans-

ducer loss is a measure of how closely a given junction ap-

proaches the performance of a perfect transducer between

a generator and load. This concept can be of value in de-

scribing the losses of adapters such as waveguide-to-coaxial

transitions. Since the initial junction is never perfect, the

loss cannot be exactly measured, but the concept may be

useful for analysis and calculation.

H. Other Definitions

Other definitions have been proposed and are presently

under consideration by various IEEE subcommittees. Until

the deliberations of these committees have resulted in

agreement, their definitions of attenuation and insertion

loss, in particular, must be regarded as tentative. The tenta-

tive definitions now being considered by the IEEE sub-

committees will not -be quoted in detail because they are

subject to further change. However, the definitions men-

tioned in this paper have, for the most part, appeared many
times in the literature. The references, particularly two
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articles by Beatty [5], [8] provide an extensive treatment of

attenuator models and definitions of attenuation.

III. Types of Attenuators

This section deals with specific types of attenuators en-

countered in the measurement field. An understanding of

measurement methods requires that the reader be familiar

with the devices to be measured and know which devices

qualify as standards in a given measurement technique.

These attenuators can all be analyzed with the aid of the

attenuator models described elsewhere [1 ], [8].

A. Broadband Dissipative Attenuators

For the frequency region from dc to 18 GHz several types

of resistive attenuators have been developed. The frequen-

cies from dc to 1000 MHz are most adequately covered by

T or n section attenuators consisting of series cylindrical

deposited film elements and shunt annular deposited ele-

ments [9], [10]. Because of the symmetry that can be

achieved in a coaxial structure, these can be designed to have

a very flat frequency response and low VSWR. The films

are usually vacuum-deposited and stabilized by high-power

pulsing. Other techniques of applying a thin resistive layer

by bonding or "painting" and baking have been utilized,

but the necessity of extremely uniform and very thin layers

eliminates this method for high-frequency work. The exact .

techniques for designing compensated structures have not

been well detailed in the literature, because most of this

information is proprietary with the manufacturers of these

devices. A disadvantage of the usual construction tech- i

niques lies in the fact that the shunt and series elements -

must be made separately and then assembled. This leads
^

to discontinuities at the joining planes and a corresponding

frequency sensitivity independent of current distribution on

the elements themselves. One-piece deposited T or n struc-

tures would be desirable but have not appeared com-
mercially. An approach which eliminates separate elements

involves a resistive "card" and is described later in this

section.

To solve the problem of frequency sensitivity above 1

GHz, the "lossy line" attenuator was developed [1 1 ]-[14].

This energy-dissipating device uses a metallized resistive

film for the inner conductor (it can be used on the outer con-

ductor also). The films used are thin compared with the

depth of penetration. This ensures a nearly uniform current

distribution through the thickness of the film at microwave

frequencies. Certain limitations must be placed upon this

attenuator. The design equations show an increasing at-
'

tenuation frequency dependence with decreasing frequency

and increasing resistive film loss per unit length. Proper

design procedure requires approximately a wavelength of

lossy material at the lowest frequency of operation and the

addition of lower-loss, compensating films at the ends of

the lossy film section for higher-value attenuators. Typical

limits for most commercially available attenuators are 2

GHz to 18 GHz in frequency and 0 to 20 dB in attenuation.
j

Another type of dissipative attenuator coming into gener-

al use has a "card" in a strip-line configuration [15]. It is

essentially a flat, rectangular piece of insulating material,
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typically a ceramic for temperature stability, with a de-

posited thin resistive coating on the surface. One longi-

tudinal edge or both edges of the card are grounded (con-

nected to a conducting side plane), the input and output

signals are coupled with directly connected probes to the

center of the short sides, and the entire assembly is housed

between conducting planes that are insulated from the card

surface. Recent improvements have been described [16] in-

volving multilayer films and a modified housing which de-

crease frequency sensitivity and increase power-handling

capability. With an appropriate transition from coax to the

element and housing these devices work well from dc to

18 GHz with low frequency sensitivity.

Directional couplers have been used occasionally as

attenuation standards in both uniconductor waveguide and

coaxial systems. They are attractive because their properties

are primarily determined by mechanical configuration and

only to a second order by the resistance stability of their

terminations. They can be built to operate over large band-

widths with exceptionally low VSWR but may not come into

general use because of their additional cost and complexity.

B. Power Ratio Standards

These devices were developed for the dc apd audio-fre-

quency range but are useful at much higher frequencies

where techniques are available to make use of their char-

acteristics. One very useful device is the barretter which has

a response closely approximatmg square law even into the

microwave-frequency region. Such a device will accurately

measure power or signal ratios by referring to a substituted

dc or audio voltage or ratio. Attenuation is calculated from

these power ratios [37], [40], [46].

1) Dc Power Ratio Standards: Resistive voltage dividers

[17] are available commercially but are not as widely used

as the dc potentiometer. The potentiometer is a versatile

instrument that is readily available in most laboratories

and has been perfected to a high degree.

Dc power is normally determined by measuring the cur-

rent through a resistor of known value. The uncertainty of

this determination may be kept small. To determine the

current, the voltage across the resistor is obtained. With
precision potentiometers and accurately known resistors,

one can readily make dc power ratio measurements with

an uncertainty of 0.005 dB or better over a range of 20 dB.

Precision equipment with lower uncertainties [17] is avail-

able to allow determination of dc power ratios with an

uncertainty of 0.0003 dB over the same range.

2) Audio-Frequency Power Ratio Standards: Power ratio

measurements in the audio range (typically 30 Hz to 20

kHz) are performed in the same manner as at dc using in-

ductive voltage dividers or voltage transformers. Typical

units have a ratio uncertainty of 0.001 percent plus 0.0006

percent of the ratio. For ratios near unity, this formula gives

an uncertainty of 0.00014 dB rising to 0.052 dB for a ratio of

0.001 or60dB.

The inductive voltage divider is usually a very stable de-

vice and can be calibrated [18] to achieve very high ac-

curacy. Calibration of inductive voltage dividers may be

accomplished with capacitance standards [19], or "comple-
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mentary" measurement techniques [20] more recently de-

veloped.

C. Waveguide Below-Cutojf Attenuators [21 a-n]

Since this is the type of standard employed in the IF

substitution method of measuring attenuacion. v/hich is

very widely used, it is given emphasis here. It Wi. probably

continue to be used for some time, althoi i:h a'iditional re-

finements will no doubt be made.

The waveguide below-cutoff(WBCO) attei);.fatOi :s a non-

resistive continuously variable attenuation standard. It is

often called a piston attenuator. The incremental attenua-

tion of this device may be closely predicted from only a

knowledge of its dimensions. If the waveguide section is

uniform, nearly lossless, and excited in only one mode by a

sinusoidal signal, the field will decay exponentially along

the guide. An actual device has a moving probe or coil to

sample the decaying field and an indicating mechanism to

relate probe position to output level variation. If certain

constraints are applied regarding frequency of operation,

resistivity of the waveguide, and ratio of the frequency of

operation to the frequency of cutoff, the attenuator will

constitute a nearly ideal standard. Its only obvious dis-

advantages are a relatively high minimum insertion loss

and an attenuation rate that is a slowly varying function of

frequency.

The WBCO attenuator that is most commonly en-

countered is constructed of circular guide for ease of precise

fabrication and because excitation symmetry is not cric'Cii.

It operates in the TEn mode. It is true that the dominant

TEii mode in this guide is not far separated in frequency

from higher, undesired modes, but these can be suppressed

by metallic strips or dielectric mode filters. In this type of

attenuator the TMqi mode is most likely to cause difficulty

since its attenuation rate is close to that of the TEj
i
mode.

Mode filters have been constructed that will suppress the

TM modes by over 60 dB witii a corresponding reduction

in the TEn mode of less than 0.5 dB [21-e].

A good approximation for the propagation constant of

the TE,i mode is given by (y is in nepers per meter) [21-k]:

1 +;7l
1

where

1.841 1838 = first root of the first derivative of

the first-order Bessel function of

the first kind

r = radius of waveguide cylinder

/= frequency in hertz

£ = dielectric constant of the medium
inside the waveguide (relative,

usually^ 1.0003 for air)
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2.997925 x 10* m/s = velocity of light

= permeability of guide wall (rela-

tive, usually taken to be 1.00000)

£7 = conductivity of guide wall.

An examination of the equation shows that the most im-

portant considerations other than the radius are frequency

and conductivity. Brown [21-g] shows that the quantity in

square brackets contributes negligible phase shift at IF

frequencies in waveguides constructed of good conducting

materials. The actual phase shift is less than one degree in

100 dB of attenuation.

At lower frequencies skin effect increases the effective

electrical radius of the guide and contributes large un-

certainties, since machining affects wall conductivity. For

this reason and the possibility of leakage through the at-

tenuator walls, WBCO attenuators are seldom used below

1 MHz. The upper frequency limit is determined by the

cutoff frequency and the necessity to operate well below

cutoff to decrease the frequency dependence of the attenua-

tor. At extremely high frequencies (above 1 GHz) guide

dimensions become so small that the necessary mechanical

tolerances for an accurate standard cannot be readily

achieved.

Equation (I) requires dominant-mode operation which

can be achieved by proper excitation and adequate mode
filtering. The coupling coils used in the attenuator must be

sufficiently separated at all times to prevent mutual coupling

and loading effects from excessively affecting the excited

mode [21-1]. A separation equivalent to 30 dB (insertion

loss) will make this effect negligible. A method of reducing

this minimum insertion loss, by feedback circuitry to main-

tain constant current in the exciting coil and a new coil

design to achieve more efficient excitation of the mode, has

been partially successful [21-k] but at the cost of added

complexity.

The remaining important considerations for the circular

piston attenuator relate to dimensional tolerances on the

guide and the resolution and accuracy with which the dis-

placement of the exciting and receiving coils can be mea-

sured. The guide must not only be perfectly circular but

must remain constant in diameter. If any ellipticity exists

in the guide the propagation constant will be different from

the circular case, degenerate modes may be excited, and

further, if the major axis has angular variations, this will

produce deviations from the exponential law. Typical com-
mercially available WBCO attenuators for use at IF fre-

quencies have inside guide diameters ranging from 0.75 to

1.50 inches (1.905 to 3.810 cm) for corresponding attenua-

tion rates of 40 to 20 decibels-per-inch (1.813 to 0.907

neper-per-centimetcr) displacement of the piston. To keep

the uncertainty to 0.005 decibel per 10-decibel increment

requires tolerances of a few ten-thousandths of an inch.

Tolerances of the same order are required in measuring

displacement. The traditional lead screw and mechanical

counters are now being replaced by precision scales and

optical readout devices. Greater precision has been achieved

using the techniques of interferometry and direct digital

readout.
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D. Rotary-Vane Attenuators [22 a-h]

In the field of microwave attenuation the rotary-vane

attenuator has enjoyed wide use as a direct reading at-

tenuator and will probably replace the piston attenuator

for very high-frequency measurements. It has a calculable

attenuation law, which is a requirement for a standard

attenuator. The ideal attenuation is given [22-a] by the

expression

/f = 40 logio sec 0 -H CdB

where 0 is the angle of the rotating vane with respect to the

polarization of the TEi, mode in the waveguide, and C
is the residual attenuation when 0 = 0. Tables of the vari-

able component of attenuation as a function of the vane

angle 0 are available [22-f].

Errors in fabricating the attenuator cause deviations in

actual attenuation from that indicated on the dial. The de-

viation is small at low settings but can be appreciably larger

at high values of attenuation. Among the factors causing

these deviations are mismatch, misalignment of the rotating

vane, insufficient attenuation of the rotating vane, imper-

fections in the drive gear, parallax in the readout device,

and warping of the vane.

At present further investigation is needed concerning

alignment problems and perturbation of the field by the

rotating vane. Calibration of a commercial rotary-vane

attenuator by the dc substitution technique showed at-

tenuation difference measurement in agreement to within

0.004 dB for the dial settings of 3 dB and less. This is a

testimonial both to the theory upon which the attenuator

is based and to the design and fabrication of the commercial-

ly available attenuators. At present the rotary-vane at-

tenuator is available in the waveguide sizes operating from

2.6 to 220 GHz. The most convenient method for calibrat-

ing the rotary-vane attenuator is with reference to IF stan-

dards, but greater resolution and accuracy are obtainable

with reference to dc and audio standards.

IV. Interlaboratory Calibration Standards

This section is general in nature with the desirable fea-

tures of an attenuator being listed but no attempt made to

categorize existing attenuation standards. The subcom-

mittee on attenuation standards of the IEEE Group on

Instrumentation and Measurement is presently working

on recommendations for an attenuator and attenuation

measurement standard.

Precision calibrated attenuators used as interlaboratory

standards require careful handling and should meet the

following criteria.

1 ) Over long periods of time, i.e., several years, the elec-

trical characteristics should be stable.

2) When carefully handled and shipped they should be

mechanically stable and rugged so that no permanent

changes of characteristics occur.

3) For changes in environmental conditions such as

temperature, pressure, humidity, etc., the changes in

electrical characteristics should be small.
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Fig. 3. Comparative ranges of accurate measurement for most frequently used attenuation calibration systems without special precautions. The "best"

region represents systematic errors of 0.05 dB or less, the "good"" region represents errors of less than 0. 1 dB, and the "fair"' region represents errors

of less than 0.5 dB.

4) For power level changes, the changes in electrical

characteristics should be small.

5) Reflections should be low (VSWR less than 1.2).

6) Input and output waveguide axes should be in line

with each other.

A. Coaxial Standards

When the average power of 10 watts or higher is encoun-

tered in the measurement of attenuation, sections of lossy

cable (RG-21/U) have been used as attenuation standards

[23]. This type of standard is not usually suitable for precise

work.

In the construction of attenuators in coaxial line, the T
and n configurations are most often used. With precise con-

struction these attenuators have stable characteristics and

low reflections over frequency ranges from dc to 12 GHz.
Recently broadband [15], [16] attenuators have been built

that are useful at frequencies of dc to at least 18 GHz.
Most continuously variable attenuators with the excep-

tion of WBCO attenuators are not suitable at their present

stage of development for use as interlaboratory standards.

A number of different types of coaxial attenuators have been

constructed using strip-line and rotating disks of resistive

material [24], [25], hybrid or ring circuits in strip-line with

sliding contacts, and sliding contacts on resistive cards [26 ].

Another type has been constructed by using a capacitively

coupled metal slider, short-circuiting portions of a resistive

center conductor [27]. Other partially successful attenua-

tors have been variable directional-coupler types [28], [29].

In addition to construction in rectangular waveguide, the

flap-type has been built in coaxial line. More development

is needed in this area.

B. Rectangular Waveguide Standards

In rectangular waveguide, both fixed and variable at-

tenuators are commercially available which are suitable
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for calibration. Usually one port is offset from the other

port by a distance equal to one of the transverse dimensions

of the waveguide. This displacement of one port of the

attenuator makes it more difficult to perform an accurate

calibration of the attenuator because the attenuation cali-

bration system must accommodate not only the axial dis-

tance represented by the spacing between the two attenuator

ports but also a small transverse displacement from the axis

For fixed attenuators the in-line directional coupler [30]

and related types possess the best characteristics for a cali-

brated standard.

There are two designs of variable attenuators that are

suitable for calibration. One type has a resistive vane which

moves into the waveguide field, from a side wall [25], [31 ].

The other type is the rotary-vane attenuator. Each type of

attenuator has a region of best resolution, the rotary-vane

attenuator at low values of attenuation and some models

of the parallel translating-vane type at high values of at-

tenuation. The rotary-vane attenuator is less frequency-

sensitive and has less incremental phase change than the

other type. In order to realize the presently available ac-

curacy [32] of attenuation calibration corresponding to

the dial resolution of commercially obtainable rotary-vane

attenuators, further development in internal design is neces-

sary.

V. Measurement Methods

This section includes well known measurement methods

as well as some specialized or novel approaches. The most

useful and important methods—dc substitution, audio

substitution, IF substitution, RF substitution, subcarrier,

and impedance—are covered in some detail and compared

graphically in Fig. 3. The suggested regions for best accuracy

are approximate, since they depend upon frequency, type

of waveguide, type of attenuator, etc. and are based on the

authors' experience. All of the systems may be used over

greater ranges with degraded accuracy.
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A . D( Siihsiiiiition

A converter is used in dc substitution methods to pro-

duce a change in dc power as a function ofthe change in RF
power to be measured. It is necessary to know precisely

how much the converter deviates from its ideal "lav\" in

order to obtain accurate results. A dc substitution technique

has been described [32] using bolometers (barretters or

thermistors) in a balanced bridge arrangement. In this

method, a change in a barretter's dc resistance from its

nommal value, correspondmg to a certain dc bias power

applied, is caused by microwave power dissipated in the

barretter. Dc power is decreased until the barretter resis-

tance reverts to its initial value. The microwave power dissi-

pated in the barretter is nearly equal to the amount of dc

power removed, i.e., the ratio ofthe two powers is almost

unity. Since only relative power is necessary in an attenua-

tion measurement, the value of this ratio is not required,

but it is necessary to know that it is constant during a mea-

surement.

The constancy of this ratio has been investigated [33] by

an experiment in which microwave power was fed through

a power divider (3-dB directional coupler) to a barretter

mount and a thermistor mount; the microwave power level

was varied in steps over a 20-dB range and the ratio of the

dc substituted powers in the two bolometers was noted for

each step. Within the experimental error (0.1 percent) no

change in the ratio was observable. Over a 20-dB range

an error of 0. 1 percent corresponds to 0.0043 dB. Thus, one

can presumably attach this uncertainty to the results of a

one-step 20-dB attenuation measurement. For an attenua-

tion mcrement smaller than 20 dB the uncertainty should be

considerably less. A typical assigned measurement error

of 0.1 percent plus 0.1 iJ.W in power difference will create

an error of 0.0001 to 0.0043 dB in attenuation as the attenua-

tion increment measured varies from about 0.06 to 3 dB.

For measurements up to 3 dB one should measure the

difference between the changes in dc power, Wj—W^,
rather than the differences from initial dc bias power,

PKy— Wy and Wq — Wj- The attenuation A is given by

Wq- W, 1

/I = 10 Ogio ~ = 10 login

Analysis of equivalent errors in the two measurement ap-

proaches shows an overall error that is almost an order of

magnitude less using Wj—Wy instead of Wq—Wj and

^V^-W, [32].

When measuring attenuation increments larger than 3

dB, the dc power differences Wq—W^ and Wq—W^
should be measured. In order to take full advantage of the

inherent accuracy of the dc standard, other sources of error

must be small. Particular attention must be paid to the

* This determination error was for single-element bolometer mounts;
if dual-element mounts are used, the error will be substantially more. The
reader is cautioned to thoroughly review an article by Engen [41 J.
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reduction of system reflections and to careful evaluation of

the remaining mismatch errors. This technique is ideal for

calibrating rotary-vane attenuators because of their low

reflections and their high resolution over the lower part of

their range. A recent paper [34] describes an accurate dc

substitution system, composed almost entirely of com-
mercially available components, which is capable of

0.000 !-dB precision for low attenuation values.

B. Audio Substitution

The drum-type attenuator has been available for many
years as an accurate standard of attenuation at audio fre-

quencies. This type of standard is relatively inexpensive

and available in most laboratories. Accurate square-law

converters such as barretters are also readily available and

are inexpensive. Although the range of these converters is

limited, the audio substitution technique of attenuation is

extensively employed [35]- [38 J.

This technique of measurement involves the following

steps: modulation of the signal source or its output.^

square-law detection, attenuation ofthe audio frequency by

a calibrated audio attenuator, amplification, and lastly

detection and indication. The accuracy of this method

depends on how much the converter or detector deviates

from a square-law response.

A study [40] of barretters and crystal detectors describes

how measurement range is related to the permissible de-

viations from a square-law response. For a deviation of 0.2

dB, the crystal video diode and the barretter have a range

of about 38 and 53 dB, respectively. If the deviation is to be

le'ss than 0.01 dB a barretter has a range of about 20 to 30

dB; however, the use of a crystal is not recommended.

Other types of square-law detectors have been used which

include thermistors [41], thermocouples, bolomisters [42],

ferrite [43] and ferroelectric [44] detectors, and thermo-

electric films [45]. Square-law deviations vary among these

detector types, so they should be used only after their char-

acteristics have been checked.

The effects of noise on errors in attenuation measure-

ments have been investigated for several different detectors

[46]. The increase in dc output caused by system noise and

the rms fluctuation of linear detector output as a function

of signal-to-noise ratio at the detector input are illustrated

graphically in a handbook [47].

The range of attenuation measurements can be increased

by precalibrating 20- or 30-dB fixed pads as "gage" blocks.

For example, in the measurement of a 40-dB attenuator, a

"gage" block of 20 dB used ahead of the detector reduces

the range of level change at the converter to 20 dB. This

procedure prevents the square-law range of the converter

from being exceeded. Additional mismatch errors [48] arise

with use of the "gage" block ; thus, pads with low reflections

are most desirable. A block diagram of this procedure is

shown in Fig. 4.

^ Care should be employed with square-wave modulation because the

bolometer time constants will cause distortion of the output ac wave-

form [39].
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C. Direct Substitution

If the standard operates at the same frequency as the

device under test when measuring attenuation or insertion

loss the method is known as direct substitution. However,

the IF, audio, and dc substitution techniques have a definite

advantage because the standard operates at a fixed fre-

quency without regard to the frequency chosen for the

attenuator calibration. With the present state-of-the-art

direct substitution methods offer the greatest measurement

range. Two direct substitution arrangements are shown in

Fig. 5(a) and (b).

The parallel substitution arrangement of Fig. 5(a) pro-

vides high resolution and range, and keeps the effects of

amplitude instability in the signal source at a minimum.
A phase shifter is required which should have a constant

loss during adjustment. The parallel substitution arrange-

ment is most desirable when measuring waveguide below-

cutoff attenuators which have a high residual attenuation

and a small change of phase.

The series substitution arrangement of Fig. 5(b) is fre-

quently used when a signal generator-attenuator combina-

tion is to be calibrated. Although source and detector drift

cause errors in the measurement, the method is convenient

and requires no phase shifter. It is well suited for use with
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the rotary-vane attenuator which has small residual at-

tenuation and introduces very little loss between the signal

source and the detector.

Amplitude modulation of the source is frequendy em-

ployed in both systems to permit the use of coherent detec-

tion to extend measurement range.

Other standards can be used in direct substitution systems

in addition to the rotary-vane and waveguide below-cutoff

attenuator. An example is the use of a slotted line. Methods

using a slotted line are limited in range and errors have not

been thoroughly investigated, but they may be of interest to

those having limited or specialized facilities. The methods

involve using a short-circuited attenuator after the slotted

line [59-a], [74], [75], or placing the attenuator ahead of the

slotted line and short-circuiting the slotted line itself [50].

The width-of-minimum method [7], [49] is generally used

to obtain the necessary reflection coefficients to calculate

attenuation in the short-circuited attenuator method. At-

tenuation in the second method is calculated from the mea-

sured probe displacement relative to the standing-wave

minimum. Both methods are limited to a maximum attenu-

ation increment of 15 dB or less. The best accuracy to be

expected is about 0.05 dB and can be substantially worse if

much mismatch is present.
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A rotating dipole antenna in a linearly polarized field is

another standard of attenuation for direct substitution

[1 ]. This is shown in Fig. 6. Ideally, the probe response is

proportional to the cosine function of the angle between

the f-field and the dipole. With known angular position of

the dipole relative to the ^-field the values of the relative

levels can be predicted. Many precautions must be observed

when using this method. A study of antenna-gain measure-

ment techniques is essential.

D. Methods Not Requiring Attenuation Standards

In the measurement of attenuation a standard is not

actually required, as basically it is the determination of a

dimensionless ratio. Methods devised for determining

attenuation without a standard can be tedious; however,

they are valuable when a standard is not available. Also,

they provide a means of independently checking an attenua-

tion standard. At about the same time two similar methods

were developed by Allred [51-a]and Laverick [51-b]. These

two methods require three-branch systems. The systems of

Allred and Laverick are shown in Figs. 7 and 8. The first

method obtains both phase and magnitude of the propaga-
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tion constants of the two WBCO attenuators and, inciden-

tally, "of the unknown attenuation step added at the insertion

point. The procedure is to balance the bridge for a null with

the insertion point closed and to note the readings, and

of the two attenuators. Phase shifter <^2 is normally adjusted

so that the output voltages of the two variable attenuators

are approximately 90 apart. This provides easiest system

adjustment but is not a necessary condition. The unknown

is inserted and the attenuators adjusted for a new null with-

out disturbing either phase shifter. The two new attenuator

settings, Vf, and together with y„ and are inserted in the

following equation involving the insertion ratio of the un-

known, K:

_ e-''^''- + We"'-'"

where y^, and y, are the propagation constants of the two at-

tenuators and is a constant of the system expressing the

relative phase angle and relative magnitude of the output

voltages of the two attenuators. By changing phase shifter

(pi to a new setting and repeating the procedure, a set of

simultaneous equations is obtained involving the same in-
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sertion ratio, K. These equations may then be used to solve

for the unknowns jy, y,, K, and W. The equation appHes to

WBCO attenuators operating in a single mode. With addi-

tional modes or with other types of continuously variable

attenuators, a larger number of constants may be required

to describe the system.

The system of Laverick uses the phase shifters to set the

other two branches 180" out of phase with the "unknown"

branch. The three branches are adjusted for equal output by

nulling the "unknown" branch against each of the other

two. The three branches are connected together and the

attenuator to be calibrated in the "unknown" branch is set

for a new null. This corresponds to a 6.02-dB change in at-

tenuation. Repeating the operation by switching the fixed

branch in and out yields attenuation increments of 3.52 dB,

2.50 dB, etc. (voltage ratios of 2, 3/2, 4/3). The chief ad-

vantage of this method is that no equations need be solved,

while the major disadvantage is that the test attenuator

must be continuously variable and the calibrated incre-

ments are 6 dB and less.

A number of sources of error are present with these sys-

tems of measurement even though those associated with the

attenuation standard have been eliminated. For example,

there are reflections at the insertion point of the test at-

tenuator that cause errors, and changes in reflection that

aff"ect the power division between channels. Further, there

are changes in the Laverick system caused by readjustment

of phase shifters, and, in both systems, by frequency drifts

that cause changes in level.

Limited resolution in these methods causes a srnall error

each time that the signal in any channel is adjusted to pro-

duce a detector null. This error is influenced by detector

sensitivity, attenuator repeatability, and noise level. These

errors have a cumulative effect as each step is taken in the

measurement process; however, with care these methods

can achieve measurements up to 20 dB with uncertainties

of less than 0.02 dB. Variable attenuators which do not

produce large changes in phase shift are best suited for

calibration by these techniques.

Other methods not requiring a standard attenuator have

been described by Peck [51-c] and Davies [51-d]. In one of

the methods described by Peck, the response of the detector

must vary linearly with the magnitude of the signal ampli-

tude. The constants in the linear relationship are eliminated

by graphical means. The accuracy of this method is pri-

marily limited by the linearity of the detector and by the

precision of the graphical analysis.

The method of Davies utilizes two "identical" directional

couplers and a two-channel circuit. The adjustment of

phase shifters is not required. The accuracy is stated to be 1

percent of the attenuation in decibels, in contrast to the

estimate of 0. 1 percent by the method described by Laverick

[51-b].

E. Impedance Technique

This technique determines the attenuation of a two-port

over a range of 1 to 20 dB with fair accuracy by the mea-

surement of input impedance at ^ach port, with the other

port terminated in a specified manner. Such a determina-
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tion is derived from network theory. The methods and

procedures used at microwave frequencies differ from those

used at lower frequencies and bear description.

The method to be described [52] places no limitation on

the attenuator except that it be a passive, reciprocal, linear

network.

The two components of attenuation, reflective and dis-

sipative attenuation, are obtained separately. Let the two

attenuator ports be designated 1 and 2. The reflective at-

tenuation is given by

= lOlogio '

where (7i„ is the VSWR at port 1 with port 2 terminated in a

matched load. This measurement is readily made with a

good standing-wave machine. The matched load is obtained

by tuning any available load at the frequency of interest.

The dissipative attenuation component is obtained by

reversing the attenuator, and replacing the matched load

with a lossless variable reactance normally consisting of a

short-circuited section of transmission line of variable

length. The reflection coefficient measurement made with

this configuration is a function of the terminating reactance

and has a circular locus when plotted in the reflection co-

efficient plane. The radius R2 of this circle is equal to the

efficiency r]^. The corresponding equation for the dissipa-

tive attenuation is

Aa = 10 logio — = 10 logio 4"-
'Im ^2

Ai^ and A^, so determined are valid only when power ffows

from port 1 toward port 2.

The method is potentially as accurate as the normal power

ratio method of measurement. In practice, difficulty is en-

countered in approaching a perfectly matched load and

lossless variable reactance.

If the method is attempted with a tuned reffectometer

instead of a standing-wave machine, some of the problems

in obtaining the reflection coeflicient circle are eliminated

and the uncertainty of measurement correspondingly re-

duced. This method seems best suited to be used when
measuring the attenuation of a two-port whose input and

output ports are diff'erent configurations. Such a device

might have a rectangular waveguide input and a coaxial

output.

A more general technique [53] permits the determination

of the attenuations of nonreciprocal or active devices. This

method has limited application at present and the mea-

surement is usually performed by other, more common,
methods.

F. IF Substitution

This technique has become the most widely accepted and

versatile method of performing attenuation measurements

over a wide range with excellent accuracy. In simplest terms

it involves frequency translation from a higher microwave

frequency to a lower frequency, typically 30 or 60 MHz.
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At the lower frequency adequate standards of extreme

precision are commercially available. The technique in-

volves use of an extremely low modulation index to ap-

proach one-to-one correspondence between changes in

power levels of the microwave and intermediate frequencies.

The mixer is generally a point contact silicon diode,

operated single-ended or balanced with the local oscillator

power adjusted so that the crystal is operating in the linear

power-conversion region. When the signal power is main-

tained 30 dB below the local oscillator level, the IF output
level will track the signal level within 0.001 dB over a 55-

to60-dB range. Noise creates increasing system nonlinearity

for greater ranges. If nonlinearities of the order of 0.01 dB
can be tolerated, the range can be increased to 80 dB by

operating at both higher and lower signal levels without

calculating corrections. (See Fig. 15 and earlier articles

[21-m], [54], [56].)

Several system configurations are possible with this mea-

surement technique. Although the basic method is called IF

substitution or IF pl-us partial RF substitution [48], the

commonly used systems are of the series substitution or

parallel comparison type.

The series substitution scheme involves maintaining a

constant level at the detector with the accompanying prob-
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lems of detector and source instability and drift. Audio

modulation of the microwave signal is usually employed to

narrow the effective bandwidth for low-level operation, but

this technique must be used with care because of the possi-

bility of introducing additional error.

The series substitution method is shown in Fig. 9. It is

self-explanatory and represents a convenient, accurate mea-

surement method. The major objection to this system, in

spite of its simplicity, is the high minimum insertion loss of

the standard WBCO attenuator. Modulation is shown ap-

plied to the local oscillator, but could be just as easily

applied to the RF source if care is taken to prevent the intro-

duction of frequency modulation. The use of more sophisti-

cated equipment to phase-lock and level-stabilize the RF
sources, noise injection, and coherent detection can extend

measurement range and decrease random measurement

error. Most of these schemes depend on the equipment

available to the laboratory and the competence and in-

genuity of the metrologist.

The parallel comparison technique is the other major IF

method. Two approaches to system configurations are

shown in Figs. 10 and 1 1 . Close inspection of the two figures

reveals that the two approaches are very similar. In the case

of the Gainsborough system [21 -c], continuous comparison
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of the relative levels of the two channels is accomplished by

a sampling switch. The availability of semiconductor

switches makes this a very attractive system to increase

measurement range beyond the capability of the series

configuration. The limitation of the high minimum insertion

loss of the IF standard attenuator is circumvented and

single-step measurements of 90 or 100 dB are possible. The
linearity of the mixer is unchanged, however, and sub-

stantial error will be present for attenuation increments be-

tween 70 and 100 dB. For a given mixer, linearity curves

may be plotted and corrections applied. The switch can in-

troduce a subtle error that becomes very unsubtle at large

attenuation increments. Cross-talk within the switch, which

is never equal for the two switch positions, will create an

offset error which may be difficult to recognize. To elimi-

nate this problem and easily allow the use of synchronous

detection to minimize random effects due to noise, the

Weinschel system shown in Fig. 10 was developed [54],

[55], In this system, the two channels are square-wave-

modulated in counterphase at an audio rate. This has the

effect of alternately switching the two channels into one IF
amplifier. The composite signal will consist of the IF fre-
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quency plus an audio modulation component. If the duty

cycle and phase are properly adjusted and the IF levels are

identical, the audio modulation will approach zero and a

null at this frequency can be detected.

The IF source will have a lower noise level than the IF

derived from the mixer. This will create an offset in detected

dc level and a corresponding measurement error. This prob-

lem can be minimized by noise injection to provide balance

for a no-signal condition [70]- [72].

In both systems, some form ofAGC must be employed to

maintain constant detection sensitivity since the input power

to the IF amplifier is constantly changing. AFC should be

employed to provide close agreement between the mixer IF

output frequency and the frequency of the comparison IF

source.

An approach which permits simultaneous phase and at-

tenuation measurement has been reported but requires

complex equipment in its realization [56]. The basic system

is shown in Fig. 12. It has no modulation and indicates

balance when a CW null is achieved at the IF frequency.

The signal channels must be coherent and means must be

provided for shifting the phase of the IF frequency. Since
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phase is preserved in the mixing process, a phase shift in the

measurement channel can be measured by placing a cali-

brated IF phase shifter in the reference channel. The at-

tenuation is measured in the usual way with the standard in

the reference channel. No range increase was reported with

this system, but simultaneous attenuation and phase mea-
surements are sometimes desirable.

The present state-of-the-art indicates that the greatest

range and versatility can be obtained with IF techniques,

although greater accuracies over limited ranges can be

achieved with other methods. The homodyne and subcarrier

systems promise equivalent performance but have not been

widely implemented.

G. Modulated Subcarrier

An attenuation calibration system was developed at

NBS, using a modulated subcarrier [57], [58]. This method

of measuring attenuation difference utilizes commercially

available components to obtain resolutions of 0.0001 dB
and 0.02 dB at 0.01 dB and 40 dB, respectively, and ac-

curacies comparable to those of the best previously avail-

able systems. In this system, a single unmodulated signal

source is divided into two channels as shown in Fig. 13.

The unmodulated channel contains a phase shifter, while

the modulated channel includes the device under test. The
modulating signal is also fed through a phase shifter to the

standard audio attenuator. The RF signals are combined

and fed to a phase-sensitive detector, where they are com-

pared with a signal from the standard audio attenuator at

the modulating frequency.

The modulated subcarrier technique has some advantages

over the IF substitution technique which are as follows: 1)

requires only one RF signal source, 2) uses easily obtainable

and accurate commercial audio standards, 3) allows the

determination of the phase shift of the device under test,

and 4) has high resolution at low values of attenuation. Its

disadvantages are as follows: 1) the measurement is not as

easily nfiade, 2) the range is less than a comparable parallel

IF substitution system, 3) there are new sources of error,

and 4) is somewhat more difficult to set up.

Systems such as this, employing two parallel microwave

channels, are best suited for the measurement of incre-

mental attenuation. If the system must be opened to insert

an attenuator, substantial error may be introduced because

the reference channel must be opened also. This limitation

is most pronounced in systems using rigid transmission

lines. The modulated subcarrier system is well suited for the

calibration of rotary-vane attenuators because of small

changes in phase of these attenuators and because of their

high resolution at low values of attenuation. For the mea-

surement of a fixed attenuator a waveguide section of equal

length can be substituted to complete the waveguide circuit

but the attenuation of this section also introduces an error.

There are other errors to consider in the measurement of

attenuation with the modulated subcarrier technique. In

making a measurement, the necessary phase shift adjust-

ment can cause amplitude changes that are unknown. Other

causes of errors are imperfect isolation between channels,
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modulation instability, ground loops, and pickup at the

modulation frequency.

H. Measurement of Small Attenuation [59]

Attenuation measurement of the order of 0. 1 dB or less is

of interest in determining the attenuation of connectors and

other low-loss components, typically short waveguide sec-

tions.

Several convenient techniques have been described m the

literature, ranging from direct substitution to impedance

standards. A very simple technique [59-c] treats a wave-

guide section as a transmission cavity with coupling ac-

complished by means of precalibrated irises. The measure-

ment is repeated with different lengths of waveguide and

differences are obtained. The loss is measured with a preci-

sion rotary-vane attenuator.

Audio substitution techniques are also effective but re-

quire more elaborate equipment [59-d, e].

Another method having high resolution and accuracy

uses a two-channel configuration with a CW null being ob-

tained with a phase shifter and an attenuator [59-f]. The

frequency is selected to make the two-port a half wave-

length. At this frequency, as no adjustment of the phase

shifter is required to restore the null, the phase shifter is

eliminated as a source of error. Using a rotary-vane at-

tenuator as a standard, a precision of 0.001 dB is readily ob-

tained.

It is also possible to effectively determine small losses by

measuring the VSWR of a short-circuited section of cable

or waveguide [58-a, b].

VI. Errors Related to Calibration Systems

Advancement in skill generally improves the precision of

measurement, but the effort to provide a corresponding

improvement in accuracy requires the re-examination of

errors previously regarded as negligible. Confidence in a

precise measurement of attenuation is justified only when

all the errors are accounted for to the best of one's ability.

When an interlaboratory standard is calibrated the value

assigned to the standard is reported to be correct withm cer-

tain limits. Errors that determine these limits are both sys-

tematic and random. A systematic error often has a uni-

directional bias while random errors present in the measure-

ment tend to be positive or negative with equal probability
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[22-c]. Some errors have both systematic and random com-

ponents that are not easily separable.

In the measurement process some of the errors are ran-

dom in nature and their effect is reduced by averaging the

result of a number of measurements. An example of the

random error is the operator's inability to reset the indica-

tor dial exactly to the reference position after adjusting the

attenuator under test. Some systematic error could also

exist, depending on the habits of the metrologist, for ex-

ample, the way he views the indicator dial.

An important source of error in any measurement method

relates to alignment of the device under test with the rest of

the system. The error due to this factor is most pronounced

in systems which must be opened to accommodate the un-

known attenuator and then closed. To reduce this error,

"optical" alignment benches, rolling equipment on tracks

[76] and special slides are all effective.

A. Mismatch Error

Both systematic and random error can be considered in

the evaluation of the mismatch error at the insertion point

of a calibration system. The ordinarily systematic error in a

given "matched" system can be made random by suitably

changing or adjusting a portion of the system between

measurements. However, even without adjustment, a small

random component can be introduced if there are changes in

frequency between measurements.

The errors in the measurement of standard attenuation

due to mismatch and to connector deficiencies have been

analyzed [7], [8], Regardless of the method of measurement

the interaction of system reflections and reflections from the

attenuator constitute a significant source of error. The mis-

match errors for fixed pads and variable attenuators have

been analyzed [48], [60]- [62] and graphs [63] are available

for rapid estimate of error limits. Figure 14 is an example of

such a graph.

It cannot be overemphasized that a major stumbling

block in accurate attenuation measurement is the connect-

ing mechanism. To expend great effort in reducing other

system errors without a corresponding effort to improve

connectors is a waste of time. Some commercially available

connectors for coaxial systems contribute errors due to

mismatch, leakage, and repeatability that can be equal in

magnitude to all other errors combined. Coaxial connectors

of high precision, suitable primarily for laboratory use,

have recently become available. General precision versions

of these connectors suitable for field use may eventually

reduce typical mismatch error by an order of magnitude.

The same mismatch problems exist with waveguide

flanges, although to a lesser degree. Precision standardized

flanges will be necessary on interlaboratory standards be-

fore further accuracy improvement is possible.

To determine and correct for mismatch error requires

information on both the magnitudes and phases of a num-
ber of reflection and scattering coefficients. Usually only

their magnitude is readily determined. This allows calcula-

tion of the limits of error without regard to where the error

may lie between these limits. Further, the accuracy to which
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nonreflecting conditions can be recognized is limited. Thus,

limit of mismatch error is really a cautious limit on the

ability to determine how closely one has approached the

desired nonreflecting condition. Attempts to eliminate mis-

match error by special techniques have apparently not been

successful [64].

B. Converter Errors

In the IF calibration system the power conversion linear-

ity of the mixer or converter is of primary importance. If

certain precautions are not observed significant linearity

deviations will occur. In order to reduce these deviations

from linear power conversion, the signal level incident on

the mixer must be substantially lower than the incident local

oscillator power. Experimentally it has been shown that the

deviations remain less than 0.01 dB for a range of at least 60

dB, provided the signal power m the mixer is at least 21 dB
below the local oscillator power in the mixer [21-m], [54].

Figure 15 shows the deviation from linearity computed for

an ideal crystal mixer. This curve is based on an analysis of

envelope detection in the ideal mixer. In practice other fac-

tors such as change in conversion efficiency, the actual

curvature of the I-V characteristic, and effects as yet un-

defined cause deviations from this curve. Some analysis

of this error has been done [54], [56], [65] but additional

work will be required if all the sources of error in the IF

method are to be reduced to the point where 0.001 dB is

significant. The careful metrologist will run linearity curves
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using a "bootstrap" technique to evaluate each mixer he

uses.

Others errors normally associated with the converter can

be caused by instability of the local oscillator signal level and

frequency, pulling of the local oscillator by load changes,

and instability of the crystal.

C. Instability of Signal Source

The magnitude of signal source instability in a calibration

system is a major factor in limiting the ability of the operator

to return to the previous reference level. For an incremental

attenuation measurement the operator makes two settings.

An output fluctuation of +0.005 dB could cause an uncer-

tainty of +0.010 dB under the most unfavorable condition.

Frequency instability of the source will cause changes in

the output level of a calibration system using frequency-

sensitive components. The use of stable power supplies and

water cooling [66], [67] of the oscillator permits output

fluctuations of the system caused by signal source instability

to be held to about +0.02 dB. The system stability can be

improved by an order of magnitude if the oscillator is phase-

locked to a harmonic of a stable source operating at a lower

frequency, locked to a reference cavity, or using stable fre-

quency injection.

D. RF Leakage

The RF energy received by the detector from paths other

than through the attenuator under test can be termed leak-

age [68]. The magnitude of this type of error during a mea-

surement depends on the imperfection of system compo-

nents and the decibel value of the measurement. (It also de-

pends upon the relative phases of the energies reaching the

mixer by different paths.)

For values of measurement less than 40 dB the leakage

eff"ect usually is not a serious problem. When the leakage

present is large, the movement of a metal object near the RF
source may aff'ect the output. Another possible way to de-

tect leakage is to progressively increase the attenuation in

the RF section of the circuit until no further decrease in the

output level can be observed ; then, the residual signal is due

to either leakage or noise. It is possible to tell the difference

by observing the character of the output signal, or by turn-

ing off the oscillator. Since the phase of leakage energy is so

important, one can insert a half-wave section of transmis-

sion line in front of the test attenuator and observe the re-

sult. If leakage is present, the output will change radically.

With the use of an auxiliary receiver having a cable and

movable probe, the source of leakage can sometimes be

located by exploring the vicinity of joints and connectors.

In order to measure high values of attenuation, it is usually

necessary to place the oscillators in shielded enclosures, to

use gaskets at joints, to reface flanges, and to wrap leaking

components with steel wool, metal mesh, or use magic.

Both systematic and random components are in the errors

caused by leakage. By varying the phase of leakage in some
manner from one measurement to another, the errors can

be made more random. This can be accomplished by making
each measurement at a different frequency or by using a line

stretcher to change the phase of the RF that reaches the

mixer by the desired path through the attenuator.

E. Noise

The uncertainties that are caused by noise in attenuation

measurements are less than 0.005 dB when the signal levels

in the system are at least 30 dB above the noise. However,

the measurement of large values of attenuation requires a

large amount of IF attenuation and shifts the reference level

of the output signal toward the noise level. This noise may
originate from such components as the IF amplifier, the

mixer, the local oscillator, or the signal source.

In the single-channel IF substitution system with no IF

preamplifier, the same signal level is presented to the IF

amplifier with the test attenuator in or out of the system;

thus, the noise generated in the IF amplifier has little effect

on the measured value of attenuation other than to decrease

system resolution and increase random error.

The noise originating in the mixer has a greater effect on

the system output during a measurement when the IF at-

tenuator is at its lower, or reference value, and a lesser effect

when it is set to the greater value of attenuation. In mea-

suring a large attenuation increment, the detector input sig-

nal from the IF amplifier is composed of different com-

ponents, amplified signal and noise in one case, and chiefly

amplified signal in the other. When noise is present, less

signal is required for a given indication and the IF at-

tenuation change is less than the RF change. Thus, the ap-

parent measured value of RF attenuation will be too low

[69].

Noise generated in the RF circuit will have a different

effect depending on whether it originates ahead of or behind

the RF attenuator being measured. If it originates ahead of

the RF attenuator it will have very little effect since the

signal-to-noise ratio will tend to remain constant as the

attenuator is varied. If it originates after the RF attenuator,

it will have a similar effect to noise originating in the mixer

and will create a similar error.

The best way to offset noise error in measuring large at-

tenuation increments is to inject noise into the IF channel

[70]-[72]. If this is carefully done, the error diie to noise

offset can be minimized. The undesirable noise originating

in the local oscillator can be decreased by using a balanced

mixer. The random effects of noise can be reduced sub-

stantially by synchronous detection at the intermediate

frequency, since the effective bandwidth is readily reduced

and intermodulation noise content is removed. The non-

linearity effects due to noise can also be reduced by calibrat-

ing the system by progressively decreasing the signal level

in known increments.

F. Errors Associated with the Device Under Test

Certain sources of error are related directly to the char-

acteristics of the device under test. The most common in
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attenuation measurement is the mismatch error which de-

pends upon the reflections between the device and the in-

sertion point. However, equations in an article by Beatty

[60] show that the mismatch error will disappear regardless

of the reflections from the device under test if the system

itself has no reflections. Since we cannot achieve a reflec-

tionless system, in practice, for a given system the uncer-

tainty of attenuation measurement will have lower limits for

the device having the lower reflections.

Poor construction, wear, and improper design of the con-

nectors on an attenuator will cause deviations in the mea-

surement of insertion loss or attenuation. Also, due to

mechanical defects in a variable attenuator, one may not be

capable of repeating the same value of incremental at-

tenuation. With an inexperienced operator these defects in

the device may be mistaken for system errors rather than

malfunctions in the device under test.

G. Errors in the Standard Attenuator

The errors in the standard WBCO attenuator are basic

and have been discussed previously in Section III-C. With

proper design, construction, and operation, these attenua-

tors approach measurement uncertainties of 0.001 dB at 20

dB [21 a-n].

The uncertainties associated with dc and audio standards

are discussed in Section III-B. Detailed analyses of their

errors are left to other sources [17]-[20].

Conclusion

It is essential to carefully describe the attenuator to be

measured and the measurement conditions. Unless this is

done it is impossible to transfer an attenuation measure-

ment without imposing uncertainty limits that reduce the

value of a calibration.

The present state-of-the-art in attenuation measurement

offers many methods to measure attenuators [77]. The ac-

curacy or range required will determine the most suitable

method. It is also possible to measure attenuation without

reference to a standard attenuator. Systems are available

for the measurement of attenuation and phase shift, but

where extreme accuracy is required these systems have not

been widely implemented.

Presently, the dc substitution technique can claim the

lowest uncertainty: ±0.0001 dB at 0.01 dB. A range of 150

dB is obtainable at 30 MHz using a WBCO attenuator of

high accuracy in a series-parallel substitution arrangement.

TheWBCO attenuator is presently the most important stan-

dard for wide-range measuring systems and promises to be

so for some time to come, as it is simple, accurate, and

reliable.

The rotary-vane attenuator has potential as a standard,

and could even be used as an "IF" standard to minimize

frequency translation ratios for millimeter attenuation

measurement. Optical techniques are generally followed

above this region.
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UHF and Microwave Phase-Shift Measurements

DOYLE A. ELLERBRUCH

Abstract—A phase-shift standard, a measurement system, and the tech-

niques for determining the corresponding limit of uncertainty are all required

for obtaining the phase-shift characteristics of UHF and microwave com-

ponents.

Differential phase-shift standards, measurement techniques, and measure-

ment uncertainties are ali discussed in a general sense and a comprehensive

bibliography is included to supplement the general discussion.

I. Introduction

PHASE-SHIFT calibration of UHF and microwave

components can be accomplished provided that the

following three ingredients are available: a phase-

shift standard or components that can be assembled to serve

this purpose, a measurement system, and the techniques for

determining the corresponding measurement uncertainty.

Many different phase-shift standards and many different

measurement techniques exist today and the development of

most of them has been reported in the literature. The results

of careful analysis of particular standards and particular

measurement systems have been reported and a number of

general review papers have also been published [1]-[12].

The limits of uncertainty are discussed to some extent in

practically every measurements publication; however,

there has been no general discussion of the uncertainties

involved in the measurement of phase shift.

The prime objective in this paper is to report on the state-

of-the-art of differential phase-shift measurements at UHF
and microwave frequencies. Differential phase-shift stan-

dards, measurement techniques, and measurement uncer-

tainties are discussed. Technical criteria that should be

considered when selecting a standard or a measurement sys-

tem are given and techniques for minimizing the limits of

uncertainty are included. All the discussion is of a general

nature; a bibliography is included to supplement the gen-

eral discussion.

II. Differential Phase-Shift Standards

Differential phase shift is defined in this paper as "the

magnitude of the change in phase of a field quantity at the

output of a two-port network which is produced by an
adjustment of the characteristics of the two-port network."

A differential phase-shift standard is then a network, or

device, whose phase-shift characteristics are known, within

a limit of uncertainty.

The uncertainty associated with a differential phase-shift

standard is usually of major significance; therefore the

choice of a phase shifter as a standard is governed primarily

by the limit of uncertainty that is prescribed for the measure-

ment. Other technical criteria that must be considered when
selecting a standard include the phase shifter's loss char-

Manuscript received February 9, 1967; revised March 3, 1967.
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acteristics, its operational frequency bandwidth, its maxi-

mum differential phase shift and its ease of operation.

Each differential phase shifter is designed to operate in

either the analog (continuous) or the digital (stepped)

mode. The discussion here is centered on analog phase

shifters because digital phase shifters have found little ap-

plication to date as standards. The design and performance

of digital phase shifters have been discussed in several

articles [33], [35], [38].

The class of analog phase shifters can be subdivided in

several different ways. In this discussion they are subdivided

into four general groups entitled reflection-type phase

shifters, line-stretcher phase shifters, dielectric phase

shifters, and electrically controlled phase shifters.

A brief discussion of the principles of operation for a

number of devices in each group follows. Each phase shifter

is examined with respect to the selection criteria outlined

above and the factors which limit the uncertainty are

pointed out.

A. Reflection-Type Phase Shifters

Reflection-type differential phase shifters can be quickly

constructed in the laboratory from multiport components

and sliding short-circuit terminations [35]. Three different

arrangements are shown in Fig. 1 . In all three arrangements,

OUTPUT 720 AL

input-

input

X
(a)

-|— —output

(b)

A«//

720 AL

720 AL

output-^ -f-

INPUT X
(c)

Fig. 1. Reflection-type phase shifters. The differential phase shift Ai/f

is a function of the displacement of the movable portion AZ, and the

waveguide wavelength Xg. (a) Directional coupler arrangement, (b)

Circulator arrangement, (c) Three-dB symmetric hybrid arrangement.

226-960



the output signal is derived from the reflected signal. A
diff"erential phase shift is produced when the positions of the

short circuits are changed. Ideally, the amount of differ-

ential phase shift is determined only by the displacement of

the short circuits and the waveguide wavelength.

A directional coupler is illustrated in Fig. 1(a). Consider-

able mismatch exists at the input (port 1) of this arrange-

ment because port 2 is terminated in a short circuit. Assum-

ing that a 10-dB directional coupler is used, the theoretical

return loss as seen at the input is 0.92 dB, which corresponds

to an input reflection coeflicient of approximately 0.9.

Analysis shows that both ports must be connected to a well-

matched system in order to minimize the uncertainty caused

by the mismatch.

The tolerance involved in the measurement of short-

circuit displacement, the dimensional tolerance of the wave-

guide, and the frequency instability of the UHF or the

microwave signal each cause various amounts of measure-

ment uncertainty. Analysis shows that a limit of uncer-

tainty of +1.0 degree is typical at 10 GHz if commercial

components are used. A limit of uncertainty on the order of

±0.1 degree is possible if matching transformers, a preci-

sion waveguide section, and other special equipment are

properly used.

The phase shifter's input reflection coefficient is reduced

if a circulator is used in place of the directional coupler, as

shown in Fig. 1(b). It is necessary to use this phase shifter in

a well-matched system in order to maintain a minimum limit

of uncertainty. The limit of uncertainty with the circulator

arrangement is, in principle, the same as that for a direc-

tional coupler arrangement. However, circulators are not

widely used in this application because they are not avail-

able for all frequencies; those in existence are relatively

narrowband devices, and they are not found in as many
measurement laboratories as are directional couplers.

A variety of hybrid junctions, such as E-H tees, magic

tees [18], 3-dB directional couplers, rat races [20], and

ring circuits [20], are suited for use in reflection-type phase

shifters. The 3-dB symmetric hybrid, shown in Fig. 1(c), is

especially convenient because it is easy to couple together

the sliding short ciruits in waveguides which have parallel

axes [24].

The signal incident on port 1 is divided equally between

ports 2 and 3 and the characteristics of the hybrid cause the

signal components emerging from those ports to be in phase

quadrature. These signal components travel paths of equal

length and are reflected by a pair of short circuits. The re-

flected signal from each short circuit is divided equally

between ports 1 and 4, resulting in two signal components
emerging from both ports 1 and 4. The reflected signal com-
ponents emerging from port 1 cancel while the reflected

signal components emerging from port 4 add. Therefore, a

reflected signal emerges from port 4 only and the phase

shifter is, in principle, matched at its input (port 1).

The uncertainties in this arrangement are caused by super-

position of the residual reflections from the phase shifter

and from the system to which it is attached, the uncertainty

in measuring the displacement of the short circuits, and the

frequency instability of the UHF or the microwave signal
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source. The limit of uncertainty for the hybrid arrangement

has a range of +(0.25-3.0) degrees, depending upon the

components used and the frequency of the UHF or the

microwave signal.

Typical insertion losses of the devices in Fig. 1 are ap-

proximately 6, 10.5, or 20 dB for the directional coupler

(corresponding to the use of either a 3-, 10-, or 20-dB direc-

tional coupler, respectively), 1 dB for the circulator, and 0.1

dB for the hybrid junction. Typically, the change of inser-

tion loss that occurs when the phase shifter is adjusted will

be less than 0.05 dB at frequencies up to 12 GHz.
The phase shifters shown in Fig. 1 can be constructed

from either coaxial or rectangular waveguide components.

The maximum differential phase shift that can be produced

with any of the arrangements is determined by the wave-

guide wavelength and the maximum displacement of the

short circuits. For example, a differential phase shift of 360

degrees will be produced in a coaxial waveguide arrange-

ment if the short-circuit position is changed 1 5 cm when the

frequency is 1 GHz and a displacement of 1.5 cm will pro-

duce a differential phase shift of 360 degrees if the frequency

is 10 GHz.

B. Line-Stretcher Phase Shifters

Line stretchers operate by changing the length of wave-

guide in a portion of the circuit, which results in a change in

the electrical length of that circuit [17], [19], [20], [28].

This change of length is accomplished by sliding together

two waveguides of slightly different sizes, as illustrated in

Fig. 2.

In the telescoping type, shown in Fig. 2(a), the change in

electrical length is proportional to the displacement of the
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Fig. 2. Line-stretcher phase shifters. The differential phase shift Ai/' is a

function of the short-circuit displacement AZ. and the waveguide wave-

length kg. (a) Telescoping-type line stretcher, (b) Trombone-type line

stretcher, (c) Slotted-line-type line stretcher.
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movable portion, while in the trombone type, shown in

Fig. 2(b), the change in electrical length is proportional to

twice the displacement of the movable portion. This is

significant in that the telescoping type must have a dis-

placement capability of twice that for the trombone type

in order to produce an identical differential phase shift,

assuming that the waveguide wavelength is the same in both

configurations. But for a given uncertainty in displacement

measurement, the phase-shift uncertainty of the trombone

type is twice that for the telescoping type. However, the

trombone type is usually used because of its convenience of

installation and operation.

It is ordinarily required that a line stretcher be capable of

producing a differential phase shift of at least 180 degrees if

it is to be useful. Thus, the maximum change of length of a

line stretcher usually limits the lower frequency of opera-

tion. If a telescoping line stretcher of coaxial waveguide has

a maximum length variation of 15 cm, for example, the

lower frequency limit would be 1 GHz. It would still operate

satisfactorily at lower frequencies, but it would produce less

than 180 degrees of phase shift. For rectangular waveguide

line stretchers, the practical lower frequency limit is that

recommended for the waveguide, but it would still operate

at frequencies down to the cutoff frequency of the wave-

guide.

The upper frequency limit of a line stretcher is usually

determined by its deterioration of performance due to re-

flections whose effects increase with frequency. These re-

flections arise from unavoidable discontinuities which occur

at the steps where a telescoping tube slides over another tube

of slightly smaller dimensions. Usually attempts are made
to compensate for these discontinuities, but as the fre-

quency increases the compensation will eventually become
ineffective. In the case of a rectangular waveguide line

stretcher, the practical upper frequency limit may be that

recommended for the waveguide so that higher modes are

not excited.

In addition to the need to compensate for unavoidable

discontinuities, there are several other considerations which

are important in the design of line stretchers : 1 ) it is desirable

to maintain a constant impedance as the line is lengthened,

even though waveguide dimensions must be different in the

movable portion than in the fixed portion, 2) it is desirable

to have no "noise" or variation of Impedance caused by

sliding contacts or the transition from the fixed portion to

the movable portion, 3) leakage from the unavoidable

joint between fixed and movable portions of the line

stretcher should be minimized, 4) the waveguide of which

the line stretcher is made should have uniform dimensions,

and 5) the drive mechanism (if used) for the movable por-

tion should operate smoothly.

The limit of uncertainty of commercial coaxial and rec-

tangular waveguide line stretchers ranges from +(0.1-1.0)

degree for the frequency range of 1-12.4 GHz, the uncer-

tainty increasing with frequency. The bulk of the uncer-

tainty is caused by interaction between the residual reflec-

tions from the line stretcher and the system where it is at-

tached, the uncertainty in measuring the displacement of the

movable section, and the frequency instability of the UHF
or the microwave signal source.

The insertion loss for both the telescoping and the trom-

bone line stretcher is low, 0.5 dB or less. The change of inser-

tion loss caused by changes in line length is less than 0.05

dB at frequencies up to 12.4 GHz. The maximum differ-

ential phase shift that can be produced with either the tele-

scoping or the trombone type is dependent upon the maxi-

mum displacement of the movable portion and the wave-

guide wavelength.

Another arrangement which is classified as a line stretcher

in this discussion is shown in Fig. 2(c). The slotted section

is terminated in a matched load. A small portion of the

UHF or the microwave signal is coupled out of the slotted

section with a probe, and a differential phase shift is pro-

duced by changing the probe position. A major uncertainty

is caused by the mismatch of the terminating element. As an

example, if the terminating element has a VSWR of 1.10,

uncertainty in the phase shift is on the order of ±2.5 de-

grees, while a VSWR of 1 .50 could result in an uncertainty

of ±12.0 degrees. The maximum differential phase shift

that can be produced with this arrangement is dependent

upon the maximum displacement of the probe and the

waveguide wavelength.

The insertion loss of the slotted-line device is typically 20

dB and the typical change of insertion loss over the range

of phase shifts is less than 0.05 dB.

C. Dielectric Phase Shifters

A differential phase shift is produced when a strip of

dielectric material is placed within a waveguide as shown in

Fig. 3(a). The change is sma'l if the dielectric strip is placed

in the weakest portion of the electric field and a larger

change is produced if the dielectric strip is placed in a

—I—

(a)

I hp

( t )

Fig. 3. Dielectric-vane phase shifters. The differential phase shift Aij/
'

of the rotary-vane phase shifter is a function of the vane rotation A6.{a) i

Dielectric vane in rectangular waveguide (TE,o mode), (b) Rotary-

vane phase shifter in circular waveguide (TE, , mode). The differential

phase shift A(/> is a function of the differential rotation angle AO. '
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stronger portion of the electric field. Hence, a differential

phase shifter can be constructed by mounting a movable

dielectric vane [17], [19] in rectangular waveguide (TEjo

mode). Vane-type attenuators can be converted into differ-

ential phase shifters by replacing the lossy vane with a

dielectric vane. Dielectric materials such as polystyrene and

glass have been used in that conversion.

The maximum differential phase shift that can be pro-

duced with the arrangement shown in Fig. 3(a) is a function

of the vane dimensions, the vane material, and the micro-

wave frequency. Usually a differential phase shift of at least

90 degrees can be produced with a repeatability ranging

from a few tenths of a degree to + 3.0 degrees. These phase

shifters are not direct reading devices; they must be cali-

brated at each frequency of use because their characteristics

are not accurately predictable.

In the rotary-vane phase shifter [16], [21], a differential

phase shift is produced when the angular position of a

dielectric vane is changed, as shown in Fig. 3(b). Because

the principle of operation of the rotary-vane phase shifter

cannot be briefly summarized, it is not discussed here. In

practice, circular waveguide operating in the circularly

polarized dominant (TEn) mode is used. Fortunately, the

differential phase shift of the device is nearly independent

of the microwave frequency so that the phase shifter's

dial can be marked in degrees and this same scale can be

used for any frequency recommended for that waveguide

size.

Rotary-vane phase shifters are commercially available for

the frequency range 5.0-110 GHz. They are manufactured

with rectangular waveguide inputs and outputs. Their

specified limits of uncertainty range between ±(2-5) de-

grees, depending upon the waveguide size and the frequency

of operation. A differential phase shift of unlimited magni-

tude can be produced if one continues to rotate the dielectric

vane. The insertion loss for these devices ranges from 1 .0

to 2.0 dB for any frequency and for any dielectric vane angle.

D. Electrically Controlled Phase Shifters

A number of electrically controlled differential phase

shifters have been developed in recent years and the most

prominent in this category are the ferrite phase shifters

[22], [32], [34], [35].

The ferrite phase shifter consists of a ferrite material

placed in a homogeneous dc magnetic field within a wave-

guide and an arrangement for controlling the intensity of the

magnetic field. The maximum differential phase shift for

these devices is typically 500 degrees at 10 GHz. The
greatest diflSculty with the ferrite phase shifter is its sensi-

tivity to temperature variations.

Other electrically controlled phase-shifter arrangements

are possible [25 ], [35 ], such as the use of varactors with 3-dB

hybrids, with directional couplers, or with circulators;

however, the difficulties of these arrangements limit their

use as standards. The difficulties include 1 ) nonlinearity of

bias voltage vs. phase-shift characteristics, 2) generation of

harmonics at high power drive levels due to the inherent

nonlinearities, 3) self-biasing which changes the phase-

shift characteristics with respect to biasing current, and 4)

insertion-loss variation which is a function of the bias level

and the level of the UHF or the microwave signal.

III. Differential Phase-Shift Measurement Sysiems

The technical criteria that govern the selection of a mea-

surement system are nearly those given for a phase-shift

standard. Still of prime importance is the limit of uncer-

tainty that is prescribed for the measurement; however, the

operational bandwidth of the system, its ease of operation,

and the effect that an attenuation change has upon system

performance must also be considered.

In this paper three general groups of measurement sys-

tems are considered: single-channel systems, dual -channel

systems, and IF systems. The discussion for the systems in

each group is based upon basic block diagrams which show

only the essentials of the system; matching devices, power

supplies, wavemeters, etc., are not shown.

This discussion is centered upon fixed-frequency measure-

ment systems but it should be noted that equipment has

been developed so that most of the systems are adaptable to

swept-frequency and pulsed-signal operation. References to

articles which treat measurement under swept-frequency or

pulse-signal operation are included in the bibliography

[50], [63], [74].

A. Single-Channel System

Simple arrangements for measuring the differential phase

shift of low-loss, reciprocal components are shown in Fig. 4.

In Fig. 4(a), a slotted section serves as a null position de-

tector. A minimum of the standing wave pattern is used as a

reference to position the probe when the device under test
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UNDER -
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(b)

Fig. 4. Single-channel system arrangements for calibrating low-loss

reciprocal components. The differential phase shift Ai/' is a function of

the short-circuit (or probe) displacement Ai, and the waveguide wave-

length Xg. (a) Single-channel system using a calibrated short circuit

as the phase-shift standard, (b) Single-channel system using a slotted

section as the phase-shift standard.
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is adjusted to its initial dial setting. After the device under

test is adjusted to a new dial setting, the minimum of the

standing wave pattern is restored to the reference position

of the probe by moving the cahbrated short circuit [39],

[40]. The cahbrated short circuit is, in this arrangement,

the differential phase-shift standard.

In Fig. 4(b), the position of the probe is adjusted to re-

store the minimum of the standing wave pattern to its

reference position [39]. The slotted section in this arrange-

ment serves as both the detector and the phase-shift stan-

dard.

An accurate calibration cannot be obtained with the mea-

surement systems of Fig. 4 unless the device under test has

very low reflections (mismatch). Considering the maximum
mismatch for a commercial reciprocal phase shifter

(VSWR = 1 .35), the limit of uncertainty is on the order of

+ 17.0 degrees when calibrated with either of the arrange-

ments of Fig. 4. If the device under test has an input VSWR
of 1 . 1 5, the limit of uncertainty is reduced to +8.0 degrees.

B. Basic Two-Channel System

If the measurement system shown in Fig. 5(a) is used, the

mismatch uncertainty present in the single-channel systems

can be reduced because the device under test is isolated

from the phase-shift standard. For theoretical purposes, the

isolation between the standard and the device under test is

assumed infinite and in the practical situation it must be high

(60 dB or more). A high isolation eliminates the mismatch

interaction between the device under test and the standard.

Furthermore, tuners can be used for minimizing the uncer-

tainty caused by the superposition of residual reflections.

The two-channel terminology is used in this paper when
the UHF or the microwave energy in both channels is

derived from a common signal generator. The signal which

propagates through the phase-shift standard is called the

reference signal, while the signal which propagates through

the device under test is called the test signal.

A null occurs at the detector of Fig. 5(a) when the ref-

erence and test signals have equal amplitudes and their

phase angles differ by 180 degrees. With the device under

test adjusted to its initial dial setting, a null is established

in the detector by adjusting both the phase-shift standard

and the variable attenuator. The device under test is then

adjusted to its next dial setting and, assuming that the levels

of the reference and test signals remain constant, the null is

restored in the detector by readjustment of the phase-shift

standard. The differential phase shift of the device under

test is then equal to the differential phase shift required of

the standard for restoring the null.

If the device under test or the standard should introduce

amplitude variations along with the differential phase

changes, a minimum signal rather than a null will be estab-

lished at the output of the detector. The phase resolution of

the system is seriously degraded if the amplitude of one of

the signals differs from the amplitude of the other by 3 dB
or more. If their amplitudes differ by 10 dB, it may be

difficult to locate a minimum signal.

A null can be restored at each calibration point with the

additional adjustment of a variable attenuator. If the ampli-

tudes of the reference and test signals are equalized at each

calibration point, maximum phase resolution is maintained

in the measurement system. However, the attenuator itself

may introduce small phase changes along with the ampli-

tude changes. In precise measurements the phase changes

caused by the attenuator should be taken into consideration

in order to obtain a suitable measurement uncertainty.

Considerable effort has been spent to reduce the uncer-

tainty of this system since it was originally developed. An
uncertainty on the order of ±0.3 degree is possible if a sys-

tem is carefully constructed and a precise differential phase

shift standard is used [42].

The instrumentation used to indicate the null, or mini-

mum signal condition, in this two-channel system can have

a wide variety of configurations. A simple arrangement con-

sists of connecting a standing wave indicator to the crystal

video detector, provided that the UHF or microwave signal
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Fig. 5. Block diagram of a basic two-channel phase-shift measurement

system and various signal-combining networks, (a) Block diagram of a

basic two-channel system, (b) A directional coupler is the combining

network, (c) A magic tee is the combining network, (d) Slotted sections

are the combining networks.
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is amplitude-modulated at its source. Usually the UHF or

the microwave signal is amplitude-modulated at its source

for instrumemation purposes ; however, modulation is not

essential for operation of the system.

Other instrumentation techniques are shown in Fig. 5.

The signals from the two channels can be recombined with a

directional coupler [Fig. 5(b)] magic tee [Fig. 5(c)], or

slotted section [Fig. 5(d)]. The magic tee of Fig. 5(c) is par-

ticularly useful because it is arranged so that a null is estab-

lished at each calibration point regardless of any attenua-

tion changes that may occur [41], [53], [58]. Thus the

necessity of establishing a null with an auxiliary variable

attenuator is eliminated.

By injecting reference and test signals into opposite ends

of the slotted section, as shown in Fig. 5(d), a standing wave

pattern is set up. The probe is manually positioned so as to

obtain a null at the detector output (or a minimum signal

is observed at the detector output if the reference and test

signals are not of equal amplitude). A phase change caused

by adjustment of the device under test will cause the posi-

tion of the null (or minimum) to shift from its initial posi-

tion within the slotted section, and the differential phase

change produced by adjustment of the device under test is

proportional to the distance that the null (or minimum)
has shifted. (The proportionality constant is ip in the ideal

case, where f} is the phase constant of the slotted section.)

A single-probe arrangement can be used to measure the

distance that the null (or minimum) of the standing wave

pattern has shifted; however, a dual-probe arrangement

has also been used [44]. The slotted section serves as both a

signal recombiner and a phase-shift standard.

C. Two-Channel Systems Which Use Amplitude Modulation

in One Channel Only

The two-channel systems described here utilize amplitude

modulation in only one channel, as shown in Fig. 6. The test

signal is amplitude-modulated at some convenient fre-

quency (usually between 1 and 10 kHz). The modulated test

signal is combined with the reference signal and their

resultant goes into the detector.
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AMPLITUDE
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INDICATOR
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FILTER DETECTOR

Fig. 6. Block diagram of a two-channel phase-shift measurement system
which requires amplitude modulation in only one channel. The differ-

ential phase shift Ai//„ produced by the device under test is equal to the
differential phase shift Ai/*, required from the standard to restore a null.

The bandpass filter is tuned to the modulation frequency.

The amplitude of the detected signal is dependent upon the

amplitudes of the reference and test signals and the differ-

ence between their phase angles. If the amplitudes of both

signals are held constant but the phase angle of one is ad-

justed, the amplitude of the modulation-frequency signal

from the filter will vary between a null and a maximum,
provided the amplitude of the test signal is smaller than that

of the reference signal. In contrast with the case of a stand-

ing wave in a slotted line, here it is not necessary to maintain

reference and test signals of equal amplitude to establish a

null at the indicator. A null will be established in this system

for any relative-amplitude relationship.

Two different types of amplitude modulation have been

used in this system. The original arrangement used a double-

sideband-suppressed-carrier modulator (usually called a

balanced modulator) [61 ]. If a balanced modulator is used,

a null occurs at the indicator when the difference between

the phase angles of the reference and test signals at the de-

tector input is 90 degrees. Since the phase-angle difference at

the null condition (hereafter called the null angle) is inde-

pendent of the amplitudes of the reference and test signals,

the balanced-modulator arrangement is very useful for

measuring the differential phase-shift characteristics of

lossy devices such as variable attenuators.

One difficulty with a balanced-modulator arrangement

lies in trying to locate one which completely suppresses the

carrier signal. Usually a residual signal at the carrier fre-

quency is present at the output of the balanced modulator.

This is undesirable because the null angle is no longer 90

degrees but is now dependent upon the amplitudes of the

test signal and the residual carrier signal.

A system that uses an amplitude modulator which does

not suppress the carrier has been developed [62], [64]. In

this system, called the modulated-subcarrier system, a

change of attenuation in one of the channels will cause the

null angle to change. It is common practice to arrange for

the magnitude of the test signal to be much smaller (by 40

dB or more) than the magnitude of the reference signal.

Then amplitude changes of the test signal will cause the

null angle to change only an insignificant amount. In addi-

tion, a technique has been developed [62] for canceling the

effect of attenuation changes. With that technique, the

modulated-subcarrier system can also be used to measure

the differential phase-shift characteristics of lossy devices,

such as variable attenuators.

Differential phase shifters are usually calibrated in the

systems of Fig. 6 by means of the nulling technique de-

scribed for the basic two-channel system. It is possible,

however, to indicate the phase change in other ways, such as

with an oscilloscope [65] or with a ratio detector [63], [66].

D. IF Systems

Differential phase-shift measurement systems whose
operation depends on the generation of a suitable inter-

mediate frequency (IF) are distinguished from two-channel

systems in that two UHF or two microwave signal sources

are required to generate the IF signal. Differential phase-
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shift information can be transferred from a UHF or a

microwave signal to a signal of lower frequency by two dif-

ferent methods. In both, a differential phase change in the

UHF or the microwave signal appears as a differential

phase change of equal magnitude in the lower frequency

(IF) signal. The actual phase measurement is done at the IF.

Consider first the heterodyne arrangement shown in Fig.

7(a). Mixer 1 develops an IF signal which is used as a ref-

erence signal in the phase meter. Mixer 2 develops an IF

signal whose phase angle tracks the change of phase angle

of the UHF or the microwave test signal. An IF phase

meter, or other devices such as a resolver, can be used to

measure the difference between the phase angles of the two

IF signals.

In the system which uses a single-sideband (SSB) modu-
lator, shown in Fig. 7(b), the UHF or the microwave signal

in the modulated arm is offset in frequency (the frequency

can be either increased or decreased) by an amount equal
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UHF OR
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METER
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Fig. 7. Block diagrams for phase-shift measurement systems whose

operation depends upon the generation of IF signals. The differential

phase shift Ai//„ produced by the device under test is equal to the

differential phase shift of the intermediate frequency signal Ai/(|p.

(a) Heterodyne phase-shift measurement system which uses two UHF
or microwave oscillators, (b) Heterodyne phase-shift measurement

system which uses one UHF or microwave oscillator and a single-

sideband modulator.

to the modulation frequency. Normally the carrier is sup-

pressed in these systems ; however, the theory of measure-

ment for the system where the carrier is unsuppressed has

also been developed [69].

The modulator in the arrangement shown in Fig. 7(b) is

considered to be the second UHF or microwave signal

source. The reference and test signals are combined in the

mixer and the frequency of the signal out of the mixer is

then the same as the modulation frequency. The differential

phase shift of the device under test is determined by mea-

suring the difference between the phase angles of the two IF

signals.

The major disadvantage with the SSB arrangement is the

unavailability of suitable SSB modulators. Usually SSB
modulation is accomplished by applying sawtooth modula-

tion to the helix of a traveling wave tube [71], [73]; this is

often referred to as the serrodyne process.

IV. The Limits of Uncertainty

The limit of uncertainty for each measurement system is a

function of the measurement technique and the quality of

the components used to instrument that technique. Al-

though each measurement system must be analyzed in rela-

tion to its own measurement uncertainties, some uncer-

tainties are common to all systems. The purpose of this sec-

tion is to point out these common uncertainties and to offer

techniques for minimizing their magnitudes.

A . Measurement Uncertainty Caused by Mismatch

This uncertainty is usually the most significant of all

those present in a measurement system. It has been carefully

analyzed [83]- [85] and the results cannot be easily sum-

marized. Therefore, only the results of sample calculations

will be given here to demonstrate the magnitude of this

uncertainty.

Basically the uncertainty is caused by the superposition

of reflections from the phase-shift standard and reflections

from the measurement system as seen at the insertion-point

terminals. Another measurement uncertainty is caused by

the superposition of reflections from the device under test

and reflections from the measurement system at its inser-

tion-point terminals [82]. Both of these uncertainties are

eliminated if the system is reflectionless at the insertion-

point terminals.

For an example, assume that the device under test has a

maximum VSWR of 1.35 at both ports and it is connected

into a system whose insertion-point VSWR's are both 1.10.

The limit of uncertainty caused by the superposition of these

reflections is ±2.0 degrees. If the system VSWR's are both

reduced to 1.05, the limit of uncertainty is reduced to

+ 0.90 degree. If the system VSWR's are both reduced to

1 .006 and the device under test has VSWR's of 1 . 1 5 at both

ports, the limit of uncertainty is +0.05 degree. Tuners are

generally used to reduce these uncertainties to a tolerable

level by reducing the reflections caused by a mismatched

generator or detector in the system.
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B. Measurement Uncertainty Caused by

Frequency Instability

Most differential phase-shift measurement systems are

two-channel systems and thus contain two propagation

paths between the generator and the detector. Because the

electrical lengths of the two channels are seldom equal, a

differential phase shift between the reference and test signals

may be produced at the detector as the frequency of the

UHF or the microwave signal varies. This uncertainty is

related to the frequency instability of the signal source, the

propagation constants of the components in those paths,

and the differential path length [68]. It can be minimized by

equalizing the electrical path lengths between the generator

and the detector. Stabilizing the frequency of the UHF or

the microwave signal source is another means of minimizing

this uncertainty.

The magnitude of this uncertainty is usually negligible

when compared with some of the other uncertainties. As an

example, assume that the frequency in a rectangular wave-

guide system is 10 GHz, that the frequency stability is 1

part in 10*, and that the electrical path-length differential

is 61 cm. For these conditions, the limit of uncertainty is

approximately ±0.01 degree. If the frequency is stabilized

to 1 part in 10*, the limit of uncertainty is reduced to ap-

proximately ± 10~* degrees.

C. Measurement Uncertainty Caused by Laboratory

Environmental Changes

Even though the environment within many calibration

laboratories is closely controlled, inhomogeneous tempera-

ture variation may still occur. These temperature variations

may be of sufficient magnitude to cause changes in length

and cross-sectional dimensions ofthe waveguide. In general,

these dimensional fluctuations will cause a differential

phase shift between the reference and the test signal. In

practice this problem is minimized by allowing sufficient

'J
equipment warm-up time and by collecting the calibration

i data as rapidly as possible.

D. Measurement Uncertainty Caused by Detector Non-

j

linearities, IFAmplifier Characteristics, andIFPhase Meters

This measurement uncertainty is that associated with the

UHF or the microwave detectors and with the circuitry

i following detection. In some measurement systems, such
' as the heterodyne system, this uncertainty can be apprecia-

ble because tuned amplifiers and tuned phase meters are

i usually used. In other systems a linear-detector character-

istic or a pair of matched detectors are required for the

correct indication of the differential phase shift.

Each component used in each system must be selected

and evaluated for the specific situation. For example, an

amplifier used in the basic two-channel system need not be

considered as carefully as an amplifier used in the hetero-

dyne measurement system.

As an example of the limits of the uncertainty considered

here, signal-input-level variations will produce a differential

phase shift of less than ± 1 .0 degree in some IF amplifiers

[87] if the amplifier is not saturated. Frequency instability

may also produce an appreciable differential phase shift

because IF amplifiers contain tuned circuits.

A variety of direct-reading phase-shift meters now exist.

The limit of uncertainty for these devices ranges from a few

tenths of a degree to ±5.0 degrees. Phase-shift resolvers

which operate at the IF can also be used as the phase-shift

standard and their limit of uncertainty can be as low as

±0.30 degree [81].

E. Measurement Uncertainties Caused by Leakage Signals

The RF energies that reach the UHF or the microwave

detector through spurious paths are called leakage signals.

Undesired or spurious IF signals are also called leakage

signals. Leakage signals may occur from connector junc-

tions, from components in the system, from interconnecting

cables, or from imperfectly shielded signal sources.

An RF or an IF leakage signal of any magnitude will in-

troduce a measurement uncertainty. This uncertainty is

minimized when the magnitude of the leakage signal is

minimized. Proper shielding of leaky components and the

use of RF seals at connector junctions are the most effective

means of reducing RF leakage signals. The IF leakage sig-

nals can be minimized by proper shielding, by proper

filtering, and by assuring that all IF equipment operates

from a common ground.

The limit of uncertainty caused by a leakage signal is

given (in radians) by the ratio of the amplitudes of the

leakage signal voltage to the desired signal voltage, where

the leakage-signal amplitude is much smaller than that of

the desired signal. A limit of uncertainty of ±0.006 degree

is possible if the amplitude of either an RF or an IF leakage

signal is known to be 80 dB below the amplitude of the

desired signal. A leakage signal whose amplitude is known

to be 60 dB below the amplitude of the desired signal has a

limit of uncertainty of ± 0.057 degree, while a leakage signal

level that is 40 dB below the level of the desired signal has

a limit of uncertainty of ±0.57 degree.

F. Measurement Uncertainty Caused by the

Phase-Shift Standard

A major uncertainty in a differential phase-shift measure-

ment is the uncertainty associated with the phase-shift

standard. In order to arrive at a conservative limit of un-

certainty for the standard, one should fully understand the

theory and the operation of the device. With that knowl-

edge, one will be able to evaluate it in terms of the UHF or

the microwave frequency instability, the change in labora-

tory environment, the mechanical limitations, etc. Some
differential phase shifters have already been evaluated and

their limits of uncertainty established [79], [80]-[82].

V. Conclusions

A variety of differential phase-shift standards and phase-

shift measurement techniques have been described. Usually

233-967



the limit of uncertainty required by the appHcation de-

termines which of those standards and measurement sys-

tems are suitable for a particular measurement; however,

other criteria such as the operational frequency bandwidth

and the ease of operation must also be considered.

Even though the limit of uncertainty for any standard or

measurement system is a function of many error sources,

the major portion is usually contributed by the interactions

between the reflections from the standard (or the device

under test) and from the measurement system. A limit of

uncertainty on the order of +5.0 degrees can be expected

with a rather crude arrangement; however, highly refined

equipment and measurement procedures are required to

achieve a limit of uncertainty of +0.20 degree or less.
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Effects of Connectors and Adapters on Accurate

Attenuation Measurements at

Microwave Frequencies

ROBERT W. BEATTY, senior member, ieee

Abstract—A source of error in microwave attenuation measure-

ments, not previously evaluated, is treated in an original analysis.

The error is caused by effects of deviations of connectors or

adapters from standard specifications.

For example, if the coaxial connector at the insertion point in an

attenuation measuring system deviates from standard specifica-

tions, the measured attenuation of a coaxial pad inserted in this

system may differ from the measured attenuation of the same pad

when inserted in a system having a standard connector at the inser-

tion point.

In the analysis, an attenuator installed in a system is represented

by three cascaded two-ports, the central one representing the core or

kernel of the attenuator, and the others representing connector

pairs. Three general cases are considered: the waveguide component

imder test has 1) either sexless or mating connectors, 2) nonmating

connectors of the same type and sex, or 3) nonmating connectors

of different types.

The results indicate that significant errors are possible with

present connectors, such as the type A^, but that these types of errors

become negligible when high-precision connectors are used. The
analysis permits one to tell how good a connector must be for a

specific attenuator application.

Introduction

THE MAIN motivation for this paper was to

answer the following question: (If the attenuation

of a stable fixed attenuator is measured at the

same operating frequency in two different systems, to

Manuscript received July 21, 1964.

The author is with the National Bureau of Standards, Boulder,
Colo.

what extent is the difference of results attributable to

differences in the waveguide^ joints or connectors^ used

at the insertion points?' (Effects of connector reflections

and dissipative losses are taken into account, but leak-

age is not considered in this paper.)

In seeking an answer to this question, the representa-

tion ordinarily used for the insertion of an attenuator

into a waveguide system, and the concept of insertion

loss itself were found to be inadequate, and a new analy-

sis was developed. The essential feature of the new ap-

proach is that the waveguide joints or connectors at

insertion points are not assumed to be perfect,^ i.e.,

having no loss, no reflection, and effectively no char-

acteristic phase shift, but are represented by two-ports

having appropriate characteristics. In addition, the at-

tenuator when installed in a circuit is no longer repre-

' The term "waveguide" is used in this paper in a broad sense to
include, for example, both uniconductor waveguide having a rectan-
gular cross section and two-conductor waveguide having a concen-
tric-circular or coaxial cross section.

^ The term "connector" is used in this paper in a broad sense to
designate the devices designed to join together two sections of wave-
guide having the same cross section. A "perfect connector pair" is one
which would have no leakage, no loss, no reflection, and eflfectively-

zero-characteristic phase shift.

^ The term "insertion point" is used to designate the place where a
waveguide component such as an attenuator is inserted into a wave-
guide system. It is thus not a geometrical point, but may be the region
where a connector pair belonging to the system is disconnected, or
where an adapter belonging to the system is removed, in order to in-

sert a waveguide component.
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sented by a single two-port, but by three cascaded two-

ports, the outer ones representing the connector pairs,

and the inner one representing the core or kernel of the

attenuator. The quantity of interest is the loss in power

delivered to the load when the above three cascaded

two-ports (representing the attenuator and its associ-

ated connector pairs) are substituted for the single two-

port representing the connector pair at the insertion

point. This loss in power, expressed in decibels, is called

the substitution loss [l].

Since the result of an attenuation measurement does

depend upon the characteristics of the connectors at

the insertion point, one must specify these character-

istics if such a measurement is to be precisely defined.

This leads to a slightly modified definition of the quan-

tity of interest in the measurement of a quantity char-

acteristic of the attenuator, and it is called the standard

attenuation.

The analytical methods developed in this paper are

applicable to other situations in which a waveguide

component is inserted into a waveguide system. They

might be applied for example to analyze the effects of

connectors or adapters* on accurate measurements of

the characteristic phase shift of phase shifters, or on

the frequency of transmission-type cavity wavemeters.

However, in this paper, they will be applied only to

microwave attenuation measurements.

A brief review will be given of previous analytical

methods used to obtain equations for insertion loss,

attenuation, and mismatch error for the case of a single

fixed attenuator. Then corresponding equations will be

obtained using recently developed methods and the re-

sults will be discussed. The specific question mentioned

earlier will be answered and a calculated limit given for

the effect. The techniques developed will then be ap-

plied to the case of variable attenuators, and to fixed

attenuators having nonmating^ connectors. Some of the

cases having immediate interest will be discussed in

some detail and calculated examples given to illustrate

the use of the error equations. Useful formulas and

graphs supplemental to the analysis will be given in the

Appendix.

Review of Previous Analyses

It has been customary [2], [3], [12] to represent a

waveguide component such as an attenuator by a two-

arm waveguide junction (two-port), as shown in Fig. 1,

where 'P and 'P designate the powers dissipated in the

load under the initial and final conditions, respectively.

The reflection coefficients of the generator and the load

* The term "adapter" is used to designate a device designed to

join together two sections of waveguide which have already been
fitted with connectors. A perfect adapter-connector combination
would have no leakage, no loss, no reflection, and effectively-zero-

characteristic phase shift.

' The term "nonmating connectors" as applied to a waveguide
component such as an attenuator is meant to imply that the con-
nectors on each end of the component are of such a type or sex that
they could not be joined together even if it were possible to move
them physically into a favorable position for such joining.

Attenuator

Fig. 1. Simple representation of an attenuator by a two-port

inserted into a waveguide circuit.

are designated as Fg and V l, respectively. It is usually

assumed that they are the same at the times that 'P

and 'P are observed. It is also apparent from the dia-

gram that the connector pair or adapter at the insertion

point is assumed to be perfect. Nothing is said about

the properties of the connector pairs associated with the

installed attenuator. It can either be assumed that they

are perfect, or that the two-port labeled "attenuator"

represents not only the attenuator itself, but also the

associated connector pairs.

It has been customary to assume that one actuall>i

measures the insertion loss and that it can be written

Li = 10 log 10 — = 10 logio

fp

(1 -5iirG)(l -522ri) -Si^^iTgTl

52i(i-rGri)
(1)

It has also been assumed that the desired quantity is

the attenuation, which may be written

A = [Lr]ra=TL=o = 10 log
Zo2 1

(2)

The difference between A and Lf is due mainly to sys-

tem reflections or mismatch and has been called the

mismatch error. It is written

Sm — Li — a

= 20 logi
(1 - 5iirG)(l - 522ri) - Si^2iTgTl

Tor,
(3)

In (l)-(3) the scattering coefficients of the two-port

presumed to represent the attenuator are designated as

Su, Su, Sii, and 522, where an arbitrary choice has been

made that the terminal surface toward the generator is

port No. 1. The real characteristic impedances of the

lossless waveguide leads are designated as Zoi and Zo2-

It is seen that the connector or adapter used at the

insertion point is not shown in the diagram, and its

characteristics do not appear in the equations. Hence

there is no way to calculate its effect on the measure-

ment.

237 -273



An Improved Representation

A two-port, or two-arm waveguide junction or trans-

ducer [4] has associated with it two waveguide leads

through which energy may enter and leave. The ter-

minal surfaces of the two-port are cross-sectional sur-

faces within the waveguide leads. Usually only one prop-

agating mode is associated with each lead and each ter-

minal surface. A waveguide component such as an at-

tenuator evidently cannot itself be represented by a

two-port unless the connectors are perfect and all con-

nectors mate at coplanar butt joints. Since this require-

ment is often not very closely approximated by actual

connectors, the representation of Fig. 2 is more realistic.

The attenuator installed in the circuit is represented by

a composite two-port composed of three cascaded two-

ports, A, B, and C.

The central core or kernel of the attenuator is repre-

sented by B. The connectors Bg and B l at each end of

the attenuator mate with the connectors Da and Dl,

respectively, of the system to form connector pairs

represented by two-ports A and C. When the attenuator

is removed, the system may be closed as shown in Fig. 3

by joining connectors Do and Dl-

The precise manner in which the connectors join and

separate is not specified, as this would call for further

more complicated analysis of specific discontinuities

which is not felt to be justifiied at this time.

The analysis of the situation represented in Fig. 3

proceeds as follows.

Waveguide Sections

Waveguide Comporent

Kernel

or Core

1

-1

Connector
Pair

Connector
Poir

1

C
I

Composite Waveguide Junction

or Composite 2- Port

Fig. 2. Representation of a waveguide component.

1 2

Generator D

1

Load1

1

1

Initial 2-Port

Attenuator

Dfi'Bt; B, ID,

Generotor A B

1

c Load 'p

1 1

Final 2-Port

Fig. 3. Improved representation of attenuator insertion

into a waveguide system (Case 1).

Substitution Loss

As before, it will be assumed that a certain quantity

is desired, but actually one measures something differ-

ent, and the difference is called the error.

One measures the ratio of to ^P, the initial and
final powers dissipated in the load, as shown in Fig. 3.

It is similar to the ratio of (1), but the characteristics of

the connectors are now implicitly involved, as they in-

fluence the scattering coefficients of the initial and final

two-ports. The above ratio, expressed in decibels, is

called the substitution loss Lg, and is written as follows:

L, 10 logio— = 201ogio

'5.21 (1 - ^SuTG)il - 'S;<,Vl) - 'S^-,'S.xVgVl

^821 (1 - '5nrG)(l - 'S.iTL) - 'SioJSoiTgTl
(4)

where the front superscripts i and / on the scattering

coefficients refer to the initial and final two-ports, re-

spectively.

Additional insight is obtained by writing (4) in two

additional forms. First, it is written as the difference

between the insertion losses of the initial and final two-

ports as follows:

= 20 logi

20 logi

(1 -'SuVg){\ -'S2,Vl) -W-SaircPi

^5.21(1-

(l-'5nrG)(l-'52

TgTl)

'S2,{\-TgTl)
(5)

It is apparent that, analytically, substitution loss is

equivalent to a difference between two insertion losses.

One could thus avoid the use of the concept of substitu-

tion loss, if desired. However the assumptions made in

the definition of substitution loss are more easily realized

in practice. In addition, it is more convenient to use

when analyzing variable attenuators, as will be seen

later.

Another form of (4) is the following

Ls = {'A -^A)

(1 -'SnTG){\-'SooVL) -'Sx2'S2iVgVl
+ 20 logi

- 20 logi

(1-

1 - VgTl

=5iirG)(l - 'So.Tl) - 'SwS2iTgTl
(6)

The first two terms above on the right are attenuations

as defined in (2) and the last two terms are similar in

form to (3), the mismatch error of the previous analysis.

More complete expressions, containing the scattering

coefficients of two-ports A, B, C, and D could be ob-

tained from (4), (5), and (6) by making the appropriate

substitutions for the scattering coefficients of the com-

posite final two-port. The equations given for cascade-
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connected two-ports in the Appendix would be useful.

Although it is clear how to do this, it will not be done

as there is no specific use to be made of it in this paper.

The substitution loss which would occur in a non-

reflecting system is of interest and can be deduced from

(6) when r(; = rL = 0. It is

(Z5)ro=ri=o = i^A - 'A) = 20 logi
'Soi

(7)

It is simply the difference in the attenuations between

the initial and final two-ports.

Standard Attenuation

In practice, one is seldom interested in the absolute

attenuation of the final two-port for two reasons.

First, it is difficult to measure since it assumes that the

initial two-port represents a perfect connector which

cannot be actually realized. And second, it is not char-

acteristic of the attenuator itself but of the attenuator

kernel B plus two associated connector pairs A and C.

The system connectors Do and Dl which do not belong

to the attenuator are parts of A and C.

The quantity of greatest interest is the standard at-

tenuation which is above difference in attenua.tion when
the initial two-port represents not a perfect connector

pair, but a standard connector pair.^ An expression for

standard attenuation 'A is obtained as follows: Equa-

tion (7) is written in terms of the scattering equations

of two-ports A, B, C, and D as

(is) I =0 = Aa + Ab + Ac - Ad

+ 20 logio

- 20 logio

(1 — a22^ii)(l — &22C11) — a22bi2b2icii

1 — a22Cii

1 — a22Cn

(is)rc=ri=o = 20 log 1

d2i

fl21&2lC21

[(1 — a226ll)(l — *22Cll) — a22bub2lCll] (8)

If the two-port D represents a standard connector pair,

and d2i is replaced by 'S21, the standard attenuation is

M = 20 logio

'521

<Z2l62lC21

[(1 — a22&n)(l — &22C11) — a226i2&2iCii] (9)

It is of interest to examine the form of (7) when the con-

nector pairs are all identical and nonreflecting. One
obtains

=ri=o = Aa + Ab
= C=D

(10)

Under this assumption, (10) expresses a quantity char-

acteristic of the attenuator itself as represented by the

kernel B and connectors Ba and Bl-

To the extent that all connectors are identical and

nonreflecting, (9) will also express a quantity character-

istic of the attenuator itself. The standard attenuation

as defined above is thus to a good approximation char-

acteristic of the attenuator itself, and will be considered

as the desired quantity in an attenuation measurement.

Connector and Mismatch Errors

The error &s in the measurement of standard attenua-

tion cannot be obtained simply by subtracting (9) from

(4), (5), or (6). This is evident when we consider Fig. 4

which represents the substitution loss of an attenuator

measured in two different systems, M and A^^. Even
though the attenuator is the same in both cases, it is

associated with connector pairs A and C in system M
and with P and Q in system A^. Thus the final two-ports

are different in the two systems.

In order to obtain an expression for &s, let system M
be non-reflecting and two-port D represent a standard

connector pair having an attenuation As- Then the

error Ss is the difference between the substitution losses

in systems M and N, and is written

Ss = 8/ + S// -\- &ni

where

= {As - Ah) + {Ap - Aa) + {Aq - Ac)

(1 — p22bii)(l — 622911) — p22bub2iqn
&n = 20 logio

— 20 logio

+ 20 logio

1 — ^22^11

(1 — a226ll)(l — 622C11) — a226l2&2lCll

1 — 022^1

1 — ^22^1

1 — 022^11

Tom'—
]
Dg'Du I^"lm

Initial 2-Port ^IVI

In 2n

Attenuator Attenuator

B, ,D,
I
HniBfi B, |H,

Final 2- Port 'M

(a)

Final 2-Port N

(b)
' A "standard connector" is one which is made precisely to stan-

dard specifications for the particular type of connector under consider-
ation. Standard connector pairs usually have low but appreciable Fig. 4. Representation of same attenuator installed alternately
loss and reflection. into two different systems, (a) System "M." (b) System "N."
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and

8/// = 20 logio

— 20 logio

(1 -^^^nrc) (1 -f^S22rL) -f^Snf^'SnTGrL

I-ToTl

(11)

The error component 8/ will vanish if corresponding

connectors at the insertion points are identical/ since

it is seen from Fig. 4 that the resulting condition will be

that D = H, A=P, and C=Q. This is a sufficient, but

not a necessary, condition since 8/ will vanish for any

condition for which As+Ap+Aq = Ah-\-Aa+Ac- Usu-

ally the corresponding connectors at the insertion points

will be similar, and it is evidently worthwhile to make
them as nearly identical as possible.

The error component 8// will also vanish if corre-

sponding connectors at the insertion points in the two

systems are identical, and this is again a sufificient but

not a necessary condition. It will also approach zero if

the attenuator kernel is nonreflecting and its attenuation

becomes arbitrarily large. The individual terms are of

the same familiar form as (3) for mismatch error in the

simpler analysis.

The error component 8/// is very similar in form to (3)

and will vanish if the system reflection coefficients Vg
and T L vanish. Again this is a sufficient but not a neces-

sary condition, since the relative phases of the reflec-

tion coefficients involved might possibly be such as to

make the two terms vanish or cancel each other. It is

clear that 8//j differs from the other two components in

that the condition of identical corresponding connectors

at the insertion points does not make it vanish. The
limits of terms in 8/r and &in similar to (3) may be eval-

uated by familiar methods [2], [S], and they are typi-

cally each of several tenths of a decibel, or less. Since

each such positive term is paired with a similar neg-

ative term, it is the differences which are important

in these errors.

Since the various terms in (11) may not all be of the

same sign, some of them may tend to cancel others, and
the overall error 8s may be lower than some of the in-

dividual terms. In careful measurements however, one
cannot afford to take this for granted, but should either

make a thorough investigation, or quote a conservative

limit of error, assuming the most unfavorable phase rela-

tionships of the coefficients involved.

Same Fixed Attenuator in Two Systems

The motivating question for the paper can now be
answered using the representation of Fig. 4, and letting

two-port D represent a connector pair which is not

necessarily a standard one, and letting Tqm and Tlm
be representative of an actual system, and not an ideal-

ized one having no reflections.

Assume that in attempting to measure the standard

attenuation of a fixed attenuator in two different sys-

tems, we actually measure the substitution loss. We are

interested in the difference ALs in substitution loss as

measured in the two systems. As in the previous situa-

tion, a part of this difference is primarily due to differ-

ences in connectors Dg and Hg, and Dl and Hl, and
the other part of the difference is due primarily to diff^er-

ences in system generator and load reflection coefficients.

Referring to Fig. 4 and (6), we can write

ALs = LsN - LsM = - ^^^) + ('^^ - '"A)

+ 20 logio

— 20 logio

— 20 logio

+ 20 logio

(1 - ^'^-SurG^)(i - '"SnTtN) - ^^'Su'^'S^iTgnTln

1 ~ ^GN^LN

(1 - '^5iir(j^)(i - '"SiiTiN) - ''^Su'^^ShTgn^ln

1 — ^GN^LU

(1 - '^Si,rGM)(i

1 — TgmTlm

(1 - '"Sx,rGM){l '''Sl2''''S2irGMrLM

1 ~ ^GM^LM
(12)

' A subtle point arises in connection with the choice of terminal

surfaces 1 and 2 on either side of the connector pair at the insertion

point. The observed change in loss in a given situation is obviously
invariant to how we represent it, or where we choose our terminal

surfaces. However, it is possible to choose them in some cases so that

the connector pairs they define in the two systems are identical for

one choice but not identical for another. This would be true for exam-
ple if the connectors at the insertion point in one system were identical

to those in the other system with the exception that the dielectric

beads were of diftercnt design and material. In one case we could

choose terminal surfaces to include the beads with the connector
pairs, and the two pairs would be different. In the other case we could
choose terminal surfaces to include the beads with the systems, not
the connectors. The connector pairs would then be identical. .Since

we know that it does not matter where we choose our terminal sur-

faces (as long as they are in a region of single-mode propagation)
we shall choose them in the most convenient and accessible places.

240

The sufficient conditions under which ALs will vanish

are 'M='N, fM = fN, Vgm^Vgn, and Vlm=Tln. In

practice, one might try to achieve these conditions, but

some uncertainty will always exist. In order to evaluate

AL.5 using (12), information would be needed on the

characteristics of the two-ports 'M, ^M, 'N, and ^N, as

well as on the system generator and load reflection co-

efficients Tgm, Fla/, Fc/v, and T ln effective at terminal

surfaces Im, 2m, ^n, and 2^.

It is possible to reduce the magnitudes of the system

reflection coefficients to very low values (say 0.001) by

276



the user of tuners, in which case the last four terms of

(12) would be negligible, e.g., less than 0.001 dB. Thus
the case of ALs for T cm = T lm = T g.\ = ^ ln = 0 is of

interest and is given hy

(Als)[rcjtf=ri,Af=o]

(rG,v=riAr=o]

= AA = (Ad - Ah) + (Ap - .4.,) + (Aq - Ac)

(1 — p2-2bu){\ — 622911) — piibub'nqii
+ 20 logio

(1 — a2ibii){\ — 622^11) — a22bv2bi\Cxi
(13)

The above result equals &i-\-&n of (11) if we replace

Ad by As, and vanishes if connectors Dg=Hg and

The use of (13) in the evaluation of errors due to

differences in the system connectors is illustrated by the

following calculated examples. Consider the case in

which all connector pairs in system M are identical, or

A=C= D, but the left-hand connector Do at the inser-

tion point is modified and becomes Ho, but and Hl
remain the same. Under this supposition, connector

pairs H and P will be the same, and connector pairs

A, C, D, and Q will be alike.

If connector Do were a male type-A'^ connector, for

example, it might be modified by removing the com-

pensating step in the outer conductor and moving the

step in the male center conductor outward so as to close

the gap or notch normally present. In the following ex-

amples certain values are assumed for the reflection

coefficients appearing in (13) which are thought to be

realistic in view of the measured results obtained at

NBS for certain type-iV connectors shown in Fig. 5.

Since large variations among connectors of the same

type are possible, these results cannot be regarded as

typical of all type-iV connectors.

Example 1

Given a 3 dB fixed attenuator having a kernel

VSWR of 1.22, connector pairs A, C, D, and Q having

VSWR's of 1.22, and connector pairs H and P having

VSWR's of 1.00. Thus
|

=
| P22I

=
|
/zn| =

|
/z22| =0,

\hii\ =
I

^22! =
I

cul =1 gii| =0.10, and
| &12&21I

=0.5.

The attenuation terms in (13) have components [l],

[5] due to dissipation and reflection, and those due to

reflection cancel in the above example. The dissipative

components should also nearly cancel, leaving only the

final term of (13). It can be written to a good approxi-

mation as

20 logio
I

1 + bniaii — P22) + 622(cii — ^n)

+ bi2b2i(a22Cii — p22qn)
\

(14)

if the connector reflections are small, corresponding to

reflection coefficients of magnitude less than 0.11. Lim-

its of AA, assuming the worst phase combinations are

- 0.131 dB < AA < 0.129 dB

The limits of error in the above example are signifi-

cant ones, well above the usual precision of a good at-

Z4L

INCHES SEPARATION FROM
FEMALE CENTER PIN TIP

TO SHOULDER ON MALE PIN

OF TYPE N CONNECTOR

Fig. 5. E.\perimental data for VSWR of type-M connector pair.

tenuation measurement. However, many attenuators

which are presently commercially available have better

characteristics than were assumed above. Hence, an-

other example follows.

Example 2

Given a 3 dB fixed attenuator having a kernel VSWR
of 1.15, connector pairs A, C, D, and Q having VSWR's
of 1.15, and connector pairs H and P having VSWR's
of 1.00. Thus

I

pu| =
I P22I

=
I

/2n| =
I

/?22| =0, l^iil

=
I

022! =
I

cii| =
I

3ii| =0.07, and
|

6i2Z'2i| =0.5.

Proceeding as in Example 1, the limits of AA are

-0.064 dB ^ ^ 0.064 dB

The limits of error in this example are smaller, but

still significant, since a precision of 0.03 dB is often ob-

tained [6] in a measurement of 3 dB at frequencies of

4 GHz and above.

If the fixed attenuators in Examples 1 and 2 above

have attenuations of 20 dB or more (instead of 3 dB),

the calculated limits of AA will be reduced to approxi-

mately ± 0.09 dB and + 0.04 dB, respectively.

The above examples illustrate the importance of using

identical connectors at the insertion points of attenua-

tion measurement systems, especially when comparison

measurements are to be made on the same attenuator

by each of the systems.

Adjusting Systems for Zero Reflections

In adjusting an attenuation measurement system in

an effort to make rG = rL = 0, the arrangement repre-

sented by Fig. 6 is often used. A slotted line is connected

in turn to system connectors Da and Dl, and tuners

are adjusted until the reflection coefficients To' and V l

observed in the slotted section effectively vanish. This

does not necessarily make the reflection coefficients To
and Fl of the system vanish because, in general, the two-

ports U and V may have reflections. The two-ports U
and Fare composite two-ports representing a connector

pair and the taper or transition section at the end of the

slotted line. In addition, a tuning stub may be included,

if this is used to adjust [7] for the condition 2^22 = ^^11 = 0.

This ccfndition, together with the condition To'^Tl
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1 2 I 2

System Slotted Line System Connector Pair

L,,Dl DgIBg Bi ID, I—r.

Slotted Line System Attenuator Inserted in System

Fig. 6. Representation of arrangement often used to adjust system
reflections prior to attenuation measurement.

= 0, will make the reflection coefficients To and Tl of

the measurement system vanish. The measured sub-

stitution loss will then equal the standard attenuation,

provided that connector pair D is standard.

It is worthwhile to tune for the condition ii22=Vn = 0

(tuning out of the residual VSWR) because one can then

adjust for system VSWR's of 1.01 or less instead of hav-

ing to "add" to this the residual VSWR of 1.04 to 1.10

that may be present.

If the condition H22=z'ii = 0 is not obtained and To'

and T L are not made to vanish, the measured substitu-

tion loss then is given by (4) where

Same Variable Attenuator in Two Systems

Both continuously variable and step attenuators can

be analyzed by the same method, which is an extension

of the previous analysis. A continuously variable at-

tenuator can be regarded as though one removed an
initial attenuator corresponding to the initial setting,

and substituted in its place a final attenuator corre-

sponding to the final setting. This point of view is valid,

even though the continuously variable attenuator re-

mains in the circuit at all times.

A representation which applies to the measurement
of a given change in a variable attenuator first in one

system and then in a different system is shown in Fig.

7. The system connectors Da and Dl, Hg and Hl are

not shown as joined together because in some cases it is

not possible to do so. For example, if the step attenu-

ators have female connectors on both ends, the system

connectors will all be male and will not mate together.

Although the initial attenuator, represented by

Jcj — J— Jl and the final attenuator, represented by
B Q — B — B I are the same in the two systems, the initial

and final composite two-ports are not.

The difTerence in the substitution loss measured in

the two systems M and N is written down directly

from inspection of Fig. 7 and a knowledge of (4).

1 " Tgm^lm

(1 — %iirGv,/)(l — ^iniiVLM) — 'mxohntiTGMVLM

LsN - LsM = {'An - 'Am) -j- {\Am - 'An)

(1 — 'miiTGM){\ — 'niiiVLM) — 'mu'moiTGMTLM
+ 10 logio

— 20 logio

+ 20 logic

— 20 logio

1 — ^OM^LM

(1 - •^WnrG,v)(l - 'n-iiTLN) - 'nu'noiTGNTLN

1 — Tgn^ln

(1 — 'WlirGA')(l — 'K22ri.iv) — 'ni2'n2lTGNT LN

1 ~ ^GN^l
(16)

La =
Tg' — U22

{uutioi — U11II22) + ^^iiFg'

Tl' - vn
Y ^ =

(l'l2?'21 — VUV22) + V22VL

•5ii = dii, '5i2 = di2, '521 = d2i, 'S22 = d22

b-ii + (612621 — 611622)^11

^11 = an + 012221

'S12
-

(1 — 022611) (1 — 622C11) — a226l262lCll

012612^12

In order for (16) to vanish we not only would need

Mentical connectors at the insertion points {Dg—Hg
and Dl = Hl) but corresponding system reflection co-

efficients would need to be equal {T gm = T gn and T lm
= Tln)- Even if these (sufficient) conditions are not ob-

tained, it is possible for (16) to vanish under other less

easily described conditions, although it is not very

probable. In general, there will be a difference in the

substitution losses measured in the two systems.

If both systems are nonreflecting, (16) reduces to

^^21 :

and

^^22 =

(1 — a226ii)(l — 622C11) — a226i262icii

O21621C21

(1 — a226ii)(l — 622C11) — a226i262icii

Lsm) rroM=riA/=o1 = aAn - 'Am) + {'Am ~ 'An)
LrG,V=rLAr=oJ

= 20 logic
%21 'W2I

'mil 'nn
(17)

C22

+ C12C21

622 + (612621 — 611622)022

(1 — a226ii)(l — 622C11) — a226i262iCii
(15)

The above equation is written in terms of the scatter-

ing coefficients of the individual two-ports which make
up the initial and final composite two-ports as follows:
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Initial Attenuotor 2^

Initial 2-Port 'm

Final Attenuator 2^

Final 2-Port M

TgN—iHgl 1H|_ |—

1., Initial Attenuator 2»i

I

^g'Jg ''lI^l
I

Initial 2-Port N

1., Final Attenuator p.,*N ^ -
^

Final 2-Port N

Fig. 7. Representation of substitution of same final

and initial attenuators in two different systems.

(LsN — Lsm) rr(;M=rz,M=o"l

= {Aa - Ap) + {Ac - ^q) - {Ae - .4g) - {Af - Ak)

(1 — a22iu)(l — 622C11) — a22^'l2i2lCll

+ 20 logio

— 201ogio

+ 20 logio

— 20 logio

+ 20 logio

1 — ai2C\\

(1 - f227u)(l -- 722/11)
-

e227l2i2l/ll

1 — ^22/11

(1 - g22yii)(i --722^11) — giijnjiikii

1 — g22^11

(1 — pi2bix){\ - &22?ll)
-

1 — ^22?11

(1 — a22<:ii)(l — g22^ii)
(18)

(1 — e22/ii)(l - p22q\.\)

If corresponding connectors at the insertion points in

the two systems are identical {Dg =Hg and Dl = Hl)

(18) will vanish. Even if this condition does not hold, it

could vanish if the positive and negative terms can-

celed each other.

It is interesting to consider the case in which corre-

sponding connectors at the insertion points in the two

systems are not identical, but corresponding connectors

on the two attenuators are. {Jg = Bg and Jl — Bl-) In

this case we have A=E, F=C, G=P, and K = Q. Many
terms cancel and (18) reduces to

{LsN — Lsm)

= 20 logio

- 20 logic

+ 20 logio

- 20 logio

Jo=Bo
L Jl=Bl

(1 — a226ii)(l — hoiCii) — a^ibubiiCn

1 — 022^11

(1 — a227ii)(l — 722C11) — a227 i 27 2iCii

1 - fl22Cll

(1 - g22jll)(l - 722^11)
—

^22712721*11

'1 -- g22^11

(1 — g226ll)(l -
- 622*11)

-
- ^22612621*11

1 — g22*ll

(19)
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The conditions Jg = Bg and Jl = Bl would apply in

the case of a continuously variable attenuator that was
not physically removed from the circuit. They would

also apply to step attenuators provided their connectors

were sufficiently identical.

The additional conditions Jg = Jl=Bg = Bl,Dg = Dl,

and Hg= Hl would not reduce the size of (19), but

would reduce the uncertainty in the measurements of

the two systems.

It is clear from the foregoing that in order to insure

the same change in loss in two systems from the same
change in settings of a variable attenuator, 1) the corre-

sponding system reflection coefficients must be the same
and 2) the corresponding system connectors at the inser-

tion points must be the same. Even when these condi-

tions are not realized, some reduction in the difference is

obtainable if all other connectors are as nearly alike as

possible. It is also clear that reduction of connector

reflections and dissipative losses will also reduce the

difference. A fortuitous relationship of the phases of the

reflection coefficients may also make the difference van-

ish, although the probability of this happening is low.

Standard Incremental Attenuation

The desired quantity in a measurement of a variable

attenuator is the change in attenation (incremental at-

tenuation [8]) from an initial setting to a final setting.

This equals the substitution loss when the system is

nonreflecting and is given by (7). However it must be

recognized that the characteristics of the connectors Do
and at the insertion point are implicitly involved,

even if only to small degree. This is evident from in-

spection of Fig. 7, where it is seen that connectors Dq
and Dl are involved in a slightly different way in the

initial and final two-ports.

In order to define a precisely-repeatable incremental

attenuation, the connectors at the insertion point should

always be the same, and should be standardized. With
standard connectors at the insertion point, we then can

measure "standard incremental attenuation."

This quantity may be expressed by reference to sys-

tem M in Fig. 7 as

AM = 20 1ogi

•W21

'mil

or

AM = Aa + Ab + Ac ~ Ae — Aj — Af

+ 20 logio
I

(1 — a226ii)(l — 622CH) — a226i262i<:ii
I

— 20 logio
I

(1 — e227n)(l —722/11) — e227i272i/ii
|

(20)

where it is understood that Do and Dl, which form

parts of two-ports A, E, C, and F, are standard con-

nectors.

The error in measuring standard incremental attenu-

ation (due to system reflections and differences from

standard conditions in the actual system) can be evalu-

ated by comparing (20) with (16), letting M represent

the idealized system with standard conditions (Tom
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=T LM = 0, Do and Dt standard connectors) and letting

iV represent the actual system. The procedure in writing

equations and calculating examples follows along lines

of the analysis pertaining to fixed attenuators. The error

is written

S5/ = i,SA'-A^l =20 loKi„

+ 20 10":,

"'21 '"21 I

(1 -^"iiFGAOd -^"22rL.v) -^"i2-'"i2ravri.v

; 1 - v/„r,,.v)(i - '«22rz,.v)
- '"i2'«2irG.vri.v

(2i;

wliere the ?n's and w's are the scattering coefficients of

the composite two-ports in Fig. 7 and it is understood

that system M represents the idealized, and system A''

the actual, s],-stem. The first term in (21) vanishes if

connectors Ha and Hl are standard, for then 'j1/='7V,

and ^M = 'N. The second term vanishes if the reflection

coefficients V on and V ln of the actual system vanish.

In order to calculate a simple example, let the second

term above vanish and assume that only the connector

Ha is nonstandard. Then two-ports A,C,E, F, K, and Q
are alike and represent standard connector pairs and

two-ports G and P are alike and represent nonstandard

connector pairs. The first term in (21) can be written

20 log
'tin hiii

Ap + Aq - Ag - Ak + Ae + Af ~ Aa - Ac

(1 — e22in)(l — 722/11) — e22ii272i/ii
+ 20 logio

+ 20 logio

(1 — 022^11) (1 — ^22Cll) — a22^>12621<"ll

(1 — p22bii){l — 622911) — piibiibiiqii

(1 - g22ill)(l -722^11) - goojiojilku
(22)

Applying the above assumptions, the right side of (22)

reduces to just its last two terms. Assuming that re-

flections are small and neglecting the smaller terms, as

in obtaining (14), the last two terms of (22) become

20 1ogio
I

1 +7ii(g22 - ^22) + 722(^11 - fn)

+ 712721(^22*11 - eoofu)
I

+ 201ogio| 1 + 611(022 - ^'22) + 622('^ii - qn)

+ bi2b-nia22Cii — p22qu)
\

(23)

Example 3

Suppose that the initial attenuator is a 3-d B pad
having a kernel VSWR = 1.222, the final attenuator is

a 10 dB pad having a kernel VSWR of 1.15, the standard

connector pair VSWR's are 1.15, and the other connec-

tor pair VSWR's are 1.00. Thus |ji2/2i| =0.5,
\

jn\ =
I722

= 0.1, I612621I
= 0.1,

\

bn\ =
I622I

= 0.07,
I

022! = |"cii

=
I

622! = |/ii| =
I

ku\ = \qn\ =0.07, and
|
£22] =

|
^221 =0.

The resulting error limits are

-0.13 dB ^ 8s/ < 0.13 dB

The error limits in this example are appreciable and
it is possible to make such an error in actual measure-

ments. However, it is easy to reduce this error by care-

ful control of the connectors used in tiie measuring sys-

tems.

Basic Insertion Arrangements

The representation schemes and analyses presented

can be extended to other insertion arrangements for

waveguide components such as attenuators.

The basic insertion arragnements considered in this

paper are classified into three groups as follows, depend-

ing upon whether the waveguide component has 1) sex-

less or mating connectors, 2) nonmating connectors of

the same type, and 3) nonmating connectors of different

types.

An example of the first case was shown in Fig. 2, and
examples of the other cases are shown in Figs. 8 to 10.

In the last two cases, adapters are employed. Adapters

for Case 2 are simpler than for Case 3, since a transition

between waveguide of different cross sections is not

employed.

Case 1 has already been considered, and some of the

analysis applying to Fig. 7 will find applications in

Cases 2 and 3. Insertion arrangements other than those

shown are possible and may also be of some interest,

but will not be specifically considered in this paper. For

example, the case of two or more cascade-connected

variable attenuators is of interest and has been analyzed

[9] by simpler techniques, but will not be presently

considered.

Cases 2A and 3A—Combining the Component
WITH AN Adapter

In the arrangement of Fig. 8, an adapter is connected

to the waveguide component having nonmating connec-

tors to form a composite waveguide component having

mating connectors. The insertion arrangement for the

composite component is then the same as for Case l,and

the previous analysis applies.

However, if we are primarily interested in the attenua-

tion of the waveguide component itself without the

adapter attached to it, this insertion arrangement will

not give a direct answer.

Neglecting reflections, it is seen that the attenuation

of the cascaded two-ports A, B, C, and P would be ob-

tained, provided that D = Q. The attenuation of A and

B together would be nearly characteristic of the wave-

guide component itself, so that the attenuation of C
and P together would need to be determined and sub-

tracted. If reflections were taken into account, it would

be even more difficult to obtain the desired character-

istic loss from the measured substitution loss.

It is concluded that unless the adapter is to be per-

manently attached to the waveguide component, this

insertion arrangement does not directly yield the desired

information.
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Cases 2B and 3B—Substituting the
Component for an Adapter

The same basic representation shown in Fig. 9 applies

analytically to either Case 2B or 3B as one can see from

the examples given. The example of Case 2B is espe-

cially familiar as the drum or turret-type step attenu-

ator. The attenuation steps are usually referred to a

"zero dB attenuator" which is an adapter designed to

have nominally no loss. This example has already been

analyzed in the section on the same variable attenuator

in two systems as represented by Fig. 7. It is apparent

that calibrations of such an attenuator in different sys-

tems may not agree if the connectors at the insertion

points are different. To avoid such a possibility, it is

advisable to make certain that they are identical. This

requires standardizing the design of various types of

connectors and then adhering to that standard in their

construction. (In addition, tolerances of construction

should be extremely small.)

If one is interested in the change of attenuation of

such an attenuator relative to an adapter, then the de-

sign of the adapter should also be standardized and the

adapters should be constructed according to this stan-

dard design.

If one is interested in the attenuation characteristic

of the attenuator itself, this insertion arrangement will

not give direct information. Instead, additional calcula-

tions would be necessary after having first determined

the characteristics of the adapter and connector pairs

used. It will be found that Case 2C is a better arrange-

ment for the above purpose.

Case 3B is similar to Case 2B except that the wave-

guide component such as an attenuator has nonmating

connectors of different types, and the adapter for which

it is substituted must also have corresponding types of

connectors. This case occurs in practice for example if

one desires to measure the coupling of a directional

coupler by measuring the attenuation between two

arms, the other arms terminated. The side arm in some
cases may have a different waveguide than the main

arm so that the connectors are of different types.

In using the substitution arrangement of Fig. 9, one

can determine the attenuation relative to a given

adapter, which must be standardized if the measure-

ment is to be repeatable and significant. No direct in-

formation is obtained concerning the waveguide com-

ponent such as the directional coupler itself, and addi-

tional calculations would be necessary, given the char-

acteristics of the adapter. It will be found that the ar-

rangement of Case 3C gives better direction informa-

tion, but still may not be completely satisfactory.

Cases 2C and 3C—Combining the Component
WITH AN Adapter and Substituting

for Another Adapter

These cases are of interest because the quantity di-

rectly measured is to a good approximation characteristic

of the waveguide component alone, and no additional

calculations are required to take into account the

adapter. This is true at least for Case 2C, if not for 3C,

for which additional measurements are required.

In the examples of Case 2C, it is seen that if the

kernels J and P of the two adapters are the same, and

all of the connector pairs are standard, the measured

substitution loss to a good approximation can equal the

attenuation of the kernel B plus one connector pair. This

is characteristic of the waveguide component which

consists of the kernel B plus two connectors. The argu-

ment is similar to that following (10), and is subject to

the additional assumption here that the connector loss

splits equally between the male and female connectors.

A detailed analysis will not be given, but would follow

along lines of those already presented.

In the examples of Case 3C, shown in Fig. 10, it is

seen that the measured quantity is not likely to be a

good approximation to a characteristic of the wave-

guide component itself as represented by the kernel B
and connectors Bg and Bl- We would have to assume
not only that connector pairs E = A and F=Q (which is

quite reasonable), but also that adapter kernels J= P,

and that the losses in connector pair C equal those in

connectors Ba and B l- The latter two assumptions

could be quite unrealistic and not correct to a good ap-

proximation.

A combination of Case 3A and Case 3B substitution

measurements as shown in Fig. 11 could be used to ob-

tain more or less directly a quantity characteristic of

the waveguide component itself. It is evident that

waveguide components such as are shown in these exam-

ples are troublesome, and require extra effort in their

evaluation. In" case that the waveguide component un-

der consideration is itself an adapter, this technique is of

particular interest and deserves further study. A de-

tailed analysis is outside the scope of this paper, but

would follow along the lines already presented.

Conclusions

A more rigorous representation and analysis has been

presented to enable calculation of the effects of connec-

tors and adapters on accurate attenuation measure-

ments. The measured substitution loss replaces the in-

sertion loss, and the former mismatch error is replaced

by an error having three components. One condition

under which the error vanishes is that the system is non-

reflecting and has standard connectors at the insertion

point.

A method of obtaining the nonreflecting condition

using a tuning stub and slotted line is discussed.

The need for use of standard connectors is emphasized

by some calculated examples in which error limits up

to 0.13 decibel are obtained when such a connector is

nonstandard. Examples are calculated for both fixed

and variable attenuators and are based upon measured

data on type N connectors.

Situations in which adapters are used in different in-

sertion arrangements are discussed, and it is concluded
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Example of Cose 2A,

Connectors Some Type

Example of Cose 3A,

Connecfors of Different Types

I DgIDl
I

B, Pr,

3
Initial 2- Port

Attenuator Adapter

B, !Pr, P. !D, 1

A B C P Q

I I

Final 2 - Port

Fig. 8. Representation of insertion of a waveguide component (such as an attenuator) having nonmating connectors by connecting it to an
adapter (Cases 2A and 3A).

Example of Cose 2B,

Connectors Some Type

Dg Jg J|_ D|_

r

Bg

Example of Cose 38,

Connectors of Different Types

Dg Jg Jl Dl

I L_

1 Dg Dl 2

DqiBg

Adapter

I— r.

Ji ID, I

E J F

1

1

H

Initial 2 -Port

Attenuator

B,,Dl
j

Finol 2-Port

Fig. 9. Representation of insertion of a waveguide component (such as an attenuator) having nonmating connectors by substituting it for

an adapter (Cases 2B and 3B).
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Example 1 of Cose 3C,

Connectors of Different Types

'r. Jr. Ji

i J

B, Pa

p

~\ r"

Example 3 of Cose 3C,
Connectors of Different Types

Dr, Jr. Ji Di

Example 1 of Cose 2C,

Connectors Some Type

m.

Example 2 of Cose 2C,

Connectors Same Type

Adapter

Jl'Dl I

Initial 2 - Port

Attenuator Adopter j

DgiBg PlIDl I

Final 2-Port

Fig. 10. Representation of insertion of a waveguide component (such as an attenuator) having nonmating connectors by connecting
it to an adapter, and substituting the composite component thus formed for another adapter (Cases 2C and 3C).

Case 3A Case 3B

Neglecting Reflections^

Lsr + Ap + Ap + Ac, AND Ls2 = AB-Ap.

Fig. 11. Example of arrangement for measuring attenuation ap-
proximately characteristic of waveguide component of Case 3C-
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that adapters also need to be standardized when used

in precision measurement techniques.

Some basic insertion arrangements are described for

waveguide components having nonmating connectors.

The ones giving a measured loss most nearly character-

istic of the waveguide component are singled out for

special mention, although a complete analysis is not

presented.

Appendix

It is convenient to have available for reference the

expressions for the scattering coefficients of composite

two-ports in terms of the scattering coefificients of their

individual component two-ports. In the following, the

individual two-ports have been designated A, B, and

C reading from left to right, with terminal surface No. 1

on the left. The scattering coefficients of each two-port

are designated by the corresponding small letter with

appropriate subscripts. Other letter designations and

numbering can be used simplj^ by the proper substitu-

tion of letters and interchange of subscripts in a straight-

forward manner.

For two cascaded two-ports A and B, the scattering

coefificients of the composite two-port are

012^21 biibii

Sii = an + bii 522 = bi2 + a-a

20 log,o(i-|a22 b„|)>£>20 log.o d + lajzbiil)

Sl2 — 012^12

1 — 022^11

1

1 — a22^'ii

1 — 022*11

1

1 — 022*11
(24)

2-

1.5

1 1.05^

1.01 i

1.005

(-)(+!
'6

jS" 0.1 -arO'

a - a

i O.OI-=|rO-01 —
o
D>
O

o 0.001^0.001 o

0.0001 4- 0.0001

- 1.01

- 1.005

For three cascaded two-ports A, B, and C,

Fig. 12. Nomogram of "Error Limits."
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Mismatch Errors in Microwave Phase

Shift Measurements*

G. E. SCHAFERt, senior member, ire

Summary—The phase difierence between the incident and

transmitted waves at the input and output ports, respectively, of a

two-arm waveguide jimction in a reflection free system is a char-

acteristic of the waveguide junction and is defined as the "phase

shift." The difference between the phase shift in a reflection free

system and the "change of phase" observed in a system which is not

reflection free will be termed mismatch error. The mismatch error

depends not only on the reflections present In the system but also on

the choice of the wave used as the reference wave in a phase meas-

urement. Similar considerations hold for the measurements of varia-

tion of phase shift and the observed change of phase in adjustable

components.

A formal scattering matrix analysis is used to derive expressions

for phase relationships of the wave amplitudes for a two-arm wave-

guide jimction in a system with reflections. The results of this analy-

sis are used to evaluate mismatch error for different choices of refer-

ence waves. Two techniques of variation of phase shift measure-

ments are analyzed. Graphs of the limits of mismatch error in a

commonly used method of measurement are presented.

Introduction

« f
II

^HE phase shift through a waveguide component

I at a ingle frequency is the phase difference under

matched conditions between corresponding in-

cident and transmitted field quantities at the input

and output ports, respectively, ignoring multiples of In

radians.'" From this definition, it is seen that the phase

shift through a waveguide component is a characteristic

of the component. However, if the component is in-

serted in a system which has reflections, two interactions

take place which cause errors in measurements of phase

shift. It will be shown that the phase difference between

the emergent wave from the output port (transmitted

wave) and the wave incident at the input port (incident

wave) depends only on the reflection coefficient of the

equivalent load attached to the junction and the char-

acteristics of the junction. However, the phase of the

incident wave with respect to some independent refer-

ence such as the component of the incident wave sup-

plied by the generator depends on the reflection coeffi-

cients of both the load and the generator, and the char-

acteristics of the junction. Consequently, the phase of

the emergent wave with respect to an independent ref-

erence depends on the reflection coefficients of the load

and generator and characteristics of the junction. The
difference between the phase shift and the phase change

* Received by the PGMTT, May 10, 1960; revised manuscript
received, July 13, 1960.

t Radio Standards Lab., National Bureau of Standards, Boulder,
Colo.

' "IRE standards on antennas and waveguides: waveguide and
waveguide component measurements, 1959," Proc. IRE, vol. 47,

pp. 568-582; April, 1959.

observed will be termed a mismatch error. Care must be

exercised to determine which wave is being used as a ref-

erence in evaluating these mismatch errors. Similar

considerations hold for measurements of variation of

phase shift and the observed change of phase in adjust-

able components such as microwave phase shifters or

attenuators.

A scattering matrix analysis is used to derive the

phase relationship among various wave amplitudes in a

two-arm waveguide junction inserted in a system with

reflections. Mismatch errors are evaluated for two

choices of reference waves. Two commonly used meth-

ods of measuring variations of phase shift in adjustable

components are analyzed for mismatch error. Limits

of mismatch error are calculated for the first method, a

two channel arrangement, and presented in two graphs.

One graph presents limits of error for lossless com-

ponents and is valid for low loss phase shifters. The lim-

its of mismatch error for a lossless phase shifter are

slightly larger than those which would be encountered

in a low loss component such as a commercial phase

shifter, or in an attenuator when one or both of the set-

tings is less than 20 db. The other graph is for com-

ponents which have at least 20 db loss at both settings.

This graph is presented since such measurements have

smaller limits of mismatch error.

The second method which is treated uses a short cir-

cuit and slotted line to measure the phase shift or varia-

tion of phase shift of low-loss components. The error is

evaluated and it is found to depend to the first order

only on the mismatches of the component and not on

the mismatches of the generator.

Theory

A two-arm waveguide junction may be represented

as in Fig. 1. The phase of the emergent wave from arm 2

S2I
-|«2

1

i
— r„-

Fig. 1—A two-arm waveguide junction representation.

(the transmitted wave) with respect to the other waves

associated with the junction may be derived by the

use of the scattering matrix, 5. In terms of this matrix,

b = Sa (1)

where 6 is a column matrix of the emergent wave ampli-
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tudes, fl is a column matrix of the incident wave ampli-

tudes, and S is the scattering matrix of the junction. It

can readily be shown from (1) and Fig. 1 that the output

wave is related to the component of the input wave
supplied by the generator 6 c by

ba (1 - rirG)(i -S22TD)
(2)

where the 5's are elements of the scattering matrix asso-

ciated with the two arm junction, and Vq and Td are

the equivalent generator and detector reflection co-

efficients, respectively, and Fi is the reflection coefificient

of the equivalent load attached to the generator. Fi may
be expressed as

Fl = Su +
1 — S22TD

(3)

The argument of (2) is the phase difference between the

emergent wave, &2, and ba, which is the wave that would

be delivered to a reflectionless load, bo is independent

of the reflections of the system and therefore is termed

the independent wave.

Eq. (2) may be written in the form

where

and

62 di

1 — 'S'22r£)

62

bo

ai

ai 1

6g
~

(1 - FiFo)

(4)

(5)

(6)

The argument of &2/fli is the phase difference between

the transmitted wave and the incident wave. The argu-

ment of ai/bo is the phase difference between the inci-

dent wave and the independent generator wave, be-

When Fd = Fg = 0, the phase difference of (6) reduces

to zero and both (2) and (5) reduce to

= 521 = 521 e'* (7)
ai

where <l>2i is, by definition, the phase shift through the

waveguide component.

Evaluation of Mismatch Error

Case I. The Reference Wave is the Independent Wave, bg

In techniques where the independent wave is used as

the reference wave, the mismatch error for a phase shift

measurement may be obtained by rewriting (2) in the

form

— =
I
521 1

e'*"
I

Ea
j

bo
(8)
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where

1

(1 - riro)(i - 522rz>)
(9)

The difference between the measured change of phase
and the phase shift of the component is just €„, the argu-

ment of (9). For differential phase shifters or attenu-

ators, using front superscripts i and / to denote initial

and final settings, respectively, the change of phase of

bt with respect to the independent wave may be ob-

tained from an expression derived from (2), which is

'h _ ^521 (1 - 'rirG)(i - '522rj)

'62 '521 (1 - ^rirG)(i - /522ri>)
(10)

where the argument of (10) is the change in phase of the

emergent wave, 62, with respect to the independent

wave when the setting of the junction is changed. For

Fd = Fg = 0, this reduces to

fb2 'S21

'S22

^521
I

•521
I

pj /*21— V21) (11)

where •^</>2i
—

'02i is the variation of phase shift when the

setting of the junction is changed. For Fg and Td not

zero, (10) may be written in the form

^b2
. gi(.^4'2—''l'i)

'S2
,)(/,(, 21-

'52
(12)

where ^^2 — '^2 is the change in phase of the emergent

wave for F^ and Fg not zero, ^(f)2i
—

'<t>2i is the variation

of phase shift of the component, and

Eb =
\
Eh

(1 - 'rirG)(i - '522rc)

(1 - ^rirG)(i - ^522rz>)
(13)

From (12) it can be seen that the mismatch error in this

case is the argument of (13).

Case II. The Reference Wave is the Incident Wave at the

Input, ay

In techniques where the incident wave is used as the

reference wave, (5) may be written in the form

62
= 521 e'*" Ec

ai
(14)

where ^<f>2i is the phase shift of the component and

1

1 — 522ri
(15)

It can be seen that the argument of (15) is the mis-

match error when the incident wave is used as a refer-

ence. For adjustable components, the change in phase

of the emergent wave may be written, when the inci-

dent input wave is used as a reference wave, as

•^2

^521 1 — ^322^0

'S2I 1 — '^522 Fd
(16)
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or as

where

•b-, 'S-n

Ed e''" =
1 — '32-2^0

(17)

(18)
1 - ^S22Td

and €d is the mismatch error in this case.

Application I

A two-channel method of measuring variation of

phase shift is illustrated in Fig. 2. Usually there is con-

siderable isolation between the component under test

and power dividing network. Under these circumstances,

a portion of the energy of the oscillator traverses a

separate isolated path and behaves as an independent

reference wave for the change of phase measurements.

GENERATOR— ^

COMPONENT

UNDER

TEST

ZERO

SET

STANDARD

PHASE

SHIFTER

ZERO

SET

^ DETECTOR

ARRANGEMENT A

GENERATOR—

COMPONENT STANDARD

UNDER PHASE

TEST SHIFTER

ZERO

SET

^ DETECTOR

r

ARRANGEMENT B

Fig. 2—Arrangement of equipment for a two-path
method of measuring phase shift.

Without this isolation, the equipment may be adjusted

to use the incident wave as a reference. The present dis-

cussion assumes this isolation to be infinite. Since the

independent wave is used as a reference, the mismatch
error is given by (13). If the magnitudes of the terms
other than

|

E\ and unity in (13) are small compared to

unity then to a good approximation,

= 1 - "riFc '522^0 + ^TiFG + ^SiiTo, (19)

and the mismatch error, e, may be written approxi-

mately as

€ = argument of

[1 - Tire - '^ssFz, + ^TiTg + ^S22rD]. (20)

However, it is inconvenient or sometimes difficult to

evaluate the phases of the scattering and reflection co-

efficients, while limits of their magnitudes are more
readily determined from estimates of maximum VSWR.
Therefore, limits of error (maximum error) for arbi-

251.

trary phases of these coefficients are evaluated here.

One may represent (19) in graphical form as shown in

Fig. 3. Allowing the phases of the coefficients to take on
appropriate values, the maximum error, lim e, will occur

when the resultant is 90° out of phase with the variables,

as shown in Fig. 4. Under these conditions

sin (lim e)

= I't^FgI + \'S22Td\ + l^riTol + p522rD

which for small angles may be written,

lim e

(21)

(22)

Fig. 3—Representation of (19"

1
"\4im e

J
REIL 1 '1

Fig. 4—Representation of (19) for maximum «.

A conservative estimate of the limits of mismatch

error may be quickly obtained by using the manufac-

turers' specifications for the magnitudes of the scatter-

ing coefficients. It should be noted, however, that for a

specific measurement, determining the value of the mag-

nitude of the scattering coefficients will usually result

in smaller limits of error since manufacturers generally

specify only the maximum value over the entire operat-

ing range. It should be emphasized that the limits of

error calculated from (22) are maximum errors based

on the assumption that the phases of the scattering

coefficients change an arbitrary amount. Limits to

these phase changes can frequently be determined, and

for precise measurements, it is then desirable to use

these limits and determine the smaller limits of error

by use of (13).
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Graphical Presentation of Results

The graphs are constructed to present a limit of mis-

match error in variation of phase shift measurements as

a function of the mismatches of the generator, detector,

and phase shifter. The following assumptions were

made to simplify the presentation and they introduce

only a small loss of generality. It is assumed that: 1) the

equivalent generator and detector reflection coefficients

are of equal magnitude, [rd =|rD| ; 2) the input and

output voltage standing-wave ratio (VSWR) of the

phase shifter are equal, and therefore
|

=
|

522! ; and

3) the detector reflection coefficient and combine to

gi,ve maximum magnitude of Fi.

The results for a lossless phase shifter are presented

in Fig. 5, and for a lossy one in Fig. 6. The limits of

error are plotted against the input or output VSWR

_______— 1 20

_____ 110

—- 105

A

:

lOI

, 1 005

^ lOOPffjnffg

10 II 12 11 14 IS

<in--'rt

Fig. 5—Limit of mismatch error for lossless phase shifters.

Fig. 6—Limit of mismatch error for attenuators with initial

and final settings greater than 20 db.

((Tu or (T22) of the phase shifter or attenuator. Fig. 5 gives

limits of error for a lossless phase shifter and conserva-

tive limits of error for phase shifters with less than 20

db loss or attenuators with one or both settings at less

than 20 db loss. Fig. 6 gives limits of error for attenu-

ators when both settings are at least 20 db or phase

shifters with 20 db or more of insertion loss.

As an example, consider a phase shifter with 0.5 db
insertion loss and maximum input and output VSWR
of 1.35 placed in a waveguide system with maximum
VSWR looking towards the generator and detector of

1.05. The conservative limit of error as given by Fig. 5

is 0.90°. However, if this component has 20 db or more
loss at both settings, the limit of error as given by Fig. 6

is 0.84°. The difference between the limits of error for

the lossless and high loss cases becomes more pro-

nounced as the ratio of \^ d\ to |5ii| becomes larger

and therefore both graphs are presented.

The graphs may also be used to estimate the maxi-

mum permissih 'e VSWR of the equivalent generator and

detector to attain a given accuracy of variation of

phase shift with a calibrated phase shifter. One case of

interest is a microwave phase shifter of maximum
VSWR of 1.35 which is calibrated to 2° accuracy. To
utilize this accuracy, an estimate from Fig. 5 indicates

that it should be used in a system where the VSWR
looking towards the generator and detector are 1.10,

or less. Another case of interest is the comparison of the

variation of phase shift of two components within 0.1°

in a two channel method. This would be satisfied if the

limit of mismatch error for each component was 0.05°.

If one of the components is a microwave phase shifter

with maximum VSWR of 1.35, the maximum VSWR of

the equivalent generator and detector for 0.05° limit is

1.004. If the other component is an attenuator with

maximum VSWR of 1.15, the maximum VSWR of the

equivalent generator and detector for 0.05° limit is

1.006.

It may be useful here to emphasize the meaning of

the limits of error presented in the graphs. These are

maximum errors due to mismatches, since it was as-

sumed that the phase changes of all coefficients were

arbitrary. If one has knowledge of the limits of phase

changes of the coefficients, or actual values, it is desir-

able for critical work to turn to (11) and evaluate closer

limits of mismatch error, or actual mismatch error.

Application II

A method which has been used to measure the varia-

tion of phase shift of a low-loss reciprocal waveguide

component by terminating it with a calibrated sliding

short circuit and using a slotted section as a detector is

illustrated in Fig. 7. A minimum of the input standing

wave pattern is used as a reference to position the

probe. When the component under test is adjusted to a
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new setting, the minimum of the input standing wave
pattern is restored to the reference plane of the probe by
moving the calibrated short circuit. Since the wave
travels through the component in both directions to

form this pattern, twice the phase shift of the compo-

nent is assumed to be equal to the change of phase of the

reflection coefficient of the attached short circuit.

where hp^ and are the initial and final phases, respec-

tively, of the reflection coefficient of the sliding short

circuit. Vs.

It is apparent, however, that the actual change of

phase can differ from this ideal when Sn and ^22 are not

zero, or

{^<t>2i - '4>2i) - Wi. - '^s) = ee, (29)

SLOTTED COMPONENT

UNDER

TEST

ADJUSTABLE

SHORT

CIRCUITLINE

Fig. 7—Arrangement of equipment for a short circuit method
of measuring phase shift of low-loss components.

Neglecting any errors caused by probe loading, the

minimum of the input standing wave pattern occurs

when

61
argument of — = {2n + l)7r,

ai
(23)

where n is an integer. The minimum of the pattern is

restored "o the initial position by adjustment of the

short circuit and this condition may be expressed by

or

arg — = arg—

arg ^Fi = arg Ti

(24)

(25)

where Fi is the input reflection coefficient of the com-

ponent when arm 2 is terminated with a sliding short

circuit with reflection coefficient r^. Substitution of an

expression for Fi in terms of the scattering coefficients

of the component and the short circuit allows the ad-

justment conditions to be written as

arg ^Sn +
1
-

= arg {'Sn + —
, (26)

when reciprocity in the form, 821 = Su, has been as-

sumed. For |522F8|«1, this may be written approxi-

mately as

arg (/5ii + ^521^ ^F. + ^^21^ ^^22 ^P,^)

= arg ('5„ + '521^ -f- 'T,'). (27)

The measured variation of phase shift is based on the

assumption that 5ii = 522 = 0 and that the arguments of

^Sii'^T, and *52i^ are equal, which leads to

where is the mismatch error in this method. Eq. (29)

can be shown to be equivalent to

^521^ ^r.
2€, = arg : — = arg ^521^ ^F, - arg '521^ T.. (30)

'6'2i^ 'Fs

The difference between these two arguments, lee, can

be seen from Fig. 8, a graphical representation of (27)

which describes the actual adjustment of conditions for

the general case. The limits of this difference, assuming

all phases of the reflection coefficients are possible, may
be obtained from

1
r . . . . 1

sin (lim e^) = — [sin(limei) -1- sin(lim€2)
J

2_ K^nl + K521^^522^F,^|

2 1^52,^ ^F,
I

J_
\'Su\ + |'52l'''522'r,^

2 I'Sii^'TA
(31)

where lim e<, is the limit of error, and lim d and lim £2

are limits of ei and €2 as shown in Fig. 8. A readily calcu-

lated approximation for the limit of error may be found

by assuming 15211=1, |rs|=l,and |5ii| and |522| do

not change with adjustment. This approximate limit of

error may be obtained from

sin (lim e^) (32)

1 r""

—

^ REAL—
'11 ^'2 '^S

/^21 - '021 = KV« - ^"A.) (28) Fig. 8—Representation of (27).
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If the input and output VSWR of the component are

equal and the error is small, the limit of mismatch error

may be written as

lim €f = 2
I

Sii
I

radians (33)

which can be readily shown to be equivalent to a result

for lossless components quoted by Magid.^ It may be

useful here to emphasize the meaning of the limits of

error obtained by (33). These are maximum errors due

to mismatches, since it was assumed that the phase

changes of all coefificients were arbitrary.

' M. Magid, "Precision microwave phase shift measurements,"
IRE Tr^ns. on Instrumentation, vol. 1-7, pp. 321-331; December,
1Q58.

For the same phase shifter considered in Application

I (VSWR<1.35), the limits of error are +17°. It is of

interest to note that the mismatch error in a variation

of phase shift measurement in this method is independ-

ent of the reflection coefficient of the generator.

Additional errors in this method such as those caused

by probe loading in the slotted line are not within the

scope of this analysis, but should be taken into account,

if they are appreciable compared to the mismatch error.
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A MODULATED SUB-CARRIER TECHNIQUE OF MEASURING
MICROWAVE ATTENUATION

By G. E. SCHAFER Ph.D., and R. R. BOWMAN.
(The paper was received 5th June, 1961. // was presented at the Conference on Microwave Measurement Techniques 1th September, 1961.)

SUMMARY
A method of measuring microwave attenuation is proposed which

has the advantages of an i.f. substitution method with single-sideband

operation. However, ordinary amplitude modulation is used, and
neither the carrier nor one of the sidebands needs to be suppressed.

Two versions of this method are described and some operational

hints are given. One of these versions is capable of high accuracy

with commercially available equipment. The proposed method was
tested by measuring the relative attenuation of a microwave variable

attenuator at 9-3897Gc/s, attaining a precision of 0-000 IdB at

0-01 dB and 0-2dB at 50 dB. The measurements are compared with

measurements performed by other methods. A special comparison
with values obtained from d.c. substitution techniques was made in

which environmental effects were largely eliminated.

Factors affecting the accuracy of measurements made by this

technique are discussed. Some of the precautions necessary to attain

high accuracy are given.

(1) INTRODUCTION
Several methods of measuring microwave attenuation' are

currently in use. Some of these are often characterized by the

terms r.f., i.f., a.f. and d.c. substitution. A particular method
may fall into one of these categories, depending on the frequency

at which the standard or calibrated attenuator is operated.

At present, i.f. (power linear frequency conversion) and a.f.

(square-law detection) systems are most commonly used. One
advantage of the i.f. substitution system over the a.f. one is the

wide dynamic range over which accurate measurements can

be made: one advantage of the a.f. substitution system over the

i.f. one is the need for only one microwave signal source. Single-

sideband i.f. substitution systems can, in principle, combine
these two advantages. However, there is additional difficulty

and expense involved in reducing the unwanted sideband and
carrier energies to satisfactorily low levels.

The method here described combines these two advantages

in a way which does not require the suppression of either the

carrier or one of the sidebands. Two different versions of this

method are described, and some operational hints on obtaining

high accuracy are given.

Attenuation measurements are compared with those obtained

from a modified d.c. substitution^ technique and a conventional

i.f. substitution technique. A special comparison in which
environmental effects are largely eliminated is also reported.

The system is also capable of simultaneously measuring the

phase shift of the attenuator under test. Methods of doing this

are described.

(2) THEORY
Referring to Fig. 1 , microwave attenuation is measured by the

modulated sub-carrier method by use of a 2-channel system
operating as follows. One channel, containing controls for the

phase and magnitude of the wave amplitude, transmits a portion

(approximately 1 mW) of the unmodulated energy to the micro-
wave detector and is somewhat analogous to the local oscillator

in an i.f. system. This is termed the 'carrier channel'. The

The authors are at the National Bureau of Standards. Boulder Laboratories,
Colorado, U.S.A.
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UNDER
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MODULATION

FREOUENCt

SUBCARRIER CHANNEL

MODULATOR

DRIVER

Fig. 1.—Basic microwave equipment for modulated sub-carrier
method of measuring attenuation.

second channel, containing the attenuator under test, transmits

a smaller fraction of the microwave energy to the same micro-

wave detector, after this energy has been amplitude modulated.

This is termed the 'sub-carrier channel'.

The general relationships amongst the wave amplitudes at the

microwave detector in such a 2-channel system are shown in

Fig. 2. If the carrier and amplitude-modulated sub-carrier are

Fig. 2.—Wave amplitudes at the microwave detector.

in phase, the recombined signal delivered to the microwave
detector is amplitude modulated in the same way as the sub-

carrier. Therefore, in the absence of phase modulation, the

magnitude of the resultant amplitude deUvered to the detector,

£„ may be written

E, = + E,^(\ + m cos oj^O, ... (1)

where E^ and E^^ are the carrier and sub-carrier amplitudes, m
is the modulation index and aj„, the angular frequency of the

amplitude modulation. Eqn. (1) may also be written in the

form

E, = {E, + E,,) 1

mE„
cos oj^t (2)

(£c + £J
This is equivalent to an amplitude-modulated wave with a mag-

nitude of E^ + and a modulation index of mE^^jiE^ + E^^
The amplitudes of the sidebands are proportional to mE^^

Proceedings I.E.E., Vol. 109, Part'B Suppl. No. 23, 1962 [ 783 ] The Institution of Electrical Engineers

Paper No. 3710 E May 1962
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Therefore, if m is kept constant the amplitude of the output at

the modulation frequency from a power linear detection of this

combined signal will be proportional to E^^, the signal passing

through the attenuator under test. The term 'power linear

detection' is here used to designate the condition P„, = GP^,

where P,„ is the power at the modulation frequency delivered to

the load attached to the detector, P^ is the sum of the powers in

the appropriate sidebands of the microwave signal, and G is

the conversion efficiency. The detection of a crystal diode is

power hnear over a large range of values of E^^ if the effective

carrier, E^ + E^^, is kept constant, a necessary condition for G
to be constant. Thus, the attenuation of the modulation-

frequency power may be substituted for the microwave attenua-

tion in the sub-carrier channel.

The attenuation of the modulation-frequency power delivered

from the output of the microwave detector is measured by a

standard attenuator such as a standard ratio transformer. The
range of attenuation measurement, as in i.f. substitution systems,

is limited at the low end by noise and at the high end by depar-

tures from power hnearity in excess of the mimimum error to

be tolerated. In the versions shown in Figs. 3 and 4, the audio

detector serves only to indicate a null or to determine when a

previously used signal level is duplicated. This does not impose

any requirement for linearity on the audio amplifier, and the

law of the audio detector need not be known.
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Fig. 3. -Arrangement of equipment for system with null

detector.
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Fig. 4.—Arrangement of equipment for system with constant-level
indicator.

(3) THE MECHAMCS OF MAKING MEASUREMENTS
Two versions of making relative attenuation measurements

by this technique are described in the following paragraphs.

For the purpose of these descriptions it is assumed that the

relative attenuation* of the variable attenuator is to be deter-

mined for a selected dial setting. Minor modifications of the

versions permit determining the dial setting of the attenuator

which corresponds to a selected value of relative attenuation.

As in any measurement of microwave attenuation by sub-

stitution methods, certain precautions are necessary at the ports

of the system to which the microwave and standard attenuators

are attached. Ideally, the ports to which the microwave
attenuator is attached should have zero reflection coefficients.

The standard attenuator should also be properly terminated.

The unmodulated carrier power delivered to the microwave
detector (usually a crystal diode) is adjusted to approximately

1 mW by means of the level-set attenuator in the carrier channel.

The modulated sub-carrier power delivered to the microwave
detector (with the attenuator under test set at the minimum
attenuation to be used) is adjusted to be sufficiently less than

the carrier power to attain the desired power linearity. For less

than O OldB departure from power linearity, it is adequate to

have the sub-carrier 23 dB (as determined experimentally) below
the carrier, as in an i.f. substitution system. The amphtude
modulator is adjusted to the centre frequency of the modulation-

frequency detector and should produce a large percentage of

modulation of the sub-carrier (at least 30%). The output signal

from the microwave detector is directly proportional to this

modulation index, and therefore this index should be as high

as practical. Both 100% and over-modulation have been

successfully used. Some modulators introduce phase as well

as amplitude modulation. By following the instructions given

below, the same component of amplitude modulation wiU appear

along the resultant. Therefore the accuracy of the measurement
should not be impaired if the phase modulation introduced

remains constant. This has been verified experimentally. As
will be discussed later, it was found that holding only the carrier

constant (instead of E^ + E^^ results in accurate measurements.

(3.1) Version I: A Null Detecrion Arrangement

The equipment is arranged as in Fig. 3. The microwave

attenuator is set to its 'zero' or reference position. The carrier

is adjusted to be in phase with the sub-carrier. Maximum
output at the modulation frequency from the microwave detector

may be used to determine this condition. Another maximum
output occurs when the carrier and sub-carrier are 180° out of

phase, which is equivalent to reversing the sign of E^^ in

eqns. (1) and (2). The technique is still usable under these

conditions. The standard attenuator (a standard ratio trans-

former in the various models tested) is set to its 'zero' or reference

position. The phase and amplitude of the modulation-frequency

signal delivered to the standard attenuator are then adjusted to

produce a null at the modulation-frequency detector. The
signals from the microwave detector and the standard attenuator

output are then of equal amplitudes. (It may be useful to note

here that by temporarily adjusting the signal levels to be slightly

different at the modulation-frequency detector, greater precision

is attained in equalizing the phases of the carrier and sub-

carrier. This is especially useful if phase-shift measurements

are to be made simultaneously.)

After a null is obtained with both attenuators at their reference

positions, the microwave attenuator is adjusted to the dial setting

where the relative attenuation is to be measured. The standard

attenuator is adjusted so that it nearly produces a null at the

modulation-frequency detector, and. if necessary, the carrier is

again synchronized with the sub-carrier. Final adjustment of

the standard attenuator is then made to again produce a null

* 'Relative attenuation' is here used to mean the difference in attenuation between
the minimum (*zero') setting and a selected dial setting.
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at the modulation-frequency detector. The microwave relative

attenuation is then assumed equal to the change of attenuation

of the standard.

The difference between the two settings of the phase shifter

in the carrier channel is a measure of the variation of phase

shift of the microwave attenuator between its two settings.

(3.2) Version 11: A Constant Level Indicator Arrangement

In this simpUfied version the equipment is arranged as in

Fig. 4. The modulation-frequency generator does not deliver a

reference voltage to the standard attenuator. The principal

difference in arrangement from version I is that the standard

attenuator is placed between the microwave detector and the

modulation-frequency level indicator. The principal difference

in operation is the function of the modulation-frequency

amplifier and detector. In this version the detector is used to

indicate when a reference level of modulation-frequency signal is

reproduced. Therefore, the precision of measurement is

directly proportional to the resolution of the modulation-

frequency level indicator. High resolution may be attained

with differential voltmeters, but this imposes an additional

requirement over version I of high stability in the modulation-
frequency amplifier portion of the circuit.

With the test-attenuator dial set at the position where the

relative attenuation is to be measured and the standard

attenuator set to its 'zero' or reference position, the carrier and
sub-carrier are syncfironized as in version I. The gain of the

modulation-frequency amplifier is adjusted to produce a con-

venient reference level at the level indicator. The microwave
attenuator is then adjusted to its 'zero' or reference position,

and, if necessary, the carrier is again synchronized with the sub-

carrier. The standard attenuator is then adjusted to reproduce

the reference level. The microwave relative attenuation is then

assumed to be equal to the change of attenuation of the standard.

The difference between the phase-shifter settings in the carrier

channel may again be used as a measure of the variation of

phase shift of the test attenuator between its two settings. The
precision of the phase adjustments is usually better in version I.

(4) EVALUATION OF THE METHOD
Equipment was set up as in version I (Fig. 3), the null detec-

tion version. Commercially available components were used

throughout, except for the microwave detector used in the power
stabihzer. Here two commercially available bolometer mounts
were modified to form a temperature-compensated bridge

arrangement in order to reduce variations of power due to

ambient temperature changes.

A ferrite modulator and audio oscillator were used to produce
the amplitude modulation of the microwave energy. The modu-
lation frequency was chosen to be 1 kc/s, primarily for two
reasons: one was the commercial availability of components at

this frequency; the other was that 1 kc/s dispersive effects on
relative attenuation should be small and the modulator could

precede the test attenuator. A standard ratio transformer was
used for the standard attenuator. A standing-wave amplifier

with a bandwidth of 40c/s was used for the null indicator. This

was connected to form a null detector by means of an unshielded

transformer. The secondary was connected to the standing

-

wave amplifier. One side of the primary was connected via a

blocking capacitor to the microwave detector, and the other

side, to the output of the standard attenuator.

The noise level at the output of the microwave detector was
at least 80 dB below the signal produced when the sub-carrier

was 30 dB below the 1 mW carrier in the detector crystal.

Approximately 10"'^W of noise power was delivered to the

1 000 Q. load attached to the microwave detector. The major
source of noise is the crystal, and crystal selection is sometimes
necessary to attain a lower noise level. Long-term drift of the

system was observed to be approximately 0 002dB per lOmin.
About ten measurements can be made during such a period.

The above characteristics are all indicative of the behaviour of

the initial systems built and can be improved by relatively

inexpensive refinements.

The voltage standing-wave ratios at the ports leading to the

generator and detector were adjusted to be 1 005 or less. The
microwave frequency was 9-389 7Gc/s. This was selected

because of some previous work on the test attenuator.

With systems having the above characteristics, the relative

attenuation of the microwave attenuator was measured with the

attenuator in a horizontal and in a vertical position. The
position had some effect on the higher relative attenuation values.

Table 1

Comparison of Measurements Obtained by Modulated
Sub-Carrier and D.C. Substitution Methods

Attenuator
dial reading

Measured attenuation (with attenuator vertical)

Modulated sub-carrier method D.C. method

dB dB dB

001 0011 1 0-0107
002 0 021 8 0-0214
003 0 0308 0-0303
004 0 041 3 0-0407
005 0 053 2 0-0521
006 0 0626 0-0609
007 0 071 8 0-0700
008 0 0814 0-0802
009 0 091 8 0-0909
010 01037 0-1021
012 01206 0-1191
0-14 0-1388 0-1375
016 01590 0-1573
0- 18 01796 0-1783
0-20 0-202 3 0-200 7
0-25 0-2482 0-247 1

0-50 0-4994 0-4979
1 1-004 1-004

2 1-999 1-996

3 3-000 2-998
5 4-991 4-990
10 9-971 9-965
15 15-01 14-99

20 19-97 19-95

25 25-00 25-01

30 30-10 30-07
40 40-44 40-33
50 52-39 52-24

Table 1 presents a comparison of the modulated sub-carrier

measurements with those made by the modified d.c. substitution

method. The errors in the d.c. technique had been rather

carefuUy evaluated, while in this test neither the audio standard

nor the power Unearity had been satisfactorily evaluated. The
attenuator was in a vertical position. TTie significant figures in

the Table are not necessarily the limiting accuracies of the

different techniques: they simply indicate the precision attained

for the particular environment used. Differences between

measurements may be explained by the inabiUty to repeat

settings of the attenuator exactly. Other sources of error such

as temperature differences in the laboratory may also be

important.

Table 2 presents a comparison of the modulated sub-carrier

measurements with those made by a conventional series i.f.

substitution technique. The intermediate frequency was 30 Mc/s
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Table 2

Comparison of Measurements Obtained by Modulated
Sub-Carrier and I.F. Substitution Methods

Attenuator
dial reading

Measured attenuation (with attenuator horizontal)

Modulated sub-carrier method I.F. substitution method

dB dB dB

01 U 1 UZ 0 n . 1U lUl

0-2 c\ . Oil 1 n

0-5 U Hy 1 0

1 1002 0-998
2 1-997 1 -999

3 2-998 2-997
5 4-989 4-980
10 9-958 9-965

15 14-98 14-99

20 19-94 19-95

25 24-95 24-95
30 30-02 30 00
40 40-24 40-15
50 51.70 51-66

and a waveguide-below-cut-off attenuator was used as the

standard. In this case the microwave attenuator was in a

horizontal position. Again the significant figures indicate the

precision attained; differences between measurements may be

due to the same causes.

Table 3

Differences Between Measurements Made Simultaneously
BY Modulated Sub-Carrier and D.C. Substitution Methods

Attenuator
dial reading

Difference
(with attenuator vertical)

dB dB

0-01 +0-0002
0-02 -0 0002
0-05 -0-0001
0- 10 +0-0005
0-50 +0-0001
1-0 -0 001 2
2-0 -0 0003
5-0 -0-001 1

100 + 0 001 2
20-0 +0-0066

Table 3 shows the differences in measurements of the relative

attenuation of the microwave attenuator made simultaneously

by the d.c. and sub-carrier methods. Each of these is a 2-channel

method, and simultaneous measurements could be made with a

3-channel system in which the common channel contained the

test attenuator in a vertical position.^ In this comparison,

differences between measured relative attenuations due to

inability to reset the attenuator, mismatch errors, ageing of the

attenuator and environmental conditions in general are eli-

minated. The remaining differences are probably due to

inaccuracies in the standard and in reading the settings, and
power non-linearity of the crystal detector.

(5) SOME FACTORS AFFECTING ACCURACY
The power linearity of the crystal-diode microwave detector

was checked for a number of crystals, with the amplitude of the

carrier held constant. It was realized that the analysis shows
that the sum of the amplitudes of the carrier and sub-carrier,

£<, + Eg^, must be held constant instead of only the carrier, E^.

However, holding E^ constant is much more simple, and since

E^^ is small compared with E^ in most cases, the difference in

behaviour from the analytically proper operation was expected

to be small. Less than 0 - 01 dB power non-linearity was observed

at ratios of carrier to sub-carrier of 23 dB or more. It is of

interest to note that this departure from power linearity is very

similar to the behaviour of a crystal diode operating as a mixer
in an i.f. system.'* The maximum departures observed for

ratios down to OdB were less than 0-5dB.
In proper operation {E^ + E^^. held constant), it was found

that the magnitude of the power non-linearity was very nearly

the same as for E^ only held constant, for ratios down to 20 dB.

Proper operation could be accomplished automatically by

leaving the control element installed in the carrier channel, and
by moving the sensing device somewhere between the place

where the signals were recombined and the microwave detector.

The effects of different loads attached to the detector crystal

were investigated. A broad maximum in the observed accuracy

was found with approximately a 1 000 Q. load. There was very

little deterioration in accuracy for load impedances as low as

IQOQ, or as high as 5 000Q. Outside these ranges rather large

departures from linearity (greater than 0-03 dB) were observed.

(6) CONCLUSIONS
A new method of measuring microwave attenuation has been

developed which may be built with commercially available com-
ponents to attain O OOOldB reso'ution and accuracies com-
parable to those of the best systems now known. This method
offers a distinct saving in operating costs over conventional i.f.

substitution systems, since only a single microwave signal source

is required.

In principle, amplitude modulation at high frequencies and
waveguide-below-cut-off or resistive standard attenuators could

be used. It is at present more convenient to modulate at an
audio frequency and use standard ratio transformers which are

commercially available with O-OOOldB accuracies at small

ratios of attenuation and 0-01 dB accuracies at 60 dB ratios.

The most accurate models of these standard ratio transformers

are slightly more expensive, but also more accurate, than com-
mercially available waveguide-below-cut-off attenuators. They
may also be used with essentially zero minimum insertion loss.

The null-detection version is preferable to the constant-level

version because (d) high precision is attained without high-

resolution differential detectors, and {b) if a standard ratio

transformer is used it will be loaded in the proper way with a

null detector and bucking voltage to the secondary.
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A simple ratio transformer having a 2: 1 ratio of input voltage to output voltage can be made with

a ratio error less than 0.1 ppm from 1 kHz to above 1 MHz. Applications and sources of error are

discussed. Experimental results leading to an optimum transformer design are given. A bridge to

measure the ratio error to 0.025 ppm from 1 kHz to 1 MHz is also described.

Key Words: Attenuator, bridge, high frequency, inductive voltage divider, ratio transformer.

1. Introduction

Techniques for winding inductive voltage dividers

with adjustable ratios have been improved during the

last few years to where dividers having errors less than
0.1 ppm at frequencies around 1 kHz are not too dif-

ficult to make. Unfortunately, as the frequency in-

creases, the ratio error increases rapidly so that this

accuracy cannot be maintained above about 10 kHz.
At frequencies above 10 kHz the most accurate ratio

device is an inductive voltage divider which has a

fixed voltage ratio of 2: 1; that is, one dividing an input

voltage into two equal parts such as is shown in figure 1.

Such dividers have recently been made with errors

less than 0.1 ppm from 1 kHz to above 1 MHz. This
paper summarizes the research that was done to de-

velop this accurate high frequency divider.

Figure 2b shows n basic 2 : 1 ratio dividers connected
to give a voltage ratio

_Fout ±
2"'

6; 2'

i e = —

Figure 1. A 2:1 ratio inductive voltage divider.

2. Applications

"out . l_

V,N " 2"

(c)

= I, 2, or 5

A few of the many possible applications for this

type of divider are shown in figure 2. Figure 2a is a
bridge for comparing two impedances, Z\ and 22-

•Radio Standards Engineering Division, NBS Laboratories, Boulder, Colo. 80302.

n

5. = {'
•0 IF i

SWITCH ON (UP)

SWITCH OFF

Figure 2. Some possible applications for 2:1 ratio dividers.
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3. The 2 : 1 Ratio Divider

The 2 : 1 ratio divider is a center-tapped transformer

that divides a vohage into two equal parts. It is con-

venient to define the complex ratio error, p = p, +jpi,

as the error in the ratio of the output voltage to the

input voltage. The output voltages ei and e> shown in

figure 1 then, become

NOMINAL VALUE OF

Figure 3. Typical error curve for one decade of a low-frequency
decade voltage divider.

Each section of this divider accurately divides its

input voltage in half to give an attenuation of 6 dB.'

An attenuator made with n sections will have approxi-

mately 6«dB.
Figure 2c shows an adjustable ratio "binary" induc-

tive voltage divider. The principle of operation is

the same as for low frequency decade voltage dividers

except that each section divides its input voltage into

only two equal parts instead of 10 equal parts. T. L.

Zapt et al., have shown that the error curve for any
one isolated decade of a low frequency decade voltage

divider has an "S" shape such as shown in figure 3 [1].^

As the frequency increases, the magnitude of the error

increases but the curve still tends to go through zero

at a ratio of 0.5. It is this error curve that suggested
that 2 : 1 ratio dividers would be accurate at high fre-

quencies as well as low frequencies. If n of these 2 : 1

ratio dividers are connected as shown in figure 2c the

voltage ratio is

I

1 if the ith switch is up

0 if the ith switch is down.

The input of each section is connected either across

the top half or across the bottom half of the preceed-
ing section. To obtain the same resolution with a

binary divider as with a decade divider requires that

the binary divider have approximately 3 times as many
sections as the decade divider has.

Figure 2d shows three basic 2 : 1 ratio dividers con-

nected in series with two more 2 : 1 ratio dividers

connected so as to assure that the same voltage is

applied to each of the three in series. Any number
could be connected in series, however the combina-
tion shown gives the very useful ratios

e,=y (1 + p),

If IpI <S 1, the ratio eje-i is approximately

^=l + 2p. (1)

To get an expression for the ratio error, consider the

divider as two impedances in series which differ by a

small amount AZ as shown in figure 4. If no current

is drawn from the center tap, the voltage ratio ei/e-2 is

e-2 Z ~ Z' (2)

From (1) and (2) we get

^ 2Z /? +ywL (3)

where R +}ojL is the open circuit input impedance.
Zip, of the transformer. The real and imaginary com-
ponents of p obtained from (3) are

pi

R^-ha)^L^

gjRM - ojLAR

R^ + (o^L^

(4)

(5)

U > \ as is often the case, where Q ^ coL/R, (4)

and (5) reduce to

M A/?

L ojLQ

_A« AL
Oil LQ

(6)

(7)

= 1,2, and 5.

This type of divider could be used in a bridge such as

shown in figure 2a Xu compare standards of impedance
which are often built to have nominal values in a 1-2-5

sequence.

M..rc ai curalt-ly 20 li.j; 2 = 6.020600 ilB.

'Figures in brackets indicate the literature references at itie end of this paper.

Z + aZ

Figure 4. Simplified circuit of a 2:1 ratio divider.
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These equations show the importance of winding the

transformer so that it has a large inductance. The
value of AL/Z, is made small by winding the trans-

former on a high permeability core to increase L, and

by twisting the wires to minimize AZ,. A twisted cable

is made by folding one wire in half and twisting the

pair fairly tightly with a hand drill as shown in figure 5a.

This cable is wound on the magnetic core and con-

nected as shown in figure 5b. The wires are con-

nected so that the current path from the upper tap

to the center tap is the same as the current path from

the center tap to the bottom tap. Thus, both windings

link very nearly the same magnetic flux and have a

small difference in inductance AL. Twisting the

wires helps assure that both windings link the same
flux.

Figure 6 shows the variation of p with frequency

for a transformer having 42 turns of twisted No. 26

magnet wire wound on a ferrite torodial core. Note
that pr is essentially constant with frequency up to

2 MHz which is the upper frequency limit of our

bridge. To see how high in frequency p, will remain
constant, we need to look at the equivalent circuit of

the divider.

Figure 7 shows one of two exact equivalent circuits

for an autotransformer [2] which is what the 2:1 ratio

divider is. The Kqc is the open-circuit admittance

measured across the input terminals and Z^^ is the

short-circuit "leakage" impedance measured across

either output with the input terminals short-circuited.

It can be seen from figure 7 that the voltage ratio

VilV-z at the output terminals will be equal to e\le-i

only if no current flows through Zgc. If within the

transformer housing the admittance from A to B dif-

fers from that from B to D by an amount AY/, and if

iZscAF, 1^1, then

^= ^-2ZseAr,. (8)

If AFf is mainly a difference in capacitance, A6'(,

CLAMP TO KEEP LEADS

i
Figure 5. The wires are twisted, wound on the core and connected

!i as shown here to make a 2:1 ratio divider.

-
tan S = ,002

-

P,

- /

1

-

10 100 1000

FREQUENCY, KHz

Figure 6. Error curve for one of the first experimental dividers

showing how and p, are relatively constant with frequency.

^=\ + 2p + 2co'L,,^C,-j2R,,co^C, (9)
y 2

where L^^ is the leakage inductance defined by Zg^

=
/?s(. + jioLsc- A typical value of L^e, such as for the

transformer whose ratio error is shown in figure 6, is

Lsc = 0-1 mH. By using trimmer capacitors from A
to B and B to D, AG can be made less than 0.01 pF
giving, in ppm,

2a>24cAC<0.iy^Hz

and

2«scwAC, < 0.01 /mhz

where /mhz is the frequency in MHz. Since this load-

ing error is proportional to the frequency squared, it

will be the predominant error term at frequencies

much above 1 MHz. The transformer whose char-

acteristic is shown in figure 6 has trimmer capacitors

across the output leads to adjust AC to a minimum.
Without adjusting AC, to a minimum the p, curve

increases to a value of about 5 ppm at 2 MHz.

Figure 7. An "exact" equivalent circuit for an autotransformer

with lead admittances Y and Y + AY added.

'
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4. A Bridge to Measure p

A simplified diagram of the bridge used to measure

p is shown in figure 8. The two arms of the trans-

former are balanced against two capacitors C, each
having a nominal value of 1000 pF. The bridge is

balanced with the capacitance C and the conductance
G. The transformer is then removed from the bridge,

rotated so that D is at the top and A is at the bottom,

and then replaced on the bridge. The bridge is again

balanced as before, changing C an amount AC and G
an amount AC Solving the bridge equations gives

p,=
AC
4C'

AG
4wC'

(10)

(11)

ratio of the transformer. To measure the true voltage

ratio e^le-y of the transformer, a second detector, Di.

is placed between the center tap of the transformer
and ground in order to balance the admittances to

ground with Y. With both detectors nulled for both
positions of the transformer, the bridge equations
yield (10) and (11) as before.

To measure the small changes in conductance,
AG, the T-network shown in figure 9b was used for

G. Changing C.s an amount AGs gives a change in

conductance

^G^CJ^C„R^Cs [12)

and a change in capacitance which is negligible com-
pared to AC. Putting (12) into (11) gives

(13)

where it has been assumed that \p\<^ 1, C" < C , and
G"2 « w2C'2.

A more detailed diagram of the bridge is shown in

figure 9a. The capacitors C and C are three-terminal

capacitors having admittances to ground shown as

dotted lines. If these admittances are unequal they

will load the transformer causing currents to flow

through and, thereby, change the apparent voltage

The resolution for p, and p, is 0.025 ppm from 1 kHz
to 1 MHz and 0.25 ppm to about 3 MHz. A photo-
graph of the bridge is shown in figure 10. Bridges
of similar design are described in references [3]

and [4].

5. Optimum Transformer Design

Figure 8. Simplified circuit of a bridge to measure the ratio error

of a 2:1 ratio divider.

Using the bridge shown in figure 10, a number of

experiments were made to determine the optimum coil

geometry, core material, type of wire, wire sizes, and
amount of twist of the wire.

5.1. Coil Geometry

Theoretically the best coil geometry would be that

which gives a maximum inductance for a minimum

AG = oj^CgRAC.

Figure 9. A more detailed drawing of the circuit shown in figure 8
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length of cable. Large inductance is needed to de-

crease p,-, and minimum cable length is needed to

make L^^ small. The leakage inductance per unit

length of cable is given approximately by

where

P

f-

d-

8-

l-

= 0.2^ tan-' ^ fxRIm

2t + 8

wire insulation thickness

wire diameter

d)

2

tl4)

skin depth

• cable length

If 8>dl2, use dl2 in place of 8. Equation (14) is

actually the inductance per unit length of two long

parallel thin tapes of width d spaced a distance P
apart. By defining P and d as stated under (14), the

results from (14) agree with measured data to within

10 percent which is sufficiently accurate for most
applications. Note that L^c is independent of the core

permeability. To decrease Age it is necessary to de-

crease the cable length. Changing the wire diameter
or insulation thickness has only a secondary affect

on Lsc- Measured values of Lgc and Rsc from 100 kHz
to 2 MHz are shown in figure 11 for No. 24 wire. The
leakage inductance decreases slightly due to skin

effect. The resistance R^c increases slightly faster

than the square root of frequency primarily due to

skin effect.

5.2. Core Material

Figure 12 shows how p, is decreased by increasing
the permeability fx. These four transformers were
identical except for the type of core material used.
One long twisted cable was made and cut in half. One
half was used to wind No. 10 and the other half to

wind No. 11. Transformers Nos. 12 and 13 were,
likewise, made from one cable cut in half. The results

show that p, is inversely proportional to jx. The cores
were all very low-loss ferrite toroids with loss tangents
of about 0.002. Cores which are very lossy do not

give the same results. The Q for transformers with
lossy cores is so low that the second term on the right

of (6) may become larger than the first. The second
term is a function of the core loss as well as the
permeability. The core material, therefore, should
have a high p. but not be too lossy. The core material
can be fairly lossy if A/? is small enough to make the
second term on the right of (6) neghgible.

5.3. Type of Wire

A number of experiments with different types of
wire led to the conclusion that wire which has a very

Rsc/l

mfl/

1

m

nH/m

Figure 11.

FREQUENCY

Variation of the leakage inductance and resistance

with frequency.

-I—I—

r

1000

PERMEABILITY
fj.

Figure 12. Ratio error versus core permeability for four trans-

formers made identical exceptfor core permeability.

uniform resistivity and diameter gives the lowest A/?

values. Figure 13 shows the errors for four trans-

formers which are identical except for the type of

wire used. These transformers have air cores to

eliminate the effect of magnetic core properties.

Another reason for using air core transformers is that

the errors are larger and easier to measure. The
shape of the single layer solenoid type winding is

shown in figure 14. The different types of wire used
were formvar coated magnet wire" (C), TEFLON®
coated magnet wire (A1&A3), and copper thermo-
couple wire (T). Note that the thermocouple wire pr
curve is constant with frequency and quite small for an
air core. This means that the second term in (6) is neg-
ligible even though the Q is fairly low. Using thermo-
couple wire we were consistently able to wind trans-

formers with low errors which are constant with
frequency.
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The thermocouple wire transformers are true "in-

ductive" vohage dividers. The other transformers

are more nearly "resistive" dividers than "inductive"

dividers. The inductance of each of these four

transformers is about 15 fxH. Since pr = 10 ppm for

the thermocouple wire transformer, (6) gives AL
= 150 pH. Typical values of AL are 100 to 500 pH.
They are constant with frequency and independent

of fx. Expressing L as L = p-N^L,,, (6) becomes

P>
= AL

where A^= number of turns on the core and Ln is the

geometric inductance of the core. Typical values of

AR are 50 to 500 pCl for thermocouple wire and 10

times that for the other wire we tried. These figures

are all for No. 24 wire.

It should be noted that any wire, including thermo-
couple wire, generally gives larger errors if the wire is

stretched. A number of transformers were made with

wire that was stretched approximately 1 percent to

remove slight kinks in the wire. The errors were
significantly larger than for transformers made from
the same spool of wire with the slight kinks left in the

wire. It is best to purchase wire wound on large

spools so that it is relatively free of kinks when re-

moved from the spool.

5.4. Wire Size

The experiment described above was repeated

with No. 20 wire and also with No. 30 wire. The larger

wire transformers gave slightly lower p, errors than

the correspondmg No. 24 wire transformers gave.

There was no significant decrease in the pr errors.

The results are shown in figure 15. Transformers
made with No. 30 wire had considerably higher errors

than those made with No. 24 or No. 20 wire.

5.5. Cable Twist

To determine how much the wires should be twisted,

a number of transformers were made identical except

for the amount the wires were twisted. Figure 16a

shows p, and p, plotted against the number of turns

per unit length of the cable. The length, // of one turn

is defined in figure 16b. These are all air core trans-

formers wound with No. 24 thermocouple wire. The
dots are single layer solenoid windings whereas the

X's are multilayer coils wound on nylon bobbins. The
inductance, L, of each transformer is approximately

15 pH. As can be seen from figure 16, any twist from
four to ten turns/inch (160 to 400 turns/meter) gives

about the same results. Below four turns/inch the

error increases. At about 12 turns/inch (500 turns/

meter) the wire breaks. In terms of the twist length.

It, and wire diameter, d, satisfactory results were
obtained in the range

0.08 <f^< 0.2.
It

single {0.0006 in) and triple (0.0015 in) insulation thickness;

C is formvar coated magnet wire, and T is enamel coated copper

thermocouple wire. FIGURE 14. An air core, solenoid type winding.
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TP .TURNS /METER

FREQUENCY , MHz

Figure 15. Comparing results from four different types of No. 20

wire where Al, A3, C, and T are as defined in figure 13.

This equation should also be a reasonable guide for

twisting wires other than size No. 24.

5.6. Lead Connections

One more important consideration in winding the

transformers is how the leads are connected. The
first transformers that we wound were connected as

shown in figure 17a. The ratio errors were quite

unstable and very sensitive to slight movement of the

leads. To find a better way of connecting the leads, a

number of air core transformers were made identical

except for the lead connections. Figure 17 shows the

three different ways the leads were connected. Of
these three ways, the one shown in figure 17c was most
stable and gave the smallest errors. The improvement
in stability is probably due to the smaller mutual
inductance and capacitance between leads. The
lower error is probably a result of the ease with which
the corresponding leads can be cut to the same length.

It is important that in any arrangement of the leads

that the leads on one side of the center tap be the same
length as the corresponding leads on the other side.

A difference in lead length of 0.001 in will give a AL
of about 40 pH for No. 24 wire.

5.7. Cup-Core Design

One of the easiest ways of constructing a transformer
with magnetic cores is to wind the cable on a bobbin
and then clamp magnetic cup cores to the bobbin such
as shown in figure 18. Figures 19 and 20 show the

errors for three cup core transformers constructed like

the one shown in figure 18. These transformers were
made with all the optimum parameters that were found.
The cables were made with No. 24 thermocouple wire
twisted to six turns/inch (240 turns/meter). The cores

-^.TURNS/INCH (a) .TURNS/ INCH

(b)

Figure 16. Results of air core solenoid type idots) and bobbin type

(X's) transformers wound with cables twisted a different number of
turns per inch.

HimImiH
(c)

Figure 17. Three different arrangements of the transformer leads.

are high permeability, fairly low-loss ferrite cores.

The increase in pr and p, at frequencies above 100 kHz
is due to the capacitance between leads not being

equal. If these capacitances were balanced as dis-

cussed in part 3, the errors would be less than 1 ppm
to above 1 MHz.
With care, the error can be made less than 0.1 ppm.

A fourth cup core transformer was adjusted to have a

Pr error less than 0.1 ppm at 100 kHz by changing the

length of one lead slightly. Then p,- was adjusted to

less than 0.1 ppm at 1 MHz by adjusting small trimmer
capacitors placed between the leads. As figure 21

shows, the resulting pr error is less than 0.1 ppm from
30 kHz to above 1 MHz.
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0.01 0.1 1.0
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Figure 20. Phcue angle error Jor the transformers described in

figure 19.

Figure 18. A cup-core transformer having very low ratio errors like

that shown in figures 19 and 20.

The cover of the shield is not shown.

# Meff

3B9 - 5 145
6 290
7 270

"T

—

\—rq

FREQUENCY
, MHz

Figure 19. Results from three cup-core transformers wound with

No. 24 copper thermocouple wire twisted to six turns/inch.

5.8. Tape-Core Transformers

Very broad band 2:1 ratio dividers can be made with

high permeability magnetic tape cores. Figure 22

shows the ratio error of a divider wound on a supermal-
loy tape core having a tape thickness of 1 mil. The

'0-2

ppm

-0.2

1 II-
3B9-9

1
' ^

/^eff
= 290

1 1

-0.2

-04

-0-6

Pi

ppm

0.01 1.0

FREQUENCY , MHz

Figure 21. Ratio error of a cup core transformer which has been
adjusted to have a minimum by adjusting lead length and by
balancing the capacitance between leads.

1000

FREQUENCY , KHz

Figure 22. Ratio error of a transformer wound on a supermalloy
I mil tape core having dimensions 0D = l.lSOi ID = 0.6.50 and
H = 0..m in.
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core has 64 turns of No. 24 copper thermocouple wire

twisted to about 8 turns/inch (320 turns/meter). The
capacitance between leads has been adjusted to be
equal. The pr error is less than 5 parts in 10* from
1 kHz to 1 MHz.

6. Conclusion

The 2:1 ratio transformer is a simple, yet accurate,

divider which is easy to construct. Using the optimum
parameters discussed in part 5, it is easy to keep the

ratio error less than 1 ppm from 1 kHz to 1 MHz. Air

core transformers having no magnetic cores can be

made with errors less than 10 ppm over a reduced
frequency range. With extra care, p,- can be made
less than 0.1 ppm to above 1 MHz. The ratio errors

are quite insensitive to temperature, time, shock, and
most any change in the environment since both wind-

ings of the transformer are influenced equally by any
change in the environment.

Five cup-core transformers such as described in

part 5.7 have been combined as shown in figure 2b
to make an accurate 30 dB attenuator at 1 MHz.
Details of this type of attenuator together with a com-
plete error analysis will be given in a future publication.
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A Precision RF Attenuation Calibration System*

C. M. ALLREDf, member, ire, and C. C. COOKf, member, ire

Introduction

THE NEED for hii^her accurary in attenuation

measurements has l<ept pare with the .idvances in

electronics. In an effort to meet tlie ciemaiuis in

this field, a precise and accurate s\steni for the meas-

urement of attenuation has been develojjed.

The system discussed operates at 30 Mr, but similar

systems under construction are desis^ned (o bper.ite at

other frequencies. Choosing a single freciueiu )' of opera-

tion allows designs that increase the stability, extend

the measuring range, lessen the problems of leakage,

and enhance the over-all accuracy.

The SvsTicM

Description of the System

Achieving a system with sensitivities of 0.001 db, ac-

curacies of a few thousandths of a db, and a range ex-

ceeding 120 db requires careful design and special tech-

niques. With such large ranges of attenuation to be

measured, the monitor should be capable of voltage

gains of 10* or more. Because of the stability problem of

such a monitor and the desired sensitivity of 0.001 db,

it was decided to operate in a two-channel system and

use a null response. As is well known, the use of two-

* Received by the PGI, June 24, 1960. Presented at the 1960
Conference on Standards and Electronic Measurements as paper 6-2.

t National Bureau of Standards, Boulder, Colo.

channel techni(|ues greatly lessens the problems of level

instability of tlie source and gain instability of the

monitor. Migh sensitivity is also inherent in such sys-

tems. One ma\' consider the increased complexity of the

system .md the necessity of making adjustment in both

phase and magnitude as payment for the advantages.

The block diagram of the system is shown in Fig. 1.

SOURCE -
AUTOMATIC

LEVEL

CONTROL

MATCHING

NETWORK

LEVEL

CONTROL

CONTINUOUS

PHASE

SHIFTER

STEP

PHASE

SHIFTER

CURRENT
SAMPLING h-

UNIT

PISTON

ATTENUATOR

COMHNING

NETWORK

MATCHING

NETWORK

UNKNOWN

ATTENUATOR

MATCHING

NETWORK

Fig. 1—BlocK diagram for attenuation measuring system.

The RF source is a 30-Mc crystal-controlled trans-

mitter capable of 200 watts output with low residual

modulation. The low resistive component of the piston

attenuator launching coil is coupled to the 50-ohm

source by a special impedance-matching network. The
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current in the launching coil energizes the channel con-

taining the phase shifter and also supplies the input to

an automatic level control network connected to the

source. This network is used to keep the current in the

launching coil constant. The continuous precision phase

shifter having low incidental level changes connects to

a step adjustable phase shifter. The attenuator to be

tested is inserted between matching networks in the

channel containing the piston attenuator. The two

channels are brought together in a special combining

unit which presents correct impedances to the respec-

tive channels, minimizes interaction between the chan-

nels and has a low insertion loss. The system is com-

pleted by a high-gain monitor.

Measurements are made by adjusting both the stand-

ard attenuator and phase shifter until a null response is

obtained. This is done with and without the attenuator

under calibration in the system. The change in the

standard attenuator and phase shifter readings gives

the value of attenuation and phase shift of the unknown.

In its present form, the phase shifter has no accurate

displacement measuring device and no attempt will be

made to evaluate the phase measuring characteristics of

the system.

Front and rear views of the complete s\stein

mounted in a console are shown in Figs. 2 and 3, re-

spectively.

Standard Attenuator

Properties : Piston attenuators are used (juite exten-

sively for precision attenuation measurements.'"' The
major advantage of such attenuators is that the atten-

uation is determined (except for secondary- effects) b\'

j the fundamental units, length and time (freciucncy).

Another advantage is that close impedance matching is

j
usually not a stringent requirement.

The attenuator has its disadvantages. It is essentially

j

a nondissipative instrument and reflects varying

I

amounts of energy rather than absorbing it as the at-

1 tenuation is varied. As a result, the minimum insertion

j

loss is quite high for linear operation and the terminal

I

impedances are reactive. Usually, frequency sensitive

I

networks are used for impedance matching. An addi-

I tional problem occurs because of the permeability and

finite conductivity of the material used for the wave-

I guide. These cause a second-order effect on the attenua-

tion constant. This requires a determination of the

permeability and conductivity of the material used in

the guide wall. Since the attenuation constant a is a

! slowly varying function of frequency, a single scale

cannot be used over wide frequency ranges without cor-

j

' D. E. Harnett and N. P. Chase, "The design and testing of
Ij multirange receivers," Proc. IRE, vol. 23, pp. 578-593; June, 1935.

,j
' R. E. Grantham and J. J. Freeman, "A standard of attenuation

]: for microwave measurements," Trans. AIEE, vol. 67, pp. 535-537;
(i June, 1948.

|i
' C. G. Montgomery, "Technique of Microwave Measurements,"

I M.I.T. Rad. Lab. Series, McGraw-Hill Book Co., Inc., New York.
N. Y., vol. 11, ch. 11, pp. 679-719; 1947.

Z69

Fig. 2—Front \ iew of atteiuiation measuring system.

Fig. 3—Rear view of atteriuation measuring system.

rection. Only output signal ratios are measured; the re-

lationship between input and output, if desired, must

be determined by other means.

Theory: Fields existing within a uniform perfectly-

conducting waveguide can be expressed as a linear

combination of terms called modes. The field compo-
nents for each inode are proportional to the quantity,
g-it+ioit^ where the propagation constant y is purely

imaginary and is determined entirely by the guide di-

mensions and frequency.

Below a certain frequency, called the cutoff fre-

quency, 7 becomes purely real and the fields decay ex-

ponentially at a rate dependent upon the mode. To in-
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sure mode purit>' at high attenuation levels, the mode
with the smallest decay rate is commonly used.

In the actual case, the permeability and finite con-

ductivity of the guide walls and the properties of the

medium within the guide add a small imaginary and
real part to the above propagation constant.

A good approximate equation for the propagation

constant of the TEu mode is given by:"*'^

where

:

a — physical radius of guide

= 1-841 1838, a constant which is the first root of

the first derivative of the first-order Bessel Fimc-

tion of the first kind

/= frequency

C= velocity of light in an unbounded medium hav-

ing the electrical properties equal to that within

the guide

ju = permeability of guide wall

MKS system of units are used throughout. With the

operating frequency so far below the cutoff frequency,

neglecting the effect of even moist air within the guide

as compared to vacuum gives rise to an error less than

1 part in 10^ (C for vacuum = 299793.0 ± 0.3 km/sec. «)

Circular Waveguide : In the system described, circular

waveguide was used with the excited field consisting of

the TEii mode. The displacement of the receiving coil

relative to the launching coil is measured by a ruled

scale and optical projector. The scale is accurate to

0.0001 inch in any 6 inches.

The guide is composed of brass and has an outside di-

ameter of 3.9 inches and a length of 22.3 inches. The in-

ternal diameter of the guide was chosen so as to give an

attenuation rate of 10 db per inch. This diameter was
measured at 2-inch intervals along the guide. The aver-

age diameter was 3.19725 inches with a maximum vari-

ation of 0.00003 inch. The accuracy of the measure-

ments are within +50 millionths of an inch. These

measurements were made at 68°F while the system is

operated about 4°F above this temperature. The ther-

mal coefificients of expansion of the stainless steel scale

*
J. Brown, "Corrections to the attenuation constants of piston

attenuators," Proc. IEE, vol. 96, pt. 3, pp. 491-495; November, 1949.
' C. M. Alired, "Chart for the TEu mode piston attenuator,"

J. Res. NBS. vol. 48, pp. 109-ilO; February, 1952.
*
J. W. M. DuMond, "Present status of precise information on the

universal physical constants. Has the time arrived for their adoption
to replace our present arbitrary conventional standards?" IRE
Trans, on Instrumentation, voi. 1-7, pp. 136-175; December,
1958.

and the brass guide are approximateU' tlie same. If they

were equal, temperature variations would liave negli-

gible effect. Assuming a conservative 5 parts per mil-

lion (20 per cent) difference in their coefficients, a calcu-

lable error of 0.0001 db per 10 db could arise for the

4°F temperature variation. An uncertainty of 0.0001

inch in the diameter of the guide at 68°F adds an er-

ror of 0.0003 db per 10 db. The dc conductivity of the

guide was found to be 1.35 mhos per meter. From Cham-
bers and Pippard' and Bussey,* it is conservative to say

that the RF conductivity does not decrease more than

10 per cent from the bulk dc value. Assuming the RF
conductivity has decreased from the dc value by 5 per

cent, this value of conductivity will be fairly certain to

+ 5 per cent. Such an uncertainty gives rise to an error

of 0.00026 db per 10 db.

The inside wall of the guide has a thin coating (5 to

10 microinches) of rhodium. This provides a hard sur-

face for the silver sliding contacts of the piston to bear

upon and prevents corrosion of the brass surface. The
effective conductivity of the rjuide surface is insignifi-

cantly altered from that of the brass itself.

Input System

The input system of a piston attenuator is important,

as it plays a major role in the over-all measurement

range. The high initial insertion loss inherent in piston

attenuators arises from lack of mode purity and the in-

teraction of the output on the input when the coil sepa-

ration is small. What is needed is an input system that

launches the single TEu mode with an intensity inde-

pendent of the position of the output coil, or a system

that launches the desired mode with such a strong in-

tensity that the output coil need not come close to the

input coil. Both approaches are simultaneously used.

Barlow and Cullen* reduce the interaction effect by
making the magnitude of the generator and load resis-

tive impedances equal to the characteristic impedance

of the attenuator. Weinschel, Sorger, and Hedrich'" re-

duce the effect by considering the entire attenuator as a

mutual inductive coupled tuned bandfilter and adjust

the generator impedance for minimum deviation from

linearity.

A different approach is used here. If one could achieve

a current sheet with a spatial distribution in the trans-

verse plane of the guide having the same form as the

familiar electric field pattern of the TEu mode, the de-

sired evanescent mode would be launched in both di-

rections from the current sheet. Furthermore, if the

current sheet were constant (infinite impedance gener-

' R. G. Chambers and A. B. Pippard, "The Effect of Method of

Preparation on the High-Frequency Surface Resistance of Metals,"
lust, of Metals, London, Eng., Monograph No. 13, pp. 281-293; 1953.

' H. E. Bussey, "Standards and measurements of microwave skin

depth-conductivity, surface impedance, and Q," this issue, p. 171.

' H. M. Barlow and A. L. Cullen, "Microwave Measurements,"
Constable and Co., Ltd., London, Eng., pp. 384-388; 1950.

'» B. O. Weinschel, G. U. Sorger, and A. L. Hedrich, "Relative

voltmeter for VHF/UHF signal generator attenuation calibration,"

IRE Trans, on Instrumentation, vol. 1-8, pp. 22-31; March, 1959.
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ators) and independent of the fields reflected from the

pickup coil, the interaction effect would cease to exist.

The above conditions are approached by constructing

the launching coil after the above pattern (see Fig. 4).

The constant current sheet feature is approached by
sampling the launching current and keeping this current

constant by means of negative feedback to the RF
source.

The attenuator guide has been extended beyond the

launching coil for a twofold purpose. The pickup coil

must produce a reflected field since it absorbs energy.

This reflected field passes through the launching coil

with little interaction and is terminated by the guide

extension. The field excited by the launching coil in the

guide extension is also terminated.

The problem of matching the low resistive component
(estimated to be between 0.01 and 0.1 ohm) of the

launching coil is quite severe. This is accomplished by

means of a special network utilizing small ceramic ca-

pacitors in a ladder arrangement. These capacitors have

a high RF voltage and current rating; this permits

operation of the matching network at inputs to 200

watts. A 100-watt input produces a current of the order

of 35 amperes in the launching coil.

The launching unit is constructed of small stainless

steel tubing and water is passed through the unit to pre-

vent excessive heating of the guide which would change

its dimensions.

Mode filters are also used, since the reactive im-

pedance of the launching unit gives rise to some axial

electric field.

Performance of the input system is discussed later

along with the over-all system performance. A detailed

report of such input systems is being prepared for pub-

lication.

Phase Shifter

A precision continuous phase shifter was needed

which had level changes less than 0.001 db as the phase

was varied. This placed the following restrictions on the

phase shifter: the section of the phase shifter whose elec-

trical length is varied must have a very uniform char-

acteristic impedance, it must be terminated in this

value of impedance, and the line must be sufficiently

large to reduce the wall losses due to the finite conduc-

tivity of the metal.

The phase shifter is of the trombone type (see Fig. 5).

This type consists of two stationary transmission lines

connected together by a U-shaped transmission line

which moves relative to the stationary section in a

telescoping manner. Single-frequency operation per-

mitted use of the simplified nonconstant impedance

construction. The stationary sections of the phase

shifter consist of precision coaxial lines which are termi-

nated at both ends in their characteristic impedances.

The moveable section is dimensionally stable but non-

precise. The undesirable level changes caused by im-

perfectly terminating the precision line are lessened if

271-

Fig. 4—Launching coil assembly similar to the one described.

Fig. 5—Phase shifter.

both ends are closely matched to the characteristic im-

pedance of the line. A 10-db pad bracketed by imped-

ance matching networks has been built into the center

of the moving section. This provides isolation between

the two halves of the trombone and the correct termi-

nating impedances for the corresponding ends of the

precision section. Additional pads and matching units

are provided for terminating the other two ends.

The outer conductors of the precision section of the

phase shifter are electroformed copper cylinders. A
heavy silver plate with thin rhodium coating is on the

inside walls. The inside diameters are 3.33 inches, out-

side diameters, 3.9 inches, and lengths, 22.3 inches. The
center conductors are brass rods with silver plate and
rhodium coating similar to that used on the outer con-
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(lurtors. The diameters are 1.44 inches. Ma.ximuni de-

parture of the critical diameters from the mean value

is 0.00035 inch. The maximum change in characteristic

impedance at any point due to these diameter varia-

tions is less than 0.04 per cent. These are calculated

variations and represent pairing the worst possible

combinations of diameter measurements. The averag-

ing effect ol the smooth variations in the diameters

would produce a much smaller variation in character-

istic impedance.

The complete phase shifter was made operational by
adjusting the four terminating matching networks until

input and output impedance changes were ver>- small

as the moving section was varied. These changes were

less than 0.01 ohm for both real and reactive compo-
nents as measured on an RF bridge having high differ-

ential sensitivity.

The constancy of output level of the phase shifter was

measured using crystal diode detectors in a very sensi-

tive differential circuit. The maximum level variation

was less than 0.0005 db. This occurred for a 33° phase

shift. The phase shifter level change will be significanth'

less than this in the case of most piston attenuators and

dissipative attenuators operating where the attenuation

is essentially independent of frequency since the phase

shift is usually small in these attenuators. In an\' case,

corrections can be made.

The Combining Junction

The two channels are brought together b\' means of ,i

special network. This network minimizes interaction be-

tween the two channels which would otherwise rec|uire

excessive padding to maintain impedance match. The
network" is based on the bridged-T circuit. Such a net-

work, if ideal, completely isolates the two channels from

each other, presents each channel with the correct

matching impedances, and would have an insertion loss

of only 3 db. The actual network has the following

measured characteristics:

Isolation between inputs:

Input Impedance:
Input 1

Input 2

Insertion Loss:
Input 1 to output
Input 2 to output

110 db

50.4-l-jO ohms
50 .9-l-jO ohms

4 db
4 db.

The combining junction with cover removed is shown
in Fig. 6.

System Performance

The system is essentially a primary standard and

therefore does not require calibration. In comparisons

with other standards, agreement has been within the

corresponding error limits. Tests to check the self-con-

sistency of the system have been made by measuring a

" C. M. Allred and C. C. Cook, "A multiple isolated-input net-

work with common output," to be published in J. Res. NBS.

Fig. 6—Combining junction.

fixed v<duc of attenuation at various initial positions of

the attenuator, at different input power levels, and vari-

ous initial positions of the jjhase shifter. The system is

new and a few additions and modifications are yet to be

made. The main addition will be a special low-noise

stable monitor using ph.ise detection designed to fit

the s\Btem's special reciuirements. The present monitor

is a slit;litly modified ordinary commercial communica-
tion receiver.

Sensitivity

The s\stem has a sensitivity greater than 0.001 db at

a level of 80 db below 1 volt output of the standard at-

tenuator. In principle the sensitivity would increase by
a f.ictor of 10 for every 20-db increase in level. Instabil-

it\' of components .iiul the fact that the signal is not

stricth' a pure single trefjuency sine wave prevent the

sensitivit\' in a null system from completely achieving

the ideal.

Stability

All components were constructed and mounted so as

to give the system stability. For example, solid semi-

flexible coaxial line is used throughout. The stability is

indicated by the following calibration data of a com-

mercial attenuator, Table I. The time sequence is from

left to right and each row is a repeat of the attenuator

settings. A lapse of about one hour occurred while data

were being taken. This means that the time lapse be-

tween succcesive values in a given column represents

roughly 12 minutes. All values are in db. Instabilities

do occur sometimes, as indicated in the last two read-

ings and a few components have had to be changed.

Normally, quite a few readings can be taken before a

drift of 0.001 db is noticed. As the difference between

two readings gives the value of attenuation desired,

the drift usually does not impair the accuracy signifi-

cantly.
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TABLE I

Data Showing Stability of System

88.212 87 213 86 212 85 212 84 219 83 205
88.212 87 212 86 212 85 212 84 220 83 205
88.212 87 213 86 212 85 212 84 220 83 206
88.212 87 213 86 212 85 212 84 225 83 208

Linearity

The linearity of the attenuator at close coil separa-

tions is good but the point of departure from linearity

(due to the interaction effect) could not be ascertained.

The problem occurs because of heating effects in the

pickup coil as the output level increases. This slow

thermal drift occurs before any interaction effect is

noticed.

The equivalent change in linearity produced by this

high level thermal drift is about 0.006 db at the 3-volt

level and is essentially absent at the l-vo!t level.

A stable 10-db step of a dissipative attenuator was

measured at various positions of the standard attenu-

ator. The results are given in Fig. 7. The first point on

the left, for example, gives the value of 9.971 for the

nominal 10-db step of the dissipative attenuator when

the standard attenuator Is operated within the 23- to

33-db region. The 1-volt output level is at about the

33-db position. The first point deviates from the others

because of the above-mentioned thermal drift in the

pickup coil when operated at the 3-volt output level

(23-db position). The last four points show deviations

due to poor signal-to-noise ratio. When these data were

taken, the temperature control system for the water

flowing in the launching unit was not installed and the

input end of the attenuator was a few degrees colder

than the output end. A rough calculation of this effect

is indicated by the dashed line and shows that, wlien in

proper operation, the system will be more linear. There

has been insufficient time to take new data.

Measuring Range

The data in Fig. 7 do not represent the range of the

system, as additional padding iiad to be added to the

attenuator channel at higher output levels (less attenu-

ation) to permit nulling with the phase shifter leg. The
last nine positions, however, represent roughly the level

of the signal at the monitor. The last point, for example,

is taken at 140 db below the 1-volt level. Thus the data

on the graph represent a measurement range of 150 db.

Each point was obtained by averaging 6 measure-

ments. The standard deviations of the last five points

were, respectively: 1.2, 1.6, 8.1, 6.2, and 30.3 thou-

sandths of a db. The data include any nonreproduci-

bility in the 10-db step of the dissipative attenuator.

Accuracy

The errors discussed do not include those due to mis-

matched impedances presented to the attenuator under

calibration. There are situations where, because of high

23 33 43 53 63 73 83 93 103 113 123 133 143

ATTENUATOR POSITION

Fig. 7—Attenuator linearity test.

initial insertion loss, the measurement is essentially in-

dependent of impedance mismatch. Such cases occur in

most piston attenuators and also in those dissipative

attenuators having sufficient padding as an integral

part of the attenuator.

The total system error, which is a function of the

range of measurement, A, can be separated into its

parts.

Let

= + + + En

where

El = total system error.

£m = error in measuring system. This can be

subdivided into those errors due to the

scale and those due to lack of resolution in

the projection equipment.

Scale error = 0.001 db for 0<.4<60 db, 0.002 db for

60<.l <120, 0.003 for 120 <^ < 180 db.

Resolution error is somewhat less than 0.001 db for

any value of A.

£,, = errors due to uncertainties in values of guide

diameter, guide conductivity, and temperature

effects. As indicated previously, this is well

within 0.001 .1/10 db.

£,). = errors due to level changes in the phase shifter.

These are known sufficiently well to leave the

uncertainties small compared to other errors.

£„=errors due to the uncertainties caused by the

random fluctuations of noise. If at large values

of .1 (.1^100 db) six measurements are aver-

aged, the results of tests shown in Fig. 7 would

indicate reasonably safe values of £„ to be:

£„ = ± 0.002 db for 90 < ^ ^ 100 db

= ± 0.004 db for 100 < ^ g 110 db

= + 0.01 db for no < A ^ 120 db

= + 0.02 db for 120 < ^ ^ 130 db

= + 0.05 db for UO < A ^ 140 db.

These could be reduced by averaging over a greater

number of measurements. The above values of £„ are
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based on the assumption that the input signal level to

the unknown attenuator (attenuation values, /4) is 1

volt. If this is raised to 3 volts:

En = ± 0.03 db for 130 < g 140 db

£„' = ± 0.06 db for 140 < ^ ^ 150 db

where £„' in.'udes the effect of noise and the thermal

drift in the pickup coil.

The combination of these errors into a total error

gives:

Ei= ± ^0.002 + 0.001^ db for 0 ^ ^ ^ 60 db

Et=+(0.003 + 0.001 —^ db for 60 < ^ < 90 db
\ 10/

E,= ± 0.015 db for 90 < A ^ 100 db

£, = ± 0.018 db for 100 < .4 g 110 db

E, = ± 0.025 db for UO < A ^ 120 db

£, = + 0.037 db for 120 < .4 ^ 130 db

E, = ± 0.068 db for 130 < ^ g 140 db.

Again, if the 3 volt level is used instead of the 1 volt:

£, = + 0.048 db for 130 < yl ^ 140 db

E, = ± 0.079 db for 140 < ^ ^ 150 db.
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Abstracts of Related Papers

6.a. Some basic microwave phase shift equations,

Robert W. Beatty, Radio Sci. J. Res. 68D, No. 4, 349-

353 (April 1964).

The phase differences between terminal variables (volt-

age, current, or traveling wave types) at the output

with respect to similar ones at the input of a 2-port

are expressed in terms of the scattering coefficients of

the 2-port and of the reflection coefficients of the sys-

tem into which it is inserted.

A variety of phase shifts may be defined for a given

2-port, depending upon which of the terminal variables

are considered, whether or not generator and load re-

flection coefficients are assumed to vanish, and in which

direction the 2-port has been inserted into the system.

It is shown that a reasonable choice for one of the two

"characteristic" phase shifts of a 2-port is the

argument of S^j, one of the scattering coefficients. It

follows that the other "characteristic" phase shift is

ij/^^. The corresponding change in characteristic phase

shift for variable phase shifters is the change in either

^21 "Ai"
(whichever is appropriate) ftom the initial

to the final setting.

Ideal phase shifters are discussed, and expressions for

the change in output level of variable phase shifters are

given. The importance of using a nonreflecting system

in phase shift measurements is emphasized.

6.b. Microwave attenuation standards and measure-

ments, R. W. Beatty, NBS Monograph 97, (April

1967).

A comprehensive and commentarial review of micro-

wave attenuation measurement methods and standards

is presented. In addition, a relatively new and more
precise way of representing and analyzing an attenua-

tion measurement is presented. This is turn permits

more rigorous definitions and error analyses than were
previously possible. Expressions for both mismatch and
connector errors are presented.

The referral of microwave attenuation measurements
to standards operating at lower frequencies is discussed

with particular attention to the errors in the referral

processes as well as the errors in the standards them-
selves. Standards operating at d-c, audio frequencies,

and higher frequencies are included in this discussion

which covers waveguide-below-cutoff attenuators and
rotary vane attenuators. Desirable characteristics are

listed for attenuators which are suitable for calibration,

and examples of these are given.

Measurement methods are classified and described, giv-

ing greatest emphasis to the intermediate-frequency

substitution method using a waveguide-below-cutoff
standard attenuator, and to d-c substitution techniques.

Methods for measurement of small attenuations as well

as methods not requiring reference to any standard at-

tenuators are covered. Comments are made on the

accuracy and convenience of various methods, and ref-

erences are given which cover most of the basic and
important research in this field.

6.C. Analysis of a differential phase shifter, Doyle
A. Ellerbruch, IEEE Trans. Microwave Theory & Tech.

MTT-12, No. 4,453-459 (July 1964).

This paper presents the theory and analysis of a ganged
pair of "line stretcher" microwave phase shifters. The
error analysis shows that some of the errors inherent

in a single phase shifter of this type can be reduced
through the use of a differential system; however, the

magnitudes of other errors may more than offset the

reduction. Graphical data are included to facilitate the

rapid determination of the limit of error for any speci-

fied angle measurement.

6.d. Evaluation of a microwave phase measurement
system, Doyle A. Ellerbruch, J. Res. NBS 69C (Eng.

& Instr.), No. 1, 55-65 (Jan.-Mar. 1965).

The best phase measurement sensitivity and accuracy

are attained in a dual-channel balanced bridge type sys-

tem. Two similar dual-channel systems are discussed in

this report; these being the homodyne system and the

modulated subcarrier. Both require low-frequency am-
plitude modulation in one of the channels; however, the

homodyne system uses a balanced modulator. The differ-

ence in system theory due to the amplitude modulation

difference is discussed, and the advantages of each are

pointed out.

The standard phase shifter considered for these sys-

tems consists of a modified reflectometer terminated in

a sliding short circuit. The requirements for a noncon-

tacting short circuit are established, and its theoretical

and experimental design data are given.

An error analysis is included, so the total error for any
given system can quickly be determined. The maximum
error can be derived by calculating the limits of the

individual errors and adding them together. Equipments
and tuning techniques that have been developed to re-

duce many errors to a minimum are discussed.

It is shown that either of these measurement systems

are readily adaptable to automation. Samples of phase

data that were taken from a few commercial com-

ponents are included.

6-e. Further analysis of the modulated subcarrier

carrier technique of attenuation measurement, William

E. Little, IEEE Trans. Instr. & Meas. IM-13, No. 2 & 3,

71-76 (June-Sept. 1964).

The modulated subcarrier technique of attenuation mea-
surement offers an accurate and convenient means of

calibrating rotary vane attenuators. The technique also

presents the possibility of being extended to other types

of attenuation measurement. This paper gives an analy-

sis of the output of the microwave detector, assuming

it is completely linear; an error analysis of the tech-

nique; and a comparison of the technique with the 30-

Mc IF substitution technique of attenuation measure-

ment.
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6-f. A method for the self-calibration of attenua-

tion-measuring systems, Robert L. Peck, J. Res. NBS
66C (Eng. & Instr.), No. 1, 13-18 (Jan.-Mar. 1962).

The theory and experimental procedures are given for

the self-calibration of insertion loss of attenuation-

measuring systems. Four circuit configurations are de-

veloped. The calibrations may be obtained by simple

graphical means or by an analytical solution. Experi-

mental results are given v^^hich demonstrate that, by
using the techniques outlined, attenuation calibrations

of high accuracy may be made without reference to any
previously calibrated attenuator.

6-g. A modulated subcarrier technique of measuring
microwave phase shifts, G. E. Schafer, IRE Trans.

Instr. 1-9, No. 2, 217-219 (September 1960).

6-h. Error analysis of a standard microwave phase
shifter, G.E. Schafer and R. W. Beatty, J. Res. NBS
64C (Eng. & Instr.), No. 4, 261-265 (Oct.-Dec. 1960).

A standard microwave phase shifter has been proposed
which utilizes an adjustable short circuit attached to a
tunable three-arm waveguide junction. Ideally, the

change of phase of the emergent wave from the third

port can be made to equal the change of phase of the

equivalent load attached to the second port, whether the

generator and detector are matched or not. The differ-

ence between the change of phase of the emergent wave
from port 3 and the change of phase of the equivalent

load attached to arm 2 because of imperfect tuning is

termed tuning error. This analysis relates the tuning

error to amplitude changes which are observed at the

detector attached to arm 3 during the tuning procedure.

Graphs are presented for determining the parameters

needed to estimate limits of tuning error from the

observations of amplitude changes during the tuning

procedure. One calculates the change in phase of the

reflection coefficient produced by the short circuit from
its observed displacement and from the guide wave-
length. This procedure results in errors called dimen-

sional errors because of uncertainties in determining

the axial motion of the short circuit and because of

slight variations from the nominal broad dimension of

the waveguide. Limits of these dimensional errors are

calculated for WR-90 waveguide in the recommended
frequency range of 8.2 to 12.4 kilomegacycles per sec-

ond, and presented in graphical foi-m.

See also 7.a, 10.1.
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Definitions of v, /, Z, Y, a, b, F, and S

DAVID M. KERNS

Abstract— Concepts and conditions underlying the establishment and

use of inmiittance- and scatttreig-matrix descriptions of waveguide n-ports

are discussed. TEM modes are considered and no restriction to high or micro-

wave frequencies is implied. The discussion is intended to be critical and in-

tensive rather than general. Needed results of electromagnetic (and wave-

guide) theorj- are assumed. Emphasis is placed on defining basic quantities

needed in the matrix scheme. These include: generalized voltage and current,

r and i, for waveguide modes; modal impedance; modal characteristic

impedance; the immittance matrices Z and Y; traveling-wave amplitudes a

and b ; reflection coefficient F ; and the scattering matrix S. Properties of Z,

Y, and S are not discussed; applications are indicated but not discussed.

I. Introduction

IF
THE TITLE of this article appears to be wholly in a

secret code, then this article may well be needed! The

quantities symbolized are generalized voltage and cur-

rent I' and /; impedance and admittance matrices Z and

Y; traveling-wave amplitudes a and b : reflection coefficient

F; and, finally, scattering matrix S. All these quantities

are to be considered in a context of waveguides and wave-

guide junctions. Coaxial transmission line, in particular, is

considered as one form of waveguide and no restriction to

high or microwave frequencies is implied.

It is hardly necessary to say that the elements of Z, Y.

and 5 are important measurable quantities. A simple and

very important example is the single element of the scatter-

ing "matrix" of a passive one-port, This quantity is

commonly denoted by F and is referred to as the reflection

coefficient of a termination. Another example is aff"orded

by the off"-diagonal elements of the scattering matrix of a

passive two-port, and ^21, which determine the flat-

line power transmission and phase-shift characteristics of

the device. Now, other papers in this issue of the Proceed-

ings are concerned with methods of measuring these and

related quantities. This paper is concerned with the meaning

of the quantities being measured rather than with methods

of measurement.

More specifically, the purpose of this paper is to outline

the principal concepts and conditions underlying a scheme

of definition and use of the quantities listed in the title. In a

short article with this subject it is, ofcourse, quite impossible

to give a complete theoretical background; indeed, most

theorems and relationships directly needed will not be

proved herein. References to the literature will be given at

appropriate points in the text.

II. Electromagnetic Fields in Waveguide

Our first tasks are to define the types of waveguide to be

considered and to describe the general character of the

Manuscript received March 31, 1967; revised April 7. 1967.

The author is with the National Bureau of Standards. Boulder. Colo.

possible electromagnetic fields that can exist in a section

of waveguide of the types considered.

Somewhat arbitrarily, we limit the waveguides to be

considered to those consisting either of one hollow con-

ductor or of two conductors, one of which is hollow and

encloses the other. Thus we shall be considering types of

waveguide, such as hollow rectangular pipes, which do not

support a principal ( = TEM) mode, as well as types, such

a.s coaxial line, which do support a principal mode. For the

most part we can consider both of these classes ofwaveguide

simultaneously and from a unified point of view.

The waveguides to be considered are to be, by hypothe-

sis, ideal waveguides; that is, waveguides made of perfectly

conducting material, having perfectly cylindrical walls, and

filled with a medium that is homogeneous, isotropic, non-

dissipative, and linear. For ordinary waveguides this hy-

pothesis frequently represents a good approximation.

Moreover, this approximation is the first of only two basic

approximations needed in the establishment of the descrip-

tive scheme with which this article is concerned.

We consider only the common and basic case in which

the field quantities vary harmonically with time / at fre-

quency a)/{2n). The time dependence is represented by the

suppressed complex exponential factor exp (/a>0, and the

treatment will thus involve complex amplitudes (both vec-

tor and scalar), rather than instantaneous real quantities.

Within a waveguide, then, the complex electric-field vector

E and the complex magnetic-field vector H satisfy Max-

well's equations in the form

curl E = — joifiH,

curl H = + jcoeE,

where the parameters /i and e (representing, respectively,

permeability and permittivity) are positive real scalars in-

dependent of E, H, position, and time (ji. e may depend

upon to). The field is, moreover, subject to the boundary

condition that the tangential component of E vanish on

the surface of the waveguide. The sources of the field are

outside the region under consideration.

The most general electromagnetic field satisfying the

above difi'erential equations and the boundary condition

can be expressed as a superposition of an infinite number of

elementary particular solutions (TE, TM, and TEM modes)

characteristic of the cross section of the waveguide. (The

fact that the waveguide modes cannot easily be calculated

in detail except for a few simple cross-sectional shapes is

here immaterial. For our purpose, only general results of

the theory of waveguides, holding for waveguides of ar-

bitrary cross section, are needed.) With each mode (other

than a TEM mode) is associated a critical or cutoff" fre-
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quency, at which its axial propagation constant changes

from pure real to pure imaginary as the frequency in-

creases. The modes form a sequence such that, for any

given frequency, only a finite number can have a pure imagi-

nary propagation constant (and thus be "propagated").

Often just one mode is propagated: the TEM mode in two-

conductor waveguide, and the dominant mode in uni-

conductor waveguide.

We make the important assumption that only one mode
(a propagated mode) need be considered in the section of

waveguide under consideration. This represents a restric-

tion in the generality of the discussion and an element of

approximation. In the multimode case, each mode can be

treated in much the same way as the one mode considered

here will be treated, and the principle of superposition can

be applied.' The element of approximation is rarely in-

trusive. It must be expected that higher (evanescent) modes
will be excited by discontinuities at either end of the section

of waveguide under consideration. Essentially all that is

required is that the section of waveguide being considered

be long enough to provide very high attenuation of these

higher modes. Ordinarily a distance equal to a few times

a cross-sectional dimension would be sufficient.

It will be convenient to refer to the "section of waveguide

under consideration," whose role in interconnecting two

devices will eventually emerge, as a waveguide "lead."^

The term is suggested by the usage applying to wires inter-

connecting electrical devices.

We emphasize that a waveguide lead is to be a section of

ideal waveguide. This is not to say that an imperfect physical

joint between waveguides cannot be involved or cannot be

considered; an imperfect joint, like any -^ther discontinuity,

should properly be considered as a device by itself, or be

combined with some other device.

The conditions that have been imposed (harmonic time

dependence, ideal waveguide, and the one-mode hypothe-

sis) are directly concerned only with the situation within

a waveguide lead; no condition is directly imposed on the

nature of the devices at either end of the waveguide lead.

III. Definitions of r, /, and Related Quantities

In this section we wish to give meaningful and fairly

rigorous definitions of v, i, impedance, and characteristic

impedance—all with reference to one- and two-conductor

waveguides. The symbols v and ; are used advisedly, for

these quantities represent generalizations of conventional

transmission-line voltage and current, which are conven-

tionally defined by means of certain line integrals. Here no

attempt is made to retain line-integral concepts as basic;

instead, a rather different approach, which has been de-

scribed in essence a number of times in the literature [I ]-

[1 1 ], is used.

' For discussion including consideration of the multimode case, see

Kerns and Beatty [I ].

' This usage is apparently not common, but it has been found useful

locally, and it seems that some such term is needed. It is suggested as a

convenient usage applicable also to multimode waveguide serving an

interconnecting role.
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Fig. 1 . Schematic of section of waveguide, showing z-axis of coordinates,

unit vector n in r-direction, reference plane r = const, and arbitrary

devices at either end.

We choose the r-axis of a system of coordinates parallel

to the generators of the cylindrical waveguide boundary,

and let n be a unit vector in the positive z-direction. The

transverse coordinates will be denoted by x and v, but

these need not be rectangular coordinates. A plane z

= const will be termed a reference plane; the portion of this

plane within the waveguide cross section will also be re-

ferred to as a terminal surface. This usage is common
for reasons that will become apparent. The terminal sur-

face is assumed to be located within the section of waveguide

being considered at some distance from any discontinuity,

as suggested in Fig. 1

.

For our purpose it is sufficient as well as necessary to

consider the transverse components (i.e., the components

perpendicular to :) of the electromagnetic field in the wave-

guide, and so the r-components will be ignored. From wave-

guide theory it is known that (under the prescribed condi-

tions) the transverse components E„ H, of the electromag-

netic field on the surface r = const are expressible in the

form

£, = r(r)cXv, V), H, = iiz^ix, y). (1)

The quantities v and /, which are defined by these equations,

are scalar coefficients, in general complex, and (for fixed

excitation) are functions only of z. The entities e°(.v, y),

h°(x, y) are transverse vectorial field-pattern (or "basis")

functions characteristic of the mode involved.^ These func-

tions are subject to normalization, as will be described;

as the first step in this process it is permissible and conve-

nient to assume that the functions are chosen real.

Now, we may regard the left-hand sides of (1) as being

physically determined. Maxwell's equations do not—in-

deed, cannot—tell us how to allocate numerical factors in

the representations on the right-hand sides. Should we, for

example, use a "large" e" and a correspondingly small v, or

what ? This is the question of normalization, and normaliza-

tion is essentially a matter of convenience. What is ap-

propriate at this stage is to set up a general and flexible

scheme in which important quantities are exhibited ex-

plicitly and which will be convenient for later use. A scheme

that seems to meet these requirements is given in the fol-

lowing paragraphs.

^ Superscript (and later subscript) o's are used not to indicate a mode
but to distinguish the set of entities most directly involved in the normal-

ization scheme.
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We impose a power-normalization condition

1

e" X h" n lis (2)

here tiie integration goes over the cross section S of the

waveguide, and is a real, positive constant to be chosen

at convenience. We note an immediate consequence of (1)

and (2): by using Poynting's theorem for the complex

Poynting's vector, we find

1

Ex H ndS = W„vi, (3)

by (2) and (4) these functions are normaHzed up to the

choice of a sign. Example: For a rectangular waveguide

having its walls in the planes x = 0, a and v= 0, h {a>h), it

can be shown that

e" = ± (Z^nr "'-llWJlab)]'" sin (nx/a)e^

r = +(Z,ri)^''- -2[WJ{ab)Y^' sin {nx/a)e, (5)

where and Cy are the x and y unit vectors. In these expres-

sions the roles of Z„ and W„ are evident.

We may now define the quantity

v/i (6)

where the superposed bar denotes the complex conjugate.

The time-average power-flux in the positive z-direction

across the terminal surface is the real part of WgVi. Thus we
arrive at a fundamental network equation. One might sup-

pose that = 1 (or perhaps Wg = 1/2) would nearly always

be the most convenient choice for Wg, but in some other less

systematic formulations, with less emphasis on the intro-

duction of a complete descriptive scheme, other choices of

Wg have been made implicitly.

Another normalizing condition is needed (since there are

two functions to be normalized). Having committed our-

selves to (2), which normalizes the product of e° and h°. the

only possibility is something that essentially normalizes the

ratio of e" and h°. Waveguide theory tells us that for any

mode, h" will be proportional to n x e". Hence we impose

the impedance normalizing condition

Z„rin X e°. (4)

where rj is the wave-admittance of the mode involved and

Zo is the impedance normalizing constant. For TEM modes
the wave-admittance has the value (e///)"^, for TM modes
it is coe/^, and for TE modes it is P/{a)n); here P is the phase

constant for the mode involved. Since these quantities are

real and positive, consistency with (2) requires that Z„ be

real and positive. is otherwise arbitrary. (Note that in

(4) we have chosen to write an arbitrary constant in the

form of a definite constant times an arbitrary constant.)

The normalization constants are called "constants" be-

cause: 1) once chosen, they are not to be changed without

notice; and 2) they definitely do not depend upon the posi-

tion coordinates (.x, v, z), although they may be chosen, at

convenience, to depend upon parameters such as frequency

and waveguide dimensions. The process of changing from

one chosen set of normalization constants to another chosen

set may be called "renormalization," and is discussed

briefly in Section V.

The basis functions e" and h" are derived essentially from

the eigenvalue problem for the waveguide cross section;

as the impedance of the field of the mode being considered

in the transverse surface r = const. We note that this is a

modal quantity (it would be defined the same way for the

mode involved even if other modes were allowed to be

present) and that a direction is involved in its definition.

In the most general situation, with arbitrary sources at

either end of the waveguide lead, Z can take on any value,

real or complex, at a given terminal surface. If the device at

the right-hand end of the waveguide section is a passive one-

port, a unique value of Z/Zg is determined (by Maxwell's

equations). We denote this unique value by Zj ,/Zo and say

that Zii is the impedance of the one-port relative to the

chosen normalization and referred to the chosen reference

plane. Example: If the waveguide is terminated by a per-

fectly conducting wall at a distance / from the reference

plane, then Zn=jZg tan fil.

In order to describe an «-port, we must introduce the

concept of transfer impedance. This will be done in the

next section. First, however, we wish to consider further

consequences of the definitions laid down thus far.

Having defined impedance as in (6), we can now define

characteristic impedance. We shall do this in such a way

that characteristic impedance will possess what appears to

be the most useful and most widely accepted fundamental

property: The characteristic impedance of the mode in-

volved is defined to be that particular value of v/i that cor-

responds to a field consisting solely of a wave traveling in

the positive z-direction. The formulation has been ar-

ranged so that this characteristic impedance is precisely the

normalization constant Z„—which was introduced as and

still is an essentially arbitrary normalization constant.^

Usually the arbitrariness of the value of the characteristic

impedance is not stressed as much as it is here. Also, the term

characteristic impedance has been applied to other quan-

tities, defined on the basis of different fundamental prop-

erties and with different motivation. These points will be

touched upon in the discussion that follows.

We record here an immediate consequence of (3), (6),

and the definition of Z^. Namely, if we choose W„ = 1 /2, the

power carried by a pure traveling wave is given by

* Evanescent modes (for which r] is pure imaginary) or even a lossy

medium in the otherwise ideal waveguide lead (in which case rj is complex)
can be dealt with conveniently by choosing Z„ so thai the product Zj]
remains real and positive. No other changes would be required in the

present formulation. However, the properties of the eventually resulting

scattering matrices would be changed markedly [12].
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^ Although Z in general depends upon the position-coordinate z, when
Z = Z„, it is independent of This important property could be taken as

the basis for an alternative, but equivalent, definition of characteristic

impedance. We see also that the definition given is consistent with the

notion of characteristic impedance as iterative impedance.



W = ~ vi
1

(7a)

(7b)

(7c)

Choosing W„=\I2 gives v and / "peak-value" normaliza-

tion and is appropriate for later reference to these equations.

We note that characteristic impedance is characteristic

not of the waveguide but of a particular state of the (modal)

electromagnetic field in the waveguide. Despite the wide

use of the phrase "characteristic impedance of a wave-

guide," a little consideration shows that the phrase cannot

mean what it seems to say, for in general a multiplicity of

modes, all with different characteristic impedances, can be

present simultaneously in a waveguide. One might (arbi-

trarily) assign all the modes the same characteristic imped-

ance, but this would hardly make it characteristic of the

waveguide!

What has been said does not reduce the real significance

of the conventional definition of characteristic impedance

for a principal mode, for which voltage and current are

conventionally defined by means of certain line integrals.

If one chooses Wg to be unity and Z„ to have the conven-

tional value (for coax, say), then the present scheme defines

V and /' identically equal to the conventionally defined

(root-mean-square) voltage and current, respectively. The
equality includes equality of units and dimensions: r and /

come out in volts and amperes (as happens whenever Z„ is

given the dimensions of ohms and is dimensionless).

Moreover, a two-conductor line, such as a coaxial line, may
be considered as a standard of impedance : the conventional

Zg, in the absence of standing waves, prescribes directly

what the value of the corresponding ratio of conventional

V and / must be.

Earlier it was stated that normalization constants could

be chosen at convenience. For a principal mode the conven-

tional choice is clearly convenient. Nevertheless, the price in

inconvenience that would have to be paid for some other

choice is not great. Differences in impedance normalization

show up as a slight complication in the "joining equations."

These are discussed in Section V.

Line integrals have been used to some extent to define

generalized voltage and current for modes other than prin-

cipal modes. We shall discuss this approach briefly and con-

clude that it is not really relevant to our purpose. Line

integrals of transverse E and transverse H possess the

essential property of being linear measures of these field

components, respectively, just as v and / defined in (1) are.

Because such integrals are path-dependent, it is in general

necessary to specify not only the termini but also the path

between the termini. (This means that one needs a knowl-

edge of the field patterns and thus the construction of line

integrals does not seem feasible for an arbitrary mode in a

waveguide of arbitrary cross section.) Line-integral defini-

tions of this type are discussed by SchelkunolT [13]. For
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example, for rectangular waveguide, of dimensions a and b

(a>h), operating in the dominant (TEjo) mode, he chooses

line integrals such that (for a pure traveling wave).

V = bEe-'"', I = - arjEe"'"',
n

(8)

where £ is a constant. These definitions would lead to

Wg = Ti/S and Zg = 7zb/(2ar]) in the present scheme. This

normalization would be, of course, perfectly workable.

Schelkunoff also defines a set of three impedances, called

" 'integrated' characteristic impedances." One of his defini-

tions is the same as that adopted here for characteristic

impedance; the other two are different, being based on a

different property taken as fundamental. Namely, taking

the form of the power equations (7b) and (7c) as funda-

mental, he defines Z^^ , and Zyy y so that

W =
\ Z„

v^/z„

(9a)

(9b)

For principal modes, with conventional line-integral defini-

tions of V and /, it turns out that Z^^, , = = Z^. For

modes other than principal modes these equalities do not

necessarily hold; and in particular, for the TEjo mode in

rectangular waveguide, with Kand / given by (8), the equal-

ities do not hold. In this case, in other words, one needs

different integrated characteristic impedances according as

one chooses to calculate power in terms of / or V, and both

of these impedances are different from Z„.

Now, for rectangular waveguide (at least), all three of the

impedances discussed in the preceding paragraph are pro-

portional to the wave-impedance and they depend upon the

cross-sectional dimensions of the waveguide in the same

way. Hence they are all equally useful in calculating reflec-

tions at discontinuities in rectangular waveguide, to the

limited extent that this can be done simply in terms of such

quantities. Other choices of impedances for other types of

waveguide as well as for rectangular waveguide exist and

may be proposed.^ An underlying motivation is to find

impedance definitions that are helpful in solving or ap-

proximately solving what are properly electromagnetic

field problems. Such problems are not our present concern.

The present purpose is merely to set up a descriptive scheme,

into which results of measurements (or calculations) may be

placed, and with the aid of which calculations (of network

type) may be made. In such a scheme W„=\ and Z„=l
often serve admirably.

IV. Impedance, Admittance, and Scattering Matrices

FOR Waveguide Junctions

Once the basic definitions pertaining to v and / are estab-

lished, the definitions of Z, Y, and S for waveguide junc-

^ Recently a definition differing slightly from the three discussed here

was proposed by R. M. Walker in a correspondence entitled "Waveguide
Impedance—Too Many Definitions" [14].
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tions are straightforward. A waveguide junction is defined

to be a linear electromagnetic system possessing ideal wave-

guide leads and is considered to be subject to excitation

solely through the effects of propagated modes in the wave-

guide leads. (See Fig. 2.) For simplicity in notation and

discussion we shall consider primarily a waveguide junction

with just two leads, with just one mode propagating in each.

Thus we shall be considering a two-port. This will probably

serve as well as, or better than, the general case to indicate

the basic ideas for both one-ports and «-ports.

In each of the two waveguide leads of the two-port we

choose a terminal surface and denote it here, and sub-

sequently, port indices such as m, n, may be understood

to take on the values 1, 2. From the preceding section we

know that the transverse components of E and H on the

terminal surfaces can be expressed in the form

(10a)

where c° , A" are real basis fields subject to the impedance

normalization

and to the power normalization

e''xh''n^dS= W„^,

(10b)

(10c)

where n„ is the unit vector on directed into the junction;

i]„ is the wave admittance of the mode in waveguide m;

and Zg„, are real, positive normalization constants.

It should be clear that not only do the equations (10a)

determine when the r's and fs are given but also

they determine the r's and fs when £„, and H„, are given.

On the basis of certain existence and uniqueness theorems

of electromagnetic theory, we can say that the prescrip-

tion of either transverse E or transverse H on both terminal

surfaces is just sufficient to determine E and H throughout

the junction. Thus if the r's are given, E. H, and the ;"s are

determined; if the fs are given, £, //, and the r's are de-

termined. Furthermore, since the junction being considered

is linear and passive, the /'s and the r's in the two cases will

be related by homogeneous, linear equations.

To see this in more detail, suppose that v^^O, V2 = 0 is

prescribed. Then the whole field will be proportional to ;

in particular, H^, and Hj,, and hence i^ and ij, will be pro-

portional to r 1 . We write the constants of proportionality as

follows

:

'i = Yufi,

ii = izi^i-

Similarly, if r, is zero and Vj is not zero, we write

Finally, if neither rj nor Vi is zero, we use the principle of

superposition and write
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5. ^^^^^ Si

Fig. 2. Illustrating a two-port.

'l = i'llfl + >'l2t'2'

'2 = ^2lf^l + ^'22^2; (11)

the four admittances Y^„ are the elements of the admittance

matrix of the two-port.

In an entirely similar way we can arrive at the equations

Vi = Zy^ii + Z12/2,

V2 = Z21/1 -I- Z22/2, (12)

thereby defining the elements of the impedance matrix of

the two-port.

The elements Y„„ are analogous to the short-circuit input

and transfer admittances of circuit theory; similarly the

elements Z„„ are analogous to the open-circuit input and

transfer impedances of circuit theory. (The quantities with

indices m = n are the input quantities, and those with mj^n
are the transfer quantities.)

As a matter of notation we define the matrices

y^2

Y22 z,,

Zt2

z,.
(13)

These are the promised definitions of Y and Z matrices.

For a one-port, the matrices are one-dimensional

:

(i^.i) (Zii);

Z, 1 was virtually defined in Section III, but without benefit

of the important ideas discussed briefly in the third para-

graph of this section.

We turn now to the definitions of a, b, S (and F). We con-

sider first a waveguide lead by itself, as in Section III,

without reference to devices at either end. The quantities

a and b may be defined formally in terms of r and / by means

of the equations

1

a = -(v + Z„i),

b = ~(v- ZJ),

or by the inverse equations

V = a + b,

ZJ = a — b.

(14a)

(14b)

Using the fact that v/i= ±Zg for pure progressive waves

traveling in the + z-direction, one can deduce that a and b

are respectively the ampHtudes (relative to e") of the electric

field of the progressive components of the field traveling in

the -I- and — z-directions. The meaning of these quantities
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is more clearly shown if we make the r-dependence explicit.

With the help of waveguide theory it can be shown that our

definitions lead to

viz) = Ae-'i^' + Be"''-,

ZJ(z) = Ae^'"'- - Be'"'-, (15)

where A and B are constants. Comparison of these equations

with (14b) shows that a = A exp ( -jfiz) and 6 = 5exp (jjiz).

Thus, if we recall the suppressed time factor exp (jo)t), the

role of a and b as measures of the traveling-wave com-
ponents of the field becomes evident. [Equations (15)

incidentally imply that r and /, as functions of r, satisfy

differential equations of transmission-line form, with

propagation constant //^ and characteristic impedance Z^.]

Using (3) and (14b), and choosing W„=\, we find the

basic expression for complex power-flux in terms of a and

W 1

+ ^ (ba - ah).

The time-average power-flux is the real part of this ex-

pression; when Zg is real (as it is in this paper). Re (W)
= {\aY-\b\')IZ,.

We now associate wave amplitudes a„ and b„ with the

terminal surfaces of our two-port. The as and b's may be

characterized as incident and emergent wave amplitudes,

respectively (because in (10b) n„ was chosen as the inward

normal!). One may expect on physical grounds that there

will exist a set of homogeneous, linear equations deter-

mining the emergent wave-amplitudes b^, b2 as functions

of the incident wave-amplitudes flj, Oj- Such a relationship

is also implied mathematically by (11) or (12) and (14).

Therefore we may write *

^2 = '^2l'^l + ^\2^2- (16)

One may analyze these equations by considering alternately

Ui = 0 and a, =0. One sees, in view of the physical meaning

of the a's and 6's as traveling-wave amplitudes, that Sn
and are of the nature of reflection (or back-scattering)

coefficients and that S^j and S21 are of the nature of trans-

mission coeflficients. The coefficients are often referred to

collectively as scattering coefficients, and the square array

S = ^11 '^1;

S21 S2;

is the scattering matrix that was to be defined.

r is nothing more or less than a common notation for the

element of the one-dimensional scattering matrix of a pas-

sive one-port: 5= (Si,), r = 5'ii.

In the recent literature an interesting generalization of the

scattering-matrix concept is discussed. The formalism, as

well as some of the terminology, is similar to that long em-

ployed in microwave work (and employed here), but the

physical meaning can be substantially different. The gen-

eralized concept does not appear to enable one to do any-

284-

thing essentially new, but it does offer an interesting, ele-

gant, and sometimes expeditious way of arranging details.

A brief quantitative discussion is given in the Appendix to

this paper; for further discussion the reader is referred to

the literature [15]-[17].

V. Renormalization; Joining Equations

Both of the topics to be discussed in this section came up

in the discussion in an earlier section ; both are important for

the purpose of this paper because they have to do directly

with the relationships between terminal fields and our rep-

resentation of these fields.

A. Renormalization : We regard (10) to (16) as having

been set up for some particular set of normalization con-

stants; we recognize that these equations could have been

set up tor some other set of normalization constants; and

we inquire how the quantities r, /, Z, etc., change—or

transform—when the normalization is changed. The guid-

ing principle to be used in finding the transformations is

simply that the key physical entities being represented shall

not be changed by the transformation.

We shall illustrate this for the case of i\ i, and Z, taking Z
to be the impedance matrix of a two-port.

The effect of a change of characteristic impedance on

basis fields is for any e° and /i° just that exemplified in (5).

Let us indicate a change of characteristic impedances by

the notation

7 -> Z'

where the unprimed and the primed quantities are, respec-

tively, the old and the new ones. Since E„, and //„„ must be

invariant, ( 1 ) and (5) imply that the v's and ;
's must transform

as follows

:

where a„ = (Z„„/Z^„)'' From these equations it follows

further that the transformation of the elements of the im-

pedance matrix must be

(The transformation of the admittances is just the in-

verse of that of the Z„„.)

The wave amplitudes a,h and the off-diagonal elements

of S are also affected by impedance renormalization. Fur-

ther details, including a consideration of power renormal-

ization, may be found in the literature [1 ].

B. Joining equations: We consider that a waveguide lead

of one system is to be joined to a waveguide lead of another

system. The waveguide leads must be of the same size and

shape, of course, and it is assumed that there is no physical

discontinuity. We assume that the terminal surfaces asso-

ciated with each system have been so located that they

coincide when the connection is made. (See Fig. 3.) The

transverse components of E and H on the common terminal

surface are then given by the equations

E. = H. = ih" (17)
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Fig. 3. Coincident terminal surfaces.

associated with the one system and also by the equations

E',= v'e''\ H; = ih° (18)

associated with the other. Let us assume that we have

Wg = but not necessarily Z„ = Z'g. Choosing signs so that

e° and e"' are polarized in the same sense, we find with the

aid of (5) and (10b) that

e"' = ae", h"' = - oc-^h"; (19)

where a = ^ZJZ'g and the negative sign in the second equa-

tion arises because n= —n'.

Now, for the electromagnetic fields corresponding to ( 17)

and (18) to be continuous across the terminal surface, as re-

quired by electromagnetic theory, it is necessary and

sufficient that the transverse components be continuous.

Thus, in view of (19), it is necessary and sufficient that

v' = a""U', /' = — a/. (20)

These are the desired joining equations. They are of the

same form as the equations describing an ideal transformer

with turns ratio a. We prefer no! to illustrate the relations

with a diagram showing an ideal transformer because there

is some danger of confusion. As long as we bear in mind the

relationship of the terminal variables to the field quan-

tities, it is clear that the joining equations have the form

they do have, not because of any physical discontinuity, but

because of the difference in impedance normalizations.

VI. Conclusion

At this point, the purpose of this paper, as announced in

the introduction, has been accomplished—perhaps in a

rather literal sense. Here, in order to tie things together

better, and to make the motivation for some of the work

more apparent, we should like to indicate how the defini-

tions that have been made do form a basis for calculations of

network type. To accomplish this we must first say a few

words about the representation of active devices, or sources.

For simplicity we do not consider active devices of nega-

tive resistance or negative conductance type. We assume

linear behavior of the device (at least from an external point

of view), and so an active device will be represented by

linear equations. The only difference from the previous

equations describing passive devices is that now the equa-

tions must be inhomogeneous. We illustrate this for one-

port sources. A one-port source may be represented by an

impedance and an "open-circuit" voltage, by an admittance

and a "short-circuit" current, or by a reflection coefficient

and a generated-wave amplitude:
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V = Z,/ + (21a)

/=V' + !, (21b)

b = r^a + b^. (21c)

The quantities bearing the subscript "g^" characterize the

given device relative to chosen normalizations and refer-

ence plane. The equations are simply the most general

linear equations connecting pairs of variables. Since the

equations must be of the form shown, we have in fact

proved Thevenin's and Norton's theorems, the content of

which is exhibited in (21a) and (21b), respectively. Ap-

parently no name is attached to the important theorem

represented by the third equation.

Let us now consider a two-port provided with a source

joined at port 1 and with a passive termination at port 2.

We choose to apply scattering equations and we assemble

the equations descriptive of the three elements of the sys-

tem. For the two-port itself we have (16), which is re-

peated here for convenience,

bi = ^21^1 + 522^2; (16)

for the source we have

b'l = r^a'i + bg\

and for the passive termination

b'l = r,a2-

The polarizations of the various as, and ^'s are indicated in

Fig. 4. We notice that in (16) and in the last two equations,

the number of unknowns is in each case twice the number of

equations; to obtain determinate solutions we must, of

course, utilize the joining equations. Joining equations for

a's and b's are easily derived from (20); in the present in-

stance, if we assume no "discontinuities in normalization"

(Km= ^om- 2om = 2'om)^ OUC findS

a\ = 6i, b'l = «!, (32 = b'2, ^2 ~ ^2'

(as might be expected). Thus the number of equations is

equal to the number of unknowns and the system will in

general possess a unique solution. In fact, by eliminating all

the variables but bi and b2, one obtains the two equations

(1 - ^gSii)bi - r,Si2b2 = S^ibg,

-r,S2,6, + (1 - r,S22)b2 = S2yb^ (22)

for the determination of b^ and 62.

As an example, we can use (22) to obtain a formula for a

quantity of immediate physical significance, known as

transducer power gain, and defined as the ratio of (net)

power delivered to the load on terminal 2 to the available

power of the source. Solving (22) for b2. one finds

62 = S2,bJD,
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Fig 4. Schematic of system consisting of source,

two-port, and passive termination.

where D ^={1 -F^S^ -1,822)- ^g^iS^jSii- Llsing the ex-

pression for power in terms of a and h, given in Section IV,

we find for the power P, delivered to the load.

P, = i\b2\' - \a2\')/Zo2

WZ02
iSatV^I'n - |r,h/Zo2 (2

The available power of the source is, by definition, the power

that would be delivered to a conjugate-match termination

directly connected to the source. Finding is simpler than

finding P, and so we merely state the result

:

Zoi

1

1 - lr„P

The transducer power gain is thus

1^2, I'd |rj')(i

;i -n5,,)(i -r,S22)-rXiS,2S2

(24)

(25)

We define "power waves" (to use Kurokawa's term)

associated with port m of the two-port by means of the

equations

1

2V«.
1

(26)

Equations (24) and (25) are given as (2.41) and (2.52), re-

spectively, of Kerns and Beatty [1 ], where these and other

related quantities are discussed.

In a similar way, one could show how Z or F might be

used for calculations, but we shall not do this here.

The ramifications of the scheme, the basis of which we

have described, are most numerous. Additional matrices

are defined; an important type, useful with either r, /' or a, h

variables, is known variously as a transmission, transfer,

or cascading matrix. All the matrices are interrelated. All

may be subject to constraints, such as reciprocity, realiza-

bility, losslessness. which are useful in both measurement

and calculations. Applications to the description of par-

ticular devices, such as circulators, directional couplers,

T-junctions, and to analysis and design of systems (emphati-

cally including measurement systems) are innumerable. The

references that have been listed are intended partly as sug-

gestions for further reading.

Appendix

In this Appendix we give a brief quantitative discussion of

the generalized scattering matrix mentioned in the text. We
consider a system consisting of source, two-port, and pas-

sive termination (as in the preceding section, and with

normalizations as in the preceding section). As will be seen,

the generalized scattering matrix is a system matrix for such

a system, and it will embody the properties of the termina-

tions as well as those of the two-port.
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where Z„ is the impedance (of source or load) terminating

port w, and R„ is the real part of Z„. Strictly, \R„\ should

appear in (26), but we are for simplicity considering only

positive R„. Sometimes Z„ is referred to as a "normalizing

number" and (26) is said to represent "complex normal-

ization." Whether or not these terms are used, we em-

phasize that (26) has nothing to do with the normalizations

in our definitions of v and /. As far as (26) is concerned v and /

are given a priori. This is the point of view in the references

cited, where v and / are in fact not defined explicitly.

The power waves are in general linear combinations of

the fl's and /^'s defined in Section IV, and they are so con-

trived that the as are essentially given quantities. Thus in

the present instance,

"1 = f«i/(2v'^)' ^2 = 0-

To verify these equations one may use (21a) and (20) to ob-

tain the equations i^i = I'^i — Zi/j, 1^2= — Z2/2 pertaining to

the terminations, and then substitute these into (26). With

W^=\, the time-average power input to the two-port at port

m is given in terms of the power waves by

(27)

as can be verified by using (3) and (26).

The generalized (or power-wave) scattering matrix is de-

fined formally by

6, = Siifli + Siifla

in the same manner as S was defined in (16). Inasmuch as

the a's are knowns, the scattering equations do not have to

be solved ; they give the 5's immediately. The actual problem

is to find the S^„. These can be expressed as functions of

Z„,, Z„,„, and the Z, Y, or S matrix of the two-port. .

In the present instance we have, for example.

6. = S2,vJ(2jR',).

Now, according to [27], 1^2
1'^ represents the power de-

livered to the load (a, being zero); |i'j|^/(4/?i) is recognized

as the available power at the source; and so |S2i|' is seen to

be just the transducer power gain that was evaluated in the

preceding section.

There is, of course, much more that can be said about

power waves and the associated scattering matrix, but for
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this the reader is referred to the references aheady cited.

Perhaps enough has been said here to indicate the relation-

ship and the distinction between S and S.
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Impedance Measurements and Standards

for Uniconductor Waveguide

ROBERT VV. BEATTY, iellow, ieee

Abstract—A tutorial review is presented of the measurement of imped-

ance and reflection coefficient in uniconductor waveguide. Normalized imped-

ance in a waveguide operating in a particuJar mode is defined and related to

measured quantities such as the reflection coefficient and the VSWR.
Emphasis is given to the rectangular waveguide operating in its dominant

mode and to the tuned reflectometer as an instrument for achieving the most

accurate results. The evolution of the timed reflectometer at NBS is outlined

and recent techniques are discussed. Different types of standards of reflec-

tion coefficient are described and the advantages and limitations of each are

mentioned.

Introduction

ACTUALLY', no one measures impedances, in the usual

/-^ sense, in uniform uniconductor waveguides. In-

stead, one usually measures the VSWR (voltage

standing-wave ratio) and the position of a minimum in the

voltage standing wave, or the reflection coefficient which

exists when a certain mode propagates in a certain wave-

guide and reflection takes place from a termination. Usu-

ally, the propagating mode is the dominant one (having the

lowest cutofl' frequency) and the waveguide is a uniform

one having a standard set of cross-sectional dimensions.

In a given waveguide, at a given frequency and given

mode, there is only one VSWR corresponding to a given

load or termination. Also there is only one value of reflec-

tion coefficient and one value of normalized impedance'

(to be defined later). However, there may be various values

of impedance, depending upon the value chosen for Zq, the

"characteristic impedance" or normalizing impedance.

Thus the title of this paper is not really a fraud, since the

normalized impedance which one might wish to measure in

a uniconductor waveguide is uniquely determined by the

characteristics of the termination, the waveguide, the prop-

agating mode, and the frequency.

It is shown in another paper [1] in this issue that any

val ue may be arbitrarily chosen for Zq ; however, there may
be advantages and disadvantages associated with each

choice. No one choice will satisfy all requirements in the

case of uniconductor waveguide. In the case of the TEM
(Transverse Electric and Magnetic) mode in two-conductor

waveguide, such as coaxial line, the choices of Zq have

always been made according to established formulas. (It is

not widely recognized that other choices could be made,

and that there might occasionally be advantages to doing

so.)

Manuscript received March 31. 1_967; revised April 4, 1967.

The author is with the National Bureau of Standards, Boulder, Colo.
' This assumes that the same scale is used to measure the amplitude

of the waves traveling in each direction.

In the following, reflection coefficient and VSWR in wave-

guide will be defined before reviewing methods of measuring

impedances, VSWR's, and reflection coeflScients. Emphasis

will be given to the tuned-reflectometer method, which has

the greatest potential accuracy. The slotted line will be men-

tioned but is discussed in greater detail in another paper

[2] in this issue. Finally, standards of reflection coefficient

for uniconductor waveguide systems will be discussed. The

presentation begins at a rather elementary level, with ma-

terial well known to workers in the field, then tapers into

a more advanced discussion. Most of the technical details

are left to the references, however.

Definitions

In making careful measurements, one needs first to

precisely define the quantity to be measured. Otherwise,

one cannot precisely analyze or evaluate the uncertainties

in the measurement. The paper by D. M. Kerns entitled

"Definitions of v, i. Z, Y. a, b, F, and 5," in this issue, has

been written with this in mind. The reader is referred^ to

that paper [1] for definitions of generalized voltage r and

current / in waveguide, impedance Z, admittance K,

incident and reflected wave amplitudes a and b, reflection

coefficient F, and scattering coefl[icient S.

It has been assumed that waveguides are uniform and

made of metal having infinite conductivity; therefore, the

definitions are intimately associated with an idealized

model for a waveguide. The errors caused by the difference

between an actual waveguide and its model can be kept

small and usually are of no concern. They might become of

concern in the future, however, as the precision of measure-

ment increases.

In measurements with a slotted section of waveguide, one

observes the VSWR^ or voltage standing-wave ratio fc. In

a lossless line, this is usually defined as the ratio of the

maximum to the minimum value of the standing wave of

|r|. One may correct or compensate for the eflfect on v of

the attenuation of the waveguide, and refer the result to a

conveniently located terminal surface in the waveguide.

Phase information is obtained by oserving the position of a

^ See also Kerns and Beatty [3].

^ The Greek letter a has been used to denote VSWR, but the same

symbol is often used to denote electrical conductivity. Conflicts of this

kind can be avoided by using symbols which have seldom, if ever, been

used to denote electrical quantities. A rich source of such symbols is the

Japanese Katakana alphabet. From it, the symbol t has been selected.

It means "ratio," and is pronounced "hee."
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minimum point of the standing wave relative to this terminal

surface.

In measurements with a reflectometer, one observes |r|,

the magnitude of the voltage reflection coefficient. The

phase i/^ of r is usually not measured with the reflectometer,

but can be obtained if desired using modified techniques.

The relationships among the quantities (which are mea-

sured and desired) are given as follows

:

V = a + b

ZqI = a — b

Z = ^.

i

(1)

(2)

(Note that Z is a function of position along the waveguide

and is indeterminate until the normalizing impedance Zq

has been specified.)

Zo =

[VSWR] b = \a\ + \b\ 1 + Irl

- \b\ 1

Z-Zq
Z + Zo

b- 1

t + r

(3)

(4)

(5)

(6)

The normalized impedance Z/Zq is a dimensionless and, in

general, complex quantity z. It is clear that

1 + r
and r

z - 1

z + r
(7)

Effect of Change of Position of Terminal Surface

It is emphasized that Z and F are referred to a definite

terminal surface or reference plane in a waveguide. The
eff'ect on Z and F of changing the position of the reference

plane is therefore of considerable interest in impedance

measurements.

A change of position of the terminal surface, at which the

terminal variables v and / (or a and h) are determined,

changes the reflection coefficient F in a simple manner,

but the normalized impedance r is changed in a more com-
plicated way.

The diagram shown in Fig. 1 applies to the case where Fj

is known and we wish to determine Fj at a distance / toward

the generator, which is along a uniform waveguide having a

propagation constant y = a.+jp.

a, = a,e and b^ =

Therefore,

r b, _

F, = — = — e
2yl

(8)

(9)
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b, ^
—

bj-^

•• 1 "

^3

02 = a, e b| = b2 e

Fig. I. Change of position ol" terminal surface.

The magnitudes are related by

|Fi| = IF^I^-^^ (10)

and the phase of Fj equals the phase of F2 minus 2/?/, or

(//i
= (^2 - 2^3/ + Inn, (11)

where n is an integer.

Thus one can "refer" a reflection coefficient Fj which is

known at one position on a section of waveguide to a differ-

ent position by rotating counter-clockwise the vector repre-

senting F2 by the angle 2/?/, and multiplying the length of

the vector by a factor e

One can derive the conventional transmission-line for-

mulas from (9), remembering that

Z

One obtains

1 + F
and e''^ = cosh y/ + sinh y/. (12)

Z2 + tanhy/

1 -I- Zj tanh yl

and for the special case of no losses,

Z2 + j tan pi

1 + ;z2 tan pi

(13)

(14)

Instead of using the above formulas, it is simpler to plot

Z2 or F2 on the well-known Smith Chart, rotate the vector

representing F2 by the angte 2/?/, and change the magnitude

by the factor e'^"' to plot F,. Then Zi can be easily read

from a chart of moderate size with moderate precision.

In order to obtain greater precision in certain cases, the

central region of the chart is often expanded. A rotating

and sliding scale is also used to facilitate rotating F2 and

making appropriate changes in its magnitude.

Measurement Methods

A number of measurement methods and instruments

have been developed for measuring impedance in unicon-

ductor waveguides, and each has its particular advantages

and uses. In this paper, most of them are only briefly men-

tioned in passing, in order to devote more space to two

selected ones, the slotted-line standing-wave machine and
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the tuned reflectometer. However, references are given to

enable the reader to investigate details of other methods. In

addition, much valuable information is available on request

from instrument manufacturers.

The Idealized Slotted Section

In order to integrate the concept of VSWR with gen-

eralized voltage V on uniconductor waveguides, the theory

of the idealized slotted-section standing-wave machine is

briefly reviwed.

The propagation of certain waveguide modes is not

greatly disturbed if a thin slot is made in the outer conductor

of the waveguide in a direction parallel to the axis of the

waveguide. Examples of these modes are the TEM mode in

coaxial line, the TEjo mode in rectangular waveguide, and

the TEji mode in waveguide of circular cross section.

A probe may be inserted in the slot to sample the fields,

and movement of the probe along the slot will provide data

on the variation of the field strength as a function of probe

position.

Probes may sample either the electric or the magnetic

field, or both, and may sample either transverse compo-
nents, axial components, or both. The usual type of probe

encountered in commercially available instruments is one

which samples the transverse component of the electric

field and does not respond to the magnetic field or to axial

components of the electric field {if present).

Ideally, the output level \b^
\

of the probe to the detector is

proportional to the strength of the field sampled. For ex-

ample, if the transverse component E, of the electric field is

sampled,

= Ki\E^\ = K2\v\ = K2\a + b\ = K2\a\ \\ + r|,(15)

where and Kj are constants. Thus, the probe samples

the voltage standing wave which is set up as the sum of the

oppositely directed traveling waves having amplitudes a

and b.

Suppose that the probe is located at terminal surface 1,

whose position is variable, and the load F^^ is at terminal

surface 2, whose position is fixed. The probe output level is

\bi\ = K2|«i| •

|1 + Fil

= X^la^lf^'ll + |rJf'-''^'--^'"|. (16)

In the idealized slotted line, which is lossless (y=jfi,

a = 0),

I^jI
= Kj\a\ \\ + iF^le^'^^-^""!. (17)

As the probe changes position, the smaller of the two

vector components shown in Fig. 2 rotates, and goes in and

out of phase with the fixed vector component of unit mag-

nitude.

Thus the ratio of maximum-to-minimum probe output is

/
7" = L_!4 = tii, (the VSWR). (18)

290

Fig. 2. Vector diagram of probe output level.

One sees from the diagram that, as the probe moves in a

direction away from the load, the first minimum in its out-

put occurs when / = /„, and satisfies the following rela-

ship

:

•Ai
- 2/?/„ = ±n. (19)

The phase angle i/'^ of the reflection coefficient of the load

is then given by

^^J, = 2/5/„ ± n. (20)

The Actual Slotted Line

Although the idealized slotted section of waveguide is

simple, any actual slotted section is quite complicated, and a

rigorous analysis of its performance is difficult. Errors in

slotted-line measurements of impedance are discussed in

another paper [2] in this issue. See also [4]-[9].

Measurements of Reflection Coefficient in Waveguide
OF Varipus Cross Sections

Usually, slotted sections and traveling-probe standing-

wave machines are widely available in standard sizes of

waveguide having rectangular cross section. When it is

desired to use such an instrument to make measurements

of reflection coefficient in a waveguide having a different

cross section, an adapter is often used. One can either de-

termine the characteristics of the adapter and calculate their

transforming effect on the reflection coefficient, or employ a

tuner [10] to avoid this procedure. The latter procedure

may be more convenient and is described as follows.

As shown in Fig. 3, a nonreflecting load is connected to

section 2. (Such loads usually are not readily available, but

can be made by suitably tapering some appropriate absorb-

ing material.) The tuner is then adjusted so that there are no

standing waves indicated by the traveling probe. This makes

511 = 0 for the two-porf* representing the adapter. To a

good approximation, ^22 = 0, also, if the adapter is nearly

lossless. One then replaces the nonreflecting load by a short

circuit, noting the probe position (reference plane) at which

the probe response is minimum. The two-port bounded by

this plane in,the slotted section and the plane of the short

circuit terminating section 2 then has
i
= 1 , to a very good

approximation. One next replaces the short circuit by the

device under test. Since, in general,

^ ^ ^
1 _ <? r

'

^ '^22' L

* For discussion of scattering coefficients S, , , 5,,. ,. and S22 of two-

ports, see Kerns and Beatty [3].
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Fig. 3. Tuning an adapter.
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Fig. 4. Conventional rcflectometer.

it follows that the measured reflection coefficient V (re-

ferred to the plane so located in the slotted section) equals

quite closely the reflection coefficient at the desired loca-

tion in section 2 due to the device under test.

The error due to losses in the adapter has yet to be

analyzed, but is likely to be small. It is told later how this

type of error can be avoided [11] by the use of a hybrid

tuned reflectometer.

Reflectometer Techniques in General

It is commonly understood that a reflectometer is an in-

strument used to determine the magnitude |r| of the reflec-

tion coefficient, or the corresponding VSWR. Phase in-

formation is usually not provided, but can be obtained by

appropriate modifications of the instruments and tech-

niques [5]. The use of reflectometers in swept-frequency

measurements is an important subject, and is covered else-

where in this issue in the paper [12] entitled "Swept-Fre-

quency Techniques." With equipment presently available,

one can expect to make swept-frequency measurements of

|F| over the range 0.1 to 0.35 with an uncertainty less than

5 percent at frequencies up to 140 GHz.

Evolution of the Tuned Reflectometer at NBS

The tuned reflectometer, for single-frequency operation,

off'ers the highest accuracy today in the measurement of re-

flection-coefficient magnitudes. Reasons for this are prob-

ably best introduced by tracing the evolution of the tuned

reflectometer at the National Bureau of Standards. Similar

developments carried out in other laboratories will also be

mentioned.

Background Prior to 1955

It was recognized at NBS at an early date that the conven-

tional slotted line had inherent limitations such as the ir-

regularities in probe response associated with a probe

traveling in a slot, and the discontinuities at the end of the

slotted section caused by the end of the slot, transition sec-

tion, or taper, etc. (as well as other limitations). It was hoped
that other methods could be found which would avoid these

limitations without introducing other ones which might be

equally serious. A number of methods were considered,

and although there are applications where the advantages

of each are important, many did not appear to be adaptable

to ultimate refinement for highest accuracy.

The resonance line technique of Chipman [13], [14] was

investigated because it avoided problems connected with

the slot, but there remained difficult problems in maintain-

2 91

ing constant probe coupling n.s the plunger moved inside the

waveguide.

Rotating probes as introduced by Tischer [6], [9], [15]

were located in the top wall of the waveguide and also elimi-

nated problems connected with the slot. However, they in-

troduced a fixed discontinuity at the point of measurement

and although probe loading problems were simplified, they

were not elitninated. Use of two or more fixed probes

spaced out along the waveguide axis as suggested by Samuel

[16] avoided the slot, but did not avoid loading of the wave-

guide by the probes, and other fairly serious problems were

introduced.

Reflectometers employing directional couplers were in-

vestigated because slots and probe loading effects were

avoided. The conventional reflectometer shown in Fig. 4,

as employed for swept-frequency measurement ofVSWR, is

a valuable instrument, but does not permit attainment of

extremely accurate results, even at a fixed frequency, be-

cause of the limited directivities and the residual reflections

in the directional couplers. As early as 1946, Korman (of

RCA) showed how to adjust a reflectometer to obtain ideal

response [17]. He adjusted it until the response remained

constant as a short circuit was slid along the output trans-

mission line. The use of a tuner to overcome the finite-

directivity limitation of directional couplers was described

by Barnett [18] (of the Hewlett-Packard Co.). A phasable

load having a small reflection coefficient was moved back

and forth in the output waveguide while adjusting a tuner

until the side-arm output of the directional coupler re-

mained constant. This was the same procedure used by

Pomeroy (of the Western Electric Co.) and later by Engen

and Beatty (of NBS).

Barnett was concerned with reflections in the reflectome-

ter system and reduced them by attention to design. Later,

Hunton and Pappas [19] (of the Hewlett-Packard Co.),

used a sliding short circuit in the output waveguide of the

reflectometer to separate the effects of the sources of reflec-

tion. They suggested a technique for avoiding the errors

from these reflections by taking the mean of maximum and

minimum readings of the output meter as the short-circuit

slides, and setting the ratio meter at unity for this condition.

They noted that the reflectometer compared a small quan-

tity to a large one when measuring small reflections, while in

the slotted-line technique the ratio of two large quantities

was observed. Thus they concluded that the reflectometer

technique was potentially more accurate than the slotted-

line technique for the measurement of small reffections.
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Directional

Coupler

Fig. 5. Tuncd-n."Hi;clomctcr arriingcmcnl.

First Appi'ttuch-- F'hiiMthlc Loiid Technique

The first really promising and cumulating approach to

high-precision measurement of VSWR was made by Mac-

Pherson and Kerns [20] (of NBS). They employed a three-

arm waveguide junction {three-port) apparatus for measur-

ing the VSWR of phasable loads. The analysis by Kerns of

the three-port in terms of gathering coefficients showed that

results of a previous analysis [21 ] of probe loading effects in

slotted lines could be applied more rigorously in this case

than to the slotted line. A feeling for the precision attained

with this technique is given by the following results. Six

measurements of VSWR of a termination yielded a mean of

1.0166 with a standard deviation of the mean of 0.0003.

Fixed (nonphasable) loads could be measured by employing

a line stretcher, designed so that the discontinuities that it

introduced were fixed with respect to the three-arm junction.

Phusuble-Load Tcchiiicjuc— I'Viih Tuners

In attempting to improve the accuracy of the phasable-

load technique, Beatty analyzed the three-port in terms of

scattering coefficients and obtained a simple equation for

the amplitude ^3 of the wave incident on the detector [22]:

b, = c
1 + Kr„

(21)

In terms of the scattering coefficients of the three-port.

K = ^3 l'^32
(22)

and is the reflection coefficient of the equivalent source

in the output waveguide lead. He noted that one could ob-

tain a squared VSWR response [23] by using certain kinds

of lossless junctions for which A^^Tji^l. Both of these

quantities could be adjusted by appropriate tuning of the

junctions. He also noted that a magnified response could be

obtained by adjusting \K\ to have large values. One type of

waveguide junction (not lossless), the directional coupler,

has an inherently large |A'|, so that not much tuning was re-

quired. In addition, it was noted that a second tuner could

adjust Fj,, and that the two adjustments were nearly in-

dependent.

^ The gathering matrix is the cciprocal of the scattering matrix. See

Kerns and Beatty [3].
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This led to a technique [22] employing a directional cou-

pler and two tuners in which K was adjusted for a detector

null corresponding to AfF„= — 1. Then F,, was adjusted to

vanish. The termination having a reflection coefficient F„

was then replaced by a standard having a known \r^\. The

line stretcher was moved to change the phase of the load

and the ratio of maximum-to-minimum detector wave

amplitude was observed. This ratio equalled

|F„| + |r,|

!f

The magnitude |F„| was then calculated. This technique was

very successful in accurately measuring magnitudes of re-

flection coefficients, and very closely checked calculated

values for half-round inductive obstacle [24], [25] stan-

dards of reflection coefficient.

The Tuned Refieeiumeter Evolves

A more convenient technique not requiring the use of a

line stretcher evolved from a suggestion by Engen [26] that

the tuners could be adjusted for the conditions A'= x,

F2, = 0. Engen had developed tuning techniques for a re-

flectometer employing two directional couplers. He sug-

gested that one achieve these conditions by sliding two

diff"erent terminations inside a waveguide and tuning for

constant detector output in each case. It is interesting that

Pomeroy had already developed the same technique and

had written internal reports on it (this was not learned at

NBS until 1966) but did not publish an exact description of

it. However, he did publish descriptions of similar tech-

niques [27], [28]. Upon achieving the above conditions, the

magnitude of is proportional to |Fl|, the magnitude of the

reflection coefficient of the load. The measuring technique

is indicated in Fig. 5 and consists of alternately connecting

a standard and the unknown termination to the reflectome-

ter and observing the ratio of the detector outputs. When the

magnitude of the reflection coefficient of the standard is

unity, the measured ratio, expressed in decibels, is the re-

turn loss of the termination under test. Tables of return

loss versus |F| are available [29]. Detailed accounts of tun-

ing and measurement techniques and analyses of errors

have been published [26], [30].

Beatty and Anson introduced the concept of a hybrid

system [31] in which all of the equipment consisted of

rectangular waveguide components except for a wave-
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guide-to-coaxial adapter, an output section of coaxial line,

and the sliding loads. The discontinuities introduced in go-

ing from one type of waveguide to another do not need to be

separately compensated, but are automatically taken care of

when tuning the reflectometer in the usual way. The hybrid

reflectometer principle should be valuable [11] in making

accurate measurements in strip line, circular waveguide,

ridged waveguide, reduced-height rectangular waveguide,

or other types of waveguide.

Later Developments

Refinements have been made in the tuned-reflectometer

technique including a semi-automatic method [32] for tun-

ing a reflectometer. If very accurate results are required,

the tuning operations are a reasonable price to pay, but one

would still prefer to avoid tedious adjustments, if possible.

One way to avoid adjustments of the tuners without losing

too much accuracy is to employ a section of waveguide

having a length of one-quarter guide wavelength [33].

Measurements are made with this section first inserted

between the reflectometer and the unknown and standard

terminations. The measurements are then repeated with the

quarter-wave section removed. Although it is not specifi-

cally mentioned in the reference, it is quite important that

insertion of the quarter-wavelength section be accomplished

without adding significant reflections. This is presently

possible using high-precision coaxial connectors or wave-

guide joints, but cannot be done using ordinary connectors

or joints. Comparison of results with the tuned reflectome-

ter indicates that the accuracy is not degraded more than a

few percent over a range of |r| from 0.02 to 0.33. Thus at

probably a small sacrifice in accuracy, one eliminates the

tuning adjustments, but doubles the number of observa-

tions of data in a single measurement. At present, no com-

plete error analysis of this technique has been made.

A tuned reflectometer has been constructed and used for

measurements in the 60 to 90 GHz frequency range [34].

Special problems that were encountered and solved in-

cluded the design and construction of suitable tuners, and

frequency stabilization by phase locking of the oscillators.

The tuned-reflectometer technique has been further de-

veloped and is presently used to calibrate [35] standards of

reflection coefficient based upon a "step" in the narrow

dimension in rectangular waveguide. The accuracy ob-

tainable^ exceeds that obtained with the highest quality

slotted sections of waveguide [36]. For example, a termina-

tion having a VSWR of 1.05 can be measured with a tuned

reflectometer with an uncertanty less than 0.05 percent. It is

also rather easy to accurately measure terminations having

a high reflection. One simply compares the reflections from

the unknown and a quarter-wavelength short circuit. The
limiting source of error is caused mainly by the residual

variation in 1^3! which occurs when sliding the short circuit.

If the residual variation is less than 0.02 decibel, the limit of

uncertainty in the measured reflection coefficient of the

^ For accuracy charts on microwave impedance measurements at

NBS, see "Accuracy charts for RF measurements," by Wildhack, Mason,
and Powers, in this issue.

293.

short circuit due to imperfect tuning is approximately 0.25

percent. The uncertainty may be further reduced by improv-

ing the stability of the measurement system. At least an

order of magnitude improvement is presently possible.

Reflection-Coefficient Standards

In order to produce a known reflection coefficient or

normalized impedance in a given waveguide, one may use

either fixed or variable standards. When the phase of the

reflection is of no concern, they are sometimes called stan-

dards of VSWR or standard mismatches.

Fixed Standards

Most of the reflection-coefficient standards normally en-

countered are fixed and have either a low value of VSWR
( 1 .5 or less) or a high VSWR such as from a short circuit.

In rectangular waveguide, many reflection-coefficient

standards have taken the form of waveguide discontinuities

of simple geometry. The reflection coefficient is calculated

from the geometry. Examples of these are the step in the

narrow dimension and the half-round inductive obstacle.

Some workers have used thin diaphragms (irises, slits, or

windows) inside waveguides as standards of reflection co-

eflScient. They are easily constructed and formulas are

available for calculating their reflectron coefficients. How-
ever, the formulas are derived assuming perfectly conduct-

ing, infinitely thin diaphragms, which can only be approxi-

mately realized in practice. It is difficult to assess the error in

the reflection coefficient caused by departure from the

assumed conditions. Therefore, this type of standard is

presently not recommended for precise work.

Most commercially available reflection-coefficient stan-

dards employ a step in the narrow dimension (Fig. 6) formed

by joining a reduced-height waveguide to one having stan-

dard dimensions. The VSWR is, to a good approximation,

equal to the ratio of the narrow inner dimensions, and is

insensitive to frequency. There is a frequency-dependent,

second-order correction for the discontinuity capacitance,

but this is small if the reffection coefficient is 0.2 or less,

which is usually the case. The termination in the reduced-

height waveguide has a small, unavoidable reflection. It is

usually made phasable so that its eff"ect on the total reflec-

tion can be taken into account and subtracted. Although

these types of standards are convenient and have good

accuracy and stability, there is no separation of the reflec-

tion due to the discontinuity from that due to the waveguide

joint, and the effects of losses are neglected. More accurate

standards can be constructed such as half-round inductive

obstacles.

Half-round inductive obstacle reflection-coeflScient stan-

dards [24] are shown in Fig. 7. The geometry is amenable

to precise calculation and permits fabrication by electro-

forming as well as by machining. A geometry suitable for

electroforming tends also to be suitable for calculation,

because sharp edges in the interior of the electroformed

product are avoided. In general, such edges would 1) re-

quire mathematical singularities in the representation of the

electromagnetic field at an edge of an infinitely conducting
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obstacle, 2) greatly complicate perturbation calculations

needed to evaluate effects of finite conductivity, and 3)

tend to exaggerate the effect of finite conductivity. Accurate

calculated values ofVSWR and |r| are available for WR-90,
WR-187, and WR-284 rectangular waveguide [25]. The
reflection from the joint is distinct, and nonstandard wave-

guide is not required. Formulas are available [37] for cor-

rections for finite conductivity of the metal. The reflection

from this type of standard is frequency-sensitive.

Standards of low reflection have been constructed at NBS
as shown in Fig. 8. At present there are no formulas for ac-

curate calculation of reflections from the hole, which may
be located in either the broad or narrow wall, and either on

or off" center. An approximate formula, based upon Bethe's

theory [38], for the return loss from a hole centered in

the broad wall of a rectangular waveguide is

20 log, 0-

1 +

(23)

where d is the diameter of the hole, a and b are the inside

width and height, A is the wavelength, and 2.q the guide wave-

length. Leakage from the hole can be decreased at will by

increasing the length of the section of below-cutoff wave-

guide formed by the hole.

The below-cutoff hole in the waveguide may be easily

fabricated to good accuracy. It is possible to slide either a

tapered termination or a short circuit in the waveguide

past the hole. Thus the reflections from the termination, the

hole, and a waveguide joint may be easily separated [39].

It may be possible to plug the hole with a rod in such a way
that the discontinuity will be temporarily removed.

Perhaps the most accurate type of reflection-coefficient

standard is the short circuit, or more specifically, the quar-

ter-wavelength section of short-circuited waveguide [22],

[40] as shown in Fig. 9. This standard is frequency-sensitive,

but is not sensitive to small dimensional errors, or to reflec-

tions or losses at the waveguide joint. This freedom from

losses at the joint is a result the vanishing of the axial com-
ponent of current at the joint. Although the nominal reflec-
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tion coefficient is unity, the actual reffection coefficient IFjI

can be determined to a very good accuracy from a knowl-

edge of the microwave conductivity of the waveguide walls.

For example, an error of4 percent in determining conductiv-

ity will result in an error of only 0.001 percent in IF^I when

|Fs| 0.99950. The conductivity is obtained from inde-

pendent measurements. The reflection coefficient of a stan-

dard of this type has also been determined by two other

independent methods, which gave close agreement with the

calculated value. These methods are 1 ) measuring the 2 of a

cavity which incorporates the quarter-wavelength reflec-

tion-coefficient standard, and 2) measuring the losses of the

standard by means of a microcalorimeter.

When using this type of standard to measure an unknown
having a small reflection, the difference in return loss is

large, say 60 dB, and consequently difficult to measure

accurately. However, an adjustable load may be used as an

intermediate source of reflections, making the measurement

in two smaller steps, say 30 dB each.

An impedance standard having nominally zero reflection

coefficient consists of a waveguide terminated in a load

which can be adjusted [41] to have no reflection. In this
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Fig. 10. Variable impedance standard employing
rotary dissipative vane.

case, it is important that the waveguide have the same stan-

dard cross-sectional configuration and dimensions as the

waveguide in which the reflection coefficients are to be ob-

served. Such an impedance standard has a normahzed im-

pedance of unity.

Variable Standards

Several types of variable standards of reflection coefficient

have been developed. One type which has been produced

commercially [42], [43] consists of an absorbing strip at-

tached to a sliding short circuit in waveguide of circular

cross section as shown in Fig. 10. One rotates the strip to

vary the magnitude of the reflection and slides the short

circuit to vary its phase. The magnitude and phase angle

obey calculable laws, so this device ordinarily needs no

calibration unless especially accurate results are required. A
tapered section designed to introduce little dissipative loss

and little or no reflection couples the waveguide to one of

rectangular cross section. It is presently possible to design

transition sections which are compensated over the full

frequency range of the waveguide [44] and have very low

reflections.

Another type of variable standard which has been pro-

duced commercially consists of a short-slot 3-dB direc-

tional coupler having ganged sliding short circuits in two of

the arms as shown in Fig. 1 1 . In practice, one places a non-

reflecting termination on one of the remaining arms and

adjusts the relative position of the short circuits to obtain

the desired magnitude of reflection coefficient. The short

circuits are then clamped in this relative position and slid

together to vary the phase of the reflection coefficient. The
reflection coefficient of this device is not accurately predict-

able due to imperfections in the directional coupler, and

therefore calibration is required. In principle, the device can

be adjusted to present any reflection coefficient but, in

practice, one cannot quite achieve this objective.

Another type of variable standard, which has a wide range

but must be calibrated, is shown in Fig. 12. If is based upon

the adjustable termination for rectangular waveguide pre-

viously mentioned [41]. Its possibilities have been neither

fully explored nor exploited.

A variable standard of reflection coefficient may be

quickly assembled from a slide-screw tuner and a nonre-

flecting (fixed) termination, which are readily available in

many laboratories. If the tuner is driven by a micrometer,

the standard can be precisely set and calibrated.

2 95-
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Conclusions

Measurements of VSWR and of magnitude of reflection

coefficient |r| in uniconductor waveguide can today be made
with least uncertainty using tuned-reflectometer techniques.

The price that one pays for high accuracy in this case is

tedious tuning procedure. Some work has been done to

reduce the tedium without sacrificing accuracy, but more
remains to be accomplished. Another challenge for future

RF metrologists is to achieve the same accuracies with

swept-frequency systems as are obtained at fixed fre-

quencies with tuning techniques. The measurement of the

phase of the reflection coefficient has been of less concern,

but is becoming of greater interest. It is presently best de-

termined using refined versions of standing-wave machines.

However, it is conceivable that more accurate phase de-

terminations might be made in the future using modified

reflectometer techniques.

A number of types of fixed or variable standards of reflec-

tion coefficient have been devised. Of the fixed standards,

the quarter-wavelength short-circuited section of wave-

guide and the half-round inductive obstacles give the least

uncertainty. Of the variable standards, the rotating strip

in circular waveguide gives a wide range and follows a

calculable law. Usually, fixed standards may be constructed

to have smaller uncertainties than variable standards. Some
of these standards such as the below-cutoff" circular hole in

rectangular waveguide need a more rigorous analysis lead-

ing to more accurate calculations of their reflection.
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Standards of reflection for uniconductor waveguides hav-

ing other than rectangular cross section apparently have

not been designed or manufactured for commercial use,

and have received little if any attention, to date. Although

the need for accurate measurements in these other types of

waveguide does not presently appear to be great, standards

of reflection coefficient for waveguide having circular, or

some other cross section, will eventually be needed.
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Impedance Measurements in Coaxial

Waveguide Systems
R. L. JESCH AND R. M. JICKLING, member, ieee

Abstract—This article is a tutorial review of impedance measurements

and standards in coaxial waveguide systems propagating a TEM wave. It

describes the development of coaxial air lines as impedance standards, re-

views representative measurement methods, and discusses the errors and

measurement techniques of the slotted line in detail.

I. Introduction

ACCURACIES of impedance measurements in wave-

/—\ guide of coaxial cross section have been improved

by a factor of ten in less than two decades, an

achievement based primarily on the parallel development

of precision coaxial-line standards and precision coaxial

connectors.' The development of these coaxial-line stan-

dards and their contribution toward improved impedance-

measurement systems will be reviewed in this paper. Im-

provements in bridge, slotted-line, and reflectometer mea-

surement techniques that have taken place during this same

period would not have been accomplished without con-

current improvements in precision connectors. These con-

nectors have extremely low VSWR's and provide well de-

fined reference planes.

To give some background on the early development of

coaxial impedance measurements, the basic methods and

techniques will be mentioned. These start with the method

of measuring impedances by the use of slotted lines [1 ]-[3].

A single fixed probe can also be used by separating the

probe from the load by a length of line containing a variable

phase shifter allowing one to observe the standing-wave

pattern [4] as it sweeps past the probe. Reflectometer sys-

tems using directional couplers [5] and hybrid junctions [6],

operated at a single frequency, provide a way to measure the

amplitude of reflection coefficient, but often without in-

formation about relative phases of the two traveling waves.

Reflectometers operating at single frequencies are described

by Beatty [7]. New methods employing swept-frequency

techniques, described by Ely [54], can be used to obtain the

amplitude and the phase of microwave parameters.

II. General Background

Coaxial lines can be used from dc to above 40 GHz, but

are widely utilized beginning with the audio frequencies up

through KU-band (18 GHz). Propagation is ordinarily

restricted to the TEM mode. The wavelength at the operat-

ing frequency should be llss-^tlian the mean circumference

of the transmission line to prevent the propagation of

higher modes. These higher modes, if generated at dis-

continuities in the system, are rapidly attenuated to an

undetectable level within the distance of a diameter of the

coaxial line. When good connectors are used, leakage is

usually no problem in impedance measurements.

Transmission-line parameters are frequency-dependent.

As the frequency is increased the skin effect becomes notice-

able, i.e., current tends to become concentrated at the

surfaces of the conductors. At high frequencies this current

occupies a very small portion of the volume of the con-

ductor, resulting in an increase in effective resistance. Skin

effect also results in a decrease of inductance as the fre-

quency is increased. Although in many instances these small

variations in the parameters may be neglected, coaxial-line

standards used for measurements and calibration of instru-

ments must be corrected for these variations to keep the

uncertainties of the standards sufficiently small.

Impedance in coaxial-line systems can be defined as the

complex ratio of voltage v to current /. However, most mea-

surements of high frequency and microwave impedance in

coaxial lines are based on a sampling of the standing or

traveling waves on the transmission line, rather than on

voltage and current. Sinusoidal time variation and single

frequencies are normally assumed.

The solution of the wave equations and the derivation of

the transmission-line equations which are basic to imped-

ance measurements are given, for example, by Everitt and

Anner [8], Johnson [9], or Ramo and Whinnery [10].

When the transmission line is not terminated in its char-

acteristic impedance Zq, the power incident upon the load

is reflected, as shown in Fig. 1(a). The ratio of the com-
plex traveling-wave amplitudes, i.e., the reflection co-

efficient r, is related to Z^^ and Zq by

(1)

Manuscript received March 31, 1967; revised April 6, 1967.

The authors are with the National Bureau of Standards, Boulder, Colo.
' The term "precision coaxial connectors"" refers to those connectors

which have very low reflection and meet other strict specifications of the

IEEE Instrumentation and "Measurement Group Technical Subcommittee
on Siandardization of Precision Coaxial Connectors. Many laboratory

connectors in wide use today, although of low reflection, do not meet the

specifications of the committee. For connector details, see the paper

"Standardization of Precision Coaxial Connectors," elsewhere in this

issue [14],

The incident and reflected waves interfere to form stand-

ing waves [Fig. 1(b)] which can be characterized by the

ratio of the maximum to the minimum voltages (the voltage

standing-wave ratio o"), where

£max 1 + |r|
0" = = — (2

£ 1 - r^min I' I
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Fig. I. Incident and reflected wave of a transmission line terminated

in a mismatched condition showing the resulting standing wave.

In general, the impedance at any point along the line

is related to the load impedance by the expression

+ Zq tanh yl

Zq + tanh yl
(3)

where

Zq = characteristic impedance of the transmission line,

Z^ = complex load impedance,

)' = complex propagation constant, a-\-jp= [(R + /ojL)

•(G + /t/jC)]* (a is the attenuation constant and

P = 2nlA is the phase constant),

/ = length of line between the point and load.

For the special case when line losses are ignored, o: = 0,

y = /7^, (3) becomes

, Zl + ./Zq tan /j/

'°Zo +)Z,tani5/'
(4)

The load impedance at the end of a transmission line

can be calculated from the VSWR present on the line and the

position of a voltage minimum with respect to the load. The

above equation can be reduced to an expression for the

load impedance Z^ in terms of the VSWR and the distance /

:

1 - ja tan pi

a — j tan [il

(5)

The load impedance, Z,^ = R + /.Y, can be calculated directly

from (5) which can be rationalized as follows

:

only enables one to relate impedances to VSWR or reflec-

tion coefficient and position of a voltage minimum but is

also useful for impedance transformations and the plotting

of data.

III. Rigid Air-Spaced Coaxial Lines

As Impedance Standards

Sections of rigid coaxial transmission line have been used

as standards of impedance for a number of years. Poly-

styrene foam supported the center conductor of those early

lines [12]. Later, incremental coaxial standards with solid

polystyrene or teflon support proved to be useful [13].

Dimensional and dielectric-constant uncertainties limited

the accuracy of those standards to a few tenths of a percent

at best. However, with the improved machining techniques

developed during the last ten years, the mechanical un-

certainties in the manufacture of accurate tubing diameters

have been reduced to less than a hundredth percent. The

present-day precision air-spaced line standards are con-

structed from this tubing; the center conductors are nor-

mally supported at their ends by adjacent coaxial connec-

tors or dielectric beads.

The accuracy of laboratory precision line standards also

depends on a definable electrical length, a problem greatly

simplified by the precision coaxial connectors developed

during the past dozen years both in this country and abroad.

Precision coaxial connectors are described in another paper

[14] in this issue. The advent of general precision coaxial

..\>nnectors has also simplified the problem of defining the

reference plane for impedance measurements, as both

inner and outer conductors of the coaxial line end in the

same transverse mechanical plane. Improved standards de-

pending on precision connectors are described in earlier

articles [15], [16].

A. Characteristics of Coaxial Air-Spaced Lines

The equation for the characteristic impedance of a coaxial

line, Zo = 60 In (b/a), should be corrected for electrical skin

depth and environmental conditions in order to be ap-

plicable to precision line standards. Since the characteristic

impedance is defined as

R + jcoL

G + jcoC
ohms. (8)

the accuracy with which Zq can be determined will depend

on the knowledge of R, L, G, and C, the resistance, induc-

tance, conductance, and capacitance per unit length, re-

spectively.

Stratton [17] has provided convenient approximate

equations for R and L

:

X

^
(7(1 + tan^ pi)

'°
a' + tan' pi

,
(0-2 - DVdnpl

^a" + tan" pi

'

(6)

(7)

One of the more useful graphical aids for transmission-

line computations is the Smith Chart [11]. This chart not

2 98

R ^

-913

n
ohms per meter, (9)

^in^
2n a 3/2 fill2n"'f

henrys per meter. (10)



where

= outer diameter of the inner conductor, in meters,

A = inner diameter of the outer conductor, in meters,

fiQ = permeability of free space,

;U„ = permeability of the inner conductor material,

/;^ = resistivity of inner conductor material,

/i(, = permeability of the outer conductor material,

= resistivity of the outer conductor material,

/= frequency in hertz.

For the great majority of electrical conductors, fj^
= fi^ = Hq.

The resistance per unit length R is the sum of the resistance

of the inner and outer conductors and, due to skin effect, is

proportional to (/)"^. Equation (9) is valid to an uncer-

tainty of a few percent at 100 kHz and above. This uncer-

tainty, however, is not a serious obstacle to accurate char-

acteristic impedance calculation because of the small con-

tribution of R to the value of Zq.

The first term in (10) is the zero skin-depth form of coaxial

inductance, the external inductance per unit length. The

second and third terms comprise the internal inductance

of the conductors and are frequency-sensitive because of

skin effect.

The calculation of the exact solutions of R and L. pub-

lished by Russell [18] in 1909 in terms of a series of Bessel

functions, is more difficult and reasonably requires the use

of a computer. In view of the uncertainty in the physical

dimensions of the conductors, Stratton's approximations

are quite satisfactory above 1 MHz [19].

The dielectric loss, G = coC tan S, in the medium (air) be-

tween the conductors is negligibly low below approxi-

mately 80-percent relative humidity.

The capacitance per unit length can be calculated from

the physical dimensions by the exact equation

C =

where

2ne

In b/a
farads per meter, (11)

£ =Mo
/Cj = relative dielectric constant of the medium (usually

air)

£o = 8.8542 X 10" ' ^ farads per meter.

The value of may be computed from k^, = n-, where n is

the refractive index of air [20]:

1)10^
103.49 177.4

Pi + Pi

+

T

86.26

T

,
5748\

1 + -^P. (12)

The total barometric pressure is the sum of the partial

pressures Pi, pj, and of dry carbon-dioxide-free air,

carbon dioxide, and water vapor, respectively, at absolute

temperature T. For all but the most precise work, the effect

of carbon dioxide may be neglected and p^. set equal to zero.

A handbook [21] gives p^ for a known value of relative

humidity. The value of at 760 mm, 50-percent relative

299-

humidity is approximately 1.000649: this reduces to

1.000558 at 628 mm (Boulder, Colo.).

In air-spaced lines when the skin depth is insignificant

compared with the dimensional uncertainties in the con-

ductors, (8) becomes the lossless case, Zo = (L/C)"~. Sub-

stituting the first term of ( 10) and (11) yields

2c X 10" \ h 59.9585 b
In - = — In -•

k, a k, a
(13)

Mechanical tolerances in the conductors cause an un-

certainty in the calculated values of R. L, and C. Their

effect on R may be disregarded. The effect on Zq of diameter

tolerances Aa and A/? and center conductor eccentricity e

can be estimated [22] by the sum of

and

AZn

AZn

59.96 ^^b

T
Aa

a

Zo(b' - a-)

(14)

(15)

MacKenzie and Sanderson have described the many prac-

tical difficulties in determining the effective diameters of the

conductors; measurements are complicated by conductor

ellipticity, triangularity, and lack of straightness. Although

the surface finish resulting from high-quality machining

practice may not interfere with the present state-of-the-art

in air-gauging of conductor diameters, the hk asured value

of characteristic impedance of a reference air line ap-

parently does depend on the surface finish [16].

B. Applications of Standard Lines

Coaxial-line standards were used at Bell Telephone

Laboratories, Inc., about 1950 to calibrate RF bridges [12].

These lines were constructed of 3/8-inch copper tubing and

had the inner conductor supported at intervals with poly-

styrene foam. The frequency range of the bridges (30 MHz
and lower) required long line standards.

Later Selby et al. [13] and other authors developed short

sections of rigid line spaced with solid dielectric. These line

sections, with an inner diameter of the outer conductor of

0.280 inch, approximately the same diameter as type A' and

type C cable connectors, were used tor the study by the

nodal-shift technique of the two-terminal pair network

parameters of coaxial cable connectors.

Afford and Watts described a quarter-wavelength tech-

nique for the calibration of coaxial hybrids in which the

standard was a section of air line of accurately known char-

acteristic impedance [38].

With the development of improved machining techniques

such as floating tools, cold forging on a precision steel

mandrel, and electroforming, tubing finished to a uni-

formity of a few tens of microinches is now possible. Inner

conductors can be constructed to these tolerances by center-

less grinding. Air-spaced rigid coaxial standard lines can

now be constructed to an accuracy for Zq of 0.05 percent or
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better for improved impedance measurements [23]. for

precision bridge calibrations [24]. slotted-line measure-

ments [25]- [27], refiectometer measurements, and trans-

comparator calibrations [28]. Sliding-load techniques in

coaxial systems also require precision lines [29], [30].

The calibration of the time-domain refiectometer is one of

the more recent uses in which precision line standards ha\e

proved to be well suited [31 ]. For this special application, a

short section of line is constructed with its outer conductor

diameter the same as the outer conductor of the refiectome-

ter system. Then a series of inner conductors of various

diameters computed from ( 1 3) are ground, yielding a set of

line standards of characteristic impedances ranging between

40 and 60 ohms.

iV. BrIDGH METH015S OH IMPEDANCE MEASUREMENTS

Basically, in RF bridge techniques, an unknown imped-

ance IS compared with a known standard impedance. To be

most useful, the standard must be variable in both magni-

tude and phase, not an easy accomplishment above a

megahertz or so. Some measure of success has been achieved

in the VH F region. For the progress on bridge circuits at the

lower frequencies, see the paper. "Lumped Parameter

Impedance Measurements," by Huntley aqd Jones, in this

issue [32].

A . Modified Schering Bridge

A model of Sinclair's modified Schering bridge circuit us-

ing a coaxial terminal was devised by Soderman. extending

the frequency utilization of this circuit to 165 MHz [33].

Careful design work to minimize the residual parameters

of the bridge components resulted in a measurement un-

certainty of ±(2 percent 4- 1 ohm) in resistance for a range

of zero to 200 ohms and + (5 percent -i- 2 ohms) in reactance

o\er a range of -230 to -1-230 ohms at 100 MHz.

B. T\\ in-T Admittance Bridge

Woods extended the useful frequency range-of the basic

twin-Tcircuit. With a careful evaluation of the residual im-

pedances in the various bridge arms, he was able to develop

a precision instrument with which it is possible to measure

complex admittances of any phase angle at frequencies up

to 200 MHz to an uncertainty of +(0.2 percent -I- 0.005 pF)

in capacitance and ±(0.2 percent + 5 micromhos) in con-

ductance. Conductance values of 0-50 millimhos and ca-

pacitance values of + 50 pF over a frequency range of 3-300

MHz can be measured on the present model [34].

Of absolute necessity for this accuracy. Woods developed

a precision set of rigid coaxial-line standards of character-

istic impedance matching the low-impedance (24.3-ohm)

terminals of the bridge and designed with laboratory con-

nectors. A new scaled-down model designed to reach 500

M Hz is under development.

C. Byrne Circuit

A bridge-like nulling method for the determination of

impedance in the 5- to 500-MHz range designed by Byrne

[35 ] is shown in Fig. 2. When power is applied to the circuit,
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Fig. 2. Schematic diagram of the Byrne impedance bridge.

the inductive and capacitive probes, located in the coaxial

line as near the unknown terminal as possible, respond to

the magnetic and electric fields, respectively. The voltage

induced in the inductive probe is proportional to the cur-

rent flowing past the sampling point, while the voltage in-

duced in the capacitive probe is proportional to the voltage

at this point. The ratio of these two voltages is propor-

tional to the impedance magnitude at the sampling plane

and the phase difference between these two voltages is

proportional to the impedance phase.

In its practical application [36], the inductive and capaci-

tive probes are physically coupled as shown and the imped-

ance magnitude is read directly from an appropriate front

panel scale. The phase angle probe is also coupled to a front

panel display. A correction for the length of coaxial line

between the sampling plane and the actual unknown termi-

nal is performed using (4), or more conveniently an imped-

ance chart such as Carter (Z — 0) [3] or Smith [1 1 ].

Air-spaced 50-ohm coaxial lines in both open and short-

circuited configuration are used in the initial calibration of

this instrument. An uncertainty in impedance measure-

ments of about 1 to 2 percent can be realized in practice with

a commercial model of this bridge. Because of its wide

impedance range. 2-2000 ohms and -90 to -1-90 degrees

above 50 M Hz, and its ease of balancing, the bridge is a use-

ful tool for studying the electrical characteristics of an

impedance in the VHF region. By the use of precision con-

nectors and the time-domain refiectometer as an explora-

tory tool (see Section VI), higher accuracy up to 1.3 GHz is

expected from a laboratory model now being developed.

D. Thurston Circuit

Thurston originated the rapid, convenient, direct-reading

null device diagramed in Fig. 3. The instrument consists of a

T-junction of four arms, the first terminated in the unknown
admittance, the second terminated in a conductance stan-

dard G,= \/Zq. and the third terminated in a susceptance

standard (an eighth-wavelength shorted line) jB,= —J/Zq.

The signal source from the fourth arm drives the three

admittance arms in parallel: therefore, the current in each
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Detector

Fig. 3. Principal elements of Thurston admiUance comparator.

line is proportional to the admittance of that line. The volt-

age induced in each of three adjustable current coupling

probes is proportional to the current in the corresponding

line and its magnitude depends on the orientation of the

probe. The three probes are connected in parallel. When the

probes are properly oriented, the combined output at the

detector is zero, and the admittance components. G and B,

can be read directly from the calibrated scales.

The improved version of this instrument described by

Soderman [37] has a direct-reading range of 40 to 1500

MHz with an uncertainty of ±(3 percent -1-0.2 millimho)

up to 1 GHz for both conductance and susceptance armi

from 0 to 20 millimhos, and of ±(3^M percent -1-0.2

millimho) from 20 to oo millimhos, where M is the scale

multiplier. Above 1 GHz the series inductance of the com-

mon junction slowly increases the uncertainty to a value of

±5 percent at 1.5 GHz.

E. Coaxial Hybrid Junction

Basically the four-arm circuits of the hybrid junction act

as a bridge in the sense that if the impedances connected

either to arms I and 2 or 3 and 4 are identical, zero power

transmission will result between the remaining two arms. A
family of bridges using hybrid characteristics was developed

[38] in which the balance is independent of frequency. A
wideband coaxial hybrid was also found to have a useful

application in the development of an RF impedance
plotter [55].

V. Slotted Lines

Most commercially available slotted lines use electric field

probes. The variation of the voltage with probe position can

be shown graphically, as in Fig. 4. As the vector F rotates

uniformly with the angle 2/?/, where ji is the propagation

constant and / is the displacement of the probe from a

reference plane, it can be seen that the ratio of maximum-
to-minimum probe output (VSWR) is

Fig. 4. Vector diagram on Smith Chart representing the probe output

of an idealized slotted line.

STANDING

WAVE

INDICATOR

PROBE AND

DETECTION

SYSTEM

STABALIZED

AND MATCHED

GENERATOR

Termination

-H
. Unitofm Slotted

.

Section

Reference
Plane

1 - F

Fig. 5. Slotted-line measurement system.

A. Instrumentation

The main components of the apparatus which make up a

slotted-line measurement system are shown in Fig. 5. An
isolator helps to ensure that the frequency and output level

of the signal source will not shift with changes in load

impedance, while a low-pass filter rejects harmonics that

may be generated in the signal source along with the funda-

mental frequency.

Depending upon application and accuracies required, one

has a choice between slotted lines equipped with regular

coaxial connectors and the coaxial slotted line equipped

with the precision coaxial connector. Certain desirable

characteristics of a coaxial slotted line include the following.

The dimensions of the conductors must be held to very

close tolerances, including the slot width. The slotted line

should be equipped at the measurement end with a coaxial

connector that has mechanical dimensions and electrical

characteristics precisely compatible with those of the slotted

line. The carriage assembly must be capable of moving the

probe so that the travel of the probe's tip and the axis of

the midpoints between the inner and the outer conductor

of the slotted line are accurately parallel.
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B. SloHed-Liiic Errors

Certain inherent errors in slotted lines must be considered

if these lines are to be used for accurate impedance measure-

ments. The most common sources of error are caused by

the residual VSWR, probe effects, and line losses.

Residual VSWR is a measure of the standing waves pres-

ent on a slotted line that is terminated by a standard non-

reflecting load and excited by a single frequency from a non-

reflecting source. This residual VSWR may be a result of

discontinuities caused by variations in characteristic imped-

ance, slot effects, or the connector on the end of the slotted

line. The residual VSWR usually increases with frequency.

Three measurement techniques that are useful in deter-

mining the residual VSWR of the slotted line are described.

/) Quarter-Wavelength Technii/ue: Residual VSWR can

be determined using quarter-wavelength precision reference

air lines [27], [38]. One terminates the slotted line, as

closely as possible, with a matched load and measures the

impedance of the load with the slotted line. This will yield a

reflection coefficient F, equal to the sum of the residual

reflection coefficient of the slotted line F^, plus the reflection

coefficient of the load F„:

F, ^F, + F,. (16)

0.98

0.99
A

1.00

B
—

1.01

1.02

Fig. 6. Representation of residual VSWR on an expanded Smith Chart.

By returning the probe to the position of the original volt-

age maximum and readjusting the sliding load for minimum
indicated output, a minimum VSWR a^,„ is obtained.

The minimum reflection coefficient can then be cal-

culated from

KJ = (20)

The residual reflection coeflicient is then

This result is plotted as point A in Fig. 6 on an expanded

Smith Chart. A section of reference air line, an odd multiple

of a quarter-wavelength long, is then inserted between the

slotted line and the load. The insertion of the reference air

line causes the reflection coeflicient of the load to be in-

verted on the Smith Chart. The slotted line will now indicate

a reflection coefficient F,

:

= F, F„, 17)

which is plotted as point B. Solving (16) and (17) for F^ yields

r, + F,
18)

where F^ is the residual error in the slotted line. The devia-

tion of the center of the Smith Chart from C, midway be-

tween points A and B. is the residual VSWR of the slotted

line.

2) Sliding-Load Teclmiijue : This technique of deter-

mining residual VSWR involves the use of a sliding load [39]

with low VSWR. Ideally, the slotted line should be termi-

nated with a load having no reflection. The reflection of any

discontinuity in the connector of the load is lumped in with

the residual VSWR of the slotted line. Repeated VSWR
measurements are made at various positions of the sliding

load to determine the highest obtainable VSWR, a^^^. The

maximum reflection coefficient \V^^^
\

can then be calcu-

lated from

1

+ 1

(19)

(21)

The positive sign in (21 ) is chosen when the residual VSWR
of the slotted line is greater than that of the load; the nega-

tive sign is chosen when it is smaller. When the relative mag-

nitudes of the two VSWR's are not known, the load VSWR
may be determined by one of the techniques described in

Section V-F.

3) The Nodal-Shift Method: The third technique that can

be used for determining the residual VSWR of a slotted

line, but which is especially useful for correcting errors

introduced by a coupling system, is the nodal-shift tech-

nique [40], [41 ]. The length of the slotted line is effectively

changed by attaching a sliding short circuit or a different

length of short-circuited coaxial lines. Referring to Fig. 7,

if region II is terminated with either the sliding short circuit

or one of the short-circuited coaxial lines, the voltage node

of the standing wave can be located on the slotted line

which is shown as region F Electrical distances 0, and 02

are measured with respect to a reference plane. Oj-^a 'S

shown in Fig. 8 as a function of the line extension. From

the nodal-shift curve, the residual-reflection coeflicient of

the slotted line is calculated by

uD
(22)

where D is the peak-to-peak amplitude. The corresponding

residual VSWR, a^, is then
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Fig. 8. Nodal-shift curve.

1 -1- sin
kD

1

uD
1 +

InD
(23)

where X is the wavelength in the waveguide. Tischer im-

proved the original nodal-shift method by utilizing mechan-

ical coupling between the probe and short circuit [2]. An
automatic method for obtaining data for the nodal-shift

curve was developed by Beatty [42].

C. Probe Effects

1) Variation of Probe Coupling with Probe Position : This

variation is the deviation from a "fiat line" and. ideally, is

indicated by the variation in probe output as a function of

probe position when the slotted line is terminated in the

characteristic impedance of the slotted portion and is

excited by a nonreflecting source. This deviation is caused

by imperfections in the slotted line which may be the result

of lateral or vertical variation of the probe position with

respect to the inner conductor, variation in the alignment

or dimensions of the inner and outer conductors, or sag in

the inner conductor. While these mechanical errors are in-

dependent of frequency, their effects on measured quan-

tities are not. The deviation must be measured to determine

the resulting uncertainty that will be present in the data

measured with a slotted line. A plot of the deviation in probe

coupling versus probe position of a typical precision slotted

line measured at I kHz is shown in Fig. 9. The data were

303-

obtained by measuring with bridge techniques the capaci-

tance between the probe and the center conductor. Such an

investigation is quite helpful in determining which section

of the line is most uniform for higher-frequency operation.

A similar experiment should be repeated at the RF operat-

ing frequencies. Any additional deviation that may result

from slotted-line losses will be observed. This check is ac-

complished by terminating the slotted line with a tunable

load and adjusting for minimum probe output variation.

Figure 10 shows a plot of the detected signal of the same

typical slotted line well matched at 4 GHz. Once such a plot

is made, a uniform portion of the slotted line should be

selected for future impedance measurements. Even though

the slope of the line will change with frequency, one can

definitely see the correlation between 1-kHz and 4-GHz
data.

2) Probe Loading of the Slotted Line : In the ideal situa-

tion, the probe penetrates the slotted line only very slightly

for minimum disturbance of the fields within the slotted

line. In practice, however, one must have sufficient coupling

so that the required energy is extracted from the slotted line

to operate the indicating system. It is recommended that

one begin with more than adequate probe insertion and note

the change in observed VSW R as the probe is graduelly

withdrawn in small increments. When the change in VSWR
has become negligible compared to the desired measure-

ment accuracy, the probe has been sufficiently decoupled.

The effects of variation of probe coupling an" much worse

at the lower frequencies because of the decreased number of

half-wavelengths falling within the linear portion of the

slotted line.

The error caused by probe loading [6] has been esti-

mated for the case when the probe dimensions are small

compared with a wavelength and when the probe effect on

the slotted section is that of a shunt admittance. It is also

assumed that the generator is nonreflecting. A simple equiv-

alent circuit, as shown in Fig. 1 1, is used to represent con-

ditions at a reference plane in the slotted section at the

probe position. is the normalized admittance of the

load at the same plane. It is assumed that there are no losses

in the slotted section. The expression for the line voltage at

the probe position is

1

1 +
\ + Yp+Yl_

(24)

Yp + y;

It is also assumed that the probe output voltage \b^
\

is

proportional to
\

Vp\, so that (24) gives the probe response.

In the ideal situation, the probe admittance Yp = Q, and

(25)

where A: is a constant. However, the probe admittance Yp

modifies the probe response so that the observed ratio of
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T

1

average of the two ratios is denoted by r, the VSWR, a^^,

of the load is approximately

Fig. Simplified equivalent circuit of a slotted line for analysis

of probe loading effects.

maximum to minimum no longer equals the VSWR, and the

distance of the first minimum no longer gives i//, by calcula-

tion. (i/^L = 2^/+7T and is the phase angle of the load reflec-

tion coefficient.)

Calculated corrections for the effect of the probe ad-

mittance on measured VSWR and on the position of the

voltage minimum and maximum can be found in Ginston

[1], on page 244. To apply these corrections, Yp must be

known. Fortunately, a value for this probe admittance can

be obtained by analysis of the response curve, since Yp is

difficult either to calculate or measure directly [43].

An analysis of the case when the generator is not matched

to the slotted section has been made by Beatty [44]. He also

gives an approach for the case when the probe dimensions

are not small compared to a wavelength or cannot, for some

other reason, be represented by a simple admittance shunted

across the waveguide [44].

D. Line Losses

Measurements of higher VSWR's ( > 10) can be seriously

affected by line losses. In any slotted line, because of these

losses, the amplitude of the standing wave decreases toward

the generator end. Therefore, if ratios are taken of two ad-

jacent voltage maxima to the minimum located between

them, slightly different results will be obtained [45]. If the

1 + alir (26)

where a is the attenuation in nepers per unit length and / is

the distance from the terminal surface of the load to the

minimum position used in the measurement.

E. Other Sources of Error

Other sources of error include detector characteristics

deviating from the ideal, generator frequency and power

instability, and inability to determine the voltage minimum
of the standing-wave pattern accurately for the lower

VSWR ranges [46].

E. Measurement Techniques

Proper choice of equipment and measurement techniques

help to eliminate or reduce the random and systematic

errors that degrade accuracy. Of the many techniques

available, several will be described. Each technique has its

own range of usefulness determined mainly by the magni-

tude of the impedance to be measured and the accuracy to be

achieved.

For VSWR's of 1 .2 or less, a slotted-line output recording

system is recommended. Such a system graphically plots the

standing-wave pattern, allowing one to view and choose

the standing waves that have not been affected by variation

in probe coupling of the slotted line. Figure 12 shows a

slotted-line recording system. Another slotted-line re-

corder system is described by Sanderson [47].

If the detector requires frequent recalibration or if its

square-law characteristics are not reliable, a method de-
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scribed by Winzemer [48] provides a way to determine the

VSWR independent of the detector response. For VSWR's
between 1.10 and 10. a useful approximate expression is

given by

CSC (27)

where A is the distance between probe positions having

equal responses for a short-circuited slotted line. This A is

measured at the original indicated level of the voltage

minimum of the load as shown in Fig. 13. Other less simple

expressions are described by Winzemer when the loaded

voltage minimum is not available or a short circuit cannot

be used.

For measurements of VSWR over ten, the "width-of-

minimum" method is widely used [1 ]. The VSWR is given by

ttA
(28)

A calibrated RF attenuator placed between the source

and slotted line is the basis for an accurate method for mea-

suring medium and large VSWR's that is also independent

of the detector characteristics. The maximum-to-minimum

voltage ratio can be measured directly in terms of the differ-

ential attenuator settings. A possible limitation is that more

power output than is available from some sources may be

needed in order to obtain the desired sensitivity.

The quarter-wave technique [27], employing precision

reference air-spaced coaxial lines in conjunction with the

Winzemer, "width-of-minimum," direct-recording, or other

VSWR measurement methods, yields the highest attainable

accuracy. The reflection coefficient is given by

r, - F,
(29)

where A is the measured distance betwec-' power points

that are twice the amplitude of the minimum (3.01 dB
above minimum). The assumption of square-law response

of a crystal detector is usually adequate for this measure-

ment if the probe signal is less than one millivolt, approxi-

mately. As discussed previously, unless line losses are cor-

rected they can seriously affect the accuracy to which the

VSWR can be measured.
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where V^ is the measured reflection coefficient when the

unknown termination is attached directly to the measure-

ment end of the slotted line, and Vj is the measured reflec-

tion coefficient when an odd multiple of a quarter-wave-

length line section is inserted between the measurement end

and the unknown termination.

The fixed-probe method of measuring small VSWR's of

sliding loads is convenient and accurate. A slotted line is

terminated in the sliding load and the probe is fixed in an

arbitrary position. The maximum and minimum voltages

are noted on a VSWR amplifier as the load is moved in its

waveguide. The ratio of these voltages accurately yields the

VSWR of the load despite the presence of residual VSWR.
The coupled sliding-load technique is also an accurate

method for measuring small reflections [30]. The load is

coupled mechanically to the slotted-line probe so that the

two move together. The residual VSWR, which is caused

by the reflection from the junction of the two lines, may be

adjusted for a minimum by a slide-screw tuner. Subsequent

measurements made with the slotted line at the same fre-

quency indicate VSWR with respect to the reference air

line. This method appears capable of making absolute

impedance measurements on a low VSWR termination

to a estimated error in reflection coefficient of 0.0012.

Another technique that has been used for measuring

VSWR is the Tischer Modified Nodal-Shift Method [2].

Since mechanical coupling is used between the slotted-line

probe and the sliding termination which is a short circuit,

the method is related to the coupled sliding-load technique.

Once the VSWR has been measured by one of the above

methods, the complex impedance of an unknown load can

be determined, using a Smith Chart or (6) and (7), if the

relative position of a voltage minimum with respect to a

plane of reference is obtained.

The measurement of VSWR to an uncertainty of 0.1 to

1 percent and phase of reflection-coefficient magnitude

from 0.1 degree to approximately 1 degree up to 8 GHz is

possible when employing precision reference air-line tech-

niques.
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VI. Time-Domain and Frequency-Domain
Reflectometers

A . Time-Domain Reflectometer Systems

A good example of the present trend in RF measure-

ments toward automation of techniques and rapid assem-

bly of data covering a wide radio spectrum is shown in the

recent development of a laboratory time-domain reflectom-

eter (TDR) [49], diagramed in Fig. 14. Essentially, the

TDR is a miniature closed-circuit radar set with an oscillo-

scope sampling the leading edge of both incident waves

and any reflected waves at the bridging tee. Pulse techniques

have long been used for the investigation of transmission-

line discontinuities where the time scale has permitted

measurements with microsecond pulses and megahertz

bandwidths. In a laboratory system, where reflections may
be separated by inches, nanosecond pulse generators and

gigahertz sampling equipment are needed. The develop-

ment of step-function generators with 30-ps rise times and

sampling oscilloscopes with 12-GHz bandwidths now meets

this need.

Small discontinuities separated by less than a centimeter

can now be resolved in a transmission-line system. They

are not only located physically, but each discontinuity,

capacitive, inductive, or resistive, can be identified and

quantitatively measured if desired. Where tuners can be

inserted, the discontinuities may be removed directly one

by one starting at the generator end. Shunt capacitance is

added directly at the site of the discontinuity to eliminate

the effects of series inductance, and conductor or dielectric

material is removed to counteract shunt capacitance.

Since multiple reflections in a narrowband system pre-

vent meaningful study with the TDR, it is more often used

as a qualitative tool for the rapid adjustment of a wide-

band system. A quantitative measurement of capacitance

can be performed by duplicating, with an adjustable cali-

brated capacitance probe in a uniform transmission-line

section, the oscilloscope response to an unknown capaci-

tance. And by careful comparison to line standards of

incremental characteristic impedance, the impedance of

transmission lines and terminations may be measured to

0.1 percent or better.

B. Frequency-Domain Reflectometers

Frequency-domain reflectometer techniques using auxil-

iary tuners [50] ofi"er an accurate and sensitive means of

measuring reflection coefficients. These techniques, origi-

nally developed in rectangular waveguide, can be applied

to coaxial systems. An all-coaxial reflectometer has been

designed and constructed to operate in the frequency range

of 1-4 GHz [51]. A reflectometer method for measure-

ments of coaxial components is also described by Spinney

[52]. A hybrid reflectometer constructed of rectangular

waveguide except for the coaxial precision waveguide and

sliding loads has been used for coaxial measurements. The
problems in setting up a coaxial system using reflectometer

techniques were described by Beatty and Anson [29]. One
such system was used for evaluating the laboratory and

general precision coaxial connectors [51]. The VSWR of

coaxial connectors has also been accurately measured by

employing reflectometer swept-frequency techniques [53].

The evolution of the tuned reflectometer is outlined and

recent techniques discussed in an article by Beatty, "Im-

pedance Measurements and Standards for Uniconductor

Waveguide," in this issue [7]. A detailed explanation of

reflectometer techniques and applications is given by

Beatty [44].

VII. Future Trends

New measurement systems need to be designed that off"er

high measurement accuracies and relative ease of opera-

tion, but still have enough system flexibility to make pos-

sible a wide frequency-range coverage. There are other

areas where techniques and instrumentation are not keep-

ing pace with the state-of-the-art. For example, the electri-

cal length of precision lengths of coaxial air lines, used as

absolute standards, can be calculated quite precisely from

mechanical data, but cannot be measured to a high degree

of accuracy, especially at the higher frequencies. A special
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reflectometer system has been proposed tiiat would have

the capabihties of measuring these air-hne lengths and the

phase angle of other coaxial impedance standards to an

uncertainty of 0.1 degree or less, but the cost of this system,

for a wide frequency coverage, would almost prohibit its

use for other than exacting standards work.

In the past several years, systems employing swept-fre-

quency techniques have become quite popular in the mea-

surement field. These are described by Ely [54], in "Swept-

Frequency Techniques," in this issue. These systems enable

one to obtain component and system measurements over

a wide frequency range in a relative short period of time.

Much can be done to improve the accuracies of these sys-

tems by the design of appropriate broadband standards

and by development of better measurement techniques.

With the increased use of all coaxial components in the

past several years, interest has been steadily growing in the

field of miniature coaxial components employing cotmec-

tors of the 3.5-mm and smaller sizes. A joint industry-NBS

committee has been formed to study connectors that would

permit optimum performance over a range of frequencies

compatible with miniature line sizes up to 40 GHz.
Because of these new trends, the whole coaxial impedance

field demands the development of improved standards,

measurement techniques, and instrumentation.

ACKNOWLEDGMHNT

Helpful discussions with R. W. Beatty are gratefully

acknowledged, in addition to suggestions from A. J. Hstin

and R. C. Powell.

References

[1 ] E. L. Ginston, Microwave Measurements. New York: McGraw-Hill,

1957.

[2] F. J. Tischer, Mikrowellen-Messtechnik. Berlin: Springer-Verlag,

1958.

[3] F. E. Terman and J. M. Fettit, Electronic Measurements. New York:
McGraw-Hill, 1952, pp. 122-192.

[4] A. C. MacPherson and D. M. Kerns, "A new technique for the mea-
surement of microwave standing-wave ratios," Proc. IRE. vol. 44,

pp. 1024-1030, August 1956.

[5] R. Levy, "Directional couplers," in Advances in Microwaves, vol. 1.

New York: Academic, 1966, pp. 115-209.

[6] C. G. Montgomery, Technique uf Microwave Measurements. New
York: McGraw-Hill, 1947.

[7] R. W. Beatty, "Impedance measurements and standards for unicon-

ductor waveguide," this issue.

[8] W. L. Everitt and G. E. Anner, Communication Engineering. New
York: McGraw-Hill, 1956, pp. 294-315.

[9] W. C. Johnson, Transmission Lines and Networks. New York:
McGraw-Hill, 1950.

[10] S. Ramo and J. R. Whinnery, Fields and Waves in Modern Radio.

New York: Wiley, 1953,

[11] P. H. Smith, "Transmission line calculator," Electronics, pp. 29-31,

Januury 1939 ; see also "An improved transmission line calculator,"

Electronics, p. 130, January 1944.

[12] R. A. Kempf, "Coaxial impedance standards," Bell Svs. Tech. J..

vol. 30, pp. 689-705, July 1951.

[13] M. C. Selby, E. C. Wolzien, and R. M. Jickling, "Coaxial radio fre-

quency connectors and their electrical quality," J. Res. NBS, vol. 52,

pp. 121-132, March 1954.

[14] B. O. Weinschel, "Standardization of precision coaxial connectors,"

this issue.

[15] I. A. Harris and R E. Spinney, "The realization of high-frequency

[16]

[17

[18

[19

[20

f23

[24

[26

[27

[29

[30

[31

[32

[33

[34

[35

[36

[37

[38

[39

[40

impedance standards using air-spaced coaxial lines," IEEE Trans.

Instrumentation and Measurement, vol. IM-13, pp. 265-272, De-

cember 1964.

T. E. MacKenzie and A. E. Sanderson, "Some fundamental design

principles for the development of precision coaxial standards and

components," IEEE Trans. Microwave Theory and Techniques, vol.

MTT-14, pp. 29-39, January 1966.

J. A. Stratton, Electromagnetic Theory. New York: McGraw-Hill,

1941, p. 550.

A. Russell, "The effective resistance and inductance of a concentric

main and methods of computing ber and bei and allied functions,"

Philosophical Mag., vol. 17, pp. 524-552, April 1909.

R. E. Nelson and M. R. Coryell, "Electrical parameters of precision,

coaxial, air-dielectric transmission lines," NBS Mono. 96, p. 6,

June 1966.

L. Essen and K. D. Froome, "Dielectric constant and refractive

index of air and its principal constituents at 24 GHz," Nature,

vol. 167, p. 512, March 1951.

"Vapor pressure of water below 100 C." in Handbook of Chemistry

and Physics. Cleveland, Ohio: Chemical Rubber Co., any edition.

B. O. Weinschel, "Air-filled coaxial lines as absolute impedance

standards," Microwave J., vol. 7, pp. 47-50, April 1964.

T. E. MacKenzie, "Some techniques and their limitations as related

to the measurement of small reflections in precision coaxial trans-

mission lines," IEEE Trans. Instrumentation and Measurement, vol.

IM-15, pp. 365-375, December 1966.

D. Woods, "A coaxial connector system for precision RF measuring

instruments and standards," Proc. lEE (London), vol. 108, pt. B,

pp. 205-215, March 1961.

A. E. Sanderson, "A new high-precision method for the measure-

ment of the VSWR of coaxial connectors," fRE Trans. Microwave

Theory and Techniques, vol. MTT-9, pp. 524-528, November 1961

.

F. R. Huber and H. Neubauer, "Measurement techniques for the

determination of the major characteristics of coaxial components,"

Microwave J., vol. 5, pp. 196-203, September 1962.

A. E. Sanderson, "Calibration techniques for one- and two-port

devices using coaxial air lines as absolute impedance," presented at

the Annual ISA Conf. and Exhibit, West Concord, Mass., General

Radio Co., Reprint 821", 1964.

R. C. Powell, R. M. Jickling, and A. E. Hess, "High-frequency

impedance standards at the National Bureau of Standards," IRE
Trans. Instrumentation, vol. 1-7, pp. 270-274, December 1958.

R. W. Beatty and W. J. Anson, "Application of reflectometer tech-

niques to accurate reflection measurements in coaxial systems,"

Proc. lEE (London), vol. 109, pt. B, pp. 345-348, July 1962.

B. O. Weinschel, G. U. Sorger, S. J. Raff! and J. E. Ebert, "Precision

coaxial VSWR measurements by coupled sliding-load technique,"

IEEE Trans. Instrumentation and Measurement, vol. IM-13, pp. 292-

300, December 1964.

J. E. Cruz and R. L. Brooke, "A variable characteristic impedance

coaxial line," IEEE Trans. Microwave Theory and Techniques

(Correspondence), vol. MTT-13, pp. 477-478, July 1965.

L. E. Huntley and R. N. Jones, "Lumped parameter impedance

measurements," this issue.

R. A. Soderman, "A new bridge for the measurement of impedance

between 10 and 165 Mc," Gen. Radio E.xper., vol. 24, pp. 1-7,

February 1950.

D. Woods, "Admittance standardization and measurement in rela-

tion to coaxial systems," IRE Trans. Instrumentation, vol. 1-9, pp.

258-268, September 1960.

J. F. Byrne, "A null method for the determination of impedance in

the 100-400 Mc range," Proc. Nat' I Electronic Conf.. vol. 3, pp. 603-

614, 1947.

A. Fong, "Direct measurement of impedance in the 50-500 Mc
range," Hewlett-Packard J.. \o\. 1, April 1950.

R. A. Soderman, "Improved accuracy and convenience with the type

1602-B admittance meter in the VHF and UHF bands," Gen. Radio

E.xper.. vol. 28, August 1953.

A. Alford and C. B. Watts, Jr., "A wide band coaxial hybrid," IRE
Conv. Rec. pt. I, pp. 171-179, 1956.

J. K. Huntoon and W. B. Wholey, "The perfect load and the null

shift-aids in VSWR measurements," Hewlett-Packard J., vol. 3,

pp. 2-4, January-February 1952.

A. Weissfloch, "Ein transformationsatz verlustloser Vierpole und
seine Anwendung auf die experimentelle Untersuchung von Dezime-
ter—und—Zentimeterwellen—Shaltungen," Hochfrequenz und Elek-

troak., vol. 60, pp. 67-73, September 1942.

307 -922



ratio on transmission lines independently of the detector character-

istics." Proc. IRE, vol. 38, pp. 275-279, March 1950,

[49] B. M. Oliver, "Time domain reflectometry," Hewlett-Packard J.,

vol. 1 5, February 1964.

[50] G. F. Engen and R. W. Beatty, "Microwave reflectometer tech-

niques." IRE Trans. Microwave Theory and Techniques, vol. MTT-7,

pp. 351-355, July 1959.

[51 ] W. E. Little and J. P. Wakefield, "Measurement of precision coaxial

connectors using reflectometer techniques," IEEE Jnternat'l Conv.

Recpt 11, pp. 89-97, March 1965.

[52] R. E. Spmney, "A precision reflectometer method for measurements
on coaxial components at ultra-high frequencies," Proc. lEE
(London), vol. 110, pp. 521-522, March 1963.

[53] F. Jayne, "Improved reflectometer test for coaxial connectors,"

Microwaves, vol. 4, p. 34, September 1965.

[54] P. C. Ely, Jr., "Swept-frequency techniques," this issue.

[55] C. B. Watts, Jr., and A. Alford, "An automatic impedance plotter

based on a hybrid-like network with a very wide frequency range,"

IRE Nal'l Conv. Rec, pt. 5, pp. 146-150, 1957.

ReprintM from the PROCEEDINGS OF THE IEEE
VOL. 55, NO. 6, JUNE, 1067

pp. 012-923

The Institute of Elecikical and Electronics Engineers, Inc.

[41] A. B. Giordano, "Measurement of standing-wave ratio, in Hand-

hook of Microwave Measurements, M. Sucher and J. Fox, Eds. New
York: Polytechnic Press, 1963, ch. 2, pp. 73-133.

[42] R. W. Beatty, "An automatic method for obtaining data in the Weiss-

floch-Feenberg node-shift technique," Proc. IEEE {Correspondence),

vol. 53, pp. 79-80, January 1965.

[43] W. Altar, F. B. Marshall and L. P. Hunter, "Probe error in standing-

wave detectors," Proc. IRE, vol. 34, pp. 33-44, January 1946.

[44] R. W. Beatty "Microwave impedance measurements and standards,"

NBS Mono. 82, Sect. 7. August 1965.

[45] , "Magnified and squared VSWR responses for microwave re-

flection coefficient measurements," IRE Trans. Microwave Theory

and Techniques, vol. MTT-7, pp. 346-350, July 1959.

[46] H. E. Sorrows, W. E. Ryan, and R. C. Ellenwood, "Evaluation of

coaxial slotted-line impedance measurements," Proc. IRE, vol. 39,

pp. 162-168, February 1951.

[47] A. E. Sanderson, "A slotted-line recorder system," Gen. Radio

Exper., vol. 39, pp. 3-10. January 1965,

[48] A. M. Winzemer, "Methods for obtaining the voltage standing-wave

308-923



Lumped Parameter Impedance Measurements

L. E. HUNTLEY and R. N. JONES, member, ieee

Abstract—This paper is intended to be tutorial in tlie specific area of

lumped parameter immittance measurement at radio frequencies. Included is

a brief background discussion with particular emphasis upon the important

recent developments of precision coaxial connectors and coaxial air dielectric

transmission lines as immittance standards. Special emphasis is given to

precision coaxial connectors and their necessity in achieving highest ac-

curacies. Other sections of the paper deal with standards, techniques of

measurement, and instruments. The present state-of-the-art is presented in

graphical form wherein the accuracies attainable by best practices are com-

pared with the best capabilities found in specifications for commercial in-

struments. The state-of-the-art presentation includes two-terminal as well as

three-terminal measurements. The paper concludes with some recommenda-

tions for improving the state-of-the-art in this measurement area.

I. Introduction

THIS PAPER deals with the measurement of imped-

ance in "lumped" circuits at radio frequencies. The
frequency range of interest extends from the upper

limit of the audio range, approximately 30 kHz, to the upper

limit of usefulness of lumped circuit techniques, which is

perhaps 100 to 300 MHz. There is no clear-cut dividing line

between the areas where lumped analysis and distributed

analysis are appropriate, each being applied wherever it is

useful. For example, it is sometimes convenient to think of

Manuscript received April 16, 1967.

The authors are with the National Bureau of Standards. Boulder, Colo.

a probe extending through the wall of a coaxial line as

forming a capacitive voltage divider at frequencies above

1 GHz and, on the other hand, distributed parameter

analysis is applied to sections of precision coaxial line to

provide the NBS standards of mipedance at frequencies

as low as 30 kHz [1 ]. Because the mathematical manipula-

tions required are relatively simple, and the lumped parame-

ter approach is a powerful one, the approximate equations

of ordinary circuit theory are almost always used when they

will yield the required accuracy over a sufficiently broad

frequency range. When the effective values of circuit ele-

ments change rapidly with frequency—typically at high

frequencies—or when the highest accuracy is needed at any

frequency, it is usually best to use an analysis based upon

the exact relations obtained from Maxwell's field equations.

Ramo, Whinnery, and VanDuzer [2] and Carson [3] should

be consulted for a detailed discussion of the approxima-

tions involved in lumped circuit theory.

In this discussion, impedance is considered to be a pro-

portionality constant relating voltage and current in an

electrical circuit. The relationship implied here is a linear

one, and holds only for sinusoidal voltages and currents.

The impedance of the two-terminal (or one-port) device of

Fig. 1(a) is thus the ratio of the voltage across the terminals

Reprinted jrom the PROCEEDINGS OF THE IEEE
VOL. .S.S, NO. 6, JUNE, 1067
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(a)

Port B

(a) One-port network, (b) Two-port network.

to the current flowing through them, Z= F//. The voltage-

current relationships for the linear two-port of Fig. 1(b)

may be expressed by the equations

from which are obtained the four impedances

Z. = Z„ =

Z„t —
/, = 0 } /, = 0.

For reciprocal networks [4] Z^y, = Z^a, and only three im-

pedances are required to characterize the network.

It should be realized that defining impedance in this way
does not necessarily imply that it is best measured in terms

of voltage-current ratios. In fact, specific values of imped-

ance may be calculated from a geometrical configuration

of materials and the electromagnetic properties of the sur-

rounding space, and impedance obtained in this way is at

present much more accurately related to the basic quanti-

ties' than is either voltage or current.

In this article we will attempt a survey of the field of

impedance measurement as applied to linear passive lumped

circuits. The intent is to be general enough in scope to

provide a good overview of the field, but at the same time

provide enough detail to be useful in specific instances.

II. Background

The techniques of lumped parameter immittance^ mea-

surement at radio frequencies were primarily developed

during the era between World Wars I and II. Since the

1940's, attention has been focused upon higher frequency

work and the development of microwave techniques, with

the result that the lower frequencies have received relatively

less attention. Instruments such as RF bridges and g-meters

' In this paper, "basic quantities" refers to the quantities mass, length,

time, and /jq.

^ To avoid writing "impedance and admittance" the two quantities are

assigned one name, immittance.

310.

have undergone only minor modifications over the past

two decades. Much of the instrumentation used at radio

frequencies was developed through modifications to dc

and audio-frequency instrumentation. An obvious example

of this is the Wheatstone bridge circuit commonly used in

modern RF immittance bridges. There are some notable

exceptions which include the twin-T and bridged-T in-

struments and those employing the principles of resonance

which were developed primarily for use at radio frequencies.

However, all of the circuits mentioned have in common the

fact that lumped parameter analysis is sufficiently exact for

practical purposes. Advances in the state-of-the-art have

been more toward the extension of existing techniquQS to

higher frequencies than in the improvement of accuracies

at frequencies where capabilities already existed.

A significant departure from this trend occurred in the

1950's when Woods [5], [6] of the United Kingdom intro-

duced the concept of precision coaxial connectors and ad-

vocated using coaxial air dielectric transmission lines as

immittance standards. These contributions resulted in ac-

curacy improvements of one or even two orders of magni-

tude in many instances. For example, at 50 MHz a capaci-

tance of 20 picofarads (pF) equipped with a precision

coaxial connector can be measured with an uncertainty of

only 0.01 percent as compared to an uncertainty of the

order of one percent where a nonprecision connector is used.

III. Precision Coaxial Connectors

Connectors and their effect upon measurement accuracy

is a subject of the greatest importance in immittance mea-

surements [7]. Every immittance measurement is made in

terms of some sort of electrical measuring circuit, such as

that of Fig. 2. Because the unknown is an integral part of

the measuring circuit, it is necessary to distinguish, and

mechanically separate, the part of the circuit being mea-

sured from the rest of the circuit if the measurement is to

be meaningful and useful. This is conveniently done by

establishing a mechanical plane of separation which is co-

incident with the "reference plane" separating the two

parts of the circuit. If the connection is made in a plane

perpendicular to the axis of a uniform transmission line,

the two parts of the circuit may be separated very precisely.

If the measured immittance is to be insensitive to changes

in its environment, the connection must be mechanically

and thermally stable and well-shielded electrically. If the

measurement is to be repeatable, the connection must be

such that it may be precisely repeated.

These characteristics of a connector—well-defined refer-

ence plane, mechanical and thermal stability, good shield-

ing, and repeatable connection— are all that are required in

those practical situations where only precision is required.

Any good, repeatable, shielded connector system can be

used for precise measurements but. in addition, accurately

known reference conditions are necessary for accurate

absolute measurements. The immittance of the short

circuit or open circuit commonly used as references can be

calculated for coaxial structures whose inner and outer con-

ductors terminate in a commefl plane perpendicular to
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Ground Terminal

Shield

At Null The Bridge Reods

(q)

Ground Terminal

Fig. 2. Electrical measuring circuit.

their axis [8], [9]. Furthermore, both immittances may be

verified by measurement if the connectors are sexless, that

is, if any two connectors of the same line size are capable

of being mated to each other without adaptors.

The IEEE Subcommittee on Precision Coaxial Connec-

tors has adopted specifications [10] for precision connectors

in 14-mm and 7-mm line sizes for use to 8.5 GHz and 17

GHz, respectively. Connectors in both line sizes are com-
mercially available. While these connectors were de-

veloped primarily for use at the higher frequencies, they

have the characteristics which are desirable in a connector

for use in lumped circuit measurements.

The eff"ect of connectors on immittance measurements

will be demonstrated by considering a typical measurement

situation. In measuring an unknown capacitor, a capaci-

tance bridge is nulled initially with its terminals open

circuited. The unknown capacitor is then connected, and

the bridge standards are adjusted to restore the null. Figure

3(a) represents the "unknown" terminals of a capacitarice

bridge equipped with banana plugs or binding posts, and

Fig. 4(a) represents the terminal of a similar bridge equipped

with a precision coaxial connector. Figures 3(b) and 4(b)

represent the same terminals with the unknown capacitor

connected for measurement.

In the figures, Cq represents the fixed component of the

terminal capacitance plus the capacitance of the internal

connecting leads, and is a characteristic of the bridge. In

Fig. 3(a), Cgi is the capacitance from the ungrounded
terminal to the instrument case and the surroundings. Its

value varies with changes in the location of conductors in

the vicinity of the connector. Cy is the fringe capacitance,

defined for precision coaxial connectors to be the capaci-

tance which is removed when two connectors are joined,

forming a uniform coaxial line through the plane of con-

nection. For banana plugs or binding posts, the fringe

capacitance is not well defined. It has the same effect as a

change in C^j, which in the usual configuration is unknown
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Al Null The Bridge Reads

= AC - Cgj + Cf

(b)

Fig. 3. (a) Open-circuit binding post connectors, (b) Binding post

connector with capacitor attached.

At Null The Bridge Reads

Cj = Co + Cf

(a)

Ungrounded

Terminal

At Null The Bridge Reads

Gg - Gq + G)(

Cg-C/i = AG - G)( - Gf

G, = AC + Cf

(b)

Fig. 4. (a) Open-circuit precision coaxial connector, (b) Precision

coaxial connector with capacitor attached.



and unknowable. is the capacitance from the un-

grounded terminal to the case of the unknown capacitor.

If Cg2 is lumped with and considered a part of and

if Cgi is truly unchanged when Q is connected, the equa-

tions for the measurement with binding posts are identical

to those for the measurement with precision connectors.

The difference lies in the precision of connection and the

accuracy with which can be determined. is affected

by the length and diameter of the binding posts and by how
well the capacitor is seated for measurement. Unless these

are standardized, the measured value of Q will vary from

one setup to another. Attempts to measure the fringe

capacitance of one particular type of binding post at 1-inch

spacing have yielded a value of 0.3 pF, with an uncertainty

of perhaps 50 percent. By contrast, the fringe capacitance

of the shielding cap of Fig. 4(a) has been determined to be

0.2074 pF with an uncertainty of 0.3 percent. A precision

connector developed and used by NBS permits capaci-

tance measurements to be repeated with a 3-sigma^ value

of less than 0.001 pF. The practical consequence is that a

20-pF capacitor equipped with banana plugs cannot be

measured with an error less than about 0.75 percent, while

the same capacitor could be measured to within 0.005 per-

cent if it were equipped with a precision connector.

A similar situation exists for inductance measurements,

where the measurement is referenced to a "short" which is

removed when the unknown inductor is connected. For a

typical banana plug arrangement, the short might have an

inductance of 0.01 /jH which may be calculated with an

error of about 50 percent. This means that a 1-//H inductor

may be measured with an error of about 0.5 percent. The
shorting disk used with the 14-mm precision connector

has an inductance of less than 0.000016 fiH at 1 MHz [1 1 ],

which if neglected entirely would cause an error of only

0.002 percent in measuring 1 //H.

We have not discussed the advantages of precision con-

nectors in the measurement of resistance and .conductance,

or in fixing residual impedances'* in inductance and capaci-

tance standards and in three-terminal measurements. We
do not wish to belabor the point, but do want to make a

convincing case for using precision connectors wherever

accurate and precise immittance measurements are re-

quired. There are many immittance measurements which

are not compatible with coaxial connectors, and it is neces-

sary to compromise precision and accuracy in order to

make the necessary connections. The change from a pre-

cision coaxial system can be accomplished with suitable

adaptors, and this is preferably done only when it becomes

necessary. The spectacular increase in accuracy of lumped

immittance measurements in the past few years has resulted

almost entirely from improved standards, instruments, and

techniques made possible by precision connectors. This

accuracy cannot be realized by the ultimate user of the

measurement unless he is willing to accept the small added

cost of using precision connectors.

^ Sigma, the standard deviation, is a measure of the precision of the

measurement.
* Residual impedance is defined in Section IV.
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IV. Standards

When attempting to verify the accuracy of an immittance

measurement in the 30 kHz to 300 MHz frequency range,

an interesting dilemma arises concerning what to use for a

standard. Various manufacturers produce components

which are useful in determining the agreement between

two instruments of the same model or manufacture, but

beyond this, standards which are commonly accepted for

use with all commercial instruments are nonexistent. This

situation has caused a large amount of unnecessary ex-

pense and inconvenience which will continue until appro-

priate standards and standardization procedures are

adopted on an industry-wide basis. To accomplish effective

industry-wide standardization, two important initial steps

must be taken. First, agreement is needed on specific values

and frequencies for which standards are needed and second,

precision coaxial connectors must be utilized on both in-

struments and standards. The following discussion per-

tains to standards for use as interlaboratory transfer

standards.

An immittance standard for general use should have

certain characteristics if it is to fulfill its purpose in maintain-

ing uniform measurement agreement. These characteristics

are long-term stability, high purity, value independent of

frequency and environmental change, and convenience in

use. High purity and frequency independence are related

characteristics which depend upon the degree to which

residual impedances are present in a capacitor, a resistor, or

an inductor. A standard or a component is usually called

a capacitor, resistor, or an inductor in accordance with

whichever of these three parameters is predominant at low

frequencies. The other parameters, which are always present

in a practical situation, are called residual impedances. A
capacitor of high purity has a high ratio of susceptance to

conductance (high Q) and exhibits minimum change in

capacitance value as the frequency is varied. Similarly, a

high-purity inductor has a high ratio of reactance to resis-

tance (high Q) and changes little in inductance value with

frequency change. A high-purity resistor (or conductor)

exhibits a near-zero phase angle (low Q) and only small

changes in resistance or conductance with frequency.

At sufficiently low frequencies, a two-terminal capaci-

tance or conductance may usually be represented by the

equivalent circuit of Fig. 5(a) and a two-terminal induc-

tance or resistance by the equivalent circuit of Fig. 5(b). The

equations in the figures show that the effective values of a

component depend upon the frequency and the residual

parameters. Furthermore, precision connectors are seen to

be important because they permit accurate definition and

repeatability of the residuals by shielding and strict control

of the circuit geometry in the vicinity of the connection.

Field and Sinclair [12] have described a method for deter-

mining the residual series inductance and resistance of

variable air capacitors; other methods, based upon res-

onance, are commonly used to evaluate the residual series

inductance [13], [14].

As the frequency is increased to the vicinity of self-

resonance in a standard or component, simple equivalent
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Fig. 5. (a) Admittance equivalent circuit,

(b) Impedance equivalent circuit.

circuits such as those in Fig. 5(a) and (b) no longer ade-

quately represent the actual distribution of the various

parameters, and more complex equivalent circuits must be

employed. At this point lumped parameter analysis is

usually abandoned and we must rely upon calculable stan-

dards such as coaxial air dielectric transmission lines.

At the Radio Standards Laboratory of NBS, capacitance

is the parameter selected as the foundation for the system

of lumped parameter immittance standards [1]. This is

because capacitors have been constructed which have the

aforementioned desired characteristics to a higher degree

than either inductors or resistors. Because an air dielectric

capacitor stores energy primarily in free space, its value is

essentially unaffected by the properties of the materials

used in its construction, and the capacitance is determined

by its geometry and the relative permittivity of air. For this

reason the stability of the capacitor is largely determined by

the mechanical stability of the device. Capacitors can be

made which have simple geometric configurations, resulting

in short current paths with correspondingly small inductive

and resistive residual impedances. The principal advantage

of capacitors as standards is the accuracy to which their
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values may be obtained from the basic quantities. Two-

terminal capacitance at high frequencies is calculated

[15]-[17] from the dimensions of a section of coaxial line

and three-terminal capacitance is obtained from the

Thompson-Lampard [18] capacitor in terms of length and

the permittivity of free space. The coaxial lines have been

compared to the Thompson-Lampard capacitors at audio

frequencies to confirm the accuracy of calculation. Such

comparisons have resulted in agreements to within

1x10"'^ farads for values between 5 and 50 pF.

Another advantage of capacitors is that variable ele-

ments can be made which are not only highly pure but also

provide essentially infinite resolution. There is often a choice

of measurement circuits for a particular application wherein

one circuit containing a variable air capacitor may provide

the same measurement capability as another circuit con-

taining a variable resistor or a variable inductor. Where

such an alternative exists, the choice is usually made in

favor of the circuit containing the variable air capacitor.

Inductors are not as desirable as capacitors for primary

standards of RF impedance because a greater number of

factors affect their values, making calculation in terms of

basic quantities more difficult. For example, at lower fre-

quencies current is not confined to the outer surfaces of the

conductors and therefore material properties become im-

portant. The residual impedances in inductors are usually

greater than in capacitors, resulting in a more pronounced

frequency dependence. This is especially true of wire-wound

inductors. The circuit of Fig. 5(b) indicates the residual

parameters as series resistance and parallel capacitance and

conductance, but there are still other factors which affect

the inductance. These include the mutual inductance effect

of a shield and the proximity effect of adjacent windings

[19]. In inductors containing high permeability core ma-

terials, the inductance is dependent upon the current mag-

nitude so that it is necessary to specify the current in the

inductor when measured values are obtained. Good air-

core inductors have all the other characteristics of desirable

standards and make very good transfer standards.

High-frequency resistance is the most difficult quantity to

obtain from the basic quantities because of the dependence

upon material properties. Some resistance materials exhibit

a long-term aging effect so that stability cannot be relied

upon. This problem is largely avoided by using wire-wound

resistors of stable alloys, but this creates problems at high

frequencies because of large residual reactances. In recent

years techniques in the manufacture of deposited metal film

resistors have improved so that good transfer standards of

resistance are feasible.

The NBS standards for RF immittance measurement are

derived in approximately the manner represented by the

chart in Fig. 6. This chain of traceability is only for a typical

case and is somewhat different for other specific values and

frequencies. The standards most directly related to length,

time, and Hq are the smaller values of inductance ( <0.1 /iH)

and capacitance ( < 50 pF). Excellent standards for small

values of inductance and capacitance are provided by sec-

tions of coaxial air dielectric transmission line. For induc-
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Fig. 6. Derivation of NBS immittance standards.

tance standards the lines are short circuited, and for capaci-

tance standards the same lines are used in the open-circuit

condition. At the higher frequencies (>300 MHz), where

a quarter wavelength is of a practical size, such coaxial

lines are used for a wide range of values of inductance and

capacitance.

The so-called open and short circuits play an important

part as reference immittances. Since their impedance values

are only nominally an open or a short, accurate knowledge

of these values are required. Such immittance values can

be calculated for coaxial structures whose inner and outer

conductors terminate in a common plane perpendicular

to their axis [8], [9].

V. Techniques

The techniques for measuring immittance have been

classified in a number of ways, but we will confine the dis-

cussion to those which have been found most useful. One
classification distinguishes between direct measurements

—

by the voltmeter/ammeter method, for example—and mea-

surements in which the unknown immittance is compared

to a standard of known value. While instruments which

determine immittance from the ratio of voltage to current

are available [20], they are not at present capable of the

accuracy attainable by comparison to a standard and are

not used at radio frequencies when high accuracy is re-

quired.

Another worthwhile distinction may be made between

techniques which use the measuring instrument as the

standard, and comparator techniques in which the instru-

ment simply serves to indicate small differences between a

standard and an unknown which are nearly identical immit-

tances. The first approach is used in most commercial im-

mittance measuring instruments. These instruments contain
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internal standards to which the unknown immittance is

compared. The range covered by the standards typically

extends from short circuit to a finite impedance, or from

open circuit to a finite admittance, and the instrument

usually operates over a very wide frequency range. The con-

tinuous coverage of immittance value and frequency makes

these instruments extremely versatile, but also makes them

extremely difficult to calibrate.

The principal advantage of the comparator approach is

that even relatively inaccurate instruments can be used to

make highly accurate measurements if a sufficiently ac-

curate standard is available. For example, a one percent

measurement of a difference of one percent corresponds

to 0.01 percent error in comparing an unknown to a stan-

dard. The practical result is that very accurate measure-

ments can be obtained without investing in instruments

which are themselves very accurate and therefore expensive.

Many commercial instruments are capable of one to three

percent measurements over a broad frequency range, and

would be suitable for this type of immittance measurement

if they were equipped with a suitable connector.

The principal disadvantage of the comparator approach

is that the necessary standards must be maintained, one

near each immittance valiu- to be measured, and the value

of each standard must be known at each frequency at which

it is used. This may not be as serious as it might seem, since

a relatively small number of standards can give good cover-

age of a wide range of values. If the common 1-2-5 se-

quence of values is used, there are only three standards per

decade. Furthermore, if these standards are used with

instruments capable of 1 percent measurements, and which

have sufficient resolution, the measurement uncertainty

will vary from perhaps 0.001 percent for "identical" stan-

dards to at worst 0.4 percent when measuring values mid-

way between standard values. High-quality standards vary

predictably with frequency, so that it is not strictly necessary

to calibrate them at every frequency at which a measurement

may be made. Often sufficient accuracy may be obtained by

measuring at a few standard frequencies and interpolating

for intermediate frequencies.

Another useful classification of techniques distinguishes

between null methods and resonance methods. The null

methods use some sort of nulling circuit, such as a Wheat-

stone bridge or the twin- 7", to indicate that a definite rela-

tionship exists between the circuit elements. Resonance

techniques use inductors and capacitors to form a series or

parallel resonant circuit, and a voltmeter or a current meter

to determine when resonance exists [13], [21 ]. Instruments

based on either technique may be used for direct measure-

ment or for comparing nearly identical immittances. In

general, the null condition can be more precisely determined

than can the resonance condition, making null measure-

ments most useful for precise immittance measurements.

VI. Instruments

In general, there is a class of impedance measuring instru-

ments corresponding to each measurement technique.

Which instrument is best suited for a particular measure-
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Fig. 7. Basic Maxwell bridge.

ment depends on the parameters to be measured, their mag-

nitudes, the frequency at which they will be measured, and

the accuracy required. In this section, some of the more use-

ful instruments are discussed together with the advantages

and disadvantages of each. Voltmeter/ammeter [20] or

ohmmeter techniques for measuring impedance are gener-

ally not suited to accurate measurements, and will not be

discussed. The null instruments which use active elements,

such as amplifiers, as standards [22] are likewise not suited

to accurate measurements, so the discussion will be limited

to instruments using null or resonance techniques in which

all the circuit elements are linear, passive devices. (The

signal source, or generator, and the detector are not con-

sidered part of the instrument.)

Most null instruments use a variation of the familiar

four-arm Wheatstone circuit or the twin-T null circuits

described by Tuttle [23], but there are exceptions. All null

instruments have in common the characteristics that one or

more of the impedance elements in the circuit can be ad-

justed to provide zero transmission between generator and

detector (null condition), and detector and generator may
be interchanged without affecting the null condition.

Null instruments which have been found useful for two-

terminal measurements at radio frequencies include the

four-arm bridges of Figs. 7, 8, and 9, the twin-T of Fig. 10,

and the transformer ratio bridge of Fig. 1 1. Most RF im-

mittance measuring instruments are modifications of these

basic instruments. The Maxwell bridge of Fig. 7, and the

Schering bridge of Fig. 8(b) are impedance bridges, that is,

they measure impedances between zero and a finite value

and can be nulled with the terminals short circuited. The
Schering bridge of Fig. 8(c), the resistance ratio bridge of

Fig. 9, and the twin-T of Fig. 10 are admittance bridges

which measure admittances between zero and a finite value,

and can be nulled with the terminals open circuited. The
transformer ratio bridge of Fig. 1 1 can be used as either an

impedance bridge or an admittance bridge.

The Maxwell bridge has been used at frequencies to 5

MHz [24] but is limited in that it measures resistance in

terms of an incremental conductance. The Schering bridge,

which measures both resistance and reactance in terms of

capacitance increments, and which measures either imped-

ance or admittance, is the most widely used RF bridge. Most
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(c)

Fig. 8. (a) Basic Schering bridge, (b) Schering impedance bridge,

(c) Schering admittance bridge.

commercial RF bridges use this circuit [25], and it has been

successfully used to 250 MHz [26]. The ratio bridge has

been used to measure admittance to 20 MHz [24]. The

major weakness of this bridge is that it uses an incremental

conductance standard to measure conductance. The Radio

Standards Laboratory of NBS has constructed a modular

[27] ratio bridge for use as an immittance comparator

[Fig. 9(b)]. In the figure, i?i = /?2, Gq and Cq balance the
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(b)

Fig. 9. (a) Basic resistance ratio bridge, (b) Modular resistance

ratio bridge (NBS Comparator).

Fig. 10. Twin-r circuit.

iGenerotor

DetectoM

C,

Fig. 1 1 . Transformer ratio bridge.

initial nonzero and and Zf, is nearly equal to the test

impedance Z,. The instrument measures small differences

between test impedances in terms of small changes in

and Cj, so that G^ and need not be high-quality standards.

The Maxwell and Schering bridges cover an immittance

range which depends upon the frequency and' provide ac-

curacies of typically 1 t^ 3 percent.

The commercial ver on of the twin-T, developed by

Sinclair [28], was used 0 measure admittance to 40 MHz,
and a dual admittance bridge developed by Woods [29]

measures admittance with a basic uncertainty of 0.1 percent

to 100 MHz which is degraded to 0.3 percent at 300 MHz.
The Radio Standards Laboratory has constructed a twin-T

useful to 15 MHz, primarily for measuring conductance in

terms of capacitance increments [30]. This instrument mea-

sures conductance with errors of about 0.05 percent at 1

MHz. The advantages of the twin-T instruments include

the facts that incremental capacitors are used to measure

both conductance and capacitance, and the generator, the

detector, the measured immittance, and the incremental

standards are all connected to a common ground. The ad-

vantages are offset by the fact that the bridge balance is fre-

quency sensitive, mjaking twin-T instruments relatively in-

convenient to use.

The transformer ratio bridge (Fig. 1 1) is one of the excep-

tions which cannot be classified as a Wheatstone, or a twin-T
instrument. In this bridge, null is obtained by adjusting the
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input or output turns ratio, or the immittance standards, to

provide zero current in the detector transformer [31]. A
line of commercial instruments uses this circuit for admit-

tance measurements at frequencies to 250 MHz.
A basic difference between admittance bridges and im-

pedance bridges, which is not obvious from the simple cir-

cuits, is the relative complexity of the shielding required for

the two types of instruments. The subject of shielding is far

too complex [32], [33] to be entered into here beyond point-

ing out that impedance bridges usually require more com-

plex shielding than do admittance bridges. The practical

result is that impedance bridges cannot be readily improved

by a simple application of precision connectors. This, plus

the fact that good absolute standards of low-valued impe-

dance are not easily obtainable, have resulted in the ac-

curacy of measurement of small impedance lagging behind

that of small admittance measurements.

While resonance methods are not at present capable of

the same accuracy as null methods, they are widely enough

used to justify some discussion. The simple circuits in Fig.

12 illustrate the essentials of a resonance instrument: a

signal source, a capacitor and an inductor connected in

series or parallel, and an ammeter or a voltmeter for detect-

ing the > .;Sonant condition. Resonance measurements often

combine the techniques of direct measurement and com-

parison to a standard. The resistive component is obtained

directly by measuring voltage ratios, and the reactive com-

907



Generator

Coupling

Copocitor

(a)

Fig. 12. (a) Series resonance method, (b) Parallel resonance method.

Fig. 13. g-meter circuit.

ponent is obtained by comparison to the standard capaci-

tor. Because resonance methods work best when the cou-

pHng to the generator is kept small, they are best suited to

measurements in high-g circuits. Resonance measurements

are complementary to null measurements in that it is difficult

to measure the resistive component of high-g circuits with

null instruments.

The Q meter [34], [35], represented schematically in

Fig. 13, is a widely used resonance instrument. A small volt-

age, e=iRi, appears across the series combination of Z,^

and Cj. The standard capacitor is tuned to the resonant

value Cq, which maximizes the voltage across the capacitor

as indicated by the voltmeter V. Since the voltage across

either component of a series resonant circuit is Q times the

voltage across the series combination, Q may be obtained

from the ratio V/e. The voltage e is set to a predetermined

value by adjusting the current through the known insertion

resistor the current being monitored by the ammeter

A. The unknown resistance is obtained from the rela-

tionship

Q = —-

Q meters are used at frequencies as high as 610 MHz [36].

A line of resonance instruments, which are not Q meters,
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measure both conductance and capacitance in terms of

internal standards. A smoothly varying incremental con-

ductance is obtained by varying the bias on a diode con-

nected in parallel with the resonant circuit. These instru-

ments measure admittance at frequencies between 0.1 and

100 MHz [37]. Accuracies of 1 percent for capacitance and

5 to 20 percent for resistance are claimed.

VII. Signal Generators and Detectors

In addition to the circuitry of RF impedance measuring

instruments, it is necessary to give careful consideration to

the signal generators and detectors used with them.

Good frequency stability, adequate power output, and

low harmonic content are the main requirements for signal

generators. The frequency stability required of a generator

depends upon the measuring instrument with which it is

used, and the item being measured and the accuracy de-

sired. In circumstances where bridge balance equations

involve frequency, or where resonant circuits are involved,

stabilities of the order of 1 part in 10^ are sufficient for ac-

curacies of 1 part in 10^. This is the case for the twin-T cir-

cuit and the Q meters. When a component is being measured

at a frequency near self-resonance, frequency stability is

especially necessary. In this situation the frequency must be

accurately known, as well as stable. Bridge circuits which

do not involve frequency in the balance equations do not

impose critical frequency requirements, and stabilities of

the order of 1 part in lO'^ are usually adequate. The required

frequency stability is a criterion which must be established

for specific measurement situations and can vary widely

depending upon the measurement accuracies desired. This

is also true for power output and harmonic content. In

general, power output should be no more than that amount
required to realize sufficiently sharp bridge balance condi-

tions, and both bridge and detector can be determining

factors. Increasing power output to gain sensitivity can

lead to instabilities due to temperature fluctuations or to

the more serious problem of damaging components. Higher

generator output does not necessarily improve measurement

resolution where a significant amount of leakage exists be-

tween generator and detector.

Harmonic content and frequency modulation are of seri-

ous concern in some instances and can be neglected in

others. Measuring circuits whose balance equations involve

frequency are subject to errors from both sources. To avoid

problems arising from harmonics it is advisable to filter the

generator output and use narrowband detectors.

Detectors should have the characteristics of high sensi-

tivity and high selectivity, be well shielded to guard agdnst

leakage from the generator, and have good signal-to-muse

ratio. Detector sensitivities which allow detection of signrls

in the range of a few microvolts are usually sufficient so thc.t

the full resolution ofa measuring instrument can be utilized.

Ground loops and leakage are problems which are not

solely related to either the generator or detector but are

associated with the measurement setup as a whole. Ground
loops are most effectively avoided by having a single low-
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Fig. 14. Measurement setup using phase sensitive detector.

impedance ground path connecting the generator, bridge,

and detector, as opposed to having a separate ground for

each. Leakage can be reduced by placing added shielding

around the generator and detector, and by employing semi-

rigid coaxial cable and threaded connectors wherever

possible.

Phase sensitive detectors are finding increasing applica-

tion in measurements involving immittance bridges and

offer some distinct advantages. In addition to providing

greater sensitivity, they allow the operator to distinguish

between unbalanced voltages due to real and imaginary im-

mittances. An interesting result of this is that one gains an

appreciation for the purity of the bridge standards because

as the reactance standard is varied the variation in its

resistance is displayed or vice versa. Especially when mak-

ing measurements of low-^ components, balance may be

difficult to locate because the reactance of the resistance

standard in the bridge may vary appreciably with setting.

Such "sliding null" conditions present little difficulty with

phase sensitive detectors. The greater sensitivity of phase

sensitive detectors comes about as a result ot a much nar-

rower effective bandwidth which results in improved signal-

to-noise ratio. These detectors are not currently available

for wide frequency ranges, but can be readily adapted for

application at higher frequencies by using a local oscillator-

mixer arrangement such as that shown in Fig. 14. The

phase sensitive detector requires a reference signal which is

in phase with the output from the bridge. This requirement

is fulfilled by feeding the same generator signal into each

converter. Under these circumstances the local oscillator

is free running and need not be highly stable.

VIII. State of the Art (Two-Terminal)

The application of precision connectors to the measure-

ment of lumped immittance has resulted in very substantial

increases in measurement accuracy and precision. Better

precision is a direct result of a more repeatable connection,

while improved accuracy comes from two principal sources.

One improvement in accuracy results from the fact that the

open- and short-circuit reference conditions are accurately

known. Another improvement comes from the fact that

residual impedances, which cause the value of a standard

to vary with frequency, are more precisely fixed by precision

connectors.

Figures 15, 16, and 17 present, in graphical form, the

i i c

F requenc/, MHz

Fig. 15. State-of-the-art (two-terminal capacitance).

1
Commei

Frequency. MHz

Fig. 16. State-of-the-art (two-terminal inductance).

dl Instruments

Frequency, MHz

Fig. 17. State-of-the-art (two-terminal resistance).
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authors' estimations of the existing state-of-the-art in two-

terminal measurements of capacitance, inductance, and

resistance at radio frequencies. Two classes of measure-

ments are represented, the best possible with existing equip-

ment and those possible with readily obtainable commer-

cial instruments.^ Usually, the best techniques use precision

connectors. However, techniques for exploiting precision

connectors in measuring low impedance have not been

perfected, so that instruments equipped with banana jacks

or binding posts represent the state-of-the-art in this area.

One commercial instrument, the commercial version of

Woods' dual admittance bridge, is equipped with a sexless,

reference plane connector and represents the state-of-the-

art for certain values of conductance and capacitance above

10 MHz.

IX. Three-Terminal Measurements

Present applications for three-terminal measurement are

primarily confined to the measurement of small admit-

tances, and the measurement instruments may employ

either a ratio transformer or a differential capacitor [31],

[38]. The technology for three-terminal measurement in

the RF range is not as well developed as it is for two-

terminal measurements, and at present there appears to be

very little application above 5 MHz. The accuracy to which

three-terminal measurements can be made is affected by

such factors as the purity of the standards within the intru-

nent, transformer ratio uncertainties, the effect of imped-

ances from each electrode to ground, and the inductance of

the leads which connect the unknown to the instrument.

Each of these factors becomes increasingly important at

higher frequencies.

Figures 18 and 19 are estimates of the state-of-the-art

for three-terminal capacitance and conductance measure-

ment based upon accuracy specifications published by the

manufacturers of commercial three-terminal instruments.

In these figures, the accuracies claimed for commercial

instruments also represent best practice primarily because

there has been little effort by other than commercial labora-

tories to improve the state-of-the-art. The verification of

accuracies is difficult because of the absence of generally'

accepted standards. The problems in standardization, al-

though similar in many respects to those associated with

two-terminal measurement, are much more complicated.

Three-terminal measurement at radio frequencies may
be considered as a special case of the more general situation

where the unknown is considered as a two-port such as that

represented in Fig. 1(b). Such a two-port is completely

described if the impedance values of its equivalent pi or

equivalent T network are known. If the two-port is repre-

sented as a pi network, as shown in Fig. 20, the values Y^,

Kg, and Yc may be obtained by two-terminal measure-

ments. These two-terminal measurements are made looking

into port 1 with port 2 alternately open and short circuited

and looking into port 2 with port 1 alternately open and

* The commercial capabilities shown are based upon manufacturer's

specifications.

319-

Commercial Instruments ond Best Practic
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Fig. 18. State-of-the-art (three-terminal capacitance).

Frequency , MHz

Fig. 19. State-of-the-art (three-terminal conductance).
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—

Fig. 20. Two-port (equivalent pi network).

short circuited. Any three of the resulting four two-terminal

admittances may be used to solve for Y^, Yg, and Yc- For

best results, precision connectors are required at the ports

so that the open- and short-circuited conditions are ac-

curately known. Although two-port devices may be mea-

sured in this manner, simpler and more accurate measure-

ments would be made possible by the development of

special two-port standards.

X. Conclusions and Future Trends

The large differences in the state-of-the-art for commer-
cial two-terminal instruments, as compared to best prac-

tices, are due almost entirely to the fact that precision co-

axial connectors have not yet been utilized in commercial
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instruments manufactured for the measurement of lumped

parameter immittance. It is expected that this situation will

change rapidly, especially where there is evidence of suffi-

cient demand. If appropriate standards are made available

along with improved instruments, the differences will be

sharply reduced with very significant improvements realized

over the entire frequency range of measurement for lumped

immittances. Longer term benefits can be expected as well

because new techniques in the construction of instruments

will be made possible. For example, several different types

of instruments have been constructed from one- and two-

port immittance components which can be readily discon-

nected from one another and calibrated individually [27].

Such modular instruments offer many advantages including

compactness, versatility, and ease of calibration and main-

tenance; however, they are not yet commercially available.

There are two areas where measurement capabilities are

noticeably absent. These are for small two-terminal imped-

ances at frequencies above 10 MHz and for three-terminal

admittances above 5 MHz. It appears that there are no

urgent requirements for such measurements, but it is often

the case that there is no strong evidence of need for a par-

ticular measurement capability until it is developed, and

then numerous applications arise.

To achieve the most effective and efficient standardiza-

tion program agreement is needed regarding the specific fre-

quencies and specific values for which standards are to be

maintained. In this way, the advantages of comparator

techniques can be utilized for the accurate determination of

differences and measurements could be subjected to statisti-

cal control. Because of the lack of agreement in these mat-

ters such statistical control is not now possible.
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The theory of the modified reflectometer technique of measuring VSWR at microwave
frequencies is discussed briefly, the operational procedure is outlined, and selected results are
given of an unpublished error analysis. Much of the theory and procedure has been pub-
lished in isolated papers. This paper unifies those details essential to the use of this tech-
nique and includes procedural suggestions that have grown out of extensive experience with
the technique. The error analysis provides the means to evaluate the accuracy of any
particular measurement made with this system.

1. Introduction

The modified reflectometer technique [Beatty and
Kerns, 1958; Beatty, 1959; Engen and Beatty,'l959]

recently developed at the Boulder Laboratory of the

National Bureau of Standards is a method of making
accurate VSWR measurements in rectangular wave-
guide. This technique is capable of measuring low
VSWR's (VSWR<2) to accuracies of 1 percent

quite easily. Accuracies of 0.1 percent in VSWR are

obtainable with extra care in the adjustments of the

modified reflectometer.

The purpose of this paper is to provide operating

knowledge of the modified reflectometer technique.

Much of the material presented herein has been
published elsewhere but this paper gathers in one
place those details essential to the use of this tech-

nique. The paper also offers suggestions on pro-

cedure which have grown out of extensive experience

with this technique. Also it provides selected

results of an error analysis which are important in

evaluating the accuracy of any particular measure-
ment made with this system.

2. An Outline of the Theory

The modified reflectometer measures the magni-
tude of the reflection coefficient of a waveguide
termination at microwave frequencies. This method
utilizes a directional coupler oriented to couple to the

reflected wave with appropriately placed tuners

adjusted so that the amplitude of the voltage wave
from the side arm is directly proportional to the

magnitude of the reflection coefficient.

According to references 1 and 2, the scattering

equations for a three arm junction representing the

combination of a directional coupler and two tuners

(fig. 1) are

bi= Snai+ Si2a2+ ^'1303

62= <S2iai 822(12+ 823(13

^3= 83iai-\- 832(h'\~ 833(13, (1)

where ai=6g+6irG, a2=b2TL, and a3=b3 Tjo. These

•Contribution from the Radio Standards Laboratory, National Bureau of
Standards, Boulder, Colo.

may be solved for the response in the form

1 831

(1— 8}iTg) 8i3Tr,

831T0 (1— 833TJ))

K=

821 822

831 830

and
831

— (1— (S'iiFg.) 812 8i3Tr,

821T G S22 823^0

SsiTg 832 — (l~'S'33rx>)

(1— 8nTo) iSisr/)

831T0 (1— 833TD)

Rearranged slightly, the equation becomes

^31+ 821 822

831 832

^ (1— *Siire) *S'i3r£, 1—T21TL

831^0 (1

—

833TJ))

Now let »S'3i= 0 and Tai^O, then

7 bg82i832Ti,

{l-8uTo)il-833rn)

If bg, Tg, and Tr> are constant, then

= C'( constant) Ti-

For a detector not phase sensitive

|63l=|CrJ.

(2)

(3)

(4)

(5)

(6)

(7)

(8)

(9)

Note that this last relationship is the desired response
mentioned just before fl), i.e., the amphtude of the

voltage wave from the sidearm is directly propor-
tional to the magnitude of the reflection coefficient.
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Therefore, let r£,= r„ (the unknown) so that

\b3\u=\Cr^\. Then let Tl^Ts (a known quantity)
so that |63|s= |Crs|. Now form the ratio

\]h\u_
(10)

Thus, given the value of |rs|, and measuring the

ratio of the sidearm outputs
j^y^j the value of

lr„! may be calculated.

3. Procedure

Any practical use of the modified refiectometer
technique depends upon an understanding of the
physical conditions imposed by the theory.

For I63I to conform to (8) certain quantities as

represented in (7) must remain constant. It re-

quires a stable source (constant bg) well isolated

from load changes. It also requires apparent
generator and detector impedances that are un-
changing (constant To and r^)—requirements wliich

can be essentially fulfilled by isolators placed at

terminal planes Ti and T3 in figures 1 and 2.

The remaining quantities of (8), namely 1521,

'S'32, iS'ii, and S33, are constants of the 3-arm junction
and therefore remain unchanging after adjustments
are made for 8^1=^0 and r2i= 0.

3.1. Adjustment of S^.^O and Ti,=0

For a directional coupler with the arms labeled as

in figure 2 the statement that *S'3i= 0 is equivalent
to saying that the coupler has infinite directivity

since, in terms of scattering coefficients, directivity

S32= 20 log,
'S'31

Infinite directivity can be approached by ad-
justing tuner A for no variation in the output I63I

when slidmg a load of small reflection (|ri|<^0.005)
in the uniform waveguide.

After making this adjustment, the condition
r2;=0 can be approached by adjusting tuner B for no
variation in the output I03I when sliding a load of

large reflection (usually a shorting plunger) in the
uniform waveguide.

Tliis adjustment sequence may need to be repeated
several times since the two adjustments are not

^0= "i/h

Figure 1. Three arm junction representing the modified
refiectometer.

completely independent. However, if the reflection

from the sliding load used in the directivity adjust-
ment is small enough, then the two adjustments are

more nearly independent and one adjustment
sequence will usually be enough.

Note: It is seldom necessary for the variation to be com-
pletely zero. The variation allowable while the loads arc
slid in each adjustment depends upon the desired accuracy
of the measurement to be made. This allowable variation is

discussed in the error analysis and is displayed in figures 5,

6, 7, and 8.

3.2. An Alternate Adjustment Procedure for 831= 0
and r2,= 0

Consider the definition for directivity in con-
junction with (6) and observe that |63| = 0 when
Ti^= 0 if the directivity is infinite. Therefore the

adjustment could be made by attaching a flat load

(Tl=0) and adjusting tuner A for [f^sl^O. But there

is no commercial tennination flat enough for the

accuracy of adjustment often needed and therefore

an adjustable sliding termination such as the one
described by R. W. Beatty [1957] must be adjusted
for Tl= 0.

The two adjustments for 831= 0 and Tl= 0,

using an adjustable sliding termination, are carried

out alternately. The adjustable termination is slid

and adjusted so that the variations in {bs] are re-

duced and then tuner A is adjusted so that the aver-

age level of the variation is lowered. When no
variation in j^g] occurs as the adjustable termination
is shd, and when

I63I
is zero, then »S'3i= 0 and Tj^=0.

Note that after adjustment of tuner A the varia-

tions will be greater than before. The greater

variation results from increased sensitivity as

infinite directivity is approached with the adjust-

ments of tuner A.
Adjustments for r2!= 0 can be made after maldng

the previous adjustment for infinite directivity.

The symbol in (2), besides representing a group
of symbols as noted in (5), actually represents the

reflection coefficient "looking in" arm 2 of the junc-

tion as indicated in figure 2. Therefore the condi-

tion r2j= 0 is equivalent to saying that, at the

terminal plane To, this input reflection coefficient is

zero.

In figure 3 a scheme is illustrated for recognizing

this matched condition. Power is coupled out of the

main fine to supply an amxiliary directional coupler

I

I

I

TITTT
I

i
TTTTT

TUNER B OIRECTION«L TUNER A UNIFORM WAVEGUIDE

SECTION

Figure 2. Diagram of modified refiectometer.
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TEMPORiHy CONNECTION

-SHOUTING SWITCH OR OTHER MEANS OF

SHUTTING OFF POWER IN MAIN LINE

AOXILIARy

DIRECTIONAL

COUPLER

TUNED FOR

INFINITE DIRECTIVITY

Figure 3. Equipment arrangement for adjusting T2i=0.

tuned for infinite directivity. This coupler is tem-
porarily attached to the uniform waveguide with
power shut off in the main line supplying the modified
reflectometer. Tuner B is then adjusted for no
output from the sidearm of the auxiliary coupler.

The condition r2,=0 is thereby fulfilled.

There must, of course, be enough isolation on the

generator side of the modified reflectometer to main-
tain essentially the same value of during both
this matching procedure and the normal operation
of the reflectometer. Also, there must be enough
isolation between the generator and whatever means
is used for shutting off the main line power to insure

no possibility of frequency pulling.

The auxiliary directional coupler can be tuned for

infinite directivity by utilizing the flat load previously

discussed. This flat load is attached temporarily to

the auxiliary coupler and tuner C adjusted for no
output from the sidearm of the auxihary coupler.

This adjustment sequence may also need to be
repeated several times since the two adjustments are
not completely independent. However, if the adjust-

ment for irifinite directivity is carefully made, one
adjustment sequence will be enough.
Although this alternate procedure is sometimes

easier to use, it does not provide sufficient informa-
tion to evaluate the maximum errors due to imperfect
adjustments of the tuners. Therefore, the adequacy
of the adjustments must be checked by sliding the
smaU and large reflection loads in the uniform wave-
guide and by observing whether the variations in

[63 1 are within the allowable Hmits for the measure-
ment accuracy needed.

If the variations are not within the allowable
limits it is important that the final adjustments be
made with the smaU and large reflection shding loads
in the uniform waveguide. Otherwise, reflections from
the waveguide joints will detune the infinite direc-

tivity adjustment.

3.3. Another Alternate Adjustment Procedure for

By adding an auxiliary channel as iUustrated in

figure 4, the adjustment for infinite directivity

{S31—O) is made considerably easier and faster

[Beatty, Engen, and Anson, I960]. This auxiliary

AUXlLiiRY

CH4NNEL i

TO OUTPUT

INOICiTOR

(0)

PHASE

SHIFT

]
['

ISOLATOR

I, 01 ^1

k
I

I

\ (b)

ATTENUATOR

SWITCH

TUNER B

r, I, 0]

Tt \ »l 4a

(c)

TUNER A

ISOLATOR

Figure 4. Auxiliary channel technique.

channel permits introduction of a signal of the proper
phase and magnitude to nufl the signal component
indicative of finite directivity.

From (2) the response from the sidearm is

\h\= \h,K\

If |r2j| is small, i.e., |r2i| <0.01, then a very good
approximation is

K (11)

The following description of the procedure is best
understood by referring to (11) and the vector
diagrams in figure 4.

1. With the shorting switch in the auxiliary arm
closed, arbitrarily position the small reflection load
in the uniform waveguide and adjust tuner A for

63=0. This corresponds to step (a) in figure 4
wherein IjK is oppositely directed and equal in

magnitude to |rj,|.

2. Slide the load for maximum I63I. This corre-

sponds to step (b) in figure 4 wherein r^, and IjK
are in phase.

3. Open the waveguide switch in auxihary channel
A and adjust the phase shifter and attenuator in

that channel for |63| = 0 again. This corresponds to

step (c) in figure 4 which iUustrates a signal A having
1

been introduced to nuU K + r.

4. Introduce 6.02 db of attenuation into the aux-
iliary arm to reduce the amplitude of signal A by
one-half as iUustrated in step (d) in figure 4. This
A/2 cancels the IjK term in (11) and results in

infinite directivity. Recall that |r2f| is assumed
small so that (11) is a good approximation.
The directivity obtained by this procedure can be

checked by sliding the low reflection load and ob-
serving the variations in \hi\ as noted in section 3.1.

If the directivity obtained thusly is not high enough,
then trial and error adjustments using the phase
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can be conven-

shifter and the attenuator in the auxiliary arm or
tuner A will allow closer adjustment. However,
adjustments using the components of the auxiliary

arm are in general easier because these components
usually present better resolution than tuner A.
To avoid possible interaction between the two

channels, two isolators should be included as shown
in figure 4. Other tuning [Engen, 1960] could be em
ployed to reduce interaction but these two isolators

should suffice.

3.4. Measurement of Ir^l

Certain details vary from system to system and
from operator to operator depending upon personal
preferences, equipment available and the accuracies

needed. Therefore, no attempt has been made to

write this guide for a specific arrangement of equip-
ment.

However, regardless of the arrangement of the ap-

r „
paratus in the system, the ratio

iently measured by some adaptation of the following

sequence

:

A. Adjust <S3i = 0 and r2,= 0 by some combination
of methods as previously outlined.

B. Check the adequacy of the adjustments to in-

sure the achievement of the measurement accuracy
required.

C. Attach the microwave termination of unknown
reflection coefficient T„ to the uniform waveguide.

D. Set I63I at some convenient reference level on
some suitable detector and note the setting of a cali-

brated attenuator. This attenuator, of course, must
be properly matched [Beatty, 1954; Schafer and
Rvunfelt, 1959] to measure accurately the voltage

ratios at the detector.

E. Replace the unknown with some standard ter-

mination whose reflection coefficient is accurately
known.

F. Return {bsl to the reference level by adjustment
of the calibrated attenuator mentioned in step (D).

G. Record the difference in settings of the cali-

brated attenuator between step (D) and step (F).

Calculate the value of IT^I from this difference, i.e.,

where R is the difference in decibels.R=20 logio

This calculation can be aided by reference to a table

[Beatty and Anson, 1960] of reflection coefficient

versus return loss.

4. The Error in the Measurement of lr„| and
VSWR Due to S31 ?^0 and r2 i 0

As noted previously, the variation in I63I allowable

while the loads are slid in each adjustment depends
upon the desired accuracy of the measurement made.
Tliis allowable variation can be computed from the

following equations or taken from the graphs in-

cluded for certain measurement situations. It is

recommended that the adjustments be checked by
this method both before and after measurements are

made as an indication of changes created by acci-

dental bumps or frequency drift.

4.1. The Error Due to Ssij^O

It can be shown that the maximum fractional error

(assuming the worst phase combination) in the meas-
urement of |r„|, where 831^0 but all other conditions
are met, is given by the expression

(12)

where = reflection coefficient of the standard ter-

mination.

Fa= reflection coefficient of the unknown ter-

mination,

and 10^./^°+l
' ' (io^i/20_i)jr^l'

in which Ri is the db variation in I63I as the small re-

flection load Vl is slid in the uniform waveguide.
The corresponding maximum error in the measure-

ment of VSWR, when *S'3,5^0, is obtained from (12)

applying the following relation

:

2|r,

1-

_d\T,
\' IrJ

where (7„sVSWR. (13)

4.2. The Error Due to T^t^^O

The maximum fractional error in the measurement
of |r„|, when r2i=0 but all other conditions are met,
is given by the expression

c?|r„|^ (|r„|+|r, T2i\
(14)

where

reflection coefficient of the standard termination,

reflection coefficient of the unknown termination,

and |r9j| is obtaii^ed from

i?2 =20 logio
Y

l+ lraiFtl

in which R2 is the db variation in l^sj observed as a
large reflection load (usually a shorting plunger
whose iFil ^ 1).

The corresponding maximum error in the measure-
ment of VSWR, when r2i5^0, is obtained from (14)

by applying (13).

4.3. The Error Due to Both 8^19^0 and Tii^^O

Seldom, if ever, will S31 or T^i be adjusted per-

fectly. However, it can be shown that the maximum
error due to both 5'3i7^0 and r2i5^0 simultaneously
is the sum of the individual maximum errors.

Therefore, these individual errors may be obtained
from (12) through (14), or from figures 5 through 8,

and added to form the maximum error of the meas-
urement due to *S'3i?^0 and r2i5^0.
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Figure 5. The maximum error in measuring VSWR by the

modified reflectometer technique due to SsiP^O and assuming
r2i=o.

Example: Suppose there is 0.5 db variation in

l^sl as a small reflection load |rz,K0.005 is slid in the
uniform waveguide and there is a 0.02 db variation
as a short (|rs|~l) is shd. What is the total hmit
of error in the measurement of the VSWR of a
termination whose reflection coefficient is |ru|~0.2?
From figure 5 the maximum error in measuring
VSWR due to SziT^O is 0.036 percent; from figure 6

the maximum error due to T2i?^0 is 0.058 percent.
So the maximum error (due to both aSsi^^O and
r2f?^0) in measuring the VSWR of the termination
is 0.094 percent.

5. Procedural Suggestions

1. Adjustment of the tuners for no variation in
the sidearm response I63I is easier if some systematic
approach is used. One such approach is the follow-

ing:
.

A. Slide the load for either a maximimi or mini-
mmn response. In this example assume that it was
sUd for maximum

B. Adjust a stub of the tuner in the direction
which lowers the detector response. (Although this

example uses a multiple-stub tuner the same pro-
cedure is usually adaptable to other types of timers.)

C. Slide the load for a minimum.
D. Adjust the same stub in the same direction as

before. If the response increases, i.e., moves
toward the average of the variation, then further
adjustment of that tuning stub using steps (A)

10
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db VARIATION AS SHORTING PLUNCFR IS SLID

Figure 6. The maximum error in measuring VSWR by the

modified reflectometer technique due to r.>,?^0 and assuming
531= 0.

through (D) repeatedly will sj^stematically reduce
the variation. If the response decreases, i.e., moves
away from the average of the variation, adjustment
of that stub will probably be useless and another
stub should be tried.

The adjustments for no variation as the load is slid

are usually quicker if several effective stubs are
located by this procedure and then alternately

adjusted.
If no effective stubs can be located, make some

random adjustment of the tuner to raise or lower the
detector response and repeat the previous procedure.
This is a trial and error process. Experience with
your o\vn equipment will provide "feel" for the
detector response level resulting when the sliding

load variations have been reduced.
2. An approximation to the detector response

level resulting when the variation in the sidearm
output has been reduced for the infinite directivity

can be obtained as follows:

A. Shde the low reflection termination for a
minimiuii.

B. Adjust tuner A for a null.

C. Slide the low reflection termination for a
maximum. About 6 db down from the maximum
is the detector response level resulting when infinite

directivity is achieved. Tliis level can serve as a
guide when making the adjustments for no variation
as the load is slid.

325-221



GURE 7. The maximum error in measuring |ru| by the

modified reflectometer technique due to Ssit^O and assuming
r2.=o.
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This procedure avoids the one possible false

adjustment which could result in an approximately
1

constant output with K ^\Tt\. This misleading

adjustment is seldom encountered except when
adjusting the equipment the first time. It some-
times occurs at that time because the system lacks
sufficient power sensitivity for detection of the

approximately constant output signifying
^

K «|r,
which occurs at a low power level.

3. It is recommended that the adjustments for

Sii and be checked both before and after a VSWR
or reflection coefficient measurement is made to

detect possible changes created by accidental bumps
or frequency drift.

4. The reflection coefficient magnitude |rz,| of the
sniall reflection load need not be determined to any
great accuracy. Computation of the maximum
error requires onl}- that the actual value of Ir^j is

less than the value used in the computation.
This reflection coefficient magnitude can be de-

termined accurately enough as follows

:

A. Make the normal adjustments of the system,
repeating the adjustment sequence until adjustment
for r2i=:0 does not require further adjustment of

<S3,=0.

B. Slide the small reflection load and observe the
maximum and minimum I63I. There should be
little, if any, detectable difference between the
minimum and the maximum. Therefore, it is usually
sufficient to position the sliding load for the average
response and measure |r£,| for this position using
the magnified reflectometer technique. For a truly

conservative figure, however, measm-e the reflection

coefficient magnitude of the load in the position of

maicimum I63I.

If the standard termination being used is a "short"
Ir I

(jr,| = l) the ratio E=20 logio may be too large

for the calibrated attenuator of the system. Then
it may be necessary to use a standard, of smaller

reflection coefficient in order to measure |r„|.

5. The adjustment of the tuners as outhned in

5.1 is an efficient technique if effective stubs can be

found. The following technique aids in finding

effective stubs for the infinite directivity adjustment.
A. Adjust tuner A and the sUding load for I63I

= 0.

B. Slide the load for maximum \bz\.

C. Now at least one of the stubs is an "effective"

stub. Continue the adjustment as outlined in 5.1.

6. When using the small reflection load (|r/,|<C

0.005) the signal level may disappear into the noise

as the adjustments for infinite directivity are at-

tempted. This difficulty indicates that the detection

system does not have sufficient power sensitivity.

Rather than invest in more sensitive equipment, a

load with greater reflection (perhaps |r/,|~0.025)

can be used for the infinite directivity adjustment
provided the adjustment sequence outhned in sec-

tion 3.1 is repeated as indicated. However, this

alternate procedure is considerably more time
consuming.
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Precise Reflection Coefficient Measurements With an
Untuned Reflectometer
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The precision tuned reflectometer technique of reflection coefficient measurement is, at present,
the most accurate technique available. Utilization of the technique requires the use of tuners and'
sliding terminations to eliminate or reduce the inherent errors of a directional coupler.

This paper describes a reflection coefficient measurement technique that approaches the accuracy
of the tuned reflectometer. Instead of tuners, the technique uses an ideal one-quarter wavelength
waveguide section to eliminate the measurement error introduced by finite directional coupler direc-
tivity and to reduce to second order the error introduced by an equivalent generator mismatch.

A comparison of the quarter-wave technique with the tuned reflectometer technique through the
measurement of the reflection coefficient of three 9/16 inch coaxial waveguide terminations is also
included.

Key Words: Microwave, impedance, measurements, reflectometer.

1 . introduction

The reflectometer technique for microwave reflec-

tion coefficient measurements is now widely used
[1].' The measurement accuracy of a basic reflectom-

eter (a simple directional coupler coupled to the re-

flected wave) depends on the directivity of the

directional coupler and the equivalent generator mis-

match. The best known method of improving the

measurement accuracy of the basic reflectometer

requires the use of tuners, tuning procedures, and
auxiliary equipment [2, 3]. The result of this tuning

is an increase in the effective directivity of the coupler
and a matched equivalent generator. At present,

the most accurate measurements are achieved with

this tuned reflectometer.

The purpose of this paper is to present another
method of improving the measurement accuracy of

the basic reflectometer technique. This method
utilizes a quarter-wavelength waveguide section.

Proper use of the quarter-wave section during the

measurement procedure will, in theory, eliminate

the error caused by a finite directivity and will reduce
the error caused by a mismatched equivalent generator
to second order.

No detailed error analysis is included in this paper;

however, a laboratory measurement comparison with

the tuned reflectometer indicates that the total meas-

urement error is small. Such an error analysis may
be given at a later date, depending on results of further

laboratory experiments with the method.

* Radio Standards Engineering Divi'iion. National Bureau of Standards, Boulder, Colo.

' Figures in brackets indicate the literature references at the end of this paper.

2. Theory

The operation of a reflectometer is discussed in

detail elsewhere [3]. Therefore, only a brief review
will be presented here as a starting point for the dis-

cussion of the quarter wavelength technique. The
side-arm output, 6,3, of a directional coupler connected
to sample the reflected wave (see fig. 1) can be ex-

pressed as

b^^kbc- (1)
1 — 1 2il T

where bf,- is the component of the incident wave fur-

nished by the generator. To, and A are both functions of

the scattering coefficients of the directional coupler

and reflection coefficients of the generator and detec-

tor, and Ft is the reflection coefficient of the terminat-

ing element. The symbol V-zi represents the equivalent

source reflection coefficient presented to the reflector

under study at the reference plane. The symbol K
is approximately equal to the directivity ratio of the

directional coupler.

The desired performance of the directional coupler

is realized when r2i = 0 and 1/A^=0. Equation (1)

then reduces to

b^i^kbcVT. (2)

Hence, inspection of (1) shows that the terms involving

IIK and Toi introduce first order errors in Ft, when Ft

is determined according to (2) from a measurement of
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the side-arm output. 63, of an untuned (\IK and r>i # 0)

directional coupler. Reference 3 discusses the mini-

mization of these errors by proper use of tuners.

It is possible to eliminate the term l/K and simul-

taneously reduce the error arising from a finite to

second order by a measurement procedure utiUzing an
ideal waveguide section that is one-quarter wavelength
long. The theoretical basis for the method is as

follows:

If the unknown is connected directly to the reference

plane of the untuned reflectometer shown in figure 1,

the side-arm output, 61^^, is

The difference between 61^ and b>u is then

i-(r,;rj^-
(5)

If the unknown is now replaced with a quarter-

wavelength standard short circuit^ whose reflection

coefficient is unity and the above measurement
procedure repeated, formula (5), upon substitution

of rs=l for r^, reduces to

biu = kbc (3)

where is the reflection coefficient of the unknown.
Interposing a precision quarter-wavelength wave-

guide section between the reflectometer and adds

a 180° phase shift to the argument of the impedance
appended to the reference plane, causing the reflec-

tion coefficient at this plane to be — F^. With the

quarter-wavelength section inserted between the refer-

ence plane and the unknown, as shown in figure 2, the

side-arm output, b-zu., is

-F.

i + F2,r^'

1

(4)

b\s — b2s — 2kb(,
l-(F2,f'

(6)

where 6ix is the sidearm output when the standard

short circuit is connected directly to the reference

plane, and b-zs is the sidearm output when the ideal

quarter-wavelength section is placed between the

reference plane and the short circuit.

Dividing (6) by (5) results in

62. _ 1 1-(F2;FJ

b\ti.
— bin 1 — r2;^

(7)

Note that (7) does not contain the \IK factor and that

F2i occurs only to the second power.
|

F2,
|
is usually

less than 0.05 in a practical situation; hence, |F2i |^

<^ 1. Therefore, the limitations of the untuned direc-

tional coupler (i.e., finite directivity and a mismatched
equivalent generator) have been essentially circum-

vented, and the correct value of F^ can be determined
without tuning the coupler.

To evaluate F^^ by means of (7), it appears that four

individual (complex) quantities have to be measured.
If one is interested only in a magnitude measurement,
which is usually the case, a relatively simple measure-
ment procedure can be used to determine the ratio

I
^'is" ^2s

I /| I

directly, in decibels.

REFERENCE
PLANE

Figure 1. A basic reflectometer.

IS J I I

'I' Xn

REFERENCE
PLANE

Figure 2. A basic reflectometer with a quarter-ivave section

connected.

3. Measurement Procedures for Determining

the Modulus of

A measurement system has been constructed and
used to substantiate the quarter-wave method experi-

mentally. A block diagram of the system is shown
in figure 3. The measurement procedure is as

follows:

1. One end of the precision quarter-wavelength

section of waveguide is connected to the reference

plane and terminated with a standard short circuit.

The signal from the side arm under these conditions

is bis of formula (7).

^ A quarter-wavelength standard short circuit is a quarter wavelength of precision line

terminated by a shorting metal wall. If a simple shorting plate is used, rj = — 1 is sub-

stituted lor r„ in (51 and one side of (7) would be multiplied by a — 1.
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I COEFFICIENT
' r

-REFERENCE
PLANE

dB(measured) = 20 log

20 log
1 |i-(r2,rj^|

Assuming that |r|,|^l, this equation reduces to

approximately

dB(measured) = 20 log
1

whence the unknown reflection coefficient magnitude
is given by

Figure 3. Block diagram of quarler-wai'elenglh measurement
system.

dB(measured)

20

2. The variable phase shifter and attenuator,

designated Pi and A} in figure 3, are adjusted to

produce a null at the 30 MHz IF receiver. This
adjustment sets the signal from the auxiliary channel,

biA, equal to — 62s.

3. The ideal quarter-wavelength section is removed
and the standard short circuit is connected directly

to the reference plane. Under these conditions the

signal from the side arm is bis of (7). Because the

signal from the auxiliary channel of figure 3 was ad-

justed in the preceding step to produce the signal
— 62s, the receiver, which responds to the sum of the

outputs of the side-arm and auxiliary channel, registers

I

bu — b-isl-

4. The standard 30 MHz attenuator in the IF re-

ceiver is adjusted to produce an arbitrary reference

level at the indicator.

5. The short circuit is removed from the reference

plane, and the quarter-wavelength section is connected
and terminated in the unknown reflection coefficient.

Under these conditions the signal out of the side-

arm is equal to 62M of (7).

6. The phase shifter and attenuator (Pi and Ai) are

now readjusted to again produce a null at the 30 MHz
receiver. This adjustment provides that bAi = ~ b-i^,

where 6^2 is the signal from the auxiliary channel.

7. The quarter-wavelength section is removed, and
the unknown is connected directly to the reference

plane. The signal into the 30 MHz IF receiver is

again the sum of the signals from the side-arm and
auxiliary channel, i.e., \biij,~b2^\- A record is made
of the change (in decibels) in the setting of the stand-

ard 30 MHz attenuator in the receiver required to

return the indicator to the reference level chosen in

step four. This difference (in decibels) between the

final attenuator setting and the setting at step four is a

measure of the ratio |6is — 62s|/|6iji — 62^1- Thus,

4. Measurement Results

The reflection coefficient magnitude of three 9/16-

inch coaxial terminations were measured at 4 GHz
using the quarter-wave technique. These measure-
ments were compared with those obtained with a

tuned reflectometer and those obtained with an un-

tuned reflectometer that did not utilize a quarter-

wavelength section. Table 1 summarizes the results.

The first column fists the values obtained for the

three terminations when measured with a tuned
reflectometer. The tolerances associated with these

values include the measurement error as well as the

non-repeatability obtained by rotating the termination.

In the second column are fisted the VSWR's corre-

sponding to the reflection coefficients in the first

column.

Table 1. Tabulated measurement results

TUNED REFLECTOMETER
MEASUREMENT VALUES

VALUES OBTAINED WITH
IMPERFECT COUPLER

VALUES OBTAINED WITH
IMPERFECT COUPLER
AND I/4X SECTION

in VSWR in VSWR in VSWR

0.0217
+ 0.0006

1 .0443

±0.0012

0.042 1.088 0.0224 1.0458

0.0902
+ 0.0015

1.1983

i 0.003
0.108 1.242 0.0918 1.2022

0.3334
* 0.0028

2.000
iO.006

0.351 2.082 0.3353 2.0089

In the third and fourth columns are fisted the re-

flection coefficients and VSWR's obtained with an

untuned directional coupler but no quarter-wavelength

section. These values were obtained as foUows:

The standard short circuit was connected to the

reference plane, and an indicator reference point
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was obtained. The short circuit was then replaced

by the unknown impedance, and the reflection co-

efficient was computed from the measured change in

the signal level at ttie indicator. These values are

subject to all the errors due to imperfections in the

directional coupler. The directional coupler employed
in the three systems with which the data of table 1

were obtained (including that of fig. 3), had a direc-

tivity of approximately 30 dB (this corresponds to a

1/1^1 value of approximately 0.032) and a |r2i| of less

than 0.02.

In the fifth and sixth columns of table 1 are hsted

the reflection coefficient magnitude and VSWR values

obtained by using the quarter-wavelength measure-
ment technique described in this report.

The values obtained using the quarter-wave tech-

nique are in near cigreement with the values obtained

using the tuned reflectometer. The values obtained

with the untuned reflectometer when the quarter-

wave section was not used are considerably in error.

5. Conclusions

Precise reflection coefficient measurements are

possible with an untuned reflectometer if the quarter-

wave measurement technique is used. The theory

was verified experimentally by measuring the reflector

coefficient magnitudes of several terminations with a

tuned reflectometer and then remeasuring them
using the quarter-wave technique with an untuned

reflectometer. These same terminations were also

measured directly with an untuned reflectometer with-

out application of the quarter-wavelength technique,

to demonstrate the improvement in accuracy provided

by the quarter-wave method.
Relative phase data were neglected during this

evaluation. No serious difficulties are anticipated

in modifying the measurement system to obtain phase
data so that the quarter-wave technique will then
provide the complex reflection coefficient.

Use of the quarter-wave technique instead of a tuning
procedure eliminates the need for variable-phase

high- and low-reflection loads and shortens the required
length of precision hne. The most important potential

application of the quarter-wave technique is in the

measurement of impedance at frequencies below ap-

proximately 1 GHz. With decreasing frequency the

tuned reflectometer becomes increasingly cumber-
some.
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Measurement of Reflections and Losses of Waveguide

Joints and Connectors Using Microwave

Reflectometer Techniques*

R. W. BEATTYf, senior member, ire, G. F. ENGENf, and W. J. ANSONf

Introduction

AKNOWLEDGE of the reflections and losses of

waveguide joints or connectors is important in

' evaluating certain errors occurring in nearly all

types of microwave measurements. In some cases, these

errors are the limiting ones, and further improvement

in the state of the art depends upon improvements in

joints or connectors. Sensitive and accurate techniques

to measure the characteristics of joints and connectors

are vital to such an improvement.

The improvement and refinement of microwave re-

flectometer techniques'"' has led to sensitive means for

determining the small losses and reflections normally

* Received by the PGI, July 18, 1960. Presented at the 1960
Conference on Standards and Electronic Measurements as paper 4-6-

t National Bureau of Standards, Boulder, Colo.
' G. F. Engen and R. W. Beatty, "Microwave reflectometer

techniques," IRE Trans, on Microwave Theory and Tech-
niques, vol. MTT-7, pp. 351-355; July, 1959.

^
J. K. Hunton, "Analysis of microwave measurement techniques

by means of signal flow graphs," IRE Trans, on Microwave
Theory and Techniques, vol. MTT-8; pp. 206-212; March, 1960.

^ R. W. Beatty and D. M. Kerns, "Recently developed (Aug.,

1958) microwave impedance standards and methods of measure-
ment," IRE Trans, on Instrumentation, vol. 1-7, pp. 319-321;
December, 1958.

associated with good waveguide joints and connectors.

The purpose of this paper is to describe and discuss

these techniques which should provide a powerful tool

for the investigation of the properties of waveguide

joints or connectors. ; -

Preliminary Considerations

As shown in Fig. 1, a waveguide joint or connector

may be represented by a 2-arm waveguide junction

characterized by four scattering coef^icients, Su, S12,

S21, and 522. One seldom needs to know all four in order

to predict the behavior of the junction. For example, if

i ri i 1 rz i

= rie-2i"'., Ti =Sn + -

S12S21

— S2;

Tl

Fig. 1—2-arm waveguide junction representation of waveguide joint.

Reprinted from IRE TRANSACTIONS
ON INSTRUMENTATION

Volume 1-9, Number 2, September, 1960



nonreciprocal behavior is excluded, 5i2 = 52i, and only

three are needed. If, in addition, the junction is sym-

metrical, Sii = S22, and only two coefficients are re-

quired. If the junction is lossless or nearly so, then for

practical purposes
|

512! =
|

52i| and
|

^n] =
|

522] . It is

sufficient for many purposes to determine only the

VSWR corresponding to \Sii\ or 15221 and/or the

efficiency r; (for energy flowing into arm 1 and out at

arm 2,

'S'21

'721 —
1 - -^ll

and for the reverse direction.

'712
—
1- 52

-)

of a 2-arm junction terminated in a nonreflecting load.

In practice, the direction of energy flow will make little

difference in the efficiency of a low-loss connector (even

if it is not physically symmetrical), for the reasons men-

tioned above. Similarly, the VSWR will be essentially

independent of the direction of energy flow.

Brief Description of Method

The measurement techniques used to obtain the

VSWR and efficiency are illustrated in Figs. 2 and 3,

respectively. In both cases, one uses a single directional

coupler reflectometer employing two auxiliary tuners, X
and Y, which are adjusted in turn in the following way.

Tuner X is first adjusted so that the cyclical variations

in the sidearm (arm 3) output as one slides a low-

reflection termination in waveguide section A (Fig. 2)

are essentially eliminated. Then tuner F is adjusted to

achieve the same condition, as one slides a highly re-

flecting termination in waveguide section A (Fig. 3).

The joint or connector under investigation is between

the identical waveguide sections A and B. It is in-

tuitively evident that if the joint or connector were per-

fect (5ii = 522 = 0, and
|
5i2| =

|

52i| = 1), there would be

no cyclical variations in the sidearm output as one slid

either termination from waveguide section A into section

B. However, if the joint or connector were not perfect, it

seems reasonable to expect that the adjustments made
with terminations sliding in section A would not hold

when these terminations were transferred to section B
This is actually the case, and the VSWR and efficiency

of the joint can be obtained from the observed data in

such an experiment. The presence of very small reflec-

tions is sensitively determined by the arrangement of

Fig. 2 and the presence of very small losses by the ar-

rangement of Fig. 3.

Review of Reflectometer Techniques

In order to interpret the above experiments and ob-

tain quantitative results, it is necessary to briefly review

some of the reflectometer theory as described in the

literature.'"'
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OUTPUT LEVEL vs POSITION— TO
I

OF
OUTPUT I SLIDING TERMINATION

INDICATOR
i

q r /-DIRECTIONAL

COUPLER

TUNER X
I

SECTION A

.\2

UNIFORM

WAVEGUIDE

SECTION B

^TO SOURCE

OF

MICROWAVE ENERGY

SLIDING TERMINATION-^

HAVING SMALL REFLECTION

WAVEGUIDE JOINT OR CONNECTOR-

UNDER INVESTIGATION

Fig. 2—Reflectometer arrangement for measuring
VSWR of waveguide joint.

OUTPUT LEVEL vs POSITION

OF
SHORT CIRCUIT

-TO SOURCE

OF

MICROWAVE ENERGY
WAVEGUIDE JOINT OR CONNECTOR -

UNDER INVESTIGATION

Fig. 3—Reflectometer arrangement for measuring
efficiency of waveguide joint.

The amplitude &3 of the wave emerging from the side-

arm (arm 3 in Figs. 2 and 3) is related to the reflection

coefficient Ta by the equation

1

+ r.

63 = kbo
1 - r2TA

(1)

where bo is the component of the incident wav^ ampli-

tude furnished by the generator, K is a function of the

scattering coefficients of the reflectometer, r2i and k are

also functions of these scattering coefficients and the

reflection coefficients of the generator and detector, and

finally Ta is the reflection coefficient terminating arm 2

of the reflectometer. The terminal plane of arm 2 is

located in waveguide section A and may have any
arbitrary position sufficiently removed from the joints

so as to avoid higher modes. The term is the reflec-

tion coefficient of the equivalent generator at this

reference plane, while K is practically equal to the

directivity ratio of the reflectometer.

It is possible to adjust tuners X and Y to make both

l/K and r2i vanish. Under these conditions, (1) becomes

bi = cTa, (2)

where c = kbo- This factor will remain constant if the
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generator is stable and well isolated, the detector im-

pedance terminating arm 3 is constant, and the tuner

adjustments are stable. The detector output power Po
is proportional to l^s]- or

Pd = p
\

r^h- (3)

The constant of proportionality can be determined if a

reflection standard, such as a quarter wavelength short

circuit, is connected to waveguide section A. However,

it can be eliminated from consideration by measuring

only power ratios in which it cancels out.

VSWR Determination

The cyclical variations obtained as one slides the low-

reflection termination in waveguide section B (Fig. 2)

occur as the reflection from the termination goes in and

out of phase with the reflection from the joint. Assuming
that the reflectometer has been adjusted so that (2)

applies, the behavior of Va is of interest. As indicated in

Fig. 1, it may be written

TA=Sn + - zr^' (4)
1

where the Sm.n are the scattering coefficients of the 2-

arm junction representing the waveguide joint and
short sections of waveguide on either side of the joint.

Eq. (4) may in practice be simplified to

since one uses a termination with small iFrldrT-l
<0.005) and the loss and reflection of the joint are small.

Excluding nonreciprocal behavior of the joint, these

considerations lead to the conditions |5'22rL|«l, and

|'S'i252i| ~1, which are necessary for the above simpli-

fication of (4).

An illustration of (5), neglecting attenuation of the

waveguide, is given by the diagrams of Fig. 4. The upper

diagrams show the circular loci of as Tt varies in

phase, while the lower graphs show the corresponding

variations in the output level of the sidearm. In each

case, it is seen that

=
I

c| (I 5u| +
I
Frl ), (6)

where c is the same as in (2).

The determination of proceeds as follows. Let

I
^sl

~
I

c| represent the output level of arm 3, when a

low-loss short circuit terminates waveguide section A,

and let |63|r~|crr| represent the corresponding out-

put level, when the short-circuit is removed and the

sliding termination inserted in waveguide section A.

First

of
I

bi

Vt\ may be determined by measuring the ratio

T to
I

bz\ sc with a calibrated variable attenuator,

maintaining the detector output at a fixed reference

level so as to make unnecessary any knowledge of the

detector law. Second, the quantity +|rr| is simi-

larly determined from the ratio of pslmax to l^sl.c-

Finally, is determined by subtraction. There are

many refinements and variations of this basic technique,

some of which are discussed later.
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irrl
IFtI = |s,||

FOR EACH CASE Ibjl^ ^clS„| +|rrl

Fig. 4—Reflection coefiicient diagrams and detector
response curves arising from (S).

Efficiency Determination

In the 2-arm junction representation of a waveguide
joint or connector, it is necessary to select terminal sur-

faces on either side of the joint to avoid appreciable

higher modes at these surfaces. The length It of wave-
guide between the two terminal surfaces will introduce

some wall loss or attenuation in addition to the loss in

the joint. The measured efificiency may be written

Vavj, (7)

(•5) where tj^ = e~'^"'T, the efficiency of a section of waveguide
of length It having an attenuation constant a, and r)j is

the efficiency of the joint alone. (This separation of the

effect of losses is not rigorous, but should hold closely in

practice.)

The determination of r) follows^from previous work^'^

in which one measures the radius of the circular locus

of the input reflection coefficient as one slides a short

circuit in the output waveguide. The situation may be

represented by Fig. 1, in which Vt now denotes the re-

flection coefficient of the sliding short circuit. In a uni-

form waveguide section having finite attenuation, the

locus of Fl is a logarithmic spiral converging toward the

origin. However, this is transformed by the 2-arm junc-

tion, and the correspondings locus of Fi is, in general, a

distorted logarithmic spiral converging toward Si\. It is

distorted because the spiral l/Fx, is displaced or trans-

lated an amount S22 before being inverted. The output

level l^sl of the sidearm of the reflectometer in this

general case exhibits variations as shown in Fig. 5.

Analysis of the data is somewhat complicated in this

case and is not within the scope of this paper.

Fortunately, in many cases the reflection coefficient

S22 is small and has negligible effect in distorting the

spiral locus of F^. In this event, one obtains data similar

to that shown in Fig. 6. On each side of the transition

length It, it is appropriate to consider the waveguide

* A. L. Cullen, "Measurement of microwave-transmission effi-

ciency," Wireless Engrg., vol. 26, pp. 255-258; August, 1949.
* R. W. Beatty, "Determination of attenuation from impedance

measurements," Proc. IRE, vol. 38, pp. 895-897; August, 1950.
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Fig. S—Detector output vs position of sliding short when
reflection from joint is moderately large.

MAX

Fig. 6—Detector output vs position of sliding short
when reflection from joint is small.

lossless and apply the theory developed under this

assumption. This theory is briefly as follows.

It can be shown that the radius of the Fx-circle as the

phase of Tt varies is

»Si26'2irr
i?21 —

1

(8)

The efficiency of a 2-arm junction with energy flowing

into arm 2 and with arm 1 terminated in a nonreflecting

load is

5712
=
1- ^2

(9)

it is evident that to the extent that 1 — |522p equals

1 — |522^T|^ and
|

5i252i| =
|

5'i2| Rh-VhI^tI This

approximation will be quite good if a low-loss short

circuit is used. If the connector has low loss, it will very

nearly be true that
|

5i2| =
|

-5211 , even if nonreciprocal

behavior were permitted.

Referring to Fig. 7, it is apparent that

(10)

since tjITscI is the radius of the r.4-circle and the con-

stant
I

c\ cancels. It is noted that
|

Tt\ has been replaced

by |r,,|.

It is convenient to use instrumentation developed^"**

to measure power differences directly, when observing

the changes in the sidearm output as one slides the

short-circuit. In order to obtain data as shown in Fig. 6,

it would be necessary to plot the square root of the ob-

served relative power. However, it is somewhat easier

to analyze the data as obtained and take square roots of

only the three points needed in the calculation of

efficiency.

^ G. F. Engen, "Amplitude stabilization of a microwave signal

source," IRE Trans, on Microwave Theory and Techniques,
vol. MTT-6, pp. 202-206; April, 1958.

' G. F. Engen and R. W. Beatty, "Microwave attenuation meas-
urements with accuracies from 0.0001 to 0.06 decibel over a range of

0.01 to 50 decibels," J. Res. ISfBS, vol. 64C, pp. 134-135; April-June,
1960.

* G. F. Engen, "A self balancing direct-current bridge for accurate
bolometric power measurements," J. Res. NBS, vol. 59, pp. 101-105;
August, 1957.

SHORT-CIRCUIT SLIDING I
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SECTION A SECTION

^31 A
lb

'31 MAX
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"31

A

POSITION OF SHORT-CIRCUIT

Ic Fscl

Fig. 7—Reflection coefficient diagrams and detector response
curves for a sliding short in lossless waveguide.

The attenuation of the waveguide sections is obtained

from the slope of the curve to the left of It in Fig. 6. If

Pi and P2 are the side arm powers corresponding to two

positions of the short circuit spaced a distance /, the

attenuation constant a may be calculated from the

expression

P2

Pi'
(11)

where P2 is smaller than Pi.

Supplemental Techniques in VSWR Determination

In the technique described for measuring the VSWR
corresponding to

|

^nj of the 2-arm junction represent-

ing the waveguide joint or connector, it was assumed

that
I

1/-K^| was much smaller than
|
^nj . When dealing

with very small reflections, the reduction of
|

l/i^| to

even smaller values may become difficult, and a number
of supplemental techniques have been developed for the

solution to this problem.

The behavior of the detector output as one slides a

termination having a small reflection (|rr|«l) in

waveguide section B may be described by

kbG[j^ + Sn + (12)

In general, the previous technique for obtaining

will yield
\

(l/K)+Sii\ instead. If
I

l/iC| «| S'lil , there
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is no difficulty, but if this is not true, we cannot deter-

mine \Sii\ even if we knew
|

because the phase

difference between the two terms is unknown. It then

becomes important either to reduce
|

until it is

much less than
|

and to know when this is the case,

or to employ a technique in which the relative phase of

1/iv and Sii can be varied so as to separate their

magnitudes.

In adjusting tuner X to reduce
|

\/K\ to a small

value, it is necessary to avoid the possible false adjust-

ment which could result in approximately constant out-

put if
I

1/K\ Frl . One way to do this is to begin the

adjustment of tuner X with all stubs out of the wave-

guide, and then adjust for a detector null with the

sliding termination in an arbitrary fixed position in

waveguide section A. Under this condition, 1/K= — Tt,

and if the termination is then displaced for maximum
detector output, the level will be j^s] =2|crr|. The
adjustment of tuner X is then continued until an essen-

tially constant output level is obtained as one slides the

termination, for which the detector level should be

approximately half the above level, or 6 db down.

One should know when to stop trying to improve the

adjustment of tuner X so as to avoid needless tedium.

This may be done with the aid of Fig. 8, as illustrated

in the following example. Suppose that l^nl approxi-

mately equals 0.00025 and that it is considered suf-

ficient to reduce
|

1/K\ to one tenth of this value or

0.000025. (The corresponding error in determining

by the previously described technique would then be
less than 10 per cent.) If the sliding termination has a

VSWR of 1.003, the graph shows that the adjustment

of tuner X can cease when the total variation of the de-

tector output is within 0.3 db. This example is repre-

sentative of what can be done with commercially avail-

able components at the present time.

The supplemental techniques to be described are in-

cluded as alternate ways to reduce
|

l/iv| or to prevent

error in measuring
|

^nj because of finite
|

l/K\

.

1) The method which is potentially the most power-

ful in reducing
|

1/i^ | is similar to that described above,

except that in place of a sliding termination of constant

\Tt\, an adjustable sliding termination' is used. One
alternately adjusts both tuner X and the termination,

so that the sidearm output is reduced to a lower and
lower constant value as the termination is slid. By
doing this, both

|

l/if| and
\

Tt\ are reduced together.

It is often found that the adjustment is limited, not by
the sensitivity of the detector to respond to the small

reflected signal, but by the ultimate failure of \Tt\ to

remain constant as the termination is slid. However,
a return loss of 100 db has been obtained with suitable

adjustable sliding terminations. This corresponds to

I
1/A'l certainly less than 0.00001. It could be con-

siderably less, depending upon the observed variation

in detector output.

' R. W. Beatty, "An adjustable sliding termination for rectangu-
lar waveguide," IRE Trans, on Microwave Theory and Tech-
niques, vol. MTT-5, pp. 192-194; July, 1957.
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Fig. 8—Graph for determining |l/i>C| from variation in detector
output as a low-reflection termination is slid in the waveguide
section A.

Apart from the reduction of |l/X|, an adjustable

sliding termination may be used in the measurement of

I

as follows. Referring to Fig. 4, it is apparent that

the detector output will vanish if Fy= —Sn. This con-

dition can be easily achieved and recognized if an ad-

justable sliding termination is used. Subsequently, with-

out changing the adjustment, the termination is slid

until the detector output is a maximum and propor-

tional to the sum of
|

andjFrj or 2 1 . Compar-
ing this output level to that obtained when the termi-

nation is removed and replaced by a short circuit will

eliminate the constant of proportionality and permit

determination of l^ul.
2) An auxiliary waveguide channeF" arranged as in

Fig. 9 permits introduction of a signal to the detector

of such a phase and magnitude so as to cancel the signal

component due to finite l/K. As is indicated by the vec-

tor diagrams, the procedure begins with the adjustment

of tuner X for a detector null, whereupon 1/K= —Tt-
The sliding termination is then moved to a position

where the detector output is maximum, changing

the phase of Tt by 180°, so that the signal compo-
nents from Fr and l/K add. The switch in the auxiliary

arm is now opened, introducing a signal component
"A" to the detector. The amplitude and phase of

this component are adjusted using the phase shifter

'° The circuit is quite similar to one used in the determination of

barretter mount efficiencies by an impedance technique. A paper by
G. F. Engen describing the use of this circuit in that technique is in

preparation.
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and variable attenuator to null the detector output.

It is apparent from the diagram that "A" is in phase

opposition to the l/K signal component and will cancel

it if reduced in amplitude by one half without changing

its phase. This is done by adding 6.02-db attenuation

in the auxiliary arm. The measurement of l^nj can

now proceed in the manner discussed previously.

Additional tuning (not shown) could be employed to

prevent possible interaction between the two channels;

however, the isolator shown in the figure should prove

adequate for this purpose. The resulting adjustment

can be checked by means of the procedure associated

with Fig. 8 and it is possible that
|

1/K\ will not be

small enough. This could easily be the case if the at-

tenuator did not accurately produce the 6.02-db change

required, or produced some phase shift. Further ad-

justment of either tuner X or the phase shifter and at-

tenuator would then be necessary to reduce
|

to

the desired value. In case of difficulties in obtaining fine

adjustments of the tuner, the latter procedure is quite

convenient and can provide good resolution.

3) An extension of the previous technique in which a

second auxiliary channel is employed permits cancella-

tion of the l/K signal component without the use of a

calibrated attenuator. The arrangement is similar to

that of Fig. 9, except for the addition of another similar

channel. Vectors representing detector signal compo-

nents from l/K, Tt and the two channels A and B are

shown in Fig. 10, corresponding to the steps in the pro-

AUXILIARY

CHANNEL A,

\
TO

OUTPUT
INDOTOR

PHASE
SHIFTER

ATTENUATOR

i I

3 TUNER

Y

Tt '/k

TUNER X

cedure mentioned in the figure. Although a calibrated

attenuator is not required, it is necessary to vary the

phase of Tt by prescribed amounts, so that a microm-
eter drive for the sliding termination is convenient.

4) The relative phase of l/K and may be varied

by means of the line stretcher arrangement shown in

Fig. 11. Alternate manipulation of the line stretcher and
the sliding termination to obtain maximum detector

output results in alignment of the vectors representing

l/K, Sii, and Tt, as shown in Fig. 12. The remaining
steps in the procedure and the corresponding vector dia-

grams and pertinent equations are shown in the figure.

It is apparent that the ratio of
|

Su\ to
\

Tt\ equals the

ratio of j&slmin to [islmax. If \Tt\ is known or deter-

mined independently, then jSnj may be calculated. In

order to deal with conveniently measured ratios, one
should use a termination having a

|

Frl not greatly dif-

ferent from
I

.

5) Another technique employing the same arrange-

ment as in Fig. 11 is as follows. Tuner X is adjusted for

minimum variations in detector output as a low-reflec-

tion termination slides in the waveguide section in

which terminal surface 2 is located. This reduces
|

1/K\
to a small value; then, the three vectors l/K, Sn, and
Tt are lined up as described in the previous technique.

One adjusts tuner Y until the detector output variations

TO OUTPUT INDICATOR

MOVABLE WAVEGUIDE SECTION

SLIDING TERMINATION

HAVING SMALL REFLECTION^^

FIXED WAVEGUIDE SECTION-

WAVEGUIDE JOINT

-

OR CONNECTOR UNDER INVESTIGATION

Fig. 11—Arrangement for varying relative phase
of \IK, Sii, and Vt.

T\l

Fig. 9—Auxiliary channel technique.

'/k
Adjust tuner for null

• \ Slide termination \ qIVI toward load

yl—- '/k Switch in channel A, adjust it for null

Line them up.

Adjust \IK for null.

Slide termination for

maximum.

\ Switch out A, slide termination X g/6 toward generator
^J^^^ t\\&m up again

\—- i/k Switch in channel B, adjust it for null
Slide termination for

minimum.

\ Switch in A and B to cancel l/iir.

= |s,iMrTl

I

\ h

^11 ' 3'MAX

'|K|

I

'/k s„ r.

N«=lc|(^Ws„|-|

Fig. 10—Steps in a technique employing two auxiliary channels.
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are minimized as a short circuit is slid in the waveguide

section. The detector output level
|

b^] will now be pro-

portional to the sum of |"1/A'|, l^nj, and iFrl- The

constant of proportionality may be eliminated, in the

usual way, by taking the ratio of this output to that ob-

tained when the waveguide section is terminated in a

high-quality short circuit. One then determines |rr|

and
I

i/K\ independently by methods previously de-

scribed and finally calculates
|

5ii|

.

Results

The techniques described above are applicable in

principle to waveguide systems employing waveguide of

rectangular, coaxial, or any kind of cross section. How-
ever, experimental results have been obtained in a

WR-90 (A'-band) rectangular waveguide system oper-

ating at a frequency of approximately 9.39 Gc.

The effects of lateral displacement upon the reflec-

tion and efficiency of a plane butt joint in rectangular

waveguide were investigated; a few measurements were

performed on other types of joints, and the attenuation

constants of some short sections of waveguide were de-

termined.

Fig. 13 is a photograph of the arrangement used to

obtain prescribed repeatable lateral displacements of

the waveguide at a simple butt joint. Clamps were used

for alignment and to insure repeatability, and strips of

shim stock of various thicknesses were used to obtain

the prescribed displacements. The heavy brass flanges

shown were originally one piece. It was soldered in the

center of a section of uniform waveguide and the edges

3HIM STOCK

were machined flat and square; then it was cut so as to

separate into two sections of waveguide, each with its

own flange. The mating surfaces were then ground so as

to be flat and square.

The initial alignment was checked by visual inspec-

tion. A flashlight was used to illuminate the interior of

the waveguide, and reflections of light from any visible

edges at the joint proved to be a sensitive indication of

misalignment or mechanical imperfections, such as

burred edges. In spite of the care taken to obtain good
alignment, the reflection coefficient of the joint was
never below 0.00015, and in the results shown, was ap-

proximately 0.00071.

A comparison of experimental and calculated results

is shown in Fig. 14. The calculated curve is based upon
the equation shown, which difTers from that given in

the reference" by a factor of two, but agrees (when cor-

rected for the difTerent ratio of/ to fc) with the appropri-

ate curve given in their Fig. 5. The agreement is quite

good over a limited range, but it is apparent that the

residual reflection that one obtains at zero displace-

ment prevents agreement at the low end. It is probable

that the approximations made in deriving the equation

contribute to the disagreement at the other end.

CiLCUL/lTED FROM

0.001 0.01

DISPLACEMENT "d", INCHES

Fig. 14—Measured and calculated reflections from
junction of displaced waveguide sections.

10 15 20 25 30 35

DISPLACEMENT IN INCHES/ 1000

Fig. 13—Photograph of alignment and clamping
apparatus for waveguide joint.

Fig. 15—Measured efficiency of junction of dis-

placed waveguide sections.

" U. V. Kienlin and A. Kiirzl, "Reflexionen an Hohlleiter-

Fianschverbindungen," Nachr. tech. Z., heft. 11; 1958.
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A plot of observed data obtained in an efficiency

measurement is shown in Fig. 6. The attenuation con-

stant of the brass waveguide as determined from the

slope of the curve is 0.056 db per foot. Measurements

were made of the efficiency of the same butt joint de-

scribed above for the same lateral displacements and

the results are shown in Fig. 15. The results are not

necessarily representative of this type of joint, since the

loss would be expected to depend on the surface finish

and cleanliness of the metal at the contacting surfaces,

as well as other factors. However, it is an indication of

what can be obtained.

The results of additional measurements on commonly
used types of joints are given in Table I. Again, the re-

sults are probably not representative, but show what

can be obtained with careful alignment of the wave-

guides and cleaning of the joint surfaces. It should be

noted that the waveguide sections united by a joint

were originally a single section of waveguide which was

TABLE I

Reflections and Losses of Some Joints, in WR-90 (X-band)
Rectangular Waveguide Measured at 9.39 Gc

Type of Flanges Used
with Butt Joint

Reflection Coefficient

\Sn\
Efficiency

Choke-Cover
Cover-Cover

0.00064
0.0015

0.9996
0.9993

sawed in half. Thus, there is very little, if any, change

in the waveguide cross section at any of the joints.
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Measuring Impedance Through an

Adapter Without Introducing

Additional Error

In making impedance measurements one

may be faced with the problem of non-

mating connectors on the one-port device

whose impedance is to be measured and the

measuring instrument. It is then customary

to use an adapter. There may also be a

transition section such as between a slotted

coaxial line having convenient internal di-

ameters and its output connector, which

may have smaller internal diameters.

One can either evaluate the adapter and

transition section and correct for the effect

[1 ], or tune them out with a lossless tuner

[2]. In the first case, additional errors are

introduced because of errors in measuring

the characteristics of the adapter and transi-

tion section. In the second case, some error

is introduced by limited resolution of the

apparatus used to recognize when the cor-

rect tuning adjustment has been made. In

addition to this error, there is no way to

evaluate the additional error that results

from violation of the assumption of loss-

lessness.

The purpose of this correspondence is to

call attention to the capability of the tuned

reflectonieter in avoiding errors such as just

described. In the process of adjusting the

tuners of the refiectometer in the usual way,

the reflections introduced by the addition of

the adapter will be tuned out. In addition,

this tuning process will compensate for the

effect of dissipative losses in the adapter.

This capability will be illustrated by an

example in which the main part of the

tuned refiectometer is composed of rec-

tangular waveguide components, but the

one-port device to be measured has a type-

N coaxial connector. Such an arrangement
has been used [3 ] in order to take advantage

of the superior propert'es of rectangular

waveguide components. The reverse of the

arrangement is also useful in taking advan-

tage of the broadband capabilities of coaxial

components. This hybrid concept is also

useful if access to the one-port device is by
means of unconventional waveguide such

as ridged waveguide, strip line, or reduced-

height waveguide.

In the foregoing example, a waveguide

to coaxial adapter is connected to the output

end of the rectangular waveguide directional

coupler as shown in Fig. 1. A uniform section

of coaxial line is attached to the adapter, and
provision is made to slide loads inside of this

line. In making the tuning adjustments of

the refiectometer [4], one must slide each

load a distance of at least half wavelength.

In this example, one could not introduce the

loads in the waveguide past the connector

because of the bead support, so provision is

made to break the outer conductor. One can

then insert the sliding loads, tune the re-

fiectometer, and then replace the portion of

the outer conductor containing the bead.

Any discontinuity from this joint in the

outer conductor can cause error, but one can

reduce this error to negligible amounts by
careful construction of the joint.

T

It

WAVEGUIDE
TD COAXIAL
ADAPTER

Fig. 1. Terminating arrangements for a tuned re-

fiectometer mainly composed of rectangular wave-
guide components, but having a coaxial output,

(a) Outer conductor in place, (b) Outer conductor
removed so that sliding loads may be inserted,

(c) Quarter-wavelength short-circuit reference

standard in place.

The tuning procedure is exactly the same

as if the adapter were not used, and the

measurement procedure is the same. No
assumption need be made that the adapter

is lossless, and one does not need to sepa-

rately tune it or evaluate it since it is con-

sidered as part of the refiectometer

The terminal surface at which the im-

pedance is measured is a plane surface per-

pendicular to the axis of the coaxial line and

its location is determined by the short-

circuit impedance standard used. It is

located at the joint in the outer conductor as

shown in Fig. 1. One can then refer this

impedance to other planes by well-known

techniques. It should be noted that the

effects of the refiections from the outer con-

nector pair are attributed to the one-port

device under test, even though a portion of

this connector pair belongs to the refiec-

tometer. If phase as well as amplitude mea-
surements are made, no phase error is intro-

duced by the adapter, even though the

standard phase shifter may be in rectangular

waveguide, and the one-port device has a

coaxial connector.

The foregoing example represents a par-

ticularly awkward case, and less difficulty

would be experienced if the one-port device

under test had reduced-height rectangular

waveguide rather than coaxial line.

In comparing this procedure to evalu-

ating an adapter by usual techn ques, one

sees that, in addition to providing a sliding

short circuit, one also needs to provide a

sliding load having low refiection. The
difficulty of doing this is balanced against

the necessity for making additional mea-

surements in evaluating an adapter and the

additional errors that would be introduced.

In single frequency, high-precision mea-

surements, the technique described in the

foregoing would seem preferable, whereas

evaluation of an adapter might be worth-

while if swept-frequency measurements over

a broadband are required.

R. W. Beatty
National Bureau of Standards

Boulder, Colo.
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An Automatic Method for Obtaining

Data in the Weissfloch-Feenberg

Node-Shift Technique

The purpose of this correspondence is to

describe a method which has been used to

give automatic readout of the node shift

curve obtained in the Weissfloch-Feenberg

[l], [2] technique. The method was de-

veloped in 1951, but was not published,

since at that time, it was felt to be of rather

hmited interest. However the recent in-

crease in activity in the measurements field

has increased the importance of automatic
techniques. The well-known [3] node-shift

technique is used in the evaluation of

properties of 2-ports such as those repre-

senting discontinuities in coaxial lines, for

example.

In the application of this technique, one
locates a sliding short-circuit in the line or

waveguide on one side of the 2-port under
test, and connects a slotted line to the other

side. The data to be obtained consists of the

displacements d of a node in the standing

wave pattern in the slotted line, correspond-

ing to given displacements i of the short

circuit. Plots of d \s s or (d—s) vs j show a
cyclical variation repeating every half wave-
length. The amplitude of this cyclical varia-

tion is a measure of the amplitude of the

reflection from the discontinuity in the sec-

tion of line represented by the 2-port.

The node shift curve is ordinarily ob-

tained by point-by-point measurements. If

many measurements are to be taken, the

semiautomatic method of Tischer [4], [5]

may be used, in which the slotted line probe
is mechanically coupled to the drive mech-
anism used to displace the sliding short-

circuit. In Tischer's method, provision is

made for small adjustments of the length of

the coupling rod, so that the probe can be
set on the nodal position at any time. A dial

gauge is used to read these small changes,

and the node shift curve is then obtained by
a point-by-point semiautomatic method. A
further refinement used by Tischer is a

vibrating probe which can be set to sweep
across the node in the standing-wave pat-

tern. The probe output displayed on an
oscilloscope gives a picture of the node.

Synchronization of the scope sweep with
the probe vibration permits one to measure
the node shift on the screen of the oscillo-

scope, which may be calibrated in terms of

distance. A further use of a mechanically
coupled sliding probe and load, in a dif-

ferent measuring technique has been re-

cently [6] reported.

In the automatic method, the probe is

mechanically coupled to the sliding short-

circuit, as shown in Fig. 1, and the probe is

purposely displaced a small amount from
the nodal position. Any further relative dis-

placement between the probe and the nodal
position, such as that due to the node shift,

will cause a change in the probe output. If

the recorder drive is mechanically coupled

RECORDER

TO

/PROBE

SIGNAL •—£lTUNERtl1 SLOTTED LINeM 2-PORT
SOURCE

^
1

STANDING-WAVE
PATTERN

^SLIDING

SHORT-CIRCUIT

Fig. 1—Simplified arrangement of apparatus for automatic readout of data.

NODE SHIFT CURVE CALIBRATION RUN

DISPLACEMENT OF SHORT-CIRCUIT

Fig. 2—Sample data and calibration curve obtained automatically at 2970 MHz.

to the short circuit and probe drive, a node-

shift curve such as that shown in Fig 2 is

obtained automatically.

It remains to calibrate the probe's out-

put in terms of its relative displacement

from the node. This is conveniently done
with automatic readout by uncoupling the

probe from the short circuit and keeping the

probe stationary while the short circuit is

driven. The calibration curve, as shown in

Fig. 2, can then be used to obtain the

amplitude of the node shift curve.

Since the probe output will also vary if

the incident wave amplitude in the slotted

line varies, the signal source must be 1

)

stable, 2) well padded or isolated to prevent

pulling as the short circuit is slid, (30 db of

padding" or 60 db of isolation is usually

sufficient), and 3) nonreflecting.

Only the third requirement is peculiar to

the automatic method, but it is not difficult

to satisfy. One can place a tuner between
the signal source and the slotted line and
adjust it for this condition. The nonreflect-

ing condition may be recognized in various

ways, such as elimination of cyclical varia-

tions in probe output as the short circuit

and probe are driven, but with effectively

no discontinuity present between the slotted

line and the short circuit. The effect of a

discontinuity can be eliminated [7] by an
auxiliary slide-screw tuner installed near the

load end of the slotted line.

It is immediately apparent that many
modifications of this basic method are possi-

ble to fit individual requirements regarding

available instrumentation and convenience.

For example, . the recorder and the short

circuit drive need not be mechanically

coupled if they are both driven by syn-

chronous motors. On the other hand, a

linear potentiometer may be used to convert

displacement to an electrical current so

that an X — Y recorder may be used.

The speed of obtaining data by this

method makes possible more extensive and
thorough investigations within a given time.

This will justify, in many cases, the addi-

tional complexity of the instrumentation

required and the calibration and tuning

procedures which are essential to good ac-

curacy.

Thanks are given to A. Roa, who took

the data shown in Fig. 2 while at NBS in

December, 1951.

Robert W. Beatty
Engrg. Division

Radio Standards Lab.

National Bureau of Standards

Boulder, Colo.
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7.a. The measurement of arbitrary linear microwave
two-ports, H. M. Altschuler, Proc. lEE 109, Part B,

Suppl. 23, 704-712 (May 1962).

The measurement of the scattering parameters of linear

but otherwise arbitrary two-ports (active, lossless or

dissipative, and reciprocal or non-reciprocal) by means
of an interference bridge is described. Since the mea-
sured data form circular loci from which the parame-
ters are then derived, known precision curve-fitting

techniques are applicable. The various methods avail-

able for distinguishing the proper locus from its inverse

are discussed. Various methods of balancing the bridge

and many of the errors associated with bridge balancing

are given. Finally, the deliberate use of bridge im-

balance for increasing measurement accuracy is con-

sidered.

7.b. Application of reflectometer techniques to ac-

curate reflection measurements in coaxial systems, R.

W. Beatty and W. J. Anson, Proc. lEE 109, Part B, No.

46, 345-348 (July 1962).

The theory of a single directional-coupler reflectometer

having two auxiliary tuners is reviewed, giving em-

phasis to precision-measurement possibilities.

Problems in setting up this system for measurements in

coaxial line are discussed, and a system for measure-

ments in the frequency range 3.95-5.85 Gc/s is

described.

The development of A/4 short-circuit reflection stand-

ards and sliding terminations is presented.

The results of measurements of the reflection from con-

nectors and various loads at 4 Gc/s are given.

*7.c. Measuring the directivity of a directional

coupler using a sliding short-circuit and an adjustable

sliding termination, R. W. Beatty, IEEE Trans. Micro-

wave Theory & Tech. MTT-12, No. 3 (May 1964).

7.d. Microwave impedance measurements and stand-

ards, Robert W. Beatty, NBS Monograph 82, (August
1965).

A survey and discussion of well-known microwave im-

pedance measurement techniques is presented. The dis-

cussion includes an introduction which emphasizes basic

concepts and reflection coefiicient-VSWR relationships.

Sources of error in the various measurement techniques

are discussed and methods to reduce errors are pre-

sented. The discussion of errors in slotted line and re-

flectometer techniques is most thorough. Methods using

rotating loops and resonance lines are included and a

brief discussion of microwave impedance standards is

given.

7.e. Microwave standards and measurements in the

U.S.A., 1963-1966, R. W. Beatty, Progress in Radio

Science 1963-1966, Part I, Proc. XVth General Assem-
bly of URSI (September 1966).

Private communication.

*7.f. Second-harmonic effects in tuned reflectomet-

ers, M. Michael Brady, IRE Trans. Microwave Theory
& Tech. MTT-10, No. 1 (January 1962).

7.g. Inductance and characteristic impedance of a

strip-transmission line, R. L. Brooke, C. A. Hoer, and
C. H. Love, J. Res. NBS 71C (Eng. & Instr.), No. 1,

59-67 (Jan.-Mar. 1967).

A general method is developed for determining the in-

ductance and characteristic impedance of uniform trans-

mission lines. A non-uniform current distribution is al-

lowed in the transverse plane. The system is repre-

sented by a matrix equation which can be programmed
for computer solution. The correct inductance and im-

pedance are obtained as the result of a simple limiting

process. The method is applied to one particular geome-

try, a four-tape stripline system. Results are given for

the inductance, resistance, and current distribution as

functions of frequency and resistivity for a particular

geometry. A method for extending the results to strip

lines with proportional dimensions is developed. An ac-

curacy of one part in 10^ was found to be feasible for

the determination of the inductance per unit length.

7.h. Current distribution and impedance of lossless

conductor systems, R. L. Brooke and J. E. Cruz, IEEE
Trans. Microwave Theory & Tech. MTT-15, No. 6, 358-

364 (June 1967).

A general method for determining the characteristic

impedance of uniform, lossless transmission systems is

developed. The current distribution within the system

is determined by means of a matrix equation program-

med for computer solution. Once the current distribu-

tion is known, the inductance per unit length and char-

acteristic impedance are determined. The results ob-

tained by applying this method to several rectangular

coaxial systems are compared with the predictions of

an approximate analytic expression. The reflection co-

efl^cient of a variable characteristic impedance coaxial

line is measured on a time-domain reflectometer (TDR),
and the results are compared vdth both the matrix

method and the approximate analytic expression.

*7.j. A variable characteristic impedance coaxial

line, J. E. Cruz and R. L. Brooke, IEEE Trans. Micro-

wave Theory & Tech. MTT-13, No. 4, 477-478 (July

1965).

The development of Time Domain Reflectometry (TDR)
for UHF and microwave impedance measurements in

coaxial systems has created a problem of calibrating the

TDR system for accurate measurements of small re-

flections. A need for coaxial impedance standards has

been resolved by the development of a variable im-

pedance device which can be calibrated by the use of

fixed coaxial standards.

This correspondence deals with the design and analysis

of a variable impedance line. This line is described and

its performance characteristics are discussed. Its mea-
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sured characteristic impedance is compared at discrete

points wdth the impedance obtained from empirical and

approximate theoretical formulas.

7.k. Exact inductance equations for rectangular con-

ductors with applications to more complicated geome-

tries, Cletus Hoer and Carl Love, J. Res. NBS 69C

I

(Eng. & Instr.), No. 2, 127-137 (Apr.-June 1965).

! Exact equations are given for the calculation of the

I self-inductance of rectangular conductors and of the

mutual inductance between combinations of parallel

filaments, thin tapes and rectangular conductors. A
1 general procedure is also given for calculating the self-

iiiductance of complicated geometries by dividing the

geometry into simple elements whose inductances can

be calculated. This general procedure is valid for con-

Ij
ductors having nonuniform, as well as uniform current

densities.

7.1. A self-calibrating instrument for measuring

conductance at radio frequencies, Leslie E. Huntley,

j||
J. Res. NBS 69C (Eng. & Instr.), No. 2, 115-126 (Apr.-

ji June 1965).

Accuracies obtainable in measuring resistance (conduct-

ance) at radio frequencies have lagged behind those

obtainable in measuring reactance (susceptance), be-

cause frequency-dependent changes in the values of

resistors are not as well known as are such changes in

capacitors, and because no satisfactory method has

existed for comparing resistors to capacitors at radio

frequencies. An instrument based on the twin T null

circuit can be made self-calibrating at a given fre-

quency, allowing conductances in the proper range to

be measured directly in terms of a change in capaci-

tance, without any need for accurate knowledge of the

values of the circuit elements. Analysis of a practical

I
circuit shows that such an instrument is potentially

jj;
capable of measuring conductance to within a few

parts in 10^ at frequencies below about 15 MHz, and

that accuracies actually obtained will be limited only

I

by the accuracy to which changes in effective capaci-

!
tance are known. Conductances between 0.01 and 0.0001

mho were measured at 10^ radians/ sec with an esti-

mated error of 0.05 percent, which is the error associ-

ated vAth the measurement of changes in effective capa-

citance at that frequency.

7.m. Standards for the calibration of Q-meters 50

kHz to 45 MHz, R. N. Jones, J. Res. NBS 68C (Eng.

& Instr.), No. 4, 243-248 (Oct.-Dec. 1964).

I

The National Bureau of Standards is now equipped to

i provide improved calibration services for Q-standards

in the frequency range extending from 50 kHz to 45

MHz. As a result of recent development work, calibra-

tion uncertainties have been reduced to magnitudes

which are comparable to the resolution of Q-meters in

both resonating capacitance and Q. The uncertain-

Private communication.

ties in the values of the NBS standards are consistent

with the best two-terminal impedance measurements
currently obtainable, but beyond this the values of the

NBS standards have been statistically adjusted to pro-

vide a higher degree of standardization. Included in the

paper is a discussion of the differences between the Q-

meter indicated values for a standard and the effective

values of the standard as given by NBS. These differ-

ences are largely due to residual immittances in the

Q-meter circuit and methods for evaluating these resi-

duals are presented.

7.n. Precision coaxial connectors in lumped parame-

ter immittance measurement, R. N. Jones and L. E.

Huntley, IEEE Trans. Instr. & Meas. IM-15 No. 4, 375-

380 (December 1966).

Amid the concern surrounding the design and applica-

tion of precision coaxial connectors for use in precise

electrical measurements there is one area which has

received very little attention. This has to do with the

application of such connectors to measurements in the

lumped parameter region. This paper points out signifi-

cant sources of error in lumped parameter measure-

ments which are attributable to connector uncertainties

and shows how they can be greatly reduced through

the application of precision coaxial connectors. Where
these connectors are utilized in lumped parameter im-

mittance measurements, extensions of frequency, mag-
nitude, and accuracy are realized. Specific examples are

discussed.

7.0. Perturbation theorems for waveguide junctions,

with applications, D. M. Kerns and W. T. Grandy, Jr.,

IEEE Trans. Microwave Theory & Tech. MTT-14, No. 2,

85-92 (February 1966).

Perturbation theorems are derived in the context of a

theory of waveguide junctions. These theorems express

changes in impedance or admittance matrix elements,

due to changes in a waveguide junction, in terms of

integrals over products of perturbed and unperturbed

basis fields associated with the junction and with its

adjoint. Media involved are required only to be linear.

Concepts of first-order perturbation theory are discus-

sed briefly, and the term "correct to the lowest order"

is precisely defined. The need of explicit theorems tell-

ing when one may expect results actually correct to the

lowest order is noted.

Two problems are solved approximately by the pertur-

bation approach: (1) reflection at the junction of rec-

tangular waveguide with filleted waveguide of the same

main dimensions; and (2) the effect of finite conduc-

tivity of both obstacle and waveguide wall for half-

round inductive obstacles in rectangular waveguide.

*7.p. A coaxial adjustable sliding termination, W.

E. Little and J. P. Wakefield, IEEE Trans. Microwave

Theory & Tech. MTT-12, No. 2 (March 1964).

See also l.b, l.e, 3. a. 6. a, lO.d.
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Measurement of RF Properties of Materials

A Survey

H. E. BUSSEY, SENIOR member, ieee

Abstract—Methods for radio and microwave measurements of dielectric

and magnetic properties of materials are discussed and referenced. The ref-

erence period extends to mid-1%6. Measurement errors are analyzed where

appropriate.

I. Introduction

MAGNETIC PERMEABILITY and electric per-

mittivity measurements are reviewed from the

viewpoint of radio and communications applica-

tions. A knowledge of these parameters may be applied in

circuit design and wave transmission calculations. The

actual measurements usually involve three steps: 1) solu-

tion of the boundary value problem, 2) dimensional gauging

of the system, and 3) electrical measurements on the system

as, for example, the complex impedance or the complex

resonant frequency of the system. This paper gives refer-

ences for the standard configurations that are widely used

for dielectric and magnetic measurements. Additional ref-

erences on some aspects are given in another review [59].

When it is feasible and the state of development warrants it,

a discussion of errors is given. Of special interest is how these

measurements depend upon the state of development of

basic RF measurements—attenuation, impedance, etc.

However, it is true that dimensional gauging of the system

and small departures of the system from the form assumed

in the ideal boundary value problem are often the limiting

factors, rather than the electrical observations.

II. Dielectric Constant Measurements

A. Reviews and Bibliographies

The book by von Hippel [1 ] covers the field of dielectric

and, to some extent, magnetic measurements; it is a book of

broad scope, including some practical examples. The chap-

ter by Redheffer [2] on dielectrics compactly covers most of

the microwave arrangements that may be used. A recent

chapter by Altschuler [3] explains useful microwave meth-

ods in some detail. A Handbuch der Physik article [4] treats

dielectric measurements rather completely. Section D-150

of a book by the American Society of Testing and Materials

(ASTM) [5] gives a detailed treatment of measurements in

capacitor-type dielectric holders. Shestopalov and Yatsuk

[6] thoroughly review microwave dielectric measurements.

There is an annual Digest ofLiterature on Dielectrics by the

National Academy of Sciences—National Research Coun-

Manuscrjipt received January 13, 1967; revised March 3, 1967.

The author is with the National Bureau of Standards, Boulder, Colo.

cil [7] which contains a chapter on measurements. The same

source issues an Annual Report—Conference on Electrical

Insulation (the current issue is NRC Publication 1356) [8].

Two recent books give brief descriptions of capacitor dielec-

tric measurements [9], [10].

B. Definitions

An electric field Ee'"" in a dielectric material produces in

general a displacement current juiSoE'E and an ohmic

(heating) current aE. MKS units are used, and is the per-

mittivity of free space, 8.85 pF/m. The conduction current

aE may be formally defined to be jajSoi —je")E. With this

notation the total current is JojEf,£* Ee-'"", where e* = e' — /e"

is the complex relative permittivity and cr = coeoe". The loss

tangent, tan d, is e"/£'. The capacity between parallel plates

of area S and separation 5 is C= Eq£*S/s. The admittance of

a capacitor is Y=Ja)C. The complex propagation constant

in an infinite dielectric is ( — e*co^/c^)*, c being the speed of

light, and the relative permeability //* being unity.

C. Capacitor Measurements of e*

A parallel-plate capacitor is commonly used as the test

cell or sample holder for dielectric disk specimens [11].

Both a two-terminal-type holder [Fig. 1(a)] for roughly

10'^ to 10'' Hz [11], [12] and a three-terminal-type [Fig.

1(c)] for roughly less than 100 kHz are used. Commercial

two-terminal holders are available.

Customarily at NBS, Boulder, the specimen is smaller in

diameter than the capacitor electrodes by at least 2s, so

that the specimen will be in a uniform field. Some workers

use larger samples, thus incurring fringing field corrections.

A sample extending beyond the electrodes may, however,

be used (with corrections) if an adsorbed foreign material

on the sample surface furnishes a surface conductance which

significantly augments the intrinsic loss tangent. At low

frequencies, the three-terminal configuration may reduce

the loss contribution due to the foreign-material con-

ductance of the edge of the sample.

The complex capacitance, which gives the dielectric

constant, may be observed in several ways. Bridges at

various frequencies may measure the change of capacitance

AC and of conductance AG due to putting the sample in

and out, which yields

£' = 1 + AC/Co (1)

e" = AG/coCo (2)

where Co = EoS/s is the vacuum capacitance of the sample
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Fig. 1. (a) Hartshorn-Ward capacitive holder. Upper electrode is mi-

crometer driven, (b) Representation of the holder (a) coupled to a coil

;

Cj is the capacity of the sample volume only, and C includes all other

capacitance, (c) Three-terminal guarded electrode holder used with

Wagner-earthed bridge.

volume. Correction terms for the inductance arid resistance

of the connecting leads, and nonideal geometry are omitted

above; see the hterature [1], [4], [5], [11], [12].

A symmetrically disposed bridge of capacitors has been

used for dielectric measurements over the range 8 to 500

MHz [13].

To attain accuracy, it is necessary to cope with the air

gaps between the sample and the electrodes. Two methods

of doing this are either to eliminate the gap by applying

secondary electrodes such as rolled-on tinfoil or evaporated

metal, or to work with a definite air gap. For the latter,

see the ASTM publications [5] and the work of Morris in

Bussey et al. [14]. The fractional error in e' due to a small

air gap is approximately

Ae'/s' = (1 - e')g/s. (3)

where g is the air gap and s is the sample thickness. This error

increases with e'. The exact form of (3) is obtained [5] by

adding the sample and gap capacitances in series.

The Hartshorn-Ward method [1 1 ] is an important con-

tribution in capacitive dielectric measurements because cor-

rections for lead inductance and resistance are usually negli-

gible, and the micrometer of the holder may be the only

high-precision component required. Yet the accuracy for e'

may be tenths of a percent, if air gaps are eliminated as will

now be assumed. In this method, the total capacity C(i) of

the empty holder [Fig. 1(a)] is calibrated versus micrometer

setting / by an accurate low-frequency method. This calibra-

tion may hold with negligible error up to several hundred

megacycles [25], [26], [11], [12]. Resonance on a g-meter

or balance on a bridge is determined with the sample in.

The sample is removed arid the capacitance restored by

means of the calibrated micrometer ; then e'=\+ AC/Cq, as

in ( 1 ), where AC is the restored capacitance by the calibrated
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micrometer motion and Cq is the vacuum capacitance of the

sample volume EqS/s. The loss is obtained from the change

in Q or by the change of conductance AC Lead inductance-

resistance errors drop out.

The e" may be obtained from the change in Q when the

sample is inserted. The analysis may be based on the rep-

resentation in Fig. 1(b). The capacitance is divided into two

parts: one, representing the sample region only, is

Cs = e*EqS/s exactly (5 = sample area), and the other, C, is

that of the electrodes outside the sample plus any other

shunting capacity of the leads, Q meter, and coil. The inverse

Q contributed by the sample gives tan d as

tan 6 C/(Q + C), (4)

where 1/2,= l/2wiih sample minus l/gempty To avoid lead

errors [11] 2 should be measured as 2(Cs-fC')/AC, where

AC is the bandpass width measured by an auxiliary small

shunt capacitor at or within the test cell. [See also (10).]

D. Immersion for High Accuracy

Liquid immersion methods [5], [15], [16] can measure

tan (5 = 10" ^ to 10"^ for certain materials, e.g., polyethylene.

The great accuracy of the ratio or inductive voltage di-

vider bridge has been used to bypass the dimensional gaug-

ing limitation on accuracy [17]. Four measured capaci-

tances, i.e., with and without the sample, using two immer-

sion fluids (one being air), are sufficient to give e' of a disk of

unknown dimensions to about 0.01 percent accuracy.

E. Cavity and Transmission-Line Methods

The fields in a uniform transmission line, including open

space, and in a cavity, vary as y-'"""''^, where

y2 = A:^ - E*o}^lc\ (5)

in which z is distance along the line, c is the vacuum speed of

light, and is the transverse or cutoff" wavenumber of the

line; A.,. = 0 in open space. There are many papers on VHF
and microwave dielectric measurements. The principles are

well known [1], [2], [18], [19].

1) Short-Circuited Line: The short-circuited transmis-

sion-line method [Fig. 2(a)] is simply explained and his-

torically referenced by Dakin and Works [20]. The method

is especially easy for nonbrittle Xovj-e' materials such as

polymers that may be squeezed into the line tightly to avoid

air-gap errors, which are of the same order in most lines

[21] as the capacitive-gap error (3). However, the air gap

may be filled by a conducting epoxy and measurements

made of e' up to 1500 [22]. The calculations utilize imped-

ance methods. The impedance of the terminating short

circuit is transformed through the section of line containing

the sample and is

{jcojioly) tanh {yd) (6)

at the input face of the sample, where d is the length of the

sample and is defined in (5). The input impedance at the

sample face is determined by the traveling probe and

VSWR, y is found [1], [20] from (6), and e* is calculated

from (5).
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Fig. 2. (a) Sample in shorted line with traveling probe. Impedance at

sample face, (jwft/y) tanh yd (see text), is measured by probe as

(cu/io/^)(l —7'' tan l}u)/(r—j tan ^u), where fi is phase-constant in air line

and r is the VSWR. (b) Tunable TEoi„-mode cavity resonator, either

one of the two alternative sample forms is used; groove in cylinder at

irises lifts degeneracy with TM; i„-mode.

2) Resonators : The cavity resonator, at least in the TEqi
mode, is very convenient for dielectric measurements over a

wide range—s' from 1 to 100 or more and loss tangents

from 10"^ to 1.0. The main difficulty is that commerical

cavities are not available; also, any one cavity is rather

narrow-banded. The TEoi-mode cavity is being used in the

national standards laboratories of the U.S.A., U. K., and

U.S.S.R., and in some industrial laboratories. Either a disk

sample or a coaxial rod sample may be used, as illustrated in

Fig. 2(b). An advantage of this method is that loss tangents

around 10"^ may be measured, e.g., on sapphire [23].

Another advantage is that the fit error, either of a gap

around a disk sample or of a top hole for inserting a rod

sample, is small and easily calculated. Finally, such difficult

cases as titania ceramic with £* = 95—71, and salt water

with 2* = 70 —740 are easily handled using a small rod and a

tubular container, respectively. The analysis with a disk

sample is essentially the same as in the transmission-line

case; (6) is used and the length of the cavity measures Z
at the top face of the disk. If the loss tangent is less than 0.1

it is usually valid to separate the real part and loss calcula-

tions. The latter utilizes the cavity Q. The above statements

also apply to the rod sample case except that the propaga-

tion is looked upon as radial and the impedance at the

sample boundary involves a Bessel function, e.g..

{oifio/k)Ji(ka)/jQ(ka) (7)

at r=a, the sample radius, where k'^ = o)-''fiQEoS* — kg , in

which kg is the guide wavenumber in the axial direction ; k

is the radial wavenumber in the sample. The observed data

are the dimensions of the cavity at resonance, particularly

the change in resonant length with the sample in place, the

Q, and/or the cavity transmission coefficient. These data

are sufficient to measure the impedance Z of (7), thus giving

{ka) and the unknown e*.
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3) Perturbation Method: The cavity perturbation method

pioneered by Birnbaum and Franeau [19] is often simple,

convenient, and reasonably accurate, especially for low

values of e' and moderate losses. A simple rectangular wave-

guide resonator in a TE,o3 or TEiqs mode may be con-

structed by squeezing thin diaphragms with irises between

waveguide flanges that are suitably separated; see ASTM
publication C-525 [24]. Observed data are the volumes V
and V of the cavity and the small sample rod (1- to 2-mm
diameter at 9 GHz), and the frequency and Q, without the

sample (/i and Q^), and with the sample (/j and Q2)-

(8)

Perturbation theory is thoroughly discussed in most books

on microwave ferrites, e.g., [46], [47].

4) Re-entrant Cavities: Re-entrant coaxial (hybrid)

cavity resonators [25], [26] are used in the range 0.1 to 1

GHz. A parallel-plate capacitor region for the sample is

formed by a gap in the center conductor. The capacitance

of this variable gap versus separation is calibrated at a low

frequency just as in the Hartshorn-Ward method [1 1 ].

Theoretically there is an inductance correction associated

with changing the gap [25]. However, Beardsley [26] (and

further unpublished NBS work) has shown experimentally

that it is best to omit the inductance term in his cavity.

In this case, the calculation of e' is identical with that de-

scribed for the Hartshorn-Ward method. The e" is obtained

either from the loaded Q with the sample, j, or from

the change of the cavity transmission coefficient, i.e., by the

generalized voltage ratio method.

F. Voltage Ratio to Measure Q Change

In the resonators mentioned, namely, the lumped ele-

rrients on the Q meter, the microwave cavities, and the

hybrid cavity, there is power coupled in from the generator,

and an output power to a detector. In each case, the ob-

served Q is the loaded Qi^ summed up as

(9)

where u, g, d denote unloaded losses, generator coupling

losses, and detector coupling losses, respectively. The volt-

age output to the detector is a measure of the amplitude in

the resonator and this voltage changes with sample loss.

When the sample is put in and resonance restored, Ql
^

includes the Q contribution of sample losses Qj^. If Qu^gj

do not change during retuning as is assumed, for example,

in the Hartshorn-^ meter method, and V^, denote the

detector voltage empty and with sample, then it may be

shown that

Q7' = QVeiK/K-i) (10)

where e denotes empty, and 5 denotes with sample. In a

lumped circuit QZ l
= AC/2Ct„,a|. This ^ would be used

in (4). Baker [10] discusses the voltage ratio method. In

general, especially in microwave cavities, the ^'s all change
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during retuning, i.e., Qu.l,,d change to K^Q~ \ KgQ~\ and

f^dQd where the A's may be calculated from theory [23].

Equation (10) then becomes

(11)

With (11) the voltage ratio method may be exact for any

reasonator. Confirming microwave results [14], [23] are

available. The advantage of the voltage ratio method is

that it is often quicker and easier, and sometimes more pre-

cise to measure a small change in the voltage ratio than to

measure the small difference QZ.l — Ql.I' the direct Q
change.

G. Material Resonators

Dielectric and magnetic resonators have gained im-

portance as suitable materials have developed. Such reso-

nators may be used for measuring the material constants.

There are two main types of dielectric resonators: those of

large ferroelectric permittivity (e' of the order of 1000) and

small size which do not radiate very much, even with no

metallic walls, and those of arbitrary permittivity with

partial metallic walls such that the waves in the air space are

evanescent. Those of the latter type are useful for s' from 2

to 10 or more, especially for millimeter-wave dielectric

measurements [27], [28]. A typical reference for the high-e'

type is Yee [29] who refers to Okaya and Barash; see also

an early paper [30]. Dielectric resonators formed by fully

enclosing a sample in platinum foil have been used by

Westphal [31] for good high-temperature (1400°C) di-

electric measurements.

H. Specialized Measurements

The literature on dielectric measurements is responding to

the recent emphasis on thin films, semiconductors, optical

communications, etc. Permittivities may be measured by

laying down a strip line on a film and measuring the propa-

gation constant [32]. Thin films of known thickness may be

measured in a cavity resonator by usual methods (cf.

Conklin [33]) which will usually reduce to perturbation

methods because of the small sample volume. Ellipsometry

methods [34] (reflections with both perpendicular and par-

allel electric vector) can be used in the millimeter-wave and

optical region to determine both the thickness and the com-

plex permittivity of a film.

Eddy-current methods may be useful in the audio through

the VHP frequency range in order to circumvent contact

potential problems in dielectric measurements on electro-

lytes, semiconductors, and some ferroelectric and ferrite

materials. A useful configuration for frequencies from 0.5

to 100 MHz has been analyzed [35]. The holder is a pot core,

and the sample is a toroid.

Dielectric measurements on liquids using capacitive hold-

ers in the kHz and the 100-MHz range have been carefully

analyzed [36], [37], Liquids may be measured at micro-

wave frequencies by cavity methods [18], [19], [38] and by

millimeter-wave ellipsometry and interferometry methods.
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Permittivities of gases are measured by filling a capacitor

or a cavity resonator with the gas [39]. In a cavity, (a>/c)^

= {k^ + k'^)/s', where and k are axial and radial wave
numbers that depend on the fixed dimensions. Thus a' is

measured by the frequency shift when the gas is let in.

The complex permittivity of semiconductors is being

measured in waveguide in order to study the conductivity

[40], [41].

/. Standard Samples and Comparison Measurements

It becomes feasible to issue standard reference samples

when a stable material is available, and the properties in

question can be measured with adequate, specified ac-

curacy. A recent comparison of dielectric measurements by

the national standards laboratories of the U.S.A., England,

and Canada [14] demonstrated that these laboratories

agreed to within ±0.2 to 0.3 percent on e' over the range

10^ to 10'° Hz. The agreement on low loss tangents was

usually ±0.0001, but larger errors occurred. In the ca-

pacitive range foil, mercury, and air-gap electrodes were

used. In the microwave range, cavity methods, essentially

those of Horner et al. [18], and slotted lines were used.

Cavities seem to be superior for measuring low losses.

One of the easiest ways to verify the accuracy of a measur-

ing system is to measure the properties of a standard sample,

i.e., a sample of known properties. Standard samples of

silica and glass, s' -ye" = 3.82-; 0.0005 and 6.20 -7 0.033,

respectively, are available from NBS [42], [43].

/. Typical Measurement Errors

Errors in a precision standards laboratory may be smaller

than in a typical engineering or industrial laboratory. In-

ternational comparison [14] shows that s' errors of ±0.3

percent are expected on ordinary good dielectrics in a pre-

cision laboratory at RF and microwave frequencies, and

recently (unpublished NBS work) at 140 GHz on liquids.

The errors increase with frequency; errors on liquids at low

frequencies are ±0.1 percent.

For less critical requirements, the e' errors for ordinary

solid materials, £' = 2 to 10, are 1 to 2 percent below 10 GHz,
and increase to 5 percent or more at 140 GHz.
The tan <^ errors on ordinary electronic materials (low-

loss plastics, silica, alumina) are of the order of ±0.00005

or ± 3 percent, whichever is larger, in a precision laboratory

under a carefully controlled dry or vacuum environment.

For less critical requirements, the usual tan <^ error state-

ment is ±0.0001 or ±5 to 10 percent, whichever is larger.

Absolute error determinations are not available for un-

usual materials, e.g., ferroelectrics, very lossy microwave

absorbers, etc. However, in any specific problem the errors

usually may be made rather small if a real need exists.

The errors originate in small part from the RF measure-

ment errors, and in large part from the nonideal or uncertain

geometry of the holder and sample. Air-gap or fit errors

both in a capacitor and in most microwave structures con-

tribute generally an error of 0.1 percent at least, and with

a little carelessness and e'> 10, the error may be 5 to 10 per-
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cent. When small samples are used, as may be necessary for

high-8* materials, an error in gauging the small dimension

of the sample may be doubled or even quadrupled as it

contributes to e' errors.

K. Dependence on RF Measurements

The accuracy of dielectric measurements may depend

upon the accuracy of the electrical measurements as well as

on the gauging and conformity with the assumed boundary

value problem. At low frequencies, the measurement of Q
depends on the calibration of a voltmeter or power meter

which may limit the accuracy to a few percent. In the range

where good bridges are available, the loss accuracy is

usually better than where Q is used; cf. White and Wilhelm

[16]. The precision of a good bridge for loss measurement

is equivalent to l/Q of the order of 10"^. Where high-

accuracy rotating-vane attenuators are available in the

microwave range, the Q may be measured to about 1 per-

cent accuracy and 0.1 percent precision, which permits a

precision and accuracy on low loss tangents of approxi-

mately ±0.00001 [14], [23]. In coaxial systems, the direct

attenuators are not sufficiently accurate, but heterodyne

techniques permit very high accuracy [44], using the below-

cutoff attenuator. In fact, since the measurement of band-

pass width only requires relative insertion-loss measure-

ments, most questions about the linearity or calibration

accuracy of the detector and any UHF attenuator may be

resolved with the thousandths-of-a-decibel precision of be-

low-cutoff attenuators. Likewise, in the transmission-line

impedance method of measurements where VSWR or re-

flection coefficient is to be measured, the highest accuracy

is obtained using the below-cutoff attenuator to measure

the standing wave profile, or the return loss.

III. Magnetic Measurements

The important radio magnetic materials are mainly thin

films and nonconducting forms—powdered-iron suspen-

sions and ferrites. These materials have many useful proper-

ties, are versatile, and require many measurements for their

characterization. Some of the common permeability mea-

surements will be described here, but switching and in-

formation-storage characteristics will be omitted. In some
cases, the accuracy of measurement has not been of great

concern. The interest has been more to explore the proper-

ties and to find what measurements are meaningful.

A. References

Magnetic activities are summarized annually in the Mag-
netic Materials Digest (latest issue by White and Wickers-

heim [45]). The papers of the Annual Conference on Mag-
netism are published each year in a special issue of the

Journal of Applied Physics. Another international annual

conference, INTERMAG, emphasizing engineering as-

pects, also issues proceedings. Two of five recent books on
microwave ferrites are by Soohoo [46] and Lax and But-

ton [47].
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B. RF Scalar Permeability

The relative complex scalar permeability fi* may be de-

fined by accepting the constitutive equation B=HqH*H.
Radio frequency measurements of fi* = {n' ~ n") are best

done with toroidal cores. The adjectives describing this

permeability, e.g., initial, incremental, etc., depend upon the

field strengths, previous history, etc., and will not concern

us here. The magnetic toroid in a coaxial holder presents a

boundary value problem having essentially exact solutions.

A series of conferences on magnetic cores has been held

;

the latest conference gives a review of core measurements

[48 ], which points out that the techniques for these measure-

ments are now highly developed. The so-called standard

method, used for calibrating the four methods to be

enumerated, uses a short-circuited coaxial line of variable

length and a bridge which acts as a high-sensitivity indi-

cator. For example, the fi' of the sample is given by the

change of length of the line [49], i.e., n' — 1 =ts.LIL, where

L is the sample length and AL is change in length of the

line to restore the bridge balance. A coaxial bridge at 1 kHz
to 100 kHz was investigated [48]. Mulhall [50] gives a com-

prehensive report of the Philips work, emphasizing bridge

techniques that are useful up to 30 MHz. A second type of

instrument, called the NBS permeameter, uses two toroidal

cores. One core, of suitable properties, is wound with

several turns of wire. The unknown core is loop-coupled to

the driven core in a very symmetrical way by enclosing both

in a small coaxial metal container. The change of the input

impedance of the winding when the unknown sample core

is taken in or out gives n* of the unknown core. The
permeameter has been refined by evaluating a general T-net-

work representation of the instrument [51 ]. A third method

uses a split demountable coil winding for toroids. A fourth

method uses a suitable length of coaxial line as a cavity

resonator. These methods overlap in frequency and have

been carefully cross-checked [52].

C. Magnetization

This quantity, important in the design of ferrite devices,

is measured by vibrating samples and by the force balance.

Case and Harrington [53] review the absolute calibration

of the vibrating magnetometer, and Feldman and Hunt [54]

discuss the instrumentation.

D. Effective Susceptibility and Intrinsic Permeability

More than one representation for ferrimagnetic interac-

tions with electromagnetic waves has been used. Some
microwave ferrite devices may be analyzed by what amounts

to perturbation theory. For example, the perturbed propa-

gation constant of a line partially filled with ferrite may be

calculated. This procedure naturally makes use of an ex-

ternal or an effective susceptibility tensor, \Xe], defined by

the relation m= [Xe]Ae, where m is the RF magnetization

and is the external RF magnetic field. However, the in-

ternal RF field may be found from the external RF field by
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using demagnetizing factors. Then the RF induction is

b=[fi]h where [/j] is the intrinsic tensor and h is the internal

(demagnetized) RF field. Steinert [55] gives convenient re-

lations between [Xe] and [fx].

Measurements on a small ferrimagnetic sphere in a micro-

wave cavity are convenient and may be analyzed by means

of cavity perturbation theory. The simplest and most

natural result of the analysis is Xetf^ a certain element of the

effective susceptibility tensor. The results are as follows

:

Real part of x.k « (/i - f2)V/vf2

Imaginary part of Xeff (QV - QV)^/^

where the symbols are defined as in (8). The recent books on
microwave ferrites develop the theory of cavity perturba-

tions by both ferrimagnetic and dielectric samples [46]. A
perturbation theory for the impedance of a waveguide junc-

tion, containing a material of very general properties, is

available [56].

E. Measurements ofAH and x"

The magnetized spin system of a ferrite is a resonant

system. For a given shape of specimen, there is a resonance

ofyeff
= x' ~jx \ occurring for a spherical sample at angular

frequency (x> = yHQ, where y is the gyromagnetic ratio

and Hq is the external dc field. As Hq is varied, the effec-

tive absorption x" goes through a maximum at resonance.

The profile of x" versus Hq is similar to that of any

Lorentzian resonator. The width of this resonance curve

at half-maximum is called the linewidth. A//. The Q
or loss of the FMR motion is measured by j^^es at resonance

and by AH. These two measures of loss differ, and generally

Xres is superior as a measure [65].

Measurements of Xres and AH of polycrystalline, i.e.,

wide-linewidth, materials are usually made on a small

perturbing sphere in a r£,o„-mode rectangular cavity.

ASTM specifications for AH, and also for saturation mag-

netization, and for permittivity are available [24]. The
ASTM method for AH is explained by Preston and Case

[57].

The linewidth of single crystal garnet (YIG) is of the

order of 0.5 Oe. Such a ferrimagnetic resonant YIG sphere

in a waveguide or transmission line acts itself like a cavity

resonator coupled to the line. It is a material resonator of the

first type as discussed in Section II-G. It has been shown

that the loaded Q of such material resonators may be ob-

served and separated into an external Q and an unloaded Q
just as for any resonator [58 ]. For other remarks on material

resonators and their use as delay lines, see Bussey [59].

F. Measurements of Tensor Permeability [n ]

[fi] is discussed in the microwave ferrite books. Note
that generally [/i] and {Xe\ or Xm resonate at different values

of Hq. Measurements of [/i] are probably best made by

successively applying left and right circularly polarized

radiation. Either a sr(iall sphere may be used [47] or a

centered cylindrical specimen m a TMj^o'^ode cavity. The
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latter case possesses exact solutions [60], [61 ]. Recent work

[62], [63] makes use of [j.i] in designing devices.

G. Spin-Wave Coupling

Spin waves, i.e., Fourier-like wave components repre-

senting nonuniform magnetization, are especially signifi-

cant in polycrystalline ferrites where voids produce non-

uniformity. The so-called uniform precessional mode (the

mode usually excited in microwave devices) of the FMR is

coupled to the spin waves. This coupling is an important

loss mechanism for the FMR. Furthermore, as the shape of

the piece of ferrite material is changed, or as the dc field

Hq is changed, the loss engendered by the spin-wave

coupling changes. This change of loss arises because the

dispersion relations for the spin waves and uniform mode
depend differently on Hq ; different regions of the spin-wave

spectrum become degenerate with the uniform FMR mode.

Thus, AH and
x'^'es

of a simple spherical sample are not

adequate in general for characterizing either other ferrite

shapes or devices with Hq not at resonance. New measure-

ments, [64], [65], where the effective sample shape is

changed by tilting a spheroid, demonstrate these effects.

Figure 3 illustrates, for a certain ferrite, how the loss varies

with internal field, varied by tilting. The ASTM sphere

measurement [24] would only give the loss at one place

near 2200 Oe on the abscissa for this ferrite.

250

200

50

DATA ON TILTED SPHEROIDS

MEASURED ROD

o MEASURED OBLATE (DISK)

ROD, COMPUTED FROM TENSOR DATA
'

DISK, COMPUTED FROM TENSOR DATA

i(kOe)'^internal*

Fig. 3. Ordinate gives the peak loss at ferromagnetic resonance, mea-

sured as 47iMJx'Jf,,„onant versus internal biasing field as the abscissa.

47rM,/;(jff ,„„„j„, is approximately equal to AH.

In addition to the directly measured data. Fig. 3 shows

data computed [65] from intrinsic tensor permeability mea-

surements [60]. The general agreement of the two methods

demonstrates that intrinsic data from one shape of sample

contain the correct information for other shapes. Any
general program of device design should utilize either mea-

sured intrinsic data or measured loss variations as in Fig. 3.

This is necessary because the variation of loss with field

illustrated in Fig. 3 is not predicted by available theories.

It must be measured.
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The rf permeameter is an impedance transformer for measuring toroidal-shaped mag-
netic materials at radiofrequencies. Several equations already exist for calculating per-
meability (ai') and dissipation factor (tan 5) from measured input impedances of the perme-
ameter. The results from these equations do not agree with each other e.xcept over a small
range of tan 5. In this paper the permeameter is represented by its equivalent T-network
and an exact solution for m' and tan 5 is obtained in terms of the input impedances and the
impedance of a calibration core. The resulting equations are valid for all values of m' and
tan 8 for the conditions discussed in the paper. Values of m' and tan 5 calculated from these
exact equations are compared with those calculated from previous equations, and these
results, differing as much as several orders of magnitude, are shown graphically. A fre-

quency range from 0.1 to 50 Mc/s and a tan 5 range from 0.0005 to 5 are covered.

1. Introduction

Since the development of the radiofrequency per-

meameter ^
[1, 2, 3, 4]^ several equations have been

derived for calculating the permeability (n') and
//

dissipation factor (tan where yu' and n" are
M

related by the complex permeability, m*=m'—Jj"")
of toroidal-shaped magnetic materials. In all of

these derivations various assumptions have been
made about the transformer characteristics of the

permeameter. Although useful in the design and
application of the rf permeameter, these assumptions
have led to a number of expressions each of which
gives correct values of m' and tan 5 for only a limited

range of tan 5. The equations here derived are valid

for all values of n' and tan 5 for the conditions dis-

cussed in section 2. Problems arising from assuming
certain characteristics of the transformer are cir-

cumvented by analyzmg the equivalent T-network
corresponding to the permeameter. It is assumed
that the arms of the equivalent network are not a

function of the load impedance. A low loss toroidal-

shaped magnetic material is used as an impedance
standard in evaluating the T-network. The T-net-

work yields a set of exact equations which have
been used in determining values of m' and tan 5 for

tan 5 ranging from very low loss (0.0005) to very
high loss (5.0). These values agree within experi-

mental error with those obtained by other methods
not using a permeameter. An evaluation of all

permeameter formulas shows that the former equa-
tions for tan 5 are in error as much as several orders

of magnitude for low loss materials, and that one of

these equations for n' is in error as much as an order

of magnitude for high loss materials.

The use of the permeameter makes the measure-
ment of many magnetic materials possible in the

frequency range of 0.1 to 50 Mc/s. These results are

not readily obtained using other techniques.

' See appendix A for a description of the rf permeameter.
' Figures in brackets indicate the literature references at the end of this paper.

2. Derivation of the Exact Equation

A brief derivation of the permeameter equations
for m' and tan 8 is given in eqs (1) through (11). The
rf permeameter is an impedance transformer and can
be represented by the T-network sliown in figure 1.

Figure 1. Equivalent T-network for rf permeameter.

The input impedance is Zin=ZA+ y-^^f^T^^'v '

where Z^, Zb, and Zc are the impedances ^ of the

arms of the T-network, and Z^ is the impedance
added to the secondary. If the input impedance is

measured with three different known values of Z^,

an equation for any imknown Z^ may be derived

eUminating Za, Zb, and Zc, the source of error in

previous derivations. Let the input impedance be

measured using the following definitions

:

Zi=Zin when the secondary is open
; Zl= co .

Zo=Z,n when the secondary is closed without a

sample enclosed; Zl=0 (this corresponds to the

output terminals being shorted in fig. 1).

Zf> = Zia when the secondary is closed with a known
or standard impedance sample enclosed; Z^,

= Zs, where Zs is the impedance of the standard

sample minus the reactance of the space it re-

places.

3 The impedance due to the shorting plate is included in Zc.
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Zf =Zjn when the secondary is closed with an un-
known sample enclosed; Z£=Z„, where Z„ is the

imijcdance of the imknown sample minus the

reactance of the space it replaces.

When a sample is enclosed in the secondary to

measure Z/ or Z/', it is assumed that there is negligible

direct coupling with the primary and that there is no
significant change in the distributed capacitance of

the secondary. If there is no measurable change in

Zi when a sample is placed in the open secondary,
then the coupling and change in distributed capac-
itance are negligible.

Expressing tlie input impedance in terms of Z4,

Zb, Zc, and Z^ gives

Zi= i?i+jwLi= Z^+ Zb ,

Zo= 7?o+i<^io= Z,i

+

Zb{Zc

T 7 ,Zb{Zc~\~Zu)

(1)

(2)

(3)

(4)

From these eciuations the unknown impedance,
Zi,, may be m-itten

Z.u-/^s \Zi—Zj\Z,-Zj (5)

The product of the first two factors on the right is a
constant for a permeameter at a given frequency.
Defining this complex calibration constant as (x>{x-\-jy)

we have

(6)

By substituting (6) into (5) and expressing in

terms of n' and tan 5, (5) becomes

coZJm' tan 5+j(^'_i)]_^(a:+_yV) (7)

where Za=equivalent au" mductance of the sample.*
Solvmg (7) for n' and tan 6 gives ^

{xly)B+A (y

tan 5=
{xly)A-B (tJi'-l

\xly)B+A\ m'

(8)

(9)

<ia=2X(height in meters) XIn(outside diameter/inside diameter) X 10-'

benrys.
» The double subscripts denote differences, for example i?/i=-R/— Lf\=Lf

where
A^Br,Rn+ o^'L,,L;,

B= uiLfoBfi— uiLj-iHfo

The calibration constants x and y may be expressed
in terms of m' and tan 8 of the standard core. Zs
may be written

Zs=ajLa,[Ms tan 1)].

Then from (6) we have

y--

where

La,[E{fi's—l) — Ffj.'s tan 8,]

(/?,-o)'+(o;L,.o)^

x_ F{iJi's—l)+Efil tan 5,

y~'E{fj.',—l)—Ffx's tan 8

J

E=Rf'oBf'i-\-u>-Lf,iLj-Q

F=ii}Lf'oRf'i—icLj-'iR^'Q.

(10)

(11)

Primed subscripts and quantities with subscript s

refer to the standard of known impedance.
Assuming that the load impedance does not change

the characteristics of the T-network, these equations
should be exact for all values of fx' and tan S. The
accuracy of the resulting answers appears to be
limited only by the accuracy of the device used to

measure the input impedances, the reproducibility

of the secondary "short," and the accuracy of the

standard impedance Zs. Reducing errors due to the

impedance measuring device has been discussed in

the literature [1, 3].

The present secondary shorting arrangement is

silver-to-silver surface contact formed under high
and relatively evenly distributed pressure exerted

by a cap which is screwed onto the permeameter
(fig. 2) . This arrangement yields a contact resistance

Figure .in rf pvmica meter showing silver to silver contact

surfaces.
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which is reproducible to a precision approximately
equal to or greater than that of the impedance meas-
uring devices presently used. The error introduced
by calibrating the permeameter with a known im-
pedance may be minimized by choosing the proper
calibration core.

3. Approximate Equations for Low Loss
Samples

The working eqs (8) through (11) can be simplified

considerably for low loss samples. These approxi-
mate equations are also useful in determining the
desired characteristics of a standard calibration core.

Equations (8) through (11) may be expressed in

terms of resonating capacitance and Q by letting

Q,^o:L,/R, 0,=o:Lo/R, Of=o:L,/R, Qr = o^Lr/Bf

Ci^l/w'^U <?o=l/w% Cr=l/co'Lf Cr = ll^'Lr.

If the assumption is made that the square of each
Q is much greater than one, that is

Q?»l $5»1 r^>»l QQ-f, »1,

and that tan 5«;l, then (8) and (9) reduce to

(8a)

(9a)

where BjA reduces to

B_ R,, R,o C
A oiLfi uLfo Co/'

Also (10) and (11) reduce to

7/=(m;-i)l... ^'={p.:-i)La.,^ ^
-=-7^ tan 5s

(10a)

(11 a)

where FIE reduces to

F
E'

Rr

/'I

i?/'o Cf J Cpf . Cf'i Cqi
\^

The results from (8a) through (11a) agree with
the results from (8) through (11) to better than 1

percent for the NBS permeameters, provided that

tan 5<^0.1. In part 4 it is suggested that the cali-

bration core liave a low loss. The calibration

constants x and y may then be calculated from (10a)

and (11a).

4. Reference Sample or Calibration Core

The reference sample presently used at the Na-
tional Bureau of Standards to find the calibration

constants x and y is a stable low loss powered iron

carbonyl SF core. The most accurate determination
of y can be made if the calibration core is macliined
to have an La such that either LfilL^f or CfJCof
in (10a) approaches unity, depending on whether
inductance or capacitance measurements are being
made. Since y and Co/C-, do not change greatly

over the frequency range of 0.1 to 50 Mc/s, one cali-

bration core may be cut to have an that will be
near optimum for calibration over this frequency
range.
The most accurate determination of xly may be

made by using a core with the lowest possible value
of tan 8s- The value of x/y for the National Bureau
of Standards permeameters is of the order of 0.01.

Examination of (11a) shows that if tan 8s is much
less than 0.01, say 0.0001, x/y is approximately in-

dependent of tan 8s in which case x/y~F/E and only
an approximate value of tan 8s need be known.
Therefore, the permeameter may be calibrated with
a minimum of error by choosing a very low loss

material having a permeability that is stable with
time and temperature and having an optimum value
ofZ,.
The permeability and loss tangent tan 8s of the

SF calibration core were determined in the frequency
range of 1.0 to 50 Mc/s as follows. The core was
measured in demountable coils and coaxial lines

below 1.0 Mc/s on a Maxwell-type bridge and in

variable length re-entrant cavities above 50 Mc/s.
The n's remained constant from 0.1 to 100 Mc/s.
To obtain a curve of tan 8s between 1.0 and 50 Mc/s
the curve above 50 Mc/s was extended down and the

curve below 1 Mc/s was extended up to make a

smooth transition as shown in figure 3.

From (8a) and (10a) it can be shown that any
error, A//^, in will produce an error, A/x', in the /x'

of any measured sample of an amount

(12)

The percent error in n' is approximately equal to the

percent error in n^.

Likewise it can be shown from (9a) and (11a) that

any error, A tan 5s, in tan 5,, will produce an error,

A tan 5, in the tan 5 of any measured sample of an
amount

A tan 5=A tan 5,

Ms—

1

;Atan 5,. (13)
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Therefore if a more accurate determination of fi's and
tan 8s is made later, the m' and tan 5 of previously
measured samples may easily be corrected using

(12) and (13).

5. Q-Meter Measurements

Since the permeameter is often measured on a Q-
meter, it is of value to note that most of the correc-

tions to the measured Q and 6' due to residuals in the

()-meter cancel out when using (8a) through (11a).

A ^7-iiieter circuit including the residuals Rm, L'
, Lc,

and Rv is shown in figure 4. The effective Q, Qe, and

0.0001

FREQUENCY, Mc/S

Figure 3. Carhonyl SF calibration core, tan Ss versus fre-
quency showing demountable coil results {0.1 to 2.0 Mcjs)
and re-entrant cavity results {45 to 100 Mcjs).

T
WsAi (f^ O-

uo Rm GND

Figure 4. Q meter approximate equivalent measuring circuit.

the effective capacitance, C^, can be expressed in

terms of the indicated Q, Qt, and indicated capaci-
tance, Ci, as

Qe

l-a;2L,„a-

where

and

'l-^C,QdRm+R'o)-co'L,C,

Lm=L -\-Lc

(14)

(15)

'C'iR.

In obtaining (14) and (15) it is assumed that

l-a;2L,r,Y

If each capacitance in (8a) and (10a) is replaced by
the corresponding corrected expression from (14),

the resulting equation for ti'— l is identical to (8a)

in which indicated values of capitance are used.

The corrections cancel.

If each capacitance and Q in (9a) and (11a) is

replaced by the corresponding corrected expression

from (14) and (15) the resulting expression for tan 5

becomes

tan5=(^-^+i^)(^) (16)A

where K is a correction term which becomes signifi-

cant above about 10 Mc/s.

K- ^iC'o/ 1 CoOf\ Cf

a

Qi ' Qo Qf J

\vCri\ ^0 Qr /J ^
^

Each Q and capacitance in (16) and (17) is the

indicated value as read on the ^-meter. Note that

Lc is the only residual appearing in the correction

term. The corrections due to L', Rm, and R„ cancel.

Tan 5 may be corrected either with (17) or by cor-

recting each indicated Q with the expression

Qi

1-

and using these corrected values of Q, in (9a) and
(Ua).

6. Comparison With Previous Permeameter
Equations

The following eqs. (18) through (24) have been
used in the past to evaluate p,' and tan 6 from perme-
ameter data using the (^-meter.

From circuit (a) and assumptions 1, 2, and 3

(fig. 5) Haas [1] derived (18) and (19).
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y.'-l-
La Cfi

(18)

tan 5=

Of IcjAQf c\qJ CIAQo CIQJA

(19)

Because (19) becomes negative when measuring
relatively low loss materials, McKnight [2] derived

(20) using circuit (b) and assumptions 1, 2, and 3

tan b-

Of

Equation (20a) reduces to (19) plus 2/Qi

tan 5=tan 5,i9,+2/Qi. (20b)

In another attempt to correct the error of (19),

Rasmussen, Enfield, and Hess [3] derived eq (21)

from cu'cuit (c) and assumptions 1, 2, 3, 4, and 5.

In the primary section the losses of the winding were
separated from those of the material. Tan 8 is here
defined as m'Vm', not as ij." / (ii'— 1) as was done in

[1] and [2].

tan5=(^tan6a9,+2|^)^- (21)

» Subscripts on tan S refer to equations giving the associated expression for

tan S.

(0)

R

U 5lL

—o o-

(b)

Rp > Lp «

IIS llS

ASSUMPTIONS

2. R^«u^l^
3. (R2+Ru)^«a?lL2 + Lu)^

4 (Rp/Xp)<< I

5. 2IRp/Xp) TAN
8(19) « I

6. 2(Rp/Xp|TAN8(24)« I

Figure 5. Circuits used and assumptions made in deriving
equations (18) through {.24).

Rf and Xp are the series resistance and reactance of the primary material.

Since assumption 3 is not valid when measuring
relatively high loss samples, Rasmussen and Hess [4]

derived (22) through (25), using circuit (c) and
assumptions 1, 2, 4, and 6.

-1=
L„ C\

1)

where

tan 5,

tan 6=

(22)

(23)

9l

Qf

Gf
'Q

D-l
(24)

and

D--

Cqi

Co
CfCr

(25)

A number of samples with losses ranging from
0.0005 to 5.0 were measured in the permeameter
and the residting data evaluated using eqs (8) and
(9), and (18) through (23). The resulting values
of n' and tan 5 for 5 of these samples are shown in

figure 6. Also included are / and tan 5 as measured
in a coaxial line. Below 15 Mc/s, samples F3, Pi,

and P2 could no longer be measured in the coaxial

line because of their low resistance.'' To increase

the resistance to a value within the limits of the
measuring system, the volume of the material was
increased by adding a number of cores of the same
material to the coaxial line. In this way an average
value of tan 5 for each material was obtained at

several frequencies below 15 Mc/s. These results

are in close agreement with tan 5 obtained by measur-
ing individual samples in the permeameter and
evaluating the data with eq (9), the exact expression

for tan 8.

A study of the results from the different equations
(with m' ^ 4 to 4,000 and tan 8 s 0.0005 to 5.0)

shows that the equations may be used within the
following limitations

:

(1) Equation (18) can be used for all values of n'

provided tan 5 does not exceed approximately 0.1.

For tan 8 greater than 0.1, (18) gives values for

that are too high.

(2) Equation (22) gave correct results for n' in

the range of n' and tan 5 studied, (/x' s 4 to 4,000
and tan 8 ^ 0.0005 to 5.0).

(3) Equations (19), (20), (21), and (23) can be
used for tan 8 in the approximate range of 0.1 to 1.0,

with the exception of (23) which can be used up to

at least 5.0.

' The equivalent series resistance of the sample is u/La tanS.
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n » a

• a^ a >^

(19)

V +

0

(20) ;

(211 :

X (22) ;

7 (9)

A COAXIAL LINE

'° FREQUENCY, Mc/s
'°

Figure 6. Three ferrite samples (Fl, F2, and FS) and tuo -powdered iron samples {PI and P2) measured in rf permeameters

on a Maxu'ell type bridge {0.1 to 2.0 Mc/s) and on a Q meter {1.0 to 50 Mc/s).

The datalwere evaluated using the different equations discussed in the text. The coaxial line values below 2.0 Mc/s were found by filling a coaxial line with a

number of lilje samples and obtaining a value of/ and tan a for the group representing the average of the values for the individual cores. (Typical sample size: 0U =
l.on, ID =0.60, H=0.16 inches.)

360-74



(4) The exact equations (8) and (9) can be used
for values of and tan 5 at least within the range of

m' ^ 4 to 4,000 and tan 8 ^ 0.0005 to 5.0.

(5) The approximate eqs (8a) and (9a) agree with

(8) and (9) to better than 1 percent for tan 5 <C 0.1.

The authors thank Mr. W. A. Pittman for making
the many measurements and calculations.

7. Appendix A. Description of the RF Per-

meameter

The rf permeameter is an impedance transformer.

It has a wound powered u'on or stable ferrite toroidal

core as a primary and a coaxial shorting enclosure as

a secondary which envelops both the primary and a
toroidal test sample core in such a manner that the

magnetic field is concentric with the coaxial struc-

ture. Primaries, provided with connectors for ter-

minals at one end of the enclosure, have different

input impedances depending upon the frequency of

interest and cover a range of at least 20 kc/s to 50
Mc/s. The core to be tested is inserted into the

permeameter secondary where it is surrounded by a
nearly uniform current sheet. Relatively small im-
pedance changes in the secondary are easy to detect

at the input to the primary. Because the form of

the test core is toroidal, corrections for demagneti-
zation effects are not necessary.

In making measurements, the primary of the
permeameter is placed in an arm of an impedance
bridge or across the terminals of a Q meter. The
input impedance of the primary of the permeameter
is measured, first with permeameter secondary open,
second with permeameter secondary shorted without
a sample, and third with permeameter secondary
shorted with either a standard or unknown sample
enclosed. From these data, the initial permeabDity
(m') and the dissipation factor (tan 5=m"/m'), i-e-j

the reciprocal of the Q of the material, are derived.

8. Appendix B. Accuracy Check Using
Metal Rings

At radiofrequencies a metal ring or toroid has an
impedance which can be calculated from its physical
dimensions and the resistivity of the metal. Such
a ring would be an ideal standard of impedance for

calibrating the permeameter provided that the im-
pedance of the ring was within the impedance range
of the permeameter. It can be shown that the
inductance and resistance of a metal ring at radio-

frequencies are

L=2{H-b) In
OD-b
ID+b

10 ^ henry (26)

R-^8 L^^ 7W+ iOD-8){ID+8) i

where

8=2^ skm deptln m cm,

p=^resistivity, 0 cm,

/^frequency in cycles/second,

OD, ID, H=outside diameter, inside diameter,

height in cm.
Several brass and copper rings were made and used

in an attempt to calibrate the permeameter, but the

results lacked precision. The impedance of the

metal rings and the Q of the permeameter with a
ring enclosed were too low for accurate determina-
tion of the calibration constants x and y.
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Figure 7. Resistance and inductance of a brass (BRl) and a
copper (CU5) ring as measured in a demountable coil and in
the permeameter.

The solid lines are calculated from equations (26) and (27).



It was decided that the metal rhigs would not
make good calibration cores, but that they could be
used to check the accuracy of the permeameter when
using the exact equations. Figure 7 shows the re-

sults of the measured values of inductance and
resistance versus freciuency of two brass and two
copper rings of different size. The rings were meas-
ured in the permeameter on a Maxwell-type bridge
from 0.1 to 1.0 Mc/s and on a Boonton Q meter
260-A from 1.0 to 50 Mc/s. The SF core described
in part 4 was used as the calibration core. The
data were evaluated with the exact equations in the

form

R--jo:L=<.ix+jy) {j^y (28)

The rings were also measured in a demountable
coil [5] from 0.1 to 1.0 Mc/s on the Maxwell type
bridge to compare tlie results of the permeameter
and demountable coil with each other as well as

with the results from (26) and (27).

As figure 7 shows, the results of the permeameter
are in complete agreement with that from the de-

mountable coil and from (26) and (27) within the
precision of the measuring devices. The precision

obtained for both the permeameter and the de-
mountable coil is approximately 20 ph for L and
0.02 mO for R from 0.1 to 1.0 Mc/s on the bridge.

The precision obtained from the permeameter on the
Q-meter is approximately 50 ph for L and 0.1 mO
for R.
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New measurement techniques are described for determining the complex reversible

permeability of ferrimagnetic materials from 50 kc/s to 3 Gc/s with d-c fields applied parallel

to the rf fields in toroidal specimens. In the 50 kc/s to 50 Mc/s range, emphasis is directed
towards recent improvements in the rf permeameter. For measurements in the 50 Mc/s to
100 Mc/s range, the feasibility of using variable length re-entrant cavities with quarter
wavelength chokes is demonstrated. Two half-wave variable length cavities are described
for obtaining reversible permeabihty data in the 100 Mc/s to 3000 Mc/s range. A technique
for avoiding the use of quarter wavelines for isolating the d-c and rf circuits in these half-

wave cavities is emphasized and represents a definite improvement over corresponding
slotted line methods. A brief description of the d-c circuitry developed for these measure-
ments as well as some typical spectrum data is also given.

1. Introduction

Considerable effort has been directed in recent
years towards the study of the magnetic spectra of

ferrite and garnet materials in the radio and micro-
wave frequency ranges. This work is in general con-
cerned with an evaluation of the frequency spectrum
of the initial complex permeability (m!*=m/—iMi")
in which only an rf field is applied to the sample or
the measurement of the reversible complex perme-
ability {ij.*= n' —jfi") in which a d-c magnetic field

is superimposed on the rf field. Several investiga-

tions of the dependence of the initial permeability
spectrum on the composition of ferrites, the tem-
perature environment, etc., have also been reported.

However, the reversible permeability spectra studies
with the applied d-c fields appears to be one of the
more promising techniques for gaining further infor-

mation concerning the resonance and relaxation

phenomena observed in the magnetic spectra.

Nevertheless, there has been relatively little work
in this area compared to the effort that has been
directed towards initial permeability spectra meas-
urements.

Previous studies of the parallel reversible per-
meability spectra of ferrites as a function of frequency
with applied d-c fields have been confined to measure-
ments covering relatively limited frequency ranges
such as the radiofrequency range or the microwave
range [1-5].' These investigations have utilized

primarily inductance coil measurements for obtain-
ing data at lower frequencies or slotted line tech-
niques for obtaining information at higher frequencies.
It is the purpose of this paper to describe the use of

•This work was partially supported by the Department 'of the Navy under a
Bureau of Ships contract.

1 Figures in brackets indicate the literature references at the end of this paper.

the radiofrequency permeameter, and variable length

re-entrant and half-wave length cavities for obtaining

the reversible permeability of ferrimagnetic toroidal

materials over the frequency range from 50 kc/s to

3 Gc/s with d-c fields applied parallel to the rf fields.

Recent improvements in the permeameter as well

as some of the advantages of variable length half-

wave coaxial cavities over slotted lines for measure-
ments of this type will be emphasized.

2. Radiofrequency Permeameter, 50 kc/s

to 50 Mc/s

The advantages of the radiofrequency permeam-
eter over inductance coil methods or coaxial

transmission line techniques for initial permeability

measurements at frequencies below 50 Mc/s have
been discussed in the literature [6]. The satisfactory

results obtained using the permeanieter made it

seem reasonable to extend its application to the

measurement of reversible permeability. Therefore,

the permeameter was modified to make parallel

reversible permeability measurements by enclosing

it in a d-c coaxial line as shown in figure 1 . The d-c

coaxial line may enclose the whole permeameter [7]

as in figure la or only that part which encloses the

sample, figure lb. Both methods were used, and
although the latter design is more difficult to make,
it proved to be the better instrument. If the d-c

coaxial fine encloses the whole permeameter, the

d-c field is apphed to" the primary core as well as to

the sample being measured. The varying d-c field

changes the characteristics of the primary which

results in errors that are difficult to correct. The
coupling between rf and d-c circuits is greater when
the whole permeameter is enclosed, creating a need

for filters in the d-c circuit from below 1 Mc/s to

50 Mc/s. When the primary was not enclosed by
the d-c coaxial fine, as in figure lb, the primary

was not affected by the d-c current, and filters were
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Figure 1. Radiofreguency penneameter with d-c coaxial line

to provide a d-c field parallel to the rf field.

The d-c coaxial line in (h) cuts through the center of the permeameter to avoid
applying the d-c fieM to the primary core.

needed only above 4 Mc/s. These filters are parallel

Ij-C circuits tuned to have a maxiMuun impedance
at the frequency at which meusurenients are being
made. The maximum impedance Z^ax of such an
L-C circuit at a frequency w is approximately

7 -Q_

In addition to the requirements of higli and low
resonating capacitance, C, the characteristics of

the filter must not change appreciably with greatly
varying d-c currents. Good results were obtained
with large powdered iron SF cores wound with bare
No. 8 soft copper wire. The capacitors were small,

variable mica capacitors. Up to 400 amps were
applied for short peiiods of time with no significant

change in Z^ax- It was necessary to use a filter

in both d-c leads to completely eliminate all external
rf paths. Each filter was connected separately and
tuned to give a maximum Q for the permeameter
with the secondary closed and empty. These filters,

the d-c leads, and connections for water cooling the
center conductor of the d-c coaxial line are shown
in figure 2. An exploded view of the permeameter
and d-c coaxial line is shown in figure 3.

The measurement of reversible permeability is

made in the same way as is the initial permeability,
except for the application of the d-c field. A recent
study of the permeameter equations for evaluating
pl' and p." has resulted in a set of exact equations
which are independent of the transformer character-
istics [8]. The permeameter is represented by a
T-network which is evaluated at a given frequency
using a stable, low loss standard sample of known
p' and p"

. Using a standard sample in calibrating
the permeameter, tlie procedure in measuring the
reversible permeability of a sample is to measure the

Fi(:;uRE 2. Permeameter with d-c outer conductor (left) and
shorting plate (right) removed.

The filters are shown behind the cj-meter.

Figure 3. Exploded view of permeameter of the type shown in

figure lb shoioing how d-c coaxial line is constructed through

center of the permeameter.

input impedance, Z,n, of the permeameter for the

following conditions

:

1. Secondary open; Zin^Zi.
2. Secondary closed ; no sample enclosed; Z)n= Zo.

3. Secondary closed; standard sample of known
impedance Zj enclosed; Zin= Z/.

4. Secondary closed ; test sample enclosed; Zm^Z/.
The d-c current is then turned on and Z/ measured

at each desired value of current. The permeability,

p' , and loss, p" , of the test sample are then calculated

at each current setting from

»"+.''"'-"-§.(l^)(iFt)

where La is the equivalent air inductance of the test

sample and co is the angular frequency. All input

impedances (Zi, Zq, Zf, Zf) are measured with the

d-c leads connected to the coaxial line surrounding

the permeameter.
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3. Variable Length Re-entrant Cavity, 50
to 100 Mc/s

The upper frequency hmit of the permeameter is

about 50 Mc/s. Above 50 Mc/s slotted lines or cavi-

ties are in general used for initial permeability

measurements. Slotted lines have been used in the

50 to 100 M/cs range but are cumbersome due to their

large length. Somewhat smaller re-entrant cavities

have also been used in the same frequency range by
noting variations in either capacity or frequency for

determining their resonant properties [9-12]. Meas-
urements with a re-entrant cavity may also be made
in terms of variations in length of the cavity [9].

The latter method has several advantages over the

variable capacitance or the variable frequency method
in that no capacity calibration need be made or no
expensive frequency measuring equipment is needed.

It is also possible to more easily minimize errors due

to supports and discontinuities in the line which
may become significant at higher frequencies.

On the basis of the above information, an investi-

gation was carried out to determine if a variable

length re-entrant cavity can be adapted for obtaining

reversible permeability measurements. As in the

case of the permeameter, it is necessary to isolate

the d-c and rf circuit from each other. However,
above 50 Mc/s it is difficult to use lumped circuit

chokes for this purpose. On the other hand, the

successful use of quarter wavelength transmission

lines for this purpose by other investigators using

slotted lines for their reversible permeability meas-
urements suggests that the quarter wave choke
method may also be applicable for re-entrant cavities.

The arrangement which we have found to give the

best results is shown in figure 4. In this case the

d-c current passes through the center conductor of

the cavity in order to provide the circumferential

field in the vicinity of the sample. The d-c current

was confined to the center conductor by placing a

thin sheet of insulation between the mounting flange

of the quarter wavelength short and the cavity.

No rf current could be detected in the d-c circuit

outside of the cavity when the choke was tuned to

approximately a quarter wavelength. It was ob-

served that the setting of the quarter wavelengtli

line is not critical for completely isolating the d-c

and rf circuits.

The complex permeability may be evaluated from
a determination of the change in the resonance
length and Q of the cavity due to insertion of the

sample. The equations and procedure for obtaining

data are the same as those given in the next section

describing variable length haK-wave coaxial cavities.

Essentially the same equations have also been given

by van der Burgt, Gevers, and Wijn [9] who describe

a variable length re-entrant cavity for initial com-
plex permeability measurements. However, in their

instrument, copper rings having the same dimensions
as the sample were measured in order to obtain
simplified equations.

The restrictions on the use of such instruments
noted by the above authors such as high Q, small

MICROMETER -
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CAPACITOR

ADJUSTABLE
SHORTS

UJ

OUATER
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^INSULATION

FlGURE 4. Variable length re-entrant cavity with quarter wave-
length line used from 50 to 100 Mc/s.

The length of the quarter wavelength line relative to the reentrant cavity will in
general be somewhat greater than indicated in the above simplified schematic.

length changes, etc., are also applicable to oiu"

instrument. A Q of several hundred, obtained with
our instrument, appears to be satisfactory for

determining the loss of most materials from 50 to

100 Mc/s. In addition, we have found it necessary
to give consideration to possible errors due to tem-
perature changes of the center conductor resulting
from the large d-c currents required to obtain the
bias fields. Such errors can be either eliminated
by water cooling the center conductor or corrected
for by making two identical runs, one with the
sample in the cavity and one with the cavity empty.
In our case, the latter method proved to be more
feasible since some mechanical difficulty was experi-

enced in obtaining water cooling in a cavity of this

type.

4. Variable Length Half-Wave Cavities,

100 to 3000 Mc/s

The combination lumped and transmission line

circuitry used in the previously described re-entrant
cavity may result in somewhat more difficulty in

the mechanical design of the instrument and in the
rigorous analysis of the working equations than is

the case for completely distributed parameter sys-

tems. As such, most magnetic spectra studies of

the initial complex permeabifity in the range above
about 100 Mc/s have utilized slotted line teclmiques.
Somewhat less information has been reported on
the use of variable length coaxial half-wave cavities

for obtaining data of this type [13].
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The measurement of parallel reversible permea-
bility at these higher frequencies has been confined

exclusively to the use of slotted lines in which the d-c

circuit is isolated from the rf circuit by means of a

quarter wavelength line [1 , 3, 4]. On the other hand,
an examination of variable length cavities suggests

that an insulated d-c conductor could be placed

through a hollow rf center conductor of such a cavity

and thereby isolate the d-c from the rf signal without
the use of a quarter waveline. Because of this advan-
tage and our previous successful use of variable

lengtli cavities for initial permeability measurements,
we developed two variable length cavities with hol-

low center conductors containing insulated d-c

conductors. No coupling between the rf and d-c

circuits was observed in either instrument. Since

complete isolation is obtained without the use of a

quarter waveline, this is a distinct advantage over
slotted line techniques for reversible permeability
measurements.
The design of both of these cavities was based on

the Chipman method for impedance measurements
[14]. Both cavities were mounted in a vertical posi-

tion in order to avoid any supports on the center

conductor. One of the instruments was designed for

measurements below 300 Mc/s, while a smaller, more
precise instrument was used for obtaining data above
300 Mc/s.

Figure 5. Half-wave variable length cavity used at 100 Mc/s,
200 Mc/s, SOO Mc/s, etc.

The larger instrument shown in figure 5 is pres-
ently designed for obtaining data at frequencies in

the vicinity of 100, 200, and 300 Mc/s using 1, 2, or
3 half wavelengths respectively. The Q at these
frequencies varies from 400 to 700. Continuous fre-

quency coverage at these low frequencies would
require a rather long micrometer drive. In lieu of

this approach, the line has been constructed in

removable sections to provide for coarse adjustments
in length if information at other frequencies should
be desired in the future. The general features of the
instrument are similar to those shown in figure 6

which is actually a schematic for the higher frequency
cavity described below.
Although the above described cavity can be used

above 300 Mc/s, it was more convenient to design
and construct a smaller, more precise instrument
capable of continuous frequency coverage for meas-
urements from 300 to approximately 3000 Mc/s. As
in the case of the larger cavity, multiple half wave-
lengths can be used to obtain resonance at the higher
frequencies. In addition, this cavity has the added
advantage of a continuously variable coarse adjust-

ment of length for changing the frequency range of

the instrument. This adjustment was obtained by

MICROMETER

aOJUSTABLE
SHORT

HOLLOW d-c
CONDUCTOR

Figure 6. Drawing of the 300-3000 Mc/s variable length cavity.

A d-c field is applied to the sample by sending direct current through a d-c con-

ductor which is placed inside of and insulated from the hollow rf center conductor.
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threading the outside conductor of the cavity for a

considerable distance as can be seen in figure 7. The
cavity also has a higher Q, ranging from 500 to 3000,
depending on frequency. To avoid any discontinui-

ties near the sample at high frequencies, the center

conductor and shorting plate of the 300 to 3000
Mc/s cavity were constructed as one piece as can be
seen in figure 6. This arrangement gives a uniform
distribution of rf cm-rent around the center conductor
where it joins the shorting plate, and hence a uniform
rf field for the sample which rests on the shorting

plate. The cavity is opened for inserting the sample
by removing the whole center conductor-short assem-
bly. The cavity was prevented from heating up
when the direct cm-rent was applied by making the
d-c conductor out of in. tubing through which
water was circulated for cooling.

The complex permeability may be readily evalu-

ated from a determination of the changes in resonant
length and Q of the cavity when the sample is

inserted. The toroidal sample which is placed
against the shorted end of the line has a thickness

small compared to a quarter wavelength in the
material in order that dielectric efl^ects do not influ-

ence the magnetic permeability measurements. Our
experience has indicated that it is not difficult to

obtain sufficiently thin ferrites so that the dielectric

effect is neghgible at least to 1 Gc/s and in some
cases to 3 or 4 Gc/s.

For sufficiently small changes in the parameters
of high quality lines, the complex permeability (,u*

= 11' —jii") may be calculated from the equations

1 =

AL
d

" =^^.
where it is assumed that the sample of thickness d
has the same radial dimensions as the coaxial line.

The remaining quantities in the equations are ob-
tained from the following length measurements.
AZ=The difference between the resonance length

of the empty cavity and the resonance
length of the cavity when the sample is

placed against the short.

A I e=The difference between the two lengths of the
empty cavity for which the power level is

K the maximum value at resonance.

A t /=The difference between the two lengths of the
cavity with the sample for which the power
level is K the maximum value at resonance.

An excellent analysis of variable length cavities

for initial permeability measurements in which these
equations are developed in essentially the above
form has been given by Eichacker [13, 15]. His
work also demonstrated that variable length lines

and slotted lines both work with the same evalua-
tion formula. In this respect, it should be noted
that the above equations have also been obtained in

similar form by other authors using slotted line

techniques [16].

Mi-ROMETER

OURSE
iDJUSTMENT

DIRECT CJRREMT

Figure 7. Half-wave variable length cavity used at 300-
3000 Mc/s.

In many cases, it may not be convenient to obtain

samples which have the same radial dimensions as

the coaxial line. However, following the approach
used by Bady and Franklin [10], the above equations

may be written in the following form for loose fitting

samples.

1
^

log

log

B

1
^ 2d

where the toroidal sample of inner radius a and outer

radius b is located in the coaxial line of radii A and
B.

5. Associated Equipment and Results

The rf equipment used with the half-wave'cavities

and re-entrant cavity consisted of commercially
available signal sources with pads and matching
stubs for the input circuit as well as facilities for

monitoring the frequency of the system. The out-
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put circuit consisted of matching stubs and cali-

brated IF detector systems or standing wavemeters
depending upon the frequency. For the permeam-
eter, the impedances are measured with a Q meter
or Maxwell-type bridge.

Since in the cavities as well as the permeameter,
large currents are needed to obtain d-c fields large

enough to saturate many samples, a 6 v nickle-

cadmium battery capable of high discharge current
was used. It was desirable to be able to vary the

current from 0.5 to 500 amp and also to have the
current remain constant at any desired value during
a measurement. To do this the current was passed
through a number of power transistors connected in

parallel. The large current Ic through the transistors

can be varied or held constant by controlling the

small bias current I^. The circuit is shown in

figure 8. The voltage drop Vs across the high cur-

rent shunt is compared to a control voltage, \ c, set

by the operator. The dift'erence between these two
voltages is amplified and used to drive a servomotor
which changes the bias current in such a way as to

increase or decrease Ic until P s is equal to Vc. The
current Ic is held constant at a value Ic= Vc/Rs where
Rs is the shunt resistance. A millivoltmeter across

the shunt is used to measure Ic above 10 amp.
Below 10 amp a clip on d-c ammeter is used.

A typical spectrum of the parallel reversible

permeability of a magnesium ferrite obtained with
the above described equipment is shown in figure 9.

Data is obtained by measuring the reversible per-

meability and loss as a function of the d-c field at

each frequency. An example of curves of this type
for ^l' only is given in figure 10. A complete set of

these curves at all desired frequencies enables the

spectrum to be obtained for any desired current.

This data indicates that the above described equip-
ment provides a highly satisfactory method for

obtaining reversible permeability spectra informa-
tion.

HEAT SINK

-( SERVO (f-< CONTROL

AMPLIFIER

Direct current control for varying or holding constant
large d-c currents.

The output current 7e passed by the power transistors is controlled by the bias
current Ib. A control volt?ge Vc is compared to V, and the difference amplified
to drive a servo which adjusts Ib in such a way so as to increase or decrease Ic

until V,= Vf. I, is changed by changing

Figure 8.

1.0 10 100

FREQUENCY , Mc/s
10000

Figure 9. Typical spectrum of the parallel reversible permea-
bility of a magnesium ferrite.

Data obtained from curves such as shown in figure 10. Sample dimensions
outside diameter=0.961 in., iaside diameter =0.678 in., thickness =0.040 in.

_J L_ -J I 1_

-40 -20 0 20 40 60 80 lOO

DIRECT CURRENT
,
omp

Figure 10. Typical results of parallel reversible permeability
versus applied d-c current.

The sample was cycled at ±100 amps several times before measurements were
made in the direction indicated by the arrows.

The authors thank W. A. Pittman for making the

many measurements and calculations, and M. B.
Lindell and G. A. Boschen for construction of the
instruments.
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Measurement and Standardization of

Dielectric Samples*

H. E. BUSSEYf, SENIOR member, ire, and J. E. GRAYf

Summary—The selection of a material suitable for use as a

standard of dielectric properties at microwave frequencies is dis-

cussed, and tests are described which indicate that a glass and a

glass ceramic are satisfactory for such standards. The probable ac-

curacy of measurement of the real part of the dielectric constant is

estimated at +0.3 per cent. Loss measurements are discussed. A
correction is developed for the error resulting from the small airgap

often present around the sample in transmission-line measurements.

The effects of humidity and temperatxire variations are examined,

and preliminary restJts of measurements to 800°C are given.

Introduction

STANDARD SAMPLES, i.e., samples with the

limits of error well known for the property in ques-

tion, are useful in a laboratory in order to improve

or confirm the accuracy of the measuring procedures

and equipment being used.

There are two main requirements for standard sam-

ples of dielectric materials. The material properties

should be understood sufficiently to avoid such prob-

lems as those associated with inhomogeneity, sensitivity

to the environment, and chemical changes or aging.

After satisfying this first requirement, the measure-

ments then must be investigated sufficiently so that

their accuracy can be specified with confidence. The

* Received September 4, 1962. Presented at the 1962 Interna-

tional Conference on Precision Electromagnetic Measurements as

Paper No. 4.4.

t National Bureau of Standards, Boulder, Colo.

emphasis in this paper is on accurate dielectric measure-

ments. Material problems have been reduced by choos-

ing materials with known isotropy, homogeneity, and
long-term stability.

The Material for Dielectric Samples

The main materials of the present investigation are a

glass and a glass ceramic, both of which are available

in optical quality. This ensures that the homogeneity,

isotropy, and aging requirements are satisfied. There

remains mostly the dependence of the complex dielectric

constant on temperature, pressure, relative humidity,

and surface conditions.

The temperature and relative humidity dependence

of the glass standard samples were investigated over a

reasonable range of values near usual laboratory condi-

tions. In addition, a high temperature measuring system

has been developed.

The Measurement of Dielectric Constant

The accuracy of the measuring procedures is deter-

mined mainly by comparing several independent meth-

ods. Corrections are made for some small departures of

the measuring system from the ideal mathematical

model.

Dielectric measurements depend upon knowing elec-

tromagnetic wave solutions in some space containing

the material in question. The different methods investi-
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Fig. 1—TEoi resonator and TEn line or resonator.

TABLE I

Comparison of TEon Resonant Cavity Results for k' (permittivity) with Those From the Impedance
Method Using TEn Mode Circular Waveguide

TEon resonant TEii line , 8600 Mc, 1.0030-inch diameter
Sample cavity, 9200 Mc

Sample diameter0.25-incli diameter rod Uncorrected Corrected for airgap

Glass: from one corner of sheet 6.195 6.128 6.204 1.0001
From another location 6.196 6.127 6.203 1.0000
From another location 6.202 6.139 6.207 1.0004
Glass ceramic, from one corner of sheet 5.730 5.647 5.711 1.0001
From another location 5.708 5.648 5.708 1 .0002

From another location 5.731 5.651 5.714 1.0001

AI2O3 porcelain (All samples from same batch 8.784 8.642 8.794 1.0002
but random locations in the ceramic body.) 8.775 8.674 8.822 1.0003

8.775 8.594 8.743 1.0002

Average porcelain 8.778 8.636 8.786

gated are represented by the diagrams in Fig. 1. In Fig.

1(a) there is a circular cylindrical dielectric rod centered

in a circular cylindrical cavity. ^ For the TEou mode of

resonance used, the corrections for imperfections due to

the insertion port, the irises, and the gap around the

plunger are small and known. These are obtained by
perturbation theory using as a basis the exact solution

of the ideal resonator with the sample in place.

In Fig. 1(b) there is a circular transmission line op-

erated in the TEu mode with a disk sample at a shorted

end. Either by impedance measurement with a traveling

probe or by resonating the line with another short, or

both, the dielectric properties may be determined. The
main error here is due to airgaps between the sample

and the walls of the line. Such gaps not only permit the

insertion and removal of the sample, but also leave it

free to rest squarely on the short circuit, a condition

which must be met if an even larger error is to be

avoided.

A comparison of the two methods showed that the air-

gap around the disk sample contributed a significant

' H. E. Bussey, "Cavity resonator dielectric measurements on
rod samples," 1959 Annual Rept. of the Conf. on Electrical Insulation,
Pocono Manor, Pennsylvania, October 26-28, 1959, publication 756
of the Nat'l Research Council of the Nat'l Acad, of Sci.

error to the real part of the permittivity. The results in

Table I show that when the TEn data for the disk are

corrected for the fit of the sample in the line there is

good agreement with the TEou rod data. The glass

showed the best agreement. The glass and glass ceramic

used were not of optical quality, but both are available

in such quality. The results of such measurements on

optical quality material are not expected to difTer from

those given here, except that the scatter of measured

values may be less as a result of greater homogeneity of

the optical quality material. The AI2O3 ceramic body, as

might be expected, shows some variation from sample

to sample, but the averages show good agreement be-

tween the two methods.

A general treatment of the error due to an airgap

around a sample is not available, though some specific

cases are covered.^'' Therefore, a general treatment

based on perturbation theory, which seems to be ade-

quate for practical cases, will be given.

^ W. B. Westphal, "Techniques of Measuring the Permittivity

and Permeability of Liquids and Solids in the Frequency Range
3 c/s to 50 kMc/s," M.LT. Laboratory for Insulation, Cambridge,
Mass., Res. Tech. Rept. No. 36; 1950.

^ E. S. Hotston, "Correction term for dielectric measurements
with cavity resonators," /. of Sci. Instr., vol. 38, pp. 130-131; April,

1961.
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Correction for Gap Around a Disk Sample

The complex propagation constant 7 in the section of

transmission line containing the sample is obtained from

appropriate measurements and calculations and then

the relative permittivity k = e/ ec, which may be complex

to indicate losses, is obtained from

{o^/cY-k = 7= + k,-, (1)

where kc is the characteristic or cutoff wave number for

the mode and cross section of the line.

Based on perturbation theory"'* the change in the

propagation constant of a TE or TEM line, due to an

airgap between the dielectric cylinder and the cylindri-

cal wall, is

TABLE II

Comparison" of Loss Tangent Measurements
ON Rods and Disks

Material
Rod

(TE,„)
Disk

Glass 53X10-" 56*X10-"
Glass 53 56
Glass ceramic 2.4 3.8
Glass ceramic 2.7 3.5
Glass ceramic 2.4 3.6
Al-.Oa porcelain 9.7+0.2 9.7+0.2t

* Slotted line, e.xcept last sample.

t Disk in TE113 resonator at room temperature.

7gap 7no
(

= A(7=) = - 1) (7)'V

E-,dS

(2)

where E\ is the electric field of the dielectric filled line

with no gap, £> is the electric field with an airgap pres-

ent, S is the cross section of the line and dS is an ele-

ment of 5. When k is complex the change in 7 is com-

plex, and a loss correction is obtained concomitantly.

For a first-order theory the normal (n) and tangential

(t) components of £2 are obtained from £1 by satisfying

boundary conditions at the dielectric interface. These

require that E2,„ = k'Ei^„ and £2,i = £i,<, where k' is the

real part of k. Using these components in (2)

A(7=) = {k- l)(co/c)'--

r \k'\Eun\
^ can

+
I

E,.tr-\ds

(3)

£1

The second term becomes appreciable only for large

gaps because Et vanishes at the conducting wall. Very

large gaps are only practicable when using the TEom
modes, in which case the usually predominant term in

E„ vanishes; a case already treated.-^ From (1) and (3),

the error in a measurement of permittivity k due to an

airgap is

Ak= - (k- I)

f k'\ £i,„P+ E.AAdS

(4)

Eil^dS

* H. A. Bethe and J. Schwinger, "Perturbation theory lor cavities,"

NDRC, Washington, D. C, Rept, No. DI-117; 1943.
* The general method is described by E. L. Ginzton in "Micro-

wave Measurements," McGraw-Hill Book Co., Inc., New York,
N. Y., ch. 10; 1957.

TABLE III

Measurement of a Plastic Sample Before and After a Reduc-
tion in Diameter to Illustrate the Effect of an Airgap.

The Transmission Line Diameter was 1.0029 Inches

Diameter
k'

Uncorrected
k'

Corrected
tan «X10"
Uncorrected

tan 8X10*
Corrected

1 .0028 2.5330 2.5332 5.72 5.72
0.9808 2.4694 2.5364 5.17 5.26
0.9601 2.4188 2.5412 5.46 5.65
0.9186 2.3588 2.5525 5.68 6.03
0.8505 2.2085 2.5478 5.27 5.94

TABLE IV

Loss Tangent X 10^ Measured at 9200 Mc vs Temperature
and Humidity Variations

Material

4 Per
Cent
R.H.
24°C

31.5 Per
Cent
R.H.
35°C

48 Per
Cent
R.H.
23°C

83 Per
Cent
R.H.
24°C

Unclean
surface

83 Per
Cent
R.H.
24°C

Glass ceramic 2.2 2.3 2.2 2.5 3.6
Glass ceramic 2.2 2.3 2.3 2.6 3.3
Glass ceramic 2.2 2.3 2.2 2.6 4.3
Glass ceramic 2.2 2.3 2.2 2.5 3.5
Glass 53 52 53 53 55

Glass 53 52 53 53 54

Glass 53 52 53 54 55

TABLE V
Complex Permittivity of AI2O3 Ceramic vs Temperature

Temperature °C Dielectric Constant Loss Tangent X10<

23 8.81 9.9

308 9.32 11

505 9.71 14

813 10.58 34

For comparison see M.I.T. Tables.'

5 "Tables of Dielectric Materials," M.I.T. Laboratory for Insula-

tion Research, Cambridge, Mass., Tech. Rept. No. 119, vol. V, p. 40;

1957.
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Eq. (4) was applied to a TEM coaxial transmission

line and a TEoi rectangular line and it agreed with the

usual correction^ for these modes when the gap was

small. Eq. (4) may be applied to the important case of a

circular TEn transmission line for which no correction

for fit was previously available. For a sample with

radius b—Ab in a waveguide of radius b,

Ak' = - k'(k' - I) (0.8368) Ab/b. (5)

This equation was used to correct the results in Table I,

as shown.

Experimental

The samples compared in Tables I and II were ob-

tained as follows. Pairs of samples, a rod and a disk were

cut side-by-side from the various corners of a glass and

a glass-ceramic sheet about 12 inches square. Samples

from the same batch of AI2O3 porcelain were available

in each shape, but were not pairs from side-by-side loca-

tions.

In order to estimate the size of the airgap that may
be treated by (4) without too much error, measurements

were made with larger airgaps. The results appear in

Table III. The same sample was used throughout this

experiment, its diameter being cut down in steps as indi-

cated. It was carefully centered in the line to minimize

mode conversion.

To determine the effects of temperature and humid-

ity variations on the measured properties, the TEou
resonant cavity and samples were enclosed in a glove

box where the temperature and humidity could be con-

trolled. The results of these measurements appear in

Table IV (loss variation) ; the real part to two decimal

places did not vary.

The high temperature equipment uses the method of

Fig. 1(b). A section of silver circular TEn transmission

line is closed with a second short circuit which contains

a coupling iris, forming a TE113 cylindrical resonant

cavity whose Q and resonant frequency yield the com-

plex permittivity of the sample. The first measurements

made with this system are reported in Table V.

Discussion

The 1723 glass appears to be quite homogeneous and

isotropic, based on the results in Table I. It seems prob-

able that the various systems are capable of measure-

ments on k' to an accuracy of 0.3 per cent.

The results shown in Table II confirm the accuracy

of the present loss tangent measurements to ±10 per

cent +0.0001. It is expected that future work will im-

prove this accuracy.

Based on Table III we estimate that with large gaps,

corrections of more than 4 or 5 per cent will leave inac-

curacies of 1 per cent or more in the final results for k'.

The results make it doubtful whether the imaginary

part of (4) should be used. When there is a gap there

may be extra mode-conversion losses that makes up for

the missing sample material. The dielectric constant at

9200 Mc of these materials, for two decimal accuracy, is

independent of temperature and relative humidity over

the normal range of laboratory conditions. Relative hu-

midity and surface contamination do alter the apparent

loss, as shown in Table IV, presumably by lowering the

surface resistivity of the sample. The magnitude of this

effect should vary for different measuring systems

which may concentrate the applied electric field at the

surface of the sample to varying degrees. It does appear,

however, that when measurements can be made at low

relative humidity, say below 30 per cent humidity, cor-

rections are unnecessary.
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Absolute Determination of Refractive Indices of Gases at 47.7 Gigahertz

A. C. Newell and R. C. Baird

National Bureau of Standards, Boulder, Colorado

(Received 2 April 1965)

The refractive index of a gas is determined to high accuracy by measuring the change in the resonant

frequency when the gas is admitted to a previously evacuated microwave cavity. This measurement was
made at a frequency of 47.736 GHz, and is the first such measurement in this frequency range.

The resonant frequency of the cavity is detected by means of a hybrid tee bridge circuit. When the cavity

is matched to the waveguide the null at resonance is very sharp, and the frequency can be set to ±5 parts

in 108.

Two types of resonant structures were used in this measurement, a conventional cyhndrical cavity and
a Fabry-Perot resonator using one plane and one spherical mirror. Measurements were made with both

structures on each of the gases, and the agreement between the two was within the limits of experimental

error. Because the Fabry-Perot resonator has no side walls, air could be passed through it much more
easily, and it is therefore preferred for use with moist air.

The values of (w— 1)X10^ for the gases at 0°C and 760 Torr are as follows:

Dry CO2 free air

Argon

Carbon dioxide

Helium
Hydrogen
Nitrogen

Oxygen

288.13±0.05,

277.48rt0.05,

495.16±0.08,

34.51 ±0.05,

135.77±0.05,

293.81±0.07,

266.95±0 05.

The primary values of these results Ues in their increased accuracy over previous measurements and their

confirmation of existing accurate data on these gases. In addition the use of the Fabry-Perot resonator as

a refractometer is demonstrated and its advantages under certain conditions discussed.

INTRODUCTION

THIS work originated from the need for an accurate

means of measuring the index of refraction of air

in conjunction with a precision detennination of the

speed of light. This need required that the refractometer

yield absolute values with an accuracy of one part in

10^ when operated at the same frecjuency as used in

the speed-of-light measurement.

One of the most accurate means of making this meas-

urement is to measure the change in resonant frequency

caused by the introduction of air into an evacuated

cavity. This method has been used with some variations

by several groups/'^ but the most accurate work

appears to be that of Essen and Froome.^ Our method
was essentially that of Essen and Froome with some

modification toward increasing the accuracy. A Fabry-

Perot resonator was also developed and used as an in-

dependent check on the conventional cylindrical cavity.

THEORY OF MEASUREMENT

The index of refraction of a medium is defined as the

ratio of the speed of an electromagnetic wave in a

vacuum to its speed in the medium. Therefore,

C X/e fe

f X/<7 fg'

or (n—l)--
fe-fg

fg

(1)

1 C. M. Grain, Phys. Rev. 74, 691 (1948).
2 G. Birnbaum, S. J. Kryder, and H. Lyons, J. Appl. Phys. 22,

95 (1951).
3 L. Essen and K. D. Froome, Proc. Phys. Soc. B64, 862 (1951).

where n is the refractive index, X the resonant wave-

length of the cavity, fg and fe the filled and evacuated

resonant frequencies, respectively.

The measurement is seen to be dependent upon

maintaining the resonant-wavelength constant, or in

other words the dmiensions of the cavity must remain

the same. As is discussed later, there are small changes

in the dimensions of the resonant structures which

lead to correction tenns.

For air and most gases, the change in frequency,

fe—fg, is a small fraction of the operating frequency.

This fact, together with the required accuracy of the

measurement, makes it imperative to have a stable

frequency source and a precise means of setting and

measuring the resonant frequency.

Resonance of the cavity is detected by means of the

hybrid tee bridge circuit shown in Fig. 1. Microwave

m ABSORBING LDAD

SLIDE SCREW TUNER

BOLOMETER
DETECTOR

5 5 mi
OUABTZ

CBYSTAL

OSCILLATOR

5 5 MHz FREQUENCY

MULTIPLIER

FREOUENCr

COUNTER

100 KHZ

STANOABO

REFERENCE

23 8 GHz CRYSTAl

DOUBLER

47.7 GHz

GAS

MEASURING

CAVITY

AHPLiFIER

AND

INDICATOR

Fig. 1. Schematic diagram of microwave refractometer.
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Fig. 2. Cylindrical cavity enclosed in bell jar.

power is derived from a frequency multiplier chain

driven by a variable crystal-controlled oscillator. The
signal is then fed into the E ami of the hybrid tee. A
low-VSWR load and tuner are attached to one colinear

arm of the tee and the cavity is attached to the opposite

arm. The coupling hole of the cavity has been adjusted

in size so that at resonance the cavity is matched to the

waveguide. The reflected signal from the cavity, and
hence the signal at the detector, is a minimum at

resonance. This minimum is a precise indication of

resonance. Its sharpness, and therefore the precision

of setting to resonance, is determined by the symmetry
of the tee and how well it is matched, the matching of

the cavity and the load, and the adjustment of the

load-ann tuner.

These factors are optimized as follows. As nearly

symmetrical a tee as possible is chosen and E-H tuners

attached to the input and output arms. With matched
loads on the two colinear arms, the tuners are adjusted

for minimum VSWR at their inputs. The tee is thus

sufficiently well matched with isolation between the

E and H arm^ typically 40 dB. This matching does not

375-

change the frequency at which the minimum output

signal occurs, but it does make the minimum much
sharper. This has been verified experimentally and is

discussed in detail in the Appendix. Once the tee is

matched the cavity is attached in place of one matched
load, and a slide-screw tuner inserted between the tee

and the other load. With no tuning in the load arm, the

frequency is adjusted for minimum output, and then the

tuner is adjusted to cancel out the small reflection from

the cavity. This procedure produces a very sharp

minimum which makes it possible to set the frequency

to a precision of ±5 parts in 10^.

Since the output frequency of the multiplier chain' is

a constant multiple of the oscillator frequency, the fre-

quency measurement is accomplished by counting the

frequency of the oscillator with reference to a 100-kHz

national standard signal. This reference is maintained

accurate to at least one part in 10'", and the short-term

stability of the oscillator is 3 parts in 10^.

CAVITY DETAIL

The first cavity used in the experiment is shown in

Fig. 2. This is a conventional cylindrical cavity opera-

ting in the TEon mode. It was constructed of invar to

reduce its temperature coefficient, and the interior walls

were silver plated. After the silver was deposited on

the walls, a stainless-steel broach was passed through

the cylinder to compress the silver plating. This in-

creases the Q of the cavity, which for this one was about

30 000. The cavity is equipped with a tuning plunger

which can be used to trim the resonant frequency ; how-

ever, in use the plunger is left fixed during a measure-

ment. Considerable effort was spent in eliminating un-

desired modes in the cavity. Some of these modes were

introduced by the tuning plunger mechanism and were

eliminated by altering the physical configuration of the

plunger housing. A choke was cut in the end plate of

the cavity to shift the frequency of the TMm mode out

of the working range. The final result is a cavity com-

pletely free of all modes save the desired TEon mode
throughout the cavity tuning range. The VSWR at

resonance, looking into the cavity, remained less than

1.03 over the entire frequency range of the source, which

was about 14 MHz, extending from 47 743 to 47 729

MHz. The cavity is mounted in a vacumn-sealed bell

jar so that it can be filled with the gas under test and

evacuated. The external tuning rod does not make rigid

contact with the micrometer head, insuring that move-

ments of the bell-jar end plates are not transmitted to

the cavity.

Figure 3 shows a picture of the Fabry-Perot structure

which was also used in the experiment. This instru-

ment was designed by Zimmerer^ who suggested its

use as a refractometer. The resonator consists of a

spherical brass mirror with a 22-in. radius of curvature

* R. W. Zimmerer, M. V. Anderson, G. L. Strine, Y. Beers,

IEEE Trans. 2, 142 (1963).
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facing a flat brass mirror. Power is coupled into the

structure through a single hole in the center of the flat

mirror. The mirrors are separated by three invar rods

11 in. long. The whole structure is enclosed in a bell

jar in such a way that it is isolated from any movement
of the bell-jar end plates. This apparatus was used as an
independent check on the cylindrical cavity, but it also

has some distinct advantages when measuring the re-

fractive index of room air. When the air is admitted to

the bell jar containing the refractometer there will be

a period of time in which the water vapor will be ad-

sorbed by the surfaces of the bell jar and refractometer.

If the bell jar is sealed off soon after filling with air,

this absorption results in a decrease in gas pressure and

an increase in resonant frequency. This increase in

frequency is due to the loss of water vapor from the gas

in the cavity, and there is no measurable change in the

resonant properties of the cavity caused by the adsorbed

layer of water on the walls. This was determined by
measuring the evacuated resonant frequency as a func-

tion of time soon after the air had been pumped out.

If the layer of water vapor on the cavity walls had
changed the resonant frequency there should have been

a decrease in frequency as the adsorbed layer was
pumped off. However, no such change was observed.

Thus, when measuring the refractive inde.x of air it is

necessary to circulate the air through the refractometer

to allow the system to remain at a condition of water

vapor and thermal equilibrium. This circulation is also

desirable to sample continuously the air and thereby

detect the fluctuations in refractive index.

The cylindrical cavity had only small holes to allow

air to enter the cavity, and this made it more difficult

to arrive at water-vapor equilibriiun. The small inlet

holes also caused a good deal of turbulence within the

cavity when air was pimiped through it, making it

necessary to stop the flow of air when the frequency

was being set.

The Fabry-Perot refractometer is especially suited

for use with air since it has no side walls to impede the

flow of air between the mirrors. A large flow of air can

be passed through the refractometer without appreci-

able turbulence, thereby making possible its use as a

continuous monitor of refractive index. Also with this

cavity, it was only necessary to measure the evacuated

resonant frequency and associated rod temperatures

two or three times a day. From these measurements
the evacuated resonant frequency at any given rod

temperature could be calculated. This eliminated the

need to evacuate the cavity after each filled reading

and greatly improved the room-air measurements.

Using the Fabry-Perot refractometer in this way it was
possible to measure the refractive index of the air in

the laboratory to an accuracy of at least one part in 10'.

The measurement of cavity temperature changes is

very critical if the desired accuracy is to be realized,

since any temperature change will cause a change in

the cavity dimensions and therefore the resonant

376-

In 3. I aliry-Perot structure with hybrid tee attached.

frec[uency. The temperature will rise sharply when gas

is admitted to the evacuated bell jar and will decrease

sharply when it is pumped out again. While these

changes are at most only a few tenths of a degree

Celsius, failure to allow for their effect can cause

significant errors. For the accuracy required, it is

necessary to measure absolute temperature accurately

to 0.0 1°C and temperature changes to an accuracy of

0.002°C. It is also necessary that the temperature sensor

be in intimate thermal contact with the cavity itself

without transmitting any mechanical stress from the

rest of the system. These requirements were fulfilled by
using thermistor beads mounted in 8/32 screw heads.

For the cylindrical cavity a small hole was tapped in

the invar wall of the cavity and the screw and ther-

mistor placed in the hole. A small piece of aluminum

foil was placed over the end of the assembly to help

shield the thennistor from external thermal radiation.

The thermistor leads can be seen extending from the

cavity wall in Fig. 2. In the Fabry-P^rot structure it
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was found necessary to use three thermistors to measure

accurately the average temperature of the rods. One
was placed in the middle of one rod, and one on each

end of a different rod. The average temperature of the

rods is then given by

T=aTB+bTm+CT^, (2)

where Tb, Tm, Tt refer to the temperature at the bottom,

middle, and top of the rods, respectively. The constants

a, b, and C, as well as the temperature coefficient of the

cavity a were detennined experimentally by heating

the instrument slowly and measuring the rod tempera-

tures and resonant frequency. The constants were then

calculated from a least-squares fit of the data to the

equation

fT= ffo+a{f-To\ (3)

where ff and are the resonant frequencies at tem-

peratures T and To.

EXPERIMENTAL PROCEDURE

For the actual measurements, gas was admitted to

the bell jar and a few minutes allowed for the gas and

the metal to come to thennal equilibrium. The fre-

quency of the microwave source was adjusted for

minimum detector signal and the frequency was then

measured. This setting to minimum and the measuring

of frequency was repeated six times and the average

used as the filled resonant frequency fg. The tempera-

ture as indicated by the thennistors was recorded and

the pressure was measured with a U-tube manometer.

For the cylindrical cavity, the cavity temperature was

used as the gas temperature
;
however, it was found that

with the larger volume of the Fabry-Perot structure

the gas temperature could be significantly different

from the rod temperature. It was necessary in this case

to use a thermistor bead attached to the glass bell jar

and extending a short distance into the air space to

measure the gas temperature. After frequency, pressure,

and temperature measurements had been made, the

bell jar was evacuated and again it was necessary to

allow a few minutes for the system to reach thermal

equilibrium.

The frequency was again set and measured six times

and the cavity temperature recorded. The measured

evacuated resonant frequency // was corrected for the

change in temperature of the cavity giving, for the

cylindrical cavity,

/,=//+a(r,-r.), (4)

where a is the temperature coefficient of frequency of

the cavity, Tg and Tc are the filled and the evacuated

temperatures, respectively.

The corresponding equation for the Fabry-Perot

resonator can be obtained from Eq. (3) and written as,

fe=fe'+a(aAT„+bATB+CAT,). (5)
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The index of refraction is then

(»,-!)=(/,-/„)//, (6)

All of the measurciuents were made at a mean tem-

perature of 20°C and at pressures ranging from 600 to

760 Torr, and it was therefore necessary to use an

extrapolation equation to arrive at the refractive index

at standard conditions, namely 0°C and 760 Torr. For

the accurac)' of the present measurement, it is sufficient

to assume that the refractivity of a gas is proportional

to its density, and with the use of a gas law the density

can be expressed as a function of the temperature and

pressure. Various gas laws were considered, and the

ones which were used were chosen on the basis of their

agreement with gas-density tables in the temperature

and pressure range used. These tables, contained in

National Bureau of Standards Circular No. 564,^ were

compiled from the work of a number of ex-periments and

represent a good check on the accuracy of a gas law.

The ideal-gas law was used for helium and hydrogen

and the extrapolation equation is then

Nt.p= («r,p-l)Xl06= .Vo,76o273.15P/760r, (7)

where Nt,p is the refractivity at r°K and P Torr, and

A^o,760 is the refractivity at standard conditions.

Barren and Sears'^ arrived at an empirical-extrapola-

tion equation from refractive-index measurements on

dry C02-free air at optical wavelengths. These results

give,

Nt,p= A^o,76oP[1+ (1.049-0.0157/)X 10-«P]/

[760.606(1+0.03661/)], (8)

where 7 is in degrees Celsius and P in Torr. This equa-

tion was used for nitrogen, oxygen, and argon as well as

for dry C02-free air.

Berthelots equation of state for small pressures was

chosen for carbon dioxide and is,

Pv= RT{\+9PTcimPcT)-'ll- (6Tc^/r-)^} (9)

or

Pv= RT{\-BtP), (10)

where

5r=9r,(128P,r)-i[(6r,VP)-l]. (11)

In the above equations P is the gas pressure, v the

molar volume, T the absolute temperature, Tc and Pc

are the critical temperatures and pressures which for

CO2 have the values

rc=304.20°K and P,= 55 366 Torr.

From Eq. (10) the density is given by

d=\/v={P/RT){].-BTPy\ (12)

6
J. Hilsenrath et al., Natl. Bur. Std. (U. S.) Circ. 564 (1955).

« H. Barrel! and J. E. Sears, Phil. Trans. Roy. Soc. A238, 2

(1940).

754



Since BtP is small compared to unity, this may be

approximated by

d={P/RT){l+BTP), (13)

and since the refractivity is proportional to density the

extrapolation equation becomes

NT,p=N,,n<^P{\+BTP)T,/lP,{l^'BoPm, (14)

where Bt and Ba are the values of B at temperatures

r°K and 0°C, ro=273.15°K, Po=760 Torr. The ex-

trapolated value of refractivity using Eq. (14) are in

very good agreement with those using tables of gas

density. In the pressure range from 500 to 760 Torr and

temperatures from 0° to 25 °C they differ by only 2

parts in 101

One additional correction of +0.30X10""*^ is applied

to allow for the increase in the dimensions of the

cavities when the bell jar is evacuated. This is referred

to in the literature as the hydrostatic correction and is

due to the expansion of the metal when the pressure of

the gas is removed. This change in the length for both

cavities is

bl=Pl{\-lv)/E, (15)

and the change in the radius of the cylindrical cavity is

hr=-P{\+v){\-2v)r/E, (16)

where P is the gas pressure, I the length of the cavity,

V is Poisson's ratio, E is Young's modulus, which for

invar have the values 1^= 0.290, £=21.4X10'^ psi, and

r is the radius of the cylindrical cavity. The derivation

of these equations is discussed in Appendix B.

ACCURACY OF RESULTS

One possible source of error, which has been elimi-

nated in the present measurement, is that due to a

phase shift in the tee when the frequency is changed.

The signal in the detector arm is the vector sum

of reflected waves from the load and cavity arms plus

a signal coupled directly from input to output, and the

minimvim detector signal occurs when this vector

svmi is a minimum. The phase relationship of these

signals is determined by the guide wavelength and

the physical distance of the reflection from the junction.

When the bell jar is evacuated and the frequency is

changed, this phase relationship is altered due to

the change in the guide wavelength and the mininium

output signal could occur at a different setting of the

cavity than for the filled condition. This phase shift

causes an error in the frequency-difference measurement

and therefore an error in n. To eliminate this source of

error, we have sealed off the hybrid tee from the air

surrounding it and removed the seal which had been

across the connection between the cavity and the tee.

This is accomplished as shown in Fig. 4, by using a

0.005-in. Teflon window across the input and output-

waveguide flanges and 0-rings at the load and cavity
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Fig. 4. Hybrid tee arrangement for eliminating phase shift.

flanges. A half-wavelength Teflon plug slightly larger

than the waveguide to insure a tight fit is used in place

of the tuner in the load arm. It can be moved in the

guide relative to the load to accomplish the same tuning

effect as the slide-screw tuner. Two of the corners of

the plug are cut away slightly to allow for passage of

gas past the plug. In this way the tee as well as the

cavity is filled with the gas and is evacuated, and the

wavelength in the tee remains constant. This is seen

from the relationships

ffe\' 1

1

(17)

(18)

(19)

In the above equations, and are respectively the

wavelengths in the tee when evacuated and when filled

with the gas of refractive index n, and A,; is the cutoff

wavelength of the guide.

Table I. Impurities in each of gas samples
in parts per million by volume.

But from Eq. (1),

and therefore.

C/ A,2

c I \/

nfa=fe,

Ae= A^.

Impurity in ppm by volume

Carbon Water
Gas Nitrogen Oxygen dioxide vapor

Argon 10 10 6
Carbon dioxide 40 10 5

Helium 10 5 1

Hydrogen 25 5 1

Nitrogen 50 14

Oxygen 100 6
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Table II. Error in (n — 1)X10^ due to each contributing factor.

rms total

Cylindrical cavity Fabry-Perot cavity 2<r limits

Random Random
Hydro error error r abry—

Gas Pressure Impurities static Temp. 2(7' Temp. 2.(7^ Perot

Air ±0.02 ±0.03 ±0.02 ±0.02 ±0.10 ±0.08 ±0.05 ±0.13

Argon ±0.02 ±0.02 ±0.03 ±0.02 ±0.02 ±0.10 ±0.04 ±0.05 ±0.13

Carbon dioxide ±0.03 ±0.01 ±0.03 ±0.04 ±0.06 ±0.16 ±0.16 ±0.08 ±0.23

Helium ±0.002 ±0.01 ±0.03 ±0.003 ±0.04 ±0.01 ±0.04 ±0.05 ±0.05

Hydrogen ±0.01 ±0.01 ±0.03 ±0.01 ±0.04 ±0.04 ±0.06 ±0.05 ±0.07

Nitrogen ±0.02 ±0.05 ±0.03 ±0.02 ±0.02 ±0.10 ±0.02 ±0.07 ±0.12

Oxygen ±0.02 ±0.02 ±0.03 ±0.02 ±0.02 ±0.08 ±0.06 ±0.05 ±0.11

The accuracy of the measurement is dependent

upon how accurately the frequency difference, the gas

temperature and pressure, and the cavity temperature

change can be measured, and therefore, every effort was

made to reduce the errors in these quantities. By
measuring the frequency with reference to a highly

stable source and taking the average of six readings, the

frequency can be determined to within 2 parts in 10*.

A precision platinum resistance thermometer was

used as the reference for all temperature measurements.

It was used to calibrate a precision mercury-in-glass

thermometer to within ± 0.002 °C, and this themiom-

eter was in turn used to calibrate the thermistors at

0.1°C intervals. The thermistor calibrations were peri-

odically checked to allow for any change in their

characteristics. The gas-temperature error for the cylin-

drical cavity is estimated at 0.02°C, while that for

the Fabry-Perot is no more than 0.10°C. The larger

error for the Fabry-Perot is due to the larger volume of

gas in this cavity.

A precision U-tube manometer was used to measure

the gas pressure. The scale was calibrated by the

Length Standards Section of the" National Bureau of

Standards to within 0.005 mm and each reading was

corrected to give the pressure in terms of the density

of mercury at 0°C and standard gravity. The gravity

correction was arrived at by using the acceleration of

gravity as measured in our laboratory by the U. S.

Geological Survey. With these corrections the gas

pressure is accurate to within 0.05 Torr.

Another source of error is the uncertainty in the con-

stants used in computing the hydrostatic correction.

If a 10% error in these constants is assumed, the corre-

sponding error in refractive index is 3 parts in 10*.

The gases used were the highest purity available in

large enough quantities for this use, and the maximum
impurities as stated by the manufacturers are listed in

Table 1.

Possible sources of systematic error were checked by

using different pieces of equipment or making changes

in the arrangement of the apparatus. Three different

hybrid tees were used and measurements were made

with and without the tuning elements on the tee. Two
different manometer scales were used, and while most

379-

measurements were made at a pressure of 760 Torr,

there were also some made in the range from 400-800

Torr. As checks for possible mechanical stress on the

cavity, the apparatus was inverted, and readings were

also made with the tuning plunger partially inserted

and fully withdrawn. In none of these tests were there

a measurable systematic change in the measured index

of refraction. The use of the two refractometers is also

an effective test for systematic error, and the close

agreement between the two illustrate that the error

should be within the values quoted.

Table II gives the error in («— 1)X10'' for each of

the factors involved. Since these were arrived at by
using the estimated maximum error in the measured

quantities, the resultant errors in the refractivity is

assumed to be equivalent to 2a limits. To arrive at an

estimate of the total error, we have taken the rms sum
of these errors with twice the standard deviation of

the mean value, 2criv, where o-at is the standard devia-

tion of the mean value of at least 15 different determina-

tions. This rms sum is then a 2(r limit of the estimated

total error, and it is this value which is quoted in the

results.

RESULTS

The results for the gases measured are shown in

Table III, along with some values as quoted by previous

authors. Those values quoted by Maryott and Buckley^

were arrived at by taking the mean of several measure-

ments made by different authors at frequencies ranging

from rf to optical. Their values are given in terms of

(e— 1) at 20°C and 760 Torr and have been converted

to (n—1) by using the relationship

«-l=(Me)i-l

and extrapolated to 0°C using the appropriate gas law.

The limits of error given by them are the average

deviation of the individual values used in computing

the mean value. This is about the same as 2aN when aN
is the standard deviation of the mean. The errors given

by Essen and Froome are the rms sum of the estimated

maximum systematic errors together with the standard

' A. M. Maryott and F. Buckley, Natl. Bur. Std. (U. S.) Circ.

537 (1953).
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deviation of one observation, and as such are similar to

2(7 limits. For a more extensive comparison with the

results of individual experimenters the reader may wish

to consult Essen and Froome^ or Boudouris.^

While the present measurement is the only one at this

frequency, there is no reason to expect any dispersive

effects for any of the gases except oxygen. The agree-

ment between the two cavities and with previous

measurements for air, nitrogen, argon, and hydrogen

within the stated experimental error help to verify

the stated accuracy of the results. The diiierence in the

values for oxygen was to be expected as a result of the

oxygen absorption at 60 GHz, and this is also illustrated

by Essen and Froome's work done at 9 ^° and 72 GHz.^^

There is a rather large difference in the results for

helium when compared with the values quoted by

Mayrott and Buckley and Essen and Froome, although

there have been measurements made with helium that

are in close agreement with ours.'^'^^ There could be

various reasons for this, one of which could be different

impurity levels in the gases used. With its very low

refractivity, small traces of water vapor or other gases

could raise the measured value appreciably. The fact

that this is the only gas where there is an appreciable

disagreement would tend to support this.

CONCLUSIONS

The close agreement between the two independent

refractometers, the cylindrical cavity and the Fabry-

Perot, as well as the agreement with other measure-

ments demonstrates the accuracy of this microwave re-

fractometer. The results which we obtained should in-

crease the accuracy of measurements performed in this

Table III. Comparison of results.

Index of refraction of gases at 0°C, 760 Torr.

Fig. 5. Schematic diagram of hybrid tee bridge circuit.

' Reference 3, p. 868.
9 G. Boudouris, J. Res. Nat. Bur. Std. D6, 631 (1963).
i»L. Essen, Proc. Phys. Soc. (London) B66, 189 (1953).
1' K. D. Froome, Proc. Phys. Soc. (London) B68, 833 (1955).
12

J. G. Jelatis, J. Appl. Phys. 19, 419 (1948).
" C. Cuthbertson and M. Cuthbertson, Proc. Roy. Soc.

(London) A135, 40 (1932).
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Author
Fre-

Cavity type («-l)X106 quency Date

Dry CO2-free air
A/Ta r\rr\ff—Rnrl.'±\±<xi y L L x> ULivicy 900 1 in 0

Essen 288.10±0.10 9 GHz 1953
Essen-Froome 288.15±0.10 24 GHz 1951
Froome 287.66±0.11 72 GHz 1955
Newell-Baird Cylindrical 288.13±0.05 48 GHz 1964
Newell-Baird Fabry-Perot 288.15±0.13 48 GHz 1964

Argon

Maryott-Buckley
Essen-Froome
T'roome

Newell-Baird
Newell-Baird

Maryott-Buckley
Essen-Froome
Newell-Baird
Newell-Baird

Maryott-Buckley
Essen
Newell-Baird
Newell-Baird

Maryott-Buckley
Essen
Newell-Baird
Newell-Baird

Cylindrical

Fabry-Perot

277.6 ±0.2
277.8 ±0.2
277.7 ±0.2
277.48±0.05
277.47±0.13

24 GHz
72 GHz
48 GHz
48 GHz

Carbon dioxide

Cylondrical

Fabry-Perot

Heliu

Cylindrical

Fabry-Perot

495.4 ±0.5
494.7 ±1.0"
495.16±0.08
495.26±0.23

34.9 ±0.2
35.0 ±0.2
34.51±0.05
34.43±0.05

Hydrogen

136.2 ±0.2
136.0 ±0.2

Cylindrical 135.77±0.05
Fabry-Perot 135.77±0.07

Nitrogen

Oxygen

1951

1955
1964
1964

24 GHz 1951
48 GHz 1964
48 GHz 1964

9 GHz 1953
48 GHz 1964
48 GHz 1964

9 GHz 1953
48 GHz 1964
48 GHz 1964

Maryott-Buckley 294.1 ±0.2
Essen 294.1 ±0.1 9 GHz 1953
Essen-Froome 294.1 ±0.1 24 GHz 1951
Froom.e 294.05±0.11 72 GHz 1955
Newell-Baird Cylindrical 293.81±0.07 48 GHz 1964
Newell-Baird Fabry-Perot 293.90±0.12 48 GHz 1964

Maryott-Buckley 266.3 ±0.1
Essen 266.2 ±0.2 9 GHz 1953
Essen-Froome 266.4 ±0.2 24 GHz 1951
Froome 263.9 ±0.2 72 GHz 1955
Newell-Baird Cylindrical 266.95±0.05 48 GHz 1964
Newell-Baird Fabry-Perot 267.06±0.11 48 GHz 1964

|> This value has been corrected by using Berthelot's gas law rather than
the ideal gas law.

frequency range when a precise knowledge of the re-

fractive index is needed. The Fabry-Perot refractometer

is not difficult to build and offers many advantages
when one requires a continuous monitor.

There is a need for further work to determine the

refractive index of water vapor and this work is planned
as time will permit.
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APPENDIX A. ANALYSIS OF HYBRID
TEE CIRCUIT

A schematic diagram of the hybrid tee circuit is

shown in Fig. 5. If we adopt reference planes as indi-

cated by the T/s in the figure, then the scattering

matrix of the system is given as

fbi]

bz

Six

521

sn

sn

522

532

542

5l3

523

533

543

5l4

524

534

544,

ai

ai = S
a 2

fl3
(20)

where ai is the magnitude of the input signal and bi is

the magnitude of the outgoing signal at Ti. The 5,/s are

the scattering coefficients relating the input signal at

Tj to the output at Ti. For the system as used,

ai=biTi,

a2= ^'2r2,

az=bzVz+bg,

a4= b^ i,

where the T's are the reflection coefficients of the various

arms and bg is the incident wave which the generator

would emit into a nonreflecting load. With these sub-

stitutions Eq. (20) becomes

(21)

If we write out the equations implied in (21) and solve

for the detected signal bi, we obtain the following

:

'b; biTi

bi

= S
biTi

b2 b2T2

bz bzTz+bo

bi biTi

bi=bB

5iiri-i 5l2r2 5l3 ~5l3

52iri 522r2— 1 523r3 ~523

53iri 532r2 533r3— 1 ~533

54iri 542r2 543r3 — 543

5iiri-i 5l2r2 5l3r3 5l4r4

52iri 522r2— 1 523r3 524r4

53iri 532r2 533r3— 1 534r4

54iri 542r2 543^3 544r4— 1

(22)

The numerator can be reduced substantially and (22)

can be written in a sunplified form as

bi

ba

riFaD— riW22— r2Wii+543

Den.
(23)

where

5ll 5l2 513 522 523 5ll 5l3

D= 521 522 523 ; wu= 542 543 ; W22= 541 543

541 542 543

and Den. means the denominator of Eq. (22). The
significant aspect of Eq. (23) is that the numerator does

not depend upon Vz and r4. Setting the nunierator equal

to 0 the condition for the null is obtained as

or

ri= (r2Wii-543)/(r2r'-m22)

V2={Tim22-Siz)/{TiD~mn). (24)
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Each of these equations is a linear fractional transforma-

tion and the solutions are unique unless 543Z)— wiiW22= 0

in which case Fi and r2 are either constant or the solu-

tions are meaningless. If, as indicated in the figure, Tz

and Ti are chosen between the junction and the E-H
tuners, then the only effect a change in the E-H tuners

has on the system is to alter r3 and r4. All of the scatter-

ing coefficients remain unchanged. The conclusion is

that a null is obtained when Eq. (24) is satisfied, and the

frequency at which the null occurs will be independent

of the condition of the E-H tuners. Therefore, these

tuners may be used to improve the sensitivity without

fear of introducing any significant errors into the fre-

quency determinations.

For a truly symmetrical tee, 534=543= 0, 511= 522,

514=524, and 5i3= —523. Under these conditions ri=r2,

and for a high-quality tee one can then expect ri~r2
when a null is obtained.

Since the measurement of refractive indices involves

a change of frequency, there is a possibility of small

errors arising from changes in the values of the scatter-

ing coefficients with frequency. A precise knowledge

of how the scattering coefficients vary with frequency

would be difficult if not impossible to obtain; however,

the following observations can be made. First, as dis-

cussed previously, the process of evacuating and filling

the tee with the gas being measured along with the

cavity keeps the wavelength in the junction constant.

This eliminates any phase change in the scattering

coefficients from this source. Second, the frequency

change is relatively small, ranging from about 0.04%

of the resonant frequency for CO2 to less than 0.004%

for He. Experimental tests were performed on the load

used on Arm 1 of the bridge and on the tee itself.

Variations in the amplitude and phase of the reflection

coefficients were checked over a frequency range 20

times as great as the largest frequency shift encountered

in practice. The data exhibited some small, slowly

varying frequency effects, but the magnitudes and

phases of the reflection coefiicients appeared to be

constant in the range of interest. This implies that to

a good approximation the scattering coefficients may be

regarded as constants over the limited frequency range

used. Finally, since the cavity Q is approximately

30 000, the phase and amplitude of the cavity reflection

coefficient change extremely fast at frequencies near

resonance. Hence when the frequency is being set, r2

changes rapidly until Eq. (24) is satisfied and the other

circuit parameters remain essentially constant. This

analysis plus the many experimental tests made on the
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system lead us to the conclusion that there is no signi-

ficant error inherent in the microwave bridge circuit as

used in this experiment.

APPENDIX B. DERIVATION OF HYDROSTATIC.
PRESSURE CORRECTION

The basic equations used in this derivation can be

obtained from any good text on elasticity, for example
Wang,i* or Timoshenko and Goodier.^^ In cylindrical

coordinates these equations are as follows.

Stress equations:

d(Xr (Tr—cre d<Jz

\ =0; —= 0.

dr r dz

Stress-strain relations:

ag— v(ar+a-z) = Eee,

Strain-displacement relations:

(25)

(26)

du dw

dr r dz
(27)

In the above equations cr, is the stress component in the

ith direction, the strain component in the ith direc-

tion, u and w ajce the displacements of a point in the

r and z directions, respectively, E is Young's modulus,

and V is Poisson's ratio.

For the conventional cavity a long hollow cylinder

was assumed with the stress on a plane s= constant

equal to the stress on the ends of the actual cylinder.

If it is assumed that w=0, (^= 0 and from (26),

and

or

(i—v-)ar— i'{i-'ri>)ae= E(r,

(1— v^)ao— v{l-\-v)crr= Eee,

o-r-o-e=[£/(l-f-j')](e,-ee).

(28)

(29)

(30)

" C. Wang, A pplied Elasticity (McGraw-Hill Book Company,
Inc., New York, 1953), pp. 1-54.

1* S. Timoshenko and J. N. Goodier, Theory of Elasticity (Mc-
Graw-Hill Book Company, Inc., New York, 1951), pp. 1-60.

The (Jo can be eliminated from (29) to yield

cr,= [£/(l+.)(l-2.)][(l-.)€.+ .6e]. (31)

Combining Eqs. (25), (30), and (31) results In the

following differential equation for u: ^

d'^u 1 3m 1

1 M=0.
dr^ r dr

The solution of this equation is

u = Ar^{B/r),

and by (27)

tr=A-{B/r^)- ee=A+(B/r^).

Eq. (31) can then be written as

(32)

(33)

(34)

E

l+ v

A B-i

A-lv

But 0-,= constant= —P, where P is the hydrostatic

pressure, hence 5 = 0 and

^ = -(P/£)(l-f.)(l-2.). (35)

In addition, from (34) 6^= ee and by (30) (rr— <^9- There-

fore, according to (26) with tz= ^,

(Tz= v{crr-\-(re) =—2vP; (36)

thus, a pressure of 2vP must be applied to the ends of

the cylinder to keep the displacement zero. Therefore,

when P is applied the displacement corresponds to

an effective pressure of P(l— 2j'j and the change in the

length of the cavity is

5/= (Pl/E)il-2v), (37)

where / is the length of the conventional cavity or the

length of the rods separating the two mirrors when the

equation is used with the Fabry-Perot resonator.

The change in the radius of the cylindrical cavity is

given by Eq. (33) as

dr=-iP/E)il+ v)(l-2p)r,

where r is the radius of the cavity.

(38)
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A Radio-Frequency Permittimeter

R. C. POWELLf, MEMBER, IRE, AND A. L. RASMUSSENf

Introduction

HE measurement of low-impedance materials,

such as conductors, semiconductors, electrolytes,

and high-permittivity materials has always been

* Received by the PGI, June 23, 1960. Presented at the 1960
Conference on Standards and Electronic Measurements as paper 3-5.

The work reported here was partially supported by the Dept. of the

Navy under a Bureau of Ships contract.

t National Bureau of Standards, Boulder, Colo.

difficult since errors due to electrode impedance, con-

tact potentials, interaction of electrodes with the ma-
terials, series inductance and connection impedance
can cause errors many times the actual quantity being

measured. Methods that have been used at low fre-

quencies involve four-terminal bridges [l], and double

transformers using an electrodeless ring of the material

as a coupling loop [2]. Such measurements at micro-

wave frequencies have been made in a circular electric

Reprinted from IRE TRANSACTIONS
ON INSTRUMENTATION

Volume 1-9, Number 2, September, 1960
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field [3] or by using samples large compared to a wave-

length. None of these methods are useful at radio fre-

quencies where many materials exhibit interesting and

useful properties.

The RF permittimeter (so-called because of its anal-

ogy to the RF pernieameter [4]) also utilizes a circu-

lar electric field in a ring-shaped sample to eliminate

electrode and series inductance problems. The circular

electrical field is created in a transformer yoke of ap-

propriate symmetry. This instrument is a two-termi-

nal coaxial system designed for making measurements

on conventional HF impedance measuring equipment.

Since the yoke of the transformer is made of mag-

netic materials, the principal limit of the range of the

instrument is the maximum initial permeability of

yoke materials available. This falls from about 5000 at

10 kc to about 50 at 100 Mc and determines the effec-

tive impedance of the single turn sample and hence the

sensitivity of the instrument. Using bridges with 0.1 per

cent precision and 1 per cent error, the maximum resis-

tivity which can be measured to 1 per cent error ranges

from about 10~- ohm meters at 10 kc to about 1 ohm
meter at 100 Mc while the minimum relative permittiv-

ity which can be measured to the same accuracv' ranges

from about 10' at 10 kc down to about 10- at 100 Mc.

These accuracy figures were obtained empirically' by

measuring known impedance rings. By changing the

number of turns on the primary winding, the permit-

timeter can be matched to many impedance measuring

instruments, but the range of materials that can be

measured can be changed only by small amounts.

The instrument is analyzed as a 7" network and cali-

brated using the cases of no secondary, a low-resistance

copper ring secondary, and a known resistance second-

ary consisting of a ring of fine resistance wire such that

skin effect is eliminated. The specimen to be measured

consists of a solid ring of material or a liquid in a ring-

shaped container. Since the magnetic path must be

broken and reformed for insertion of solid rings, preci-

sion of greater than 1 per cent is difficult to obtain.

Measurements made to date have shown values of

permittivity of many ferrites to be much higher than

those obtained by electrode methods, explaining res-

onance efl^ects at frequencies lower than those previ-

ously calculated. Measurements of strong electrolytic

solutions have shown that the conductivity has a strong

out-of-phase component which can be either leading or

lagging, depending on the nature of the solution, and

thus contributes either a positive or negative ccnn-

ponent to the permittivity. Good agreement with ex-

trapolated values for the in-phase component of the

conductivity of these solutions as well as several metals

vas obtained.

The permittimeter shown in Figs. 1 and 2 was made
rom a solid piece of high-permeability ferrite using an

'trasonic cutter; the plate and mating surfaces were
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then ground and lapped. The optimum polish on the

surfaces is somewhat rougher than a mirror finish. It

was found that too fine a surface caused poor repro-

ducibility, probably because of microscopic magnetic

coupling across the boundary.

The following analysis produces the equations neces-

sary to determine the impedance around the ring of ma-
terial and also the complex permittivity or dielectric

constant. The complex conductivity a* can be obtained

from the complex permittivity K*Ko by

jwK*Ki (1)

It should be realized that, while conductivity and per-

mittivity are two different phenojiiena, it is difficult to

separate them experimentally. The measured value

generally is the sum of the two effects; hence, such a

conversion is acceptable.

O

w
Fig. 1—An RF permittimeter with standard ring, shorting

ring and various rings of materials to be measured.

MATERIAL

FERRITE, ji : !400.

lor 8 : 0 068 AT

I : 3 10 5 tps

SECONDARY REGION

9-1/2 TURN PRIMARY

*26 WIRE

Fig. 2—Section drawing of an RF permittimeter.

Analysis of thk Pf.kmittimf.ter

At a single frcc|uency, the permittimeter with a sec-

ondary impedance can f)e represented by an equivalent

loaded T network [5 J
as shown in Fig. 3.

Using the symbol definitions given in Table I, the

impedance Z/, can be written in terms of this circuit as

Z,.

Z Z, - (Zi, - Zl)(Z2 + Z;j

Zi Z, - Z-,

(2)
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Fig. 3—Equivalent Tee network.

If no material is inserted into the secondary region, Z/,

can be considered to have infinite impedance and

7̂
in (3)

If the shorting ring is inserted into the secondary re-

gion, Zl has exactly zero impedance and

Zs =
(Zin .s

— Zi)(Zin 0 ~ Zl)

Zin 0 — Zin S

(4)

TABLE I

Definition of Symbols

Capacitance

C*

Dimension

a
b

c

D
d

The complex self capacitance of the secondary region
in farads.

Inside diameter of a ring in meters.
Outside diameter of a ring in meters.

(b—a)/2 in meters
Diameter of a ring equal to (a+b)/2 in meters.
Diameter of the section of a ring of circular section in

meters.

Height of a ring of rectangular section in meters.

Greek Symbol

K*
Ko

Xo

M*
MO

Effective depth of penetration of the field into the mate-
rial; equal to the skin depth in meters = (Xo/mtctZo)"^

The complex relative permittivity of the material.
The permittivity of free space, 8.85-10"'^ farads per

meter.
Free-space wavelength
The complex relative permeability of the material.
The permeability of free space, 47r-10~' henries per

meter.
The complex conductivity equal to jwKaK* in mhos

per meter.

The angular frequency IttJ in radians per second.

The impedances of the equivalent T network repre-

senting the permittimeter in ohms.
The difference between the impedance of the secondary
and the impedance of the shorting ring, Zs, in ohms.

The impedance looking into the terminals of the per-

mittimeter in ohms.
The impedance of a ring of known impedance used as

a calibration standard in ohms.
Zin when the ring of known impedance is inserted into

the secondary region.

The characteristic impedance of free space = (Mo/ifo)"^
= 376.7 ohms.

Zhi when no material is inserted into the secondary re-

gion in ohms.
The impedance of the shorting ring in ohms.
Zi„ when the shorting ring is inserted into the second-

ary region in ohms.
The impedance of the ring of material to be measured

in ohms.
Zin when the ring of material to be measured is inserted

into the secondary region.

Inductive part of Za determined from dimensions and
expressed in henries.

The complex self inductance of the secondary region in

henries.

Resistance

Ra Resistive part of Za measured directly in ohms.

Impedance

Zi, Z,, Zz

Zin

Za

Z in

Zo

Zs
Z i„s

Zx

Z inX

Inductance

La

Therefore, (2) can be rewritten as

(Zin n Zl)" (Zin S — Zin)
Zr =

(Zin 0 Zin s) (Zin Zin o)

and so

(5)

(6)

which is the equation used to determine Zx and hence

K* of the material measured in terms of Za a known
impedance, Zs an effective short circuit, and the in-

dicated measurements.

The impedance Zl is described by

Zx — Zs /Zin 0 — Zi„ a\ /Zin X " Zin s\

Za ~ Zs \Zin A — Zin s' VZin 0 ~ Zin X'

V / secondary

1

/ shorting ring

(7)

so the complex self inductance and capacitance of the

shorting ring, the known impedance ring and the ring

of material to be measured must be calculated to inter-

pret the results.

For the case where the secondary is a circular ring of

circular section (Fig. 4) with diameters D and d, respec-

tively

C*

and

— D( 2 -J- Z,« —
2 \ 4 d

(8)

(9)

if the current penetrates the entire secondary, as is

assumed in the case of the known impedance ring and

the ring of material to be measured. If the current pene-

trates a relatively small depth 5 as in the case of the
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shorting ring

K*K
C* =

\
[D^- -id - 25)2]l/2 _ _ ^2)1/2} (10)

and

i?f -2 + L«—j. (11)

Fig. 4—Dimensions of a ring of circular section.

mi

m
Fig. 5—Dimensions of a ring of rectangular section.

For the case where the secondary is a circular ring of

rectangular section (Fig. 5) with an inside diameter a,

an outside diameter b, and a height h

and

Mo
L* D

2

K*Koh b

C* = Ln —
27r a

<-H*r{c- + h') n.9D-
- 2 + Ln

24:Ck c + h.

(12)

(13)

if the current penetrates the entire secondary as in the

case of the known impedance ring and the ring of ma-

terial to be measured. If the current penetrates only a

small depth 5 as in the case of the shorting ring

C* =

and

K*K,

2x

b{a + 26) /b - 2b

ItLn — + 25Z.W
a{h - 25) a + 25

MO

2

D -2 + Ln
n.9D-

c + h.

The above expressions for capacity are exact and can

be computed directly or obtained by dividing the in-

ductance of a ring of the same geometry in which the

magnetic field occupies the position and direction of

the electric field by Zo^. The expressions for inductance

are approximations of sufficient accuracy for this use.

More nearly exact expressions and formulas for other

configurations are available in the literature [6]-[9].

A sample calculation is given below, and Tables II and
III give examples of results. The accuracies for graphite,

the films, lead, and molybdenum are lower due either

to uncertainties of the dimensions (the metals), or im-

perfect field penetration (graphite).

Example of a Measurement of the Complex
Dielectric Constant of a Ferrite

Ring Core

Using the permittimeter shown in Fig. 2, a ring of

ferrite of rectangular section as the material to be meas-

ured, Zx, a copper ring of rectangular section for Zs and

a ring of resistance wire of circular section for Za, the

following data were obtained. All impedance measure-

ments were made on a Maxwell-type bridge circuit.

Ferrite Ring Zx

ax = 1.53-10'"- meters

&x = 2.48-10-2 meters

hx = 3.82-10-3 meters

MA'* = 1950 - 7146.

Copper Shorting Ring Zs

as = 1.43-10-2 meters

bs = 2.34-10-2 meters

hs = 4.15-10-3 meters

as* = 5.65 10^ + yO mhos per meter (hard drawn

copper).

Resistance Wire Ring Za

Da = 2.22-10-2 meters

dA = 6.99-10-5 meters.

Measured Impedances at a Frequency of 3-10^ cps

(14)

(15)
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Zin 0
— (122.7 + jl582) ohms

Zin S = (16.49 + yi27.6) ohms

Z in A (722.8 + yi043) ohms

Zin X = (178.6 + il636) ohms

Ra = 23.25 ohms.



TABLE II

Results for Various Materials Using Small RF Fields at 24°C

Material Frequency in Mc <r' in mhos per meter <r" in mhos per meter

Ferrite rin^ I ,,* = fiiS — 0.3 43.7 1 9
U . 0 44 .

7

4 0
;,* = 576 -il38 1.0 45.6 6 0

r erritc ring 1

1

_ 1 nnri _
fJL — lUUlJ J^O 0.3 1.36 3 10
,,* _ 1 0^0 — 7? ^ U . 0 2 . 39 4 42
,,* _ 1 nmi — 7*1 0^H — 1 uou —J 1 y v> 1.0 3.91 6 63

Ferrite ring III M* = 3800-j36 0.1 17.9 9 6
0.3 22.6 24 3
0 .

6

31.2 50 0

CsCl solution 5 .00 molar 0.3 41.5 -0 4
2 . 50 molar 0.3 25.6 0 0
0.25 molar 0.3 13 .4 0 0
0.625 molar 0.3 7.2 0 0

BaBr2 solution 2 . 50 molar f\ 2U . 6 21.7 -0 2
1.25 0.3 17.2 0 2
0.625 molar 0.3 9.8 0 1

Cdiz solution 1 .25 molar 0.3 2.92 -0 15
0.625 molar U . J 1 .92 -0 09

Pb(N03)2 solution 1 .25 molar -0 63
0.625 molar 0.3 5.05 -0 19

Evaporated gold 7.1-10-5 inch thick 0.3 4.08-10' 0 50-10'

Evaporated copper 1.1-10-'^ inch thick 0.3 9 . 1 10« 0 1-10«

Evaporated antimony 3.3-10 ^ inch thick 0.3 2.37-105 0 41-105

Evaporated bismuth 5.05-10"^ inch thick 0.3 4.33-10* -0 14 10*

Solid graphite (99.9 per cent purity) 0.3 8.6-10* 0 1-10*

Solid lead (99.9 per cent purity) 0.3 4.92-10« 0 02-106

Solid molybdenum (99.9 per cent purity) 0.3 1 .61-10' 0 04-10'

TABLE III 5s == 1.22-10-" meters

Comparison of Results for Ferrite Cores Using Small
RF Fields at 300 k and 24°C

m'
(r*t in mhos
per meter

a-*X in mhos
per meter

970 13 3.44 |50.8° 3.19 |47.0°

3140 122 5.74 |43.3° 4.74 140.4°

3510 1530 33.3 |46.9° 34.5 |44.8°

3560 810 9.6 |54.9° 9.6 |52.4°

3880 2100 63.2 1

5.0° 39.2 1
0.8°

t From measurements using the permittimeter.

t From measurements of capacitance and conductance of a disk
with evaporated gold electrodes.

Calculated Quantities

Cs* = — jl.08- 10"' farad calculated from (14) where

5s = (Xo/xo-sZo)!'- = 1.22-10-" meters

Ls* = 1.96-10-^ henry calculated from (15) where
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Zs =jio3L - l/ojc) = (4.91 -10-" + 73.70-10-2) ohms

La* = 8.49-10-8 henry calculated from (11)

Za = (23.25 + i0.16) ohms.

Lx* = (6.40-10-6 - 74.77-10-') henry calculated from

(13)

Cx* = 2.597 -lO-i^if* farad calculated from (12)

Zx = (187 — 7257) ohms calculated from (6)

Cx* = 1.618-10-^
1

-34.6° farads

Kx* = 5.14-105 _y3.54.106

or

(7x* = 5.90 +78.57 mhos per meter.

T Network Parameters

Zi = (1430
I

85.5°) ohms from (5)

Z2 = (154
I

86.0°) ohms from (3)

Z3 = (137
I

-94.0°) ohms from (4).
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Abstracts of Related Papers

8.a. International comparison of dielectric measure-

ments, H. E. Bussey, J. E. Gray, E. C. Bamberger, E.

Rushton, G. Russell, B. W. Petley, and D. Morris, IEEE
Trans. Instr. & Meas. IM-13, No. 4, 305-311, (December

1964).

Three materials, i.e., fused silica, glass, and alumina,

were selected for comparison based on known or ex-

pected homogeneity, isotropy, and stability. Measure-

ments were made by the three Government laboratories

(U.K., U.S.A., and Canada), both in the radio-fre-

quency range, using capacitor-type holders either with

or without an air gap, and at microwave frequencies,

using either cavity-resonance methods or transmission-

line impedance methods. The range among the labora-

tories on the real part of the permittivity is 0.4, 0.8,

and 0.2 percent for the three materials, respectively.

The agreement on loss tangent is of the order of 0.0001

in many cases, but larger discrepancies exist. An intro-

ductory statistical analysis for systematic differences

between laboratories is given.

8.b. Ferrimagnetic resonance measurements using

IF substitution techniques, W.E. Case, R. D. Harring-

ton, and L. B. Schmidt, J. Res. NBS 68C (Eng. & In-

str.), No. 4, 255-259 (Oct.-Dec. 1964).

Advantages of using an IF substitution method with a

waveguide below cutoff attenuator for obtaining ferri-

magnetic resonance line width of polycrystalline mate-

rials are discussed. An improvement in the IF system

involving phase locking the local oscillator to the sig-

nal generator is described. Measurements were ob-

tained which indicate that the above IF attenuator

method compares favorably vdth accurate frequency

measuring techniques for plotting entire resonance

curves.

8.C. Calibration of vibrating-sample magnetometers,

W. E. Case and R. D. Harrington, J. Res. NBS 70C
(Eng. & Instr.), No. 4, 255-262 (Oct.-Dec. 1966).

An evaluation of two of the most widely accepted

methods for calibrating vibrating-sample magnetome-
ters is given. The comparison method uses a material of

kno\vn magnetization such as pure nickel. In the slope

method, the magnetometer is calibrated from the low
field linear slope of the magnetization curve of a sam-
ple of high permeability.

The primary source of error in the comparison method
arises from an uncertainty in the absolute magnetiza-

tion of nickel and its dependence on evironmental con-

ditions. The study indicated that better accuracy can

be expected from the slope method. The use of pure

iron in this method was found preferable to high per-

meability ferrites.

8.d. Ferromagnetic resonance relaxation, wide spin-

wave coverage by ellipsoids, Allan S. Risley and
Howard E. Bussey, J. Appl. Phys. 35, No. 3 (Part 2),

896-897 (March 1964).

The role of degenerate spin-wave coupling in ferromag-
netic resonance (FMR) losses has been studied as a

function of sample shape. Measurements of linewidth
AH and peak absorption intensity s" both show that

FMR loss above the 90°, /<-iO limit of the spin-wave
spectrum is much less than within the spectrum. An
investigation of unsymmetrically magnetized spheroids,

i.e., with the external field H^, not along the symmetry
axis revealed that there are regions of the spin-wave
spectrum which can be reached by more than one sam-
ple and that in these regions of overlap the different

shapes yield different values of AH and s". A similar

result can be calculated from the usual equation of mo-
tion using either Landau-Lifshitz or Bloch-Bloember-
gen damping. (The asymmetric case has not yet been

treated by the spin-wave model.) Despite the strong

variations of AH and s", the gyromagnetic ratio

changed less than 1% under all variations of shape and
orientation. The variable shape technique gives greater

coverage of the spectrum than previous variable fre-

quency work. Another advantage is that the unknown
effects of changing frequency on other possible loss

mechanisms are avoided.

8.e. Polycrystalline spin wave theory of ferromag-
netic resonance compared with the tilting experiment,

A. S. Risley, E. G. Johnson, Jr., and H. E. Bussey, J.

Appl. Phys. 37, No. 2., 656-668 (February 1966).

Schlomann's spin wave theory of polycrystalline ferro-

magnetic resonance has been tested in detail using the

tilting method reported earlier. Among the quantities

measured were the linewidth AH, and the maximum
value of the imaginary part of the effective suscepti-

bility (x/'i)*^"- The measurement method is equivalent

to measuring asymetric (N,j.—Ny) ellipsoids and thus

introduces another shape dependence in addition to that

due to spin waves. Direct comparison with the symme-
tric (Nj^^=Ny) form of the theory is inaccurate. A
proper comparison can be made in two ways: (1) gen-
eralizing the theory to include the Nx—Ny case and
then using the data directly, (2) transforming the data
and then comparing with N^—Ny theory. Both compari-

sons are reported and their equivalence is demon-
strated. It is concluded that Schlomann's theory does

not fit the data within the spin wave (SW) manifold. It

is suggested that the theory of Sparks may provide a

better fit. The difference between coupling models

seems to be the basic difference between the two

theories. Experimentally and theoretically, AH and

iXm)^" are different quantities. The dispersive effects

of spin wave coupling are shown to be the cause of the

difference between the theoretical AH and (x^"^)'"^.

8.f. Interpretation of ferromagnetic resonance mea-

surement made in a nonresonant system, A. S. Risley

and H. E. Bussey, IEEE Trans. Instr. & Meas. IM-15,

No. 4, 393-396 (December 1966).

The nonresonant shorted waveguide, NRS, method for

measuring the ferromagnetic resonance line width, AH,
is discussed. The major aim of the paper is to test the

usual resonator formula for getting unloaded Q from
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Abstracts of Related Papers

loaded Qi,, written here as AH=:Hi^/ (1+^) . Using

this foi-mula, the value of AH is very nearly constant

over a wide range of values of AHi, and /3. These

quantities were varied on a given sphere by changing

the angle 0 between the RF and the dc fields. We
believe that this is the first time, with one sample and
with no change of either surface finish or axis of mag-
netization, that AH has been shown to be independent

of coupling—a necessary requirement for the method
to be accurate. We conclude that the NRS method
should be both practical and accurate over a wide range

of AH.

8.g. Tensor permeability measurements at L-band

frequencies using a degenerate mode cavity, L. B.

Schmidt, R. D. Harrington, and W. E. Case, J. Res. NBS
71C (Eng. & Instr.), No. 1, 69-75 (Jan.-Mar. 1967).

The exact solution for the field equations of a cylindri-

cal TMj^^i mode cavity has previously allowed accurate

measurements of tensor permeability to be obtained at

Z-band frequencies. It is demonstrated that this method
is also applicable at frequencies dovm to 1 GHz. A
brief description of the cavity and measurement system

for obtaining data at these lower frequencies is given.

Both intrinsic and external permeability results on

three commercially available polycrystalline garnets are

shown. The larger size rods required for measurements

at these frequencies result in some sample size effects

in the data. In addition, a previously unreported ab-

sorption in the external tensor permeability of the ma-

terials was observed.

See also lO.c.
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Measurement of Laser Energy and Power

GEORGE BIRNBAUM, senior member, ieee, and MILTON BIRNBAUM

Abstract—Measurements of laser energy and power are discussed with

emphasis on those methods which attempt to establish the accuracy or stan-

dards for such measurements. Devices to attenuate laser radiation are sum-

marized. The principles and limitations of the methods are stressed rather

than design details of the apparatus. It is found that standards for the measure-

ment of laser power and energy are yet to be definitely established. Thus cau-

tion should be exercised in accepting stated accuracies for laser output mea-

surements.

Manuscript received February 6, 1967; revised March 6, 1967. This

paper is an extension of a report by G. Birnbaum, presented at URSI
XVth General Assembly. Munich, Germany. 1966.

G. Birnbaum is with the North American Aviation Science Center,

Thousand Oaks, Calif.

M. Birnbaum is with Aerospace Corporation, El Segundo, Calif.

I. Introduction

THE field of lasers and its applications in science,

technology, and medicine have matured to the point

where the need for accurate measurements of the

characteristics of laser radiation, particularly energy and

power, is clear. ' ^ To quantitatively determine the accuracy

of a measurement, or to establish a standard for a measure-

' The measurement of the stability of laser oscillators and the accurate

determination of laser wavelength is discussed in an accompanying paper

by G. Birnbaum, elsewhere in this issue.

A precise phase adjustment of laser radiation is necessary in some
laser applications. A phase shifter has been developed which does not

need calibration and has an estimated error of 1 degree [1 ].

PROCEEDINGS OF THE IEEE, VOL. 55, NO. 6, JUNE 1967
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ment, the experimenter must carefully search for all sig-

nificant systematic and random errors in the apparatus until

it is clear that the apparatus is performing as intended, and

that its limits of performance can be stated quantitatively.

Although little has been accomplished which meets such

exacting requirements, considerable effort has been ex-

pended in developing methods for measuring laser output.

Although all methods for measuring laser output are con-

sidered in this review, the emphasis is placed on accurate

methods of measurement of laser energy and power, and, in

particular, those methods attempting to establish standards

for such measurements. The principles and limitations of

techniques are stressed rather than design details of the ap-

paratus. Most of the measurements of laser energy and

power used the 6943 A pulsed ruby laser as the source,

which reflects the fact that the ruby laser continues to be

among the most useful. Methods to attenuate the intensity

of laser radiation are summarized. The work reviewed

covers the period of 1960, the advent of lasers, to December,
1966.^

II. General Considerations

Lasers have been developed which span the range ofwave-

lengths from submillimeter to the vacuum ultraviolet wave-

lengths, and with power output capabilities ranging from

milliwatts to tens of gigawatts. The scope of the problem of

determining laser output is apparent from the enormous

wavelength and power range to be covered.

There are several basic types of laser output to be mea-

sured, namely, CW, pulsed, ^-switched [2] and mode-

locked [3], [4]. CW lasers (gas or solid state) have outputs

typically in the range of 10"^ to 10^ watt. In the case of

pulsed lasers, pulse durations of 10"^ to 10^^ second with

peak powers of several megawatts and total output energy

of several hundred joules may be encountered. In Q-

switched laser operation, the output pulses are usually less

than 100 nanoseconds in duration with peak powers as

high as a gigawatt. Mode-locked operation of CW, pulsed,

and ^-switched lasers has resulted in pulse durations as

short as 1 0
~

'
^ to 1 0

~
'
^ second with peak powers as high as

10'° watts. The enormous range of laser pulse widths, out-

put powers, and energies greatly complicates the measure-

ment problem. It is very unlikely that any one method or

instrument can be used to measure the output power and

energy of all lasers.

Most measurements of laser output, including the most

precise, have been made with CW and pulsed lasers operat-

ing in the visible region of the spectrum. By far the most

difficult of the outputs to be measured is that from mode-

locked lasers because the direct determination of the pulse

shape of mode-locked lasers is usually not possible due to

the extremely short duration of the pulses.'^ Measurement of

the power of ^-switched lasers can usually be effected by

observation of the pulse shape with fast photoelectric or

^ A review of laser output measurements through 1964 was given by

G. Birnbaum [2].

" Note added in proof: A novel method of making such measurements
has been described by J. A. Armstrong, "Measurement of picosecond

laser pulse widths," Appl. Phys. Lett., vol. 10, pp. 16-18, January 1967.

photoconductive detectors, and measurement of the energy

can be obtained by integration of the laser output. In the

case of pulsed lasers, photodetectors are employed to mea-

sure power and energy. A combination of radiometric and

calorimetric devices is frequently used in order to improve

the accuracy of the output measurements. The output of

CW lasers can be obtained by calorimetric or radiometric

methods. Because of the high peak powers of the ^-switched

lasers and particularly the mode-locked ^-switched lasers,

numerous precautions are required to avoid damage to the

optical components and to stay within the linear range of the

detectors. Attenuators are necessary in most cases to pro-

tect sensitive detectors and to stay within their linear range.

The high output power available from lasers has resulted

in several novel techniques for power measurement which

utilize the nonlinear susceptibility of crystals. Measure-

ment of the dc polarization [5] and second harmonic in-

tensity have been utilized {6]. Other methods include

vaporization of known amounts of material and thermionic

emission from a metal surface in a vacuum [7].

Laser output detectors ideally should satisfy the following

conditions:

1 ) The response should be uniform over the area of the

receiving aperture.

2) The response should be independent of the direction

of the incident radiation so that it has the same response to

the highly collimated laser beam as it has to the radiation

from the calibrating source.

3) The response should be linear so that energy from the

relatively weak calibrating source incident, perhaps for 1

second, and the energy from the pulsed laser, incident for

10"^ second or much less, can be compared.

Unless the detector is an absolute device, i.e., the constant

of the device is known theoretically, the detector must be

calibrated. This is usually the case, and because the detector

may have a more or less complicated wavelength response,

it must be calibrated at the laser wavelength. This may be

accomplished by the use of a thermopile calibrated at the

laser wavelength, or a standard lamp whose spectral radi-

ance is known.

III. Power Measuring Device^

A practical and widely used system for measuring the out-

put of pulsed lasers uses a photoelectric detector with its

output displayed on an oscilloscope [10]-[I2]. When the

laser is a single-shot device, it is necessary to record the

oscilloscope trace photographically. Energy is measured by

integrating the power pulses. In the case of ^-switched

lasers, the pulse is so short, usually of the order of 10 nano-

seconds, that attention must be paid to the circuits used in

conjunction with the photodetectors if the pulse shape is to

be faithfully recorded.

Two types of photodetectors are in common use, the

vacuum phototube and the photodiode (e.g., the silicon

photodiode [13]) which is capable of handling much higher

power levels. The latter may have a detecting area smaller

^ Other reviews of methods of measuring laser output are given in [8]

and [9].
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than the cross-sectional area of the laser beam. If this is the

case, a diffusing screen should be used to reduce errors due

to nonuniform intensity distribution in the laser beam.

In using photodetectors, it should be noted that the sensi-

tivity may vary appreciably not only between units, but also

over the area of the photosurface. Each phototube must be

calibrated separately at the laser wavelength and frequently

because of variations of phototube properties. Temperature

control may be necessary to obtain reproducible results

with photomultiplier tubes. In addition, errors may be intro-

duced by the anode shadow on the cathode of a phototube

in measurements where the use of a diffusing screen is not

desirable. Since the spread of the laser beam may increase

with laser energy, the effect of the anode shadow will vary

with laser output. This introduces nonlinearity even in the

linear region of the phototube [14].

A solar cell (silicon photodiode) may be used to measure

laser output [15], [16]. Since its response peaks approxi-

mately at 870 millimicron, it may be used in the near in-

frared region.

A novel method of measuring intense laser radiation, in

which the beam passes through the detector with negligible

loss of intensity, uses the optical rectification effect in crys-

tals [17]. In crystals which have no center of inversion, an

intense laser beam produces a dc polarization which can be

measured as a voltage appearing across the crystal [5], [18].

This polarization is equal to the light intensity multiplied by

a second-order nonlinear susceptibility tensor, which is the

same as that for the electro-optic effect. The principle of this

method has been demonstrated using a quartz crystal as

the optical rectifier [5].

IV. Attenuators

To protect photodetectors from overload or damage, as

well as to extend the range of all types of devices for measur-

ing laser output, it is frequently necessary to reduce the in*

tensity of radiation incident on the detector. For this pur-

pose, a variety of attenuators have been developed : neutral

density filters [19]; silicon wafers [20 ] ; an integrating sphere

[11]; coarse diffraction gratings [21 ] ; and a diffuse reflector

such as a block of magnesium oxide whose distance from

laser to reflector and reflector to photocell may be controlled

[22]. Of these attenuators, the neutral density filter is most
susceptible to damage by very high power laser beams.

However, a cell filled with a solution which is absorbing at

the laser wavelength may be used in place of the neutral

density filter. In the silicon wafer attenuator, the laser radia-

tion is completely absorbed producing a large number of

free electrons and holes, which recombine by radiative and

nonradiative processes [20]. The low efficiency of the radia-

tive process produces sufficient radiation for photodetector

observation of the beam pulseform, but not enough to

damage the photodetector. Unlike conventional glass

attenuation filters, the attenuation factor of silicon disks is

stable with usage.

The integrating sphere attenuator is essentially a sphere

with two small openings. The laser beam enters one of these,

is scattered and rescattered from the inner surface, then

emerges from the second opening. The attenuation factor is

3 95-

given approximately by the ratio of the area of the exit hole

to the total surface of the sphere [1 1 ]. In the diffraction grat-

ing attenuator,. the monochromatic laser radiation is de-

flected into a direction determined by the order of the dif-

fraction. The ratio of the intensity of the diffracted beam to

that of the beam incident on the grating is given by diffrac-

tion theory [21]. The diffuse reflector attenuator will be

discussed in Section VI.

Since the calibration factor of attenuators is usually not

known, it must be calibrated when used with devices for

measuring laser output. However, the calibration of at-

tenuators involves only the measurement of power ratio

rather than absolute power, and thus depends for its ac-

curacy on the linearity of the output measuring device.

V. Energy Measltring Devices

A variety of calorimeters for measuring the energy of

pulsed and CW laser radiation have appeared [23]-[31].

The energy from the laser is used to raise the temperature

of the device, and this rise in temperature is recorded

thermoelectrically. Until the whole device has reached a uni~

form temperature the temperature rise should not be re-

corded, as nonuniform distribution of the incident energy

can cause high local heating. For this reason, a long cooling

time constant is generally required to minimize loss of en-

ergy by radiation, conduction, or convection from the active

element before reaching equilibrium. Also when calibrating

the device, the energy can be received over a long interval of

time to compensate for the low power of the source. A steady

drift, which is slow in comparison with the time required to

make a measurement, is tolerable.

Perhaps the simplest calorimeter developed thus far con-

sists of a disk of thin foil with two thermistors attached at

the center of the rear surface [13]. To increase the absorp-

tion of a gold disk, the surface was painted black, but the

paint could be entirely removed by one or two pulses from a

g-switched Nd^'^ glass laser. Black surfaces of electro-

plated platinum and nickel proved to be more resistant to

damage, but required a number of exposures to laser radia-

tion before the surface stabilized.

A method of increasing the blackness of the detector ele-

ment is to form the material in the shape of a cone so that

the incident radiation is multiply reflected until it is totally

absorbed. Broadband calorimeters of this type have been

constructed of a carbon cone [23], [24], and blackened and

unblackened metal cones [13], [25] with thermoelectric

elements such as a thermistor in intimate contact with the

cone to measure the temperature rise. To ensure a long cool-

ing time constant, these absorbing elements may be

mounted on fine glass supports in thermally insulated en-

closures. A difficulty in fabricating cone shaped devices is

the requirement that the apex be sharp and the angle of

the cone should be narrow to make the light trapping char-

acteristics good.*"

In a related method, the laser beam is focused onto a

* It is claimed that these problems may be circumvented by a device

using a stack of one hundred stainless steel razor blades so that the sharp

edges represent a cone or wedge which has been folded many times [26].
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small hole in a spherical metal shell, located in an evacuated

chamber to reduce heat loss [27], [28]. The defocused laser

beam hits the inside of the shell and is absorbed uniformly

at the inner surface after many reflections.

In calorimeters in which the energy is absorbed in a thin

surface layer, care must be exercised to avoid reradiation

losses. In this case, the absorbing surface may experience a

large increase in temperature, even though the calorimeter

indicates a small temperature rise. This eff'ect is usually

most serious in measurement of the output of ^-switched

lasers.

In the liquid calorimeter [29] (see Section VI), the ab-

sorbed energy is distributed throughout a volume and
thereby avoids errors which may be caused by surface dam-
age and localized radiative cooling of solid receptors. How-
ever, power must be maintained at a sufficiently low level

to prevent light scattering from the calorimeter by boiling

and convective liquid currents.

With the calorimeters mentioned thus far, it is necessary

to wait for temperature equalization by thermal conduc-

tion before the temperature rise is measured. Since heat

may be lost before equilibrium is reached, an error may be

introduced in the determination of the total energy ab-

sorbed. This type of error is minimized in the rat's nest wire

calorimeter. The laser beam is absorbed in 1000 feet of

fine enameled copper wire, the bolometer unit, tangled into

a ball which is placed in an isothermal enclosure [30]. The
change in resistance of the wire is a measure of the total en-

ergy absorbed. Since the change in resistance is independent

of the volume distribution of the wire, there is no need to

wait for temperature equalization as in the usual calorime-

ter. By tangling the wire, the incident energy suffers multi-

ple reflections and the unit has the characteristics of a gray

body. However, the actual absorption coefficient of a tangle

of wires is indeterminate. In addition, the insulating varnish

on the wire substantially increases the heat capacity of this

type of calorimeter, and makes it difficult to calculate its

thermal response. By winding the wire as a grid so that the

laser beam suffers only one reflection, a device was obtained

which was easily and reproducibly wound and whose per-

formance can be estimated theoretically [13].

The measurement of the linear momentum of radiation

by the deflection of a ballistic torsion pendulum has been

used to measure the output of a pulsed ruby laser beam

[32], [33]. Unlike the devices mentioned previously, the

ballistic pendulum transmits the laser beam through the

apparatus with negligible absorption. This measurement is

absolute in that it does not require calibration.' However,

accuracy limits are not given for the measurement. In fact,

except for an estimate of 10 percent for the carbon cone

calorimeter [23] and 20 percent for integrating sphere [28],

and for an investigation to be described, no accuracy is

given for any of the previously mentioned power and energy

measurements.

Killick et al. [13] investigated the performance of a wire

calorimeter and a silicon disk photodiode, both of which

were calibrated against a standard thermopile. Measure-

ments of the output of a ^-switched Nd^"^ glass laser were

performed using the two systems simultaneously. It was
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TABLE I

Summary of Devices for Energy and Power Measurements*

Device
Range of

operation

Typical

response

time (s)

Surface

damaget

Energy (Joules)

Cone calorimeters 10-^-2 X 10' 1-20 10-20 mW/cm^
in 50 ns

M=tal disk calorimeter 10---10 10 50 mW/cm^
in 50 ns

Rat's nest calorimeter 10-3-10 10-* —
Wire calorimeter 10-3-0.5 10 10 mW/cm'

in 50 ns

Liquid calorimeter 1-500 10-60 t

Torsion pendulum U.>—jUU ou

Integrating photo-

current 10-*-10-3
1 1 mW/cm^

Thermopile 10-^-1 10-' 300 mW/cm^
Copper sphere 5 X 10-*-10 180 —

Power (W/cm^)
Phototube 10-»-10-3 3-10 ns 1 mW/cm'
Photodiode lo-^-e 0.3-4 ns 10 W/cm^l
Nonlinear crystal lO'-lO'^ 10-5 10'^ W/cm^§

Adapted from [8] and [13],

t Surface damage may occur at the indicated power density.

I Local boiling of the liquid should be avoided.

I

Above this power, the response of this device is nonlinear.

§ Breakdown of quartz at roughly this power density.

concluded that the laser output could be measured to ±25
percent.

Table I summarizes some characteristics of the energy

and power measurement devices described previously.

VI. Standards of Energy and Power Measurements

Attempts at accurate measurement of laser energy and

power have been initiated in a few laboratories. We consider

first the liquid calorimeter represented schematically in

Fig. 1(a) which has been developed by Jennings [34] at the

National Bureau of Standards, U.S.A., and used to measure

the output energy of a pulsed ruby laser. The heart of the

calorimeter is a 3-mm thick absorption cell [Fig. 1 (b)] whose

back and sides are made of gold-plated silver. The cell is

filled with an aqueous solution of CUSO4 or CUCI2, and the

concentration is adjusted such that 99.9 percent of the laser

beam is absorbed in a 6.0-mm path. The cell is mounted on

glass fibers inside a massive brass block for temperature

stability, and the entire system is placed in an aluminum box

and insulated from it with styrofoam. A calibrated thermo-

couple measures the temperature rise between the absorp-

tion cell and the brass heat sink. The calorimeter was

calibrated in two different ways : 1 ) by a substitution method

in which a known amount of electrical energy was put into

the cell by means of a heater immersed in the liquid, and 2)

by a computation based on a knowledge of the specific

heat and mass of all the components, and thermocouple

sensitivity. Reflection losses due to the entrance windows

were calibrated with a 6328 A He-Ne laser. The calorimeter

was designed to accept up to 30 joules input and peak

powers up to 200 megawatts per square centimeter. Two
calorimeters of this design were compared and found to

agree within two percent.
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Fig. 1. Liquid calorimeter (Jennings [34]). (a) Schematic drawing,

(b) Exploded view of absorption cell which contains CUSO4 or CuCl^
solutions.

McSparron et al. [35], also at the National Bureau of

Standards, have developed a radiometric method for mea-

suring laser energy and power as shown in Fig. 2(a). Power

from the laser is incident normally on an MgCOj block and

a small part is reflected into a receiver (phototube or thermo-

pile). The ratio of the power entering the receiver to the

initial power is given by

PA cos e
(1)

where A is the area of the receiver, p is the reflectance factor

of the MgCOj at 9, and Jis the distance from the MgCOj to

the receiver. The quantity P was measured at 20° on the

NBS goniophotometer with monochromatic light of the

same wavelength as the laser. Two receiver positions are

used in order to test for systematic errors. The calibration

arrangement for the receiver is shown in Fig. 2(b). Energy

from a lamp calibrated for spectral irradiance is passed

through a filter to spectrally limit the output of the lamp,

and through a shutter to form light pulses of known dura-

tion. Simultaneous measurements at the two receiver posi-

tions of the energy of a pulsed ruby laser agreed to about

4 percent.

As the first step toward establishing measurement stan-

dards in the optical frequency region in Japan, Sakurai et al.

[36] have developed a microcalorimeter, shown schemati-

cally in Fig. 3(a), to measure CW power output of lasers.

The laser thermopile unit consists of an aluminum cone-

shaped mount with blackened inside walls and a star

thermopile as shown in Fig. 3(b). An absorber, a blackened

THERMAL INSULATOR
IRMAL JACKET
LASER
BEAM

POWER ABSORBING DISC

\ THERMOPILE MOUNT

.FILM THERMOPILE
\(Bi-Sb)

MICA PLATE

DC CALIBRATION HEATER
(b)

PELTIER COOLING
ELEMENT (Bi-Te p-n ALLOY)

THERMOCOUPLES

Fig. 2. Radiometric method for measuring laser energy and power
(McSparron [35]). (a) Experimental arrangement for measuring laser

energy, (b) Method of calibrating the receiver.

\ \ V \ Receiver''

\20° ^^Boffles

/ / r /Receiver *2

-Baffles

Receiver Shutter

Lamp

Filters
I I

(b)

Fig. 3. A microcalorimeter using the dc substitution method (Sakurai

et al. [36]). (a) Schematic drawing, (b) The power absorbing disk and
thermopile mount.

aluminum disk, within which a dc heater for calibration

purposes is embedded, is fixed at the center of the star

thermopile. By the use of this unit, the power of a CW
He-Ne laser operating at 6328 A was measured by the cur-

rent substitution method. However, because there was a

difference in sensitivity of laser power measurement and

direct current power measurement, it was necessary to de-

termine the effective substitution efficiency of the unit.

The temperature rise of the unit, due to either absorption

of laser or dc power, is detected by the thermopile. The

thermopile output is amplified by a high-gain dc amplifier

which controls the cooling current to the Peltier elements.

By this method, the temperature difference between the

jacket and the energy absorbing mount is reduced to less

than 10" at equilibrium. At this point, the cooling cur-

rent is proportional to the energy absorbed by the unit. A
typical unit has an efficiency of 92.2 percent at 6328 A.
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TABLE II

Characteristics of Potential Standards for Laser Power Energy

Wave
lengtli

(A)

energy

range

Accuracy

\/of

Reference

Liquid calorimeter 6943 0.01 J-30J* 2t 18

Photodetector 6943 t 19

Microcalorimeter 6328 1-50 mW 0.5 20

* Maximum power, 200 mW/cm^.
t The receiver, a phototube or thermopile, can tolerate maximum

power levels of the order of milliwatts per square centimeter. However,

the incident power is attenuated by reflection from a MgCO, block.

t The radiometric and calorimetric methods were compared in mea-
surements of the energy of a pulsed ruby laser, and the results differed by

9 percent. The reason for this discrepancy is unknown at present.

From an analysis of this technique, it was concluded that

the absolute accuracy of power measurements of a CW
He-Ne laser (6328 A) is better than 0.5 percent in the range

of 1 to 50 milliwatt. Work is under way to measure the

energy of pulsed ruby lasers with this calorimeter.

The characteristics of the energy and power measure-

ments discussed in this section are summarized in Table II.

Accurate determinations of laser energy and power output

are still in an early stage of development. For example,

when the NBS radiometric and calorimetric methods were

compared in measurements of the energy of a pulsed ruby

laser, the results differed by 9 percent, a discrepancy greater

than the sum of the experimental errors given for these

methods. Work is in progress to determine the origin of this

discrepancy. In any case, it is clear that caution should be

exercised in accepting accuracies for laser energy and power

measuring devices until standards for such measurements

are definitely established.
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Calorimetric Measurement of Pulsed Laser

Output Energy

D. A. JENNINGS

Abstract—There are several methods by which one may measure

the energy output of the pulsed laser. However, the technique which

seems to be most promising as far as accuracy and precision are con-

cerned is the calorimetric method. We have designed, built, and

calibrated calorimeters for measuring the output energy of the

pulsed ruby laser (6943A). The heart of the calorimeter is a small ab-

sorption cell containing an aqueous solution of CUSO4. The tempera-

ture of the absorption cell, as measured by a thermocouple, indicates

the energy absorbed by the calorimeter. The calorimeter was cali-

brated in two different ways: 1) the known heat capacity of the ab-

sorption cell and the thermocouple sensitivity calibration gives a

calorimeter calibration, which agrees within 0.3 percent of 2) an

electrical energy substitution calibration which is obtained via a

heater wire contained in the absorption cell solution. A method has

been devised by which two calorimeters may be intercompared.

Calorimeters which we have built and calibrated agree with each

Manuscript received June 23, 1966. This paper was presented at
the 1966 Conference of Precision Electromagnetic Measurements,
Boulder, Colo.

The author is with the National Bureau of Standards, Boulder,
Colo.

other to about 0.7 percent. This specific calorimeter has been de-

signed to measure energies up to 30 J and will take peak powers o-

up to 200 MW/cm^.

Introduction

ONE OF THE IMPORTANT parameters of

pulsed laser systems is their output energy. The
application of pulsedl asers requires knowing this

energy with varying degrees of accuracy, depending on

the application. There are several methods by which

one may measure the energy output of the laser [ij-

[7]. In this paper we would like to describe an optical

calorimeter for measuring the output energy of a pulsed

laser. The calorimetric technique seems very promising

as far as accuracy and precision are concerned. The
calorimeter which is described in this paper was de-

signed to measure 0.1- to 30-J laser pulses in the 5000 to

10 000-A range.
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1966
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Fig. 1. Cross-sectional diagram of the calorimeter, showing layout

of components, method of supporting calorimeter absorption

cell, and position of the thermocouple.

General Description

The basis of the calorimetric system is the calorimeter

proper, which is shown in Fig. 1. The calorimeter ab-

sorption cell, filled with an absorbing solution, was sup-

ported in a massive brass housing (heat sink) by means

of small glass fibers. The brass housing was placed in

polystyrene foam insulation and the entire system en-

closed in an aluminum box. One junction of a Cu-con-

stantan thermocouple was attached to the absorption

cell, and the other junction was attached to the brass

housing. When a pulsed laser was fired into the absorp-

tion cell, the cell rose in temperature and the thermo-

couple generated a voltage proportional to the tempera-

ture difference between the absorption cell and the

brass housing. The output voltage of the thermocouple

was then a measure of the energy in the laser beam. The

voltage generated by the thermocouple was measured

with a microvoltmeter whose output was fed into a strip-

chart recorder.

The Absorption Cell

Since the heart of the system is the absorption cell,

we shall describe it in detail. Figure 2 shows a cross-

sectional view of the absorption cell. The absorption

cell was made of silver, so as to give a fast thermal

equalization to the cell. The silver cell was then electro-

plated with 2.5X10-^ cm of gold in order that the tar-

nish problem be kept to a minimum. The cell diameter

was 3.17 cm and the depth was 3.0 mm. The wall thick-

ness was 0.50 mm. The silver cell had three small holes

near the edge. One hole was utilized for filling, and the

other two were for a heater wire. The heater wire we

shall describe later. The entrance window was made of

quartz. Eopoxy was used to bond the quartz to the silver

cell and also to seal the fill and heater-wire holes. The

cell was filled with a one molar solution of CUSO4 • 5H2O.

The addition of 2 drops of Bendix purple ink per 10 cc

of solution extends the useful range to 5000 A, as

opposed to only 6500 A with CUSO4 solution alone. An
absorption curve of this solution is shown in Fig. 3. The

absorption coefficient a is defined by the equation

O

- CAL. HEATER

THERMOCOUPLE

-AG HOUSING 0.50mm
WITH AU PLATE

Fig. 2. Cross-sectional diagram of the calorimeter absorption cell,

showing the approximate size of components and the position of
the heater wire.

ABSORPTION OF 1 MOLAR SOLN. OF

Cu SO4 • 5H2O AND H2 0

t-l-2 DROPS OF BENDIX PURPLE INK PER 10 cc OF SOLN.)

a = l3.3/(

0.40

Fig. 3. Absorption spectrum of the solution used in the calorimeter
absorption cell. The calibration of the arbitrary log scale is

shown and was measured at 6943 A.

where / is the laser beam intensity at a distance x in

the absorbing liquid, lo is the initial laser beam inten-

sity, and X is the distance into the liquid as measured

from the surface. The absorption coefficient a was mea-

sured using a low intensity incoherent light source at

6943 A, and checked using the high intensity Q-switched

ruby laser. The cell filled with this solution will absorb

99.9 percent of the laser beam, not counting the Fresnel

losses of the window.

A cell of this description gave about 0.1°C tempera-

ture rise for a 1-J input.

Calibration of the Calorimeter System

Great care must be taken in the calibration of the

calorimeter since the accuracy is no better than the

calibration. Two independent methods of calibration

were used. One calibration was based on the heat capac-

ity of the absorption cell and the thermocouple calibra-

tion, and the second calibration was based on an elec-

trical energy substitution via the heater wire.

The heat capacity calibration consisted of weighing

all the component parts of the absorption cell and tlien
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using the best obtainable values for the specific heats

to calculate the heat capacity of the absorption cell. All

components of the absorption were accurately weighed.

The thermocouple sensitivity was calibrated using

standard techniques. The heat capacity calibration fac-

tor for this particular calorimeter was calculated to be

3.102 ± .024 ftV/J . The uncertainty was obtained by

taking into account the errors in the specific heats,

weighing, and thermocouple sensitivity. This calibra-

tion factor has also been adjusted to correct for Fresnel

reflection losses of the entrance window. The error

here was very small, since the correction was only on

the order of 4 percent. The true calibration was ob-

tained by use of the following equation

SHC, = SHC(1 - R)

where SHC is the specific heat calibration, SHC; is the

adjusted specific heat calibration, and R is the reflec-

tion as calculated from the Fresnel equations.

The electrical energy substitution calibration was ac-

complished by passing a known dc current through the

heater wire for a known length of time. The heater wire

was Teflon coated and had a resistance of 16 ohms per

foot and a total resistance of 110 ohms.

The dissipation of heat outside the cell from the leads

to the heater was small and corrected for in the calibra-

tion.

Prior to making the electrical energy substitution

calibration, all instruments were calibrated to an ac-

curacy of 0.2 percent.

The electrical energy calibration proceeded in the

following manner. The gate output from a preset scaler,

counting the line frequency (60 hertz), was used to turn

on a transistor switch. The transistor was powered by a

constant current source (constant to 0.01 percent), and

the absorption cell heater wire was in the collector cir-

cuit of the transistor. The voltage drop V across the

heater wire was measured via the calibrated strip-chart

recorder. Since the voltage V and the heater-wire resis-

tance R and the time / are known, the energy J, put

into the absorption cell, can be calculated from

72
J = — I.

R

A typical calibration trace obtained from the strip-

chart recorder is shown in Fig. 4. The overshoot at the

beginning of the trace was due to the close proximity of

the heater wire to the silver housing of the absorption

cell. The error, introduced because the silver housing

was warmer during the overshoot than when in an iso-

thermal condition, was small enough to be neglected.

An estimation of this error from both convection and

radiation cooling shows it to be less than 0.25 percent.

Other losses, such as conduction of heat along the wire

leads and quartz mounting fiber, were less than 0.1 per-

0 10 20 30 40 50

TIME IN MINUTES

Fig. 4. Typical chart trace of the calorimeter system response to a
calibration. Note the overshoot due to the close proximity of
heater wire to the silver housing. The total energy input to the
calorimeter here was 1.55 J.

cent over the entire measurement (20-30 minutes).

The electrical energy substitution calibration was
finally obtained by making an exponential extrapolation

of the thermal decay back to time = 0, as shown by the

X on the chart (Fig. 4).

The precision of the calorimeter system was deter-

mined by the reproducibility of the electrical energy

substitution calibration. The electrical energy substi-

tution calibration factor for this calorimeter system was
3.092 mV/J. This factor was the average of 13 calibra-

tion runs. The data had a standard deviation of 0.009.

The two calibrations, specific heat and electrical energy

substitution, compare very favorably with each other.

From this we assume that the accuracy and precision

is good to at least + 1 percent.

Results and Intercomparisons
OF Calorimeters

A typical output of the calorimeter system for a nor-

mal ruby laser is shown in Fig. 5. Notice here that there

was no overshoot as compared with the electrical cali-

bration. The output energy of the laser was found by
making the exponential extrapolation to time = 0, indi-

cated by the x on the chart, and then dividing the de-

flection at time = 0 by the calibration factor.

Two calorimeter systems of the same basic design

were intercompared with a setup as shown in Fig. 6.

The technique was to measure the reflectivity R of the

beam splitter. This position of calorimeter, as shown in

Fig. 6, was the A position and the reflectivity of the

beam splitter was R^. Then the calorimeters were inter-

changed to position B, and Rb measured. Now if

calorimeter No. 1 was assumed to be correct, and
calorimeter No. 2 was in error by a fractional amount A
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CALORIMETER RESPONSE
TO RUBY LASER PULSE

6943 A

10 20 30

TIME IN MINUTES

Fig. 5. Typical chart trace of the calorimeter system response to

normal ruby laser pulse. Note here that there is no overshoot at
the beginning of the trace. The energy in the laser pulse for this

shot was 2.77 J.

50% BEAM SPLITTER

LASER

D

CALORIMETER #1

CALORIMETER #2

Fig. 6. Block diagram of apparatus arrangement used in the inter-

comparison of two calorimeters.

where

A =

where £2' is the true incident on calorimeter No. 2,

and Ei is the apparent energy, then A can be shown to

be equal to

A =
Ra

Rb
- 1.

For lasers which have a polarized output, i.e. 90° or

60°-oriented ruby laser rods, the laser rod must be

oriented properly, relative to the beam splitter. This was
easily done to + 1°, and represented an error of no more
than +0.1 percent.

Using this technique, we find a A for our calorimeter

systems of 0.007. This result was from an average of 10

comparison runs. The data had a standard deviation of

0.002.

Discussion

We have made several calorimeters modeled after

the same basic design with modifications to include

cone shaped absorption cells, a different absorbing

liquid (CUCI2+ H2O), and Brewster's angle input. We
have tested the calorimeters with laser energies up to

15 J (normal laser) and powers up to 150-200 mega-

watts (^-switched), and found no anomalies in the

calorimeters. It would seem possible to scale the calo-

rimeter components to make calorimeter systems that

would measure very high energies, say 10^ J with one

percent accuracy and precision, by using a large aper-

ature, large volume calorimeter so as not to exceed a

certain energy density, in order to avoid a change in

state of the absorbing fluid.
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Millimeter Wavelength Resonant Structures*

R. W. ZIMMERERf, mi:mber, ire, M. V. ANDERSONf,
G. L. STRINEf, AND Y. BEERSf, member, ire

Summary—This paper discusses the construction of millimeter

wave Fabry-Perot resonators, using both planar and spherical re-

flectors. It also discusses the equivalent circuits of planar reflectors

and the method of obtaining efficient power transfer into the resona-

tors,

THIS PAPER is a further report on the work on

miUimeter wave Fabry-Perot interferometers

that was started in this laboratory by Culshaw.^"^

These interferometers have become of wide interest be-

cause of their use as resonators in optical and millimeter

wave masers. These resonators have many other po-

tential uses as spectrometers, refractometers, and wave
meters.

* Received October 23, 1962; revised manuscript received
November 30, 1962. A condensed version of this paper was presented
at the PGMTT National Symposium in Boulder, Colo., on May 22,

1962.

t Radio Standards Laboratory, National Bureau of Standards,
Boulder, Colo.

' W. Culshaw, "Reflectors for a microwave Fabry-Perot inter-

ferometer," IRE Trans, on Microwave Theory and Techniques,
vol. MTT-7, pp. 221-228; April, 1959.

^ W. Culshaw, "High resolution millimeter wave Fabry-Perot in-

terferometer," IRE Trans, on Microwave Theory and Tech-
niques, vol. MTT-8, pp. 182-189; March, 1960.

^ W. Culshaw, "Resonators for millimeter and submillimeter
wavelengths," IRE Trans, on Microwave Theory and Tech-
niques, vol. MTT-9, pp. 135-144; March, 1961.

* W. Culshaw, "MiUimeter wave techniques," Advances in Elec-
tronics and Electron Phys., vol. 15, pp. 197-263; 1961.

' W. Culshaw, "Measurement of permittivity and dielectric loss

with a millimetre-wave Fabry-Perot Interferometer," Proc. lEE, vol.

109, pt. B, Suppl. No. 23, pp. 820-826; 1961.

In the millimeter region the ratio of wavelength to

the mirror dimensions, although small compared to

unity, is much larger than in the optical region. There-

fore, diffraction losses in the millimeter region tend

to be much larger. At the same time modes are sep-

arated more widely, and it is usually possible to work

with a single mode. In the optical region mirrors are

made of semisilvered surfaces or by multilayered di-

electric surfaces. As is well known,* with such mirrors

large reflectivity is incompatible with low resonance

transmission loss. Culshaw realized that in the milli-

meter region other techniques allowing the achieve-

ment of both objectives were practical. He evolved a

scheme of drilling an array of holes in metallic sheets

and started work with metal films with photoetched

holes deposited on dielectric slabs. We have further

developed this technique and have used thin perforated

metal foils stretched on frames. This technique appears

to be the best available for use with plane reflectors.

For many applications Fox and Li' and Boyd and

Gordon' have demonstrated the superiority of con-

* M. Born and E. Wolf, "Principles of Optics," Pergamon Press,

Inc., New York, N. Y., Sec. 7.6; 1959.
' A. G. Fox and T. Li, "Resonant modes in a maser interfero-

meter," BellSys. Tech. J., vol. 40, pp. 453-488; March, 1961.
* G. D. Boyd and J. P. Gordon, "Confocal multimode resonator

for millimeter through optical wavelength masers," Bell Sys. Tech.

J., vol. 40, pp. 489-508; March, 1961.
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cave mirrors over planar ones because of the greatly

reduced diffraction losses and the greater ease of align-

ment. In some of the instruments to be described later

we have applied their ideas to the millimeter region.

Marcuse,' in independent!}.' apph'ing them to the

millimeter region, coupled the resonator to a waveguide

by a single hole. In principle, diffraction losses should

be greater with this type of coupling, and probing the

periphery of the field with absorbing objects tends to

confirm this hypothesis. With both types of coupling

we have obtained Q values within a factor of two or

three of that computed for solid metal reflectors with

no diffraction losses. It is probable that the slightly

greater diffraction losses of the single hole feed are com-

pensated by increased reflector losses with the multi-

hole coupling. Unless a high uniformity of field is re-

quired for some special application, the single hole feed

is to be preferred because of its simplicity.

The Properties of Thin Perfor.\ted Reflectors

With particular reference to the Stark spectrometer

to be described below, we were concerned with the

problem of obtaining good power transfer into the

resonator while preserving high field uniformity and

high reflectivity. In attacking this problehi we adopted

the policy of using simple appro.ximate theory as a guide

to the extent that such theory is valid and then of

reh'ing upon experiment to compensate for higher-

order efYects. One such theory is the impedance theory.

To check the validity of the impedance theory, we set

up the transmission experiment shown in the upper

part of Fig. 1. The perforated plate is placed between

ABSORBERS

3a'

X

TTd'

Fig. 1—Transmission through a lossless perforated thin plate.

coaxial transmitting and receiving horns. The signal

received with the plate in the beam is compared to that

with it absent. Standing waves between the plate and

either horn are greatly reduced by placing. absorbers at

oblique angles on either side of the plate. A magazine is

a convenient absorber, and the attenuation can be

varied by choosing the number of pages. The significance

of the experimental transmission coefficients was en-

hanced by separately varying the horn spacing and the

plate position along the axis. These variations pro-

^ D. Marcuse, "Maser oscillation observed from HCN maser at

88.6 kMc," Prog. IRE (Correspondence), vol. 49, pp. 1706-1707;
November, 1961.

duced no more than 0.5 db change in the transmission

coefficients. Transmission factor was taken to be the

change in power at the detector as measured by a

bolometer.

In the analysis of the experiment, it is assumed that

the situation is described by a wave incident upon the

plate, a wave reflected into the transmitter space, and

a wave transmitted into the detector space. Further-

more, the simplifying assumption is made that these

are all plane (TEM) waves of a single plane polariza-

tion. Since the beam is bounded in cross section, other

modes must actuall>' be present, but the experimental

data show that they are of small amplitude. Such as-

sumptions also imply that the plate does not depolarize

the beam. In principle, if the rows of holes make oblique

angles with the field vectors, depolarization can take

place. We have observed no evidence of such depolariza-

tion nor any dependence of transmission factor upon

orientation. Nevertheless, all measurements reported

here were made with the rows of holes aligned with

the field vectors.

If the space on the side of the plate away from the

source is unbounded, if losses are negligible, and if

only one mode is propagated at distances sufficiently

removed from the plate, the plate can be represented

by a susceptance in a transmission line analogy. Under

these conditions, the power carried by the reflected

wave on the side facing the source and the power carried

by the transmitted wa-^'e on the other side must equal

the power carried by the incident wave. In a trans-

mission line such a condition is produced by connecting

a susceptance across a line of infinite length. A mathe-

matical proof seems hardly necessary to establish this

equivalence, but such proofs can be found in text-

books.^" However, a mathematical treatment is re-

quired to evaluate the susceptance. Such a one'^~"

shows that, if the holes are of diameter d and in a

rectangular array with spacings a and c, the nor-

malized susceptance is approximately

b =
iack

(1)

Eq. (1) is an approximation valid when a, c, and d are

small compared to X. Higher-order terms have been

derived by Munushian,'' who shows that (1) is the

appropriate expression for an arra>' of holes. It is in-

teresting to note that when either a or c exceeds X, the

'"J. C. .Slater, "Microwave Electronics," D. Van Nostrand Co.,

Inc., New York, N. Y., Sec. 6.5; 1950.

E. Ginzton, "Microwave Measurements," McGraw-Hill Book
Co., Inc., New York, N. Y., Sec. 6.4; 1957.

" C. G. Montgomery, R. H. Dicke, and E. M. Purcell, "Princi-

ples of Microwave Circuits," McGraw-Hill Book Co., Inc., New York,

N. Y., Sec. 6.11; 1948.
'2 N. Marcuwitz, "Waveguide Handbook," McGraw-Hill Book

Co., Inc., New York, N. Y., ch. 5; 1951.
"

J. Munushian, "Electromagnetic Propagation Characteristics

of Space Arrays of Apertures-in-Metal Discontinuities and Comple-
mentary Structures," Electronics Research Lab., University of

California at Berkeley, Lab. Rept., Ser. No. 60, Issue 126; September,
1954.
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theory breaks down qualitatively as well, because the

amplitudes produced by various holes interfere con-

structively to give maxima of radiation of? the axis.

Under these conditions, the plate acts as a grating pro-

ducing more than one order of constructive interference.

In cases which are of interest in this work h is large

in magnitude compared to unity. Then it can be easily

shown that the transmission coefficient is

T = 201ogi
3ac\

expressed in decibels. (2)

The argument of the logarithm is twice the reciprocal

of the susceptance. If the theory is valid, all experi-

mental points should lie on a single straight line when
the transmission coefficient is plotted against the

logarithm of twice the susceptance. With a single plate,

the susceptance is varied by varying X. Such data are

plotted along with the theoretical line in Fig. 2. With

two plates, the points lie on lines of the same slope as

the theoretical line but slightly below it. The latter

fact can probably be attributed to losses in the plates,

which are neglected in the theory. The curve represent-

ing the third plate crosses the theoretical line at high

values of the argument (small values of X). However,

this plate had comparatively large spacings between

the holes, and at short wavelengths the assumptions of

the theory are not fulfilled. With all three plates, the

holes were in a square array, and thus c = a. The data

can be considered to be in reasonable agreement with

the impedance theory. The use of this approximate

theory as a guide in the design of interferometers is

therefore justified.

The experimental data displayed in Fig. 2 were all

obtained on thin metal foils stretched on frames: that

is, foils whose thickness was small compared to a free-

space wavelength. Brief qualitative consideration of

transmission line theory indicates that the presence of

lossless dielectric backing causes a reduced admittance

mismatch, resulting in more energy being transmitted

through the perforated plate than would be predicted

from (2). When the frequency is such as to cause the

thickness of the dielectric to be an integral number of

dielectric half wavelengths, the transmission coefficient

should agree with (2).

If a plane wave is normally incident upon a plane

metal surface and if T is the reflection coefficient at the

generator, the fraction of the incident power which is

dissipated in the metal is

/o = 1 -
I

r|^

If a slab of lossless dielectric of thickness I and di-

electric constant K is placed in contact with the metal

on the generator side, the fraction of the power dis-

sipated in the metal is increased unless, of course, the

thickness of the dielectric happens to be exactly an
integral number of half wavelengths.

In general, the fraction of power dissipated is

/ =
K

1 + (A' - 1) cos'~e
(2a)

where

_ 27r/

~
"x7

'

to is the value of t in the absence of dielectric, and Xi is

the wavelength in the dielectric. Fig. 3 shows the rela-

tive power dissipated in the metal for three frequently

used dielectrics as a function of d. The following values

of dielectric constants have been used: 1) plate glass

9.5, 2) quartz 3.78, and 3) rexolite 2.2.

The power transmitted through a perforated sheet is

therefore increased by the factor t/to given by (2a).

The preceding discussion applies strictly to solid metal

plates. However, our experience indicates that it holds

as an excellent approximation for perforated plates.

a IN cmid IN cm

0.01 0.015 0.02 0.025

3a2X

Fig. 2—Transmission measurements of three perforated thin plates.
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When the thickness of the metal plate is appreciable,

it is represented by a three-terminal network, as is well

known.'" If the rows of holes are oblique to the field

vectors such that depolarization efTects must be con-

sidered, it can be supposed that a plate can be repre-

sented by a network having two pairs of input ter-

minals and two pairs of output terminals.

The Resonant Frequencies of Parallel

Plate Interferometers

In all practical applications of the Fabry-Perot inter-

ferometer, observation is made along the central axis

peripendicular to the plates. What is considered as a

resonance from the microwave point of view corre-

sponds to a maximum in intensity at the center of the

field of view in an optical interference pattern. In ele-

mentary texts, the behavior is explained in terms of the

multiple reflection of plane waves between the reflec-

tors. It is assumed that these plane waves have the

same wavelength Xo and phase velocity as in an un-

bounded medium. If the plates are perfectly reflecting,

the condition for resonance is then

Xo = {2D/m) (3)

where D is the separation and m is any positive in-

teger. The frequency is given by dividing Xo into the

phase velocity.

Such a description is inadequate to explain all of the

recent observations. Schawlow and Townes," in pro-

posing the use of the Fabry-Perot interferometer as a

resonator for optical masers, suggested that it should

be considered as a rectangular box with four open

sides. A transmission line with both ends short cir-

cuited resonates at the same frequencies as when both

ends are open circuited except that the positions of the

nodes and antinodes are interchanged. Analogously, if

the interferometer has rectangular plates, each of

dimensions A and B separated by a distance D, it can

be expected to resonate at the same frequencies as a

closed rectangular box of the same dimensions where

the free-space wavelengths are given very accurately by

Xm.n.p 2 + + —
^2 ^2

(4)

lected, it can be seen that Xm.„.p becomes equal to Xo

obtained in the elementary theory. In conventional

optical situations these terms are generally so small that

modes of the same m and differing n and p lie so close

together as not to be resolved, and the elementary

theory is adequate. However, with masers, the resolu-

tion is such that the frequencies emitted as the result of

simultaneous oscillation in several of these modes can

be resolved. The modes with the lowest values of n and

p, namely unity, have the highest Q and give rise to

the strongest maser lines. Also they generally produce

the strongest and sharpest resonances in the inter-

ferometers described in the paper. The original report

on the helium-neon gas maser'* contains excellent ex-

perimental verification of the validity of (4).

In that paper the strong signals at 150-Mc intervals

are due to beating of modes with difl^erent m's but all

with « = 1 and /?=1. The weaker peaks displaced by
1.5 Mc are due to beats between a mode described by
w = 1 and p = \ and a mode with a different m and either

n or p equal to 3 while the other of these two quantities

remains equal to 1. Quantitatively these values are

consistent with (4) and the geometry of the apparatus,

in which B =A.
For many purposes it is convenient to employ an

approximation for (4) by expressing D in terms of Xo

by (3) and retaining only first-order terms in a binom-

inal expression. B is set equal to A, since this condition

usually prevails. Then

Xm.n.p — Xo 1 (5)

where m, n, and p are nonzero integers.

The theoretical work of Fox and Li^ investigated the

field patterns and showed that they do indeed difl^er

from plane waves. Symmetry considerations require

that n and p be odd integers for modes which are ob-

served with coupling which is symmetrical about the

central axis of the instrument. In the following we as-

sume this symmetry.

In most practical situations, the second and third

terms in the brackets of (4) are small compared to

the first. In cases where they may be completely neg-

" A. L. Schawlow and C. H. Townes, "Infrared and optical

masers," Phys. Rev., vol. 112, pp. 1940-1949; December, 1958.
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Since n and p- are never zero, the second term on the

right is not identically zero and it must be considered

if the F~abry- Perot resonator is used as a wavemeter of

the highest available accuracy. Xo may be determined

by measuring the displacement of one plate between

major resonances. Then a correction can be deter-

mined by substituting this value into the second term

of (5). A can be determined from geometry or by meas-

uring the frequency shift between a main resonance for

which n = l and p=i to a subsidiary one where one or

both has a higher value.

The Q of Parallel Plate Resonators

The unloaded ^ of a parallel plate resonator is given

approximately by the following well-known expression'

Q =
1

(6)

wherein F is the amplitude reflection coefficient of the

surfaces. In (6) diffraction losses are neglected, and in

the numerator an approximation has been made by

" A. Javan, W. R. Bennett, Jr., and R. Herriott, "Population in-

version and continuous optical maser oscillation in a gas discharge
containing a He-Ne mixture," Phys. Rev. Lett., vol. 6, pp. 106-110;
February, 1961.



setting |r|^~l in a more exact expression. This latter

approximation is valid under all circumstances which

are of interest. This equation has been derived on the

basis of the elementary plane wave theory.

According to (6), Q should increase linearly with m
(or D). However, at larger spacings diffraction becomes

important and limits the Q obtainable. This situation is

illustrated by the experimental data presented in Fig. 4.

The data lie on a straight line until D becomes com-

parable to A, which is equal to 14 cm in this instru-

ment. Then Q falls below the line. In this experiment

the holes were such as to give weak coupling. The meas-

ured Q is therefore essentially the unloaded Q.

The straight line of greater slope in Fig. 4 represents

the calculated value of Q if the plates were made of

solid aluminum. The fact that the slope of the experi-

mental line is a factor of 8 or so less indicates that the

surface losses are correspondingly greater than for solid

plates. This is not unreasonable because the plates

used in this experiment had thin films barely one skin

depth thick deposited on glass. The dielectric slab

also increases the natural loss of the metal film as

given by (2a). Data obtained in this laboratory on

thicker plates indicate that surface losses are no more

than 2 or 3 times greater than calculated for solid

plates.
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Fig. 4—The measured Q vs mirror separation of

a parallel plate Fabry-Perot resonator.

optimum sensitivity. Otherwise more of the signal

developed h\ the sample between the plates is wasted

in the generator.

In the former case, exactly, and in the latter case,

approximately, we may consider one of the two plates

to be opaque. To determine the conditions for optimum
power transfer to the horn adjacent to the perforated

plate, we apph' the impedance theory mentioned

earlier. This theory assumes the plane wave approxima-

tion. At first we shall neglect losses in the perforated

plate. This assumption appears to be illogical since a

perforated plate might be expected to be intrinsically

more lossy than a solid one. However, later considera-

tions will show that, contrary to our intuition, the

losses due to this plate do not play an important role.

When these losses are neglected, it is more convenient

to work with admittance than impedance.

According to basic electromagnetic theory, a solid

metallic plane surface at normal incidence can be

represented as a normalized admittance of

(7)

where

= (--)'"
\4:r€„//

and J" = Mo

Efficient Power Transfer

For many applications, it is necessary to obtain

efficient power transfer into the resonator. With reac-

tion resonators and a single horn serving as both trans-

mitter and receiver, it is first necessary to get good

power transfer in order to distinguish the resonance

from a large background of reflected power. A trans-

mission resonator is easier to adjust since input and

output are naturally separated. If a transmission res-

onator is used in a maser, weak coupling to the trans-

mitter and close coupling to the detector are desired for
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and where cr = conductivity of the metal, / is the fre-

quency, and eo is the permittivity of empty space.

With frequencies in the millimeter wave region and

with metals of good conductivity g is a large number,

something between 10' and 10''.

As the plane of reference moves away from the metal,

the admittance changes in accordance with transmis-

sion line theory. It is then possible, in principle, to

choose D in such a way that the normalized conduc-

tance at the reference plane is unity while the suscep-

tance is positive. Then if the perforated plate is placed

here and if the hole pattern is selected in such a way
as to make the negative susceptance equal in magnitude

to the positive transformed susceptance of the solid

plate, a perfect admittance match is obtained.

Because g is so large the Smith Chart cannot be used.

For the same reason the analytical expression can be

considerably simplified. Applying standard transmis-

sion line theory and making various approximations,

the following simple results can be obtained. These

approximations include 1) neglecting terms of the order

of unity and of the order of Vg in comparison with

terms of the order of g, 2) approximating the tangent

of the phase angle by the angle in radians, 3) retaining

only lead terms in binominal expansions.

The required value of normalized susceptance for the

hole pattern is

h = - {igY f8)



The reflection coefficient of the solid metal surface is

r = - 1 (9)

g

and

r - = 1 (10)

The required distance D is given by the roots of the

equation

tan liD = - (l/2g)"2 (11)

where

/3
=

By use of (6) and (7) it can be shown that

irme
;i2)

Fig. 5—Parallel plate Stark cell vvuli v.u uuin cover removed.

Up to this point losses in the perforated plate have

been neglected. There is a theoretical argument which

indicates that if the surface admittance of this plate is

of the same order of magnitude as that of the solid

plate, the effect of these losses is to make only minor

changes in the hole diameter and plate separation re-

quired for optimum power transfer. Therefore, com-

pensation for these effects can be accomplished by

changing slightly these quantities by experiment.

Since this theoretical argument is lengthy and prob-

ably of little interest, it will not be given here. How-
ever, our actual experience indicates that it is justified

in practice.

A Parallel Plate Stark Cell

In the design of a Fabry-Perot interferometer for use

in observing the Stark effect in millimeter wave molec-

ular spectra we have applied the principles of the

previous sections. This device is shown in Figs. 5 and 6.

One plate is solid, and the other is composed of a copper

foil 0.0015 inch thick with a square array of holes.

Both are gold plated. The solid plate is mounted on

insulators so that a dc or low-frequency ac voltage can

be applied between reflectors.

The ring which supports the insulators is supported

by three magnetostriction transducers. These employ
nickel armatures 2 inches long and 0.25 inch in diame-

ter. The magnetic circuits are completed with soft iron

except for small air gaps. By dissipating a few watts

of dc power in the transducer coils it is possible to

nearly magnetically saturate the armatures producing

a contraction of about 50 microinches. If all three coils

are excited, the plate is translated an amount cor-

responding to detuning the cavity by about the 3-db

bandwidth, thus achieving fine tuning. If the trans-
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Fig. 6—Assembled view of parallel plate Stark
cell showing associated equipment.



ducers are excited differently, this effect may be used

to change the alignment. Coarse alignment adjustment

is made by three screws holding the perforated reflector

to the main frame. Coarse tuning is accomplished by a

lead screw in the shaft from which the reflector is sup-

ported. The apparatus is provided with a gasketed

cover having a plastic front. The lead screw extends

through the vacuum envelope allowing coarse tuning

adjustment even when the chamber is evacuated.

The foil is stretched on the frame before the insertion

of the holes. For the insertion, it is then laid on backing

material. The holes used in this interferometer were

inserted by a specially made punch, but in other plates

with larger holes, drills have been used.

By the use of measurements with calipers, the plates

can be made sufficiently parallel to make resonances

detectable. The final adjustment makes the resonances

as sharp as possible. Putting the vacuum cover in place

has only little effect on the response.

Fig. 6 shows the assembly of the interferometer and

some of the associated equipment. The assembly em-

ploys a frame composed of two standard relay racks tied

together by horizontal bars which holds the interferom-

eter, vacuum system, and many of the associated elec-

tronic instruments. The horn which feeds the inter-

ferometer, as well as the klystron and the associated

microwave components, are mounted on a shelf with

wheels using two of the horizontal tie bars as tracks.

By means of a lead screw adjustable at a panel on each

relay rack, the horn-resonator spacing can be conven-

iently varied to obtain the optimum power transfer when
the impedance match is not perfect.

This interferometer was designed with the intent of

producing a uniform dc field between the plates. The
array of holes occupies a 2-inch square. The horn is ap-

proximately 1.5 inches square. Practical experience as

well as theory indicate that with close plate spacing the

RF field is confined to a cross section slightly larger than

the area of the array of holes. The dc field between the

plates extends far beyond the RF field, assuring Stark

field homogeneity within the active volume. The spac-

ing between the plates can be varied between 7 mm and
45 mm. The widest spacing is slightly less than the size

of the hole pattern. For a design center wavelength of

4.29 mm, the m values range from 4 to 10. Consideration

of a number of conflicting factors leads to the choice of a

moderately small spacing as preferable for the present

application. Factors favoring small spacing are 1) rela-

tive freedom of inhomogeneity in the Stark field caused

by edge effects and 2) relative freedom from pulling of

the frequency of spectral lines by the response of the

resonator. At close spacings the Q is low and the cavity

resonance is broad. The factors favoring large spacing

are 1) decrease in relative inhomogeneities in the Stark

field caused by the holes and 2) high signal-to-noise ratio

because of higher Q. It appears that the latter factors

are less important than the former. However, the opti-

mum spacing is to be determined by experiment.
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The hole pattern was designed for operation at 3-mm
wavelength. A spacing of 0.1 inch was selected as being

a convenient value slightly less than the wavelength

(0.1 18 inch). As mentioned earlier a spacing greater than

a wavelength is undesirable because of the reinforce-

ment of resonances with maxima off the axis. While the

apparatus was being fabricated, it was decided to

change the operating wavelength to 4.29 mm (0.169

inch). Under these conditions, for gold, (7) gives

g = 2.28 X 10^ and (8) gives the required susceptance for

the holes as —67.4. By (1) the required hole is

0.029 inch. In order to test the theory the reflection

coefficient was determined experimentally and it was

found that holes with 0.1 inch spacing but with di-

ameters of 0.037 inch yielded nearly 100 per cent ab-

sorption for values of m = 5 to w = 15 at a frequency of

70 Gc. Subsequent measurements at 55.2 Gc using the

same hole pattern indicate an absorption of approxi-

mately 10 per cent. This corresponds to an SWR of

9: 1 and gives some indication of the bandwidth charac-

teristics of the array of holes as a coupling device.

Experimentally the degree of impedance mismatch is

nearly independent of the horn-to-resonator spacing

and of the spacing between reflectors. This latter fact

is expected if the preceding theory is valid. If the shunt

impedance is defined as the ratio of rms electric field

strength to magnetic field strength at a reference plane

where the latter is a minimum, it can be inferred that

this quantity depends only on
|
F

|

- and not on m. There-

fore it is not an explicit function of Q and increasing m
does not change the field strength although it increases

Q. In these respects this type of resonator differs from

the conventional one.

If the above value of g is substituted into (12), Q/m
is calculated to be 3.6 XIO^ No attempt was made to

make an accurate measurement, but a rough measure-

ment indicated good agreement.

A discussion of the Stark effect for the measurement

of voltage and the application of this instrument will

be discussed by two of the present authors in another

paper.

Spherical Resonators

If a uniform Stark field is not needed and relatively

narrow spectral lines are to be investigated, the high Q
and small size of the spherical plate resonator recom-

mend its use. The sensitivity of a resonant cavity to

small changes in cavity loss is well known to be

AF/F=(2>Q!/27r where V is the voltage incident on the

detector at cavity resonance and a is the free-space at-

tenuation of the gas sample within the resonator. With

a loaded Q of 10^ it is practical to measure very small

1* Y. Beers and G. Strine, "The Measurement of Voltage by Use
of the Stark Effect, presented at Internat'l Conf. on Precision Meas-
urements, Boulder, Colo.; August 1-1-17, 1962.

" C. H. Townes and A. L. Schawlow, "Microwave Soectroscopy,"

McGraw-Hill Book Co., Inc., New York, N. Y., Sec. 15-11; 1955.
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values of a. The limitation imposed by restricting the

resonance bandwidth of the eavity to be several times

the natural linewidth of the gas sample is ameliorated

by an absence of spectral line broadening due to colli-

sions between the molecules and the cavity walls. The
gas pressure can be reduced until pressure broadening

is equal to Doppler broadening. For oxygen at room
temperature this would occur at about 30 microns pres-

sure and give a linewidth of some 0.25 Mc compared

with a cavity bandwidth of 0.6 Mc if the Q were 10^

Possible saturation effects in a gas contained in a

resonator with such a large Q are not as great as Q alone

might imply. As pointed out earlier, in this type of cav-

ity the electric field is not enhanced in the same way as

in a simple i?-L-C equivalent circuit. From the definition

of Q and (6) it can be shown that for a closely coupled

resonator with a loaded Q of Qi the ratio of the electric

field within the cavity to that in the transmission line

driving it is approximately {QiAnfArmir)^^'^, where .4^

and Ao are the effective areas of the resonator and input

transmission line, respectively. This ratio is about unity

in the spectrometer to be described.

The spherical plate spectrometer shown in Fig. 7 was

designed to isolate the resonator as well as possible from

any mechanical forces which might tend to deform it

when evacuated. This allows it to be used as a refrac-

tometer by measuring the detuning of the cavity as

gas is admitted to different pressures. The resonator it-

self consists of a spherical brass surface of 20-inch radius

of curvature facing a flat brass surface nominally 10

inches away. The waveguide feed terminates in the

center of the flat plate with an 0.063-inch hole coupling

the waveguide to the resonator. The spherical surface is

supported on three legs above the flat surface and can

be screwed along its axis for tuning. This adjustment

can be made through the vacuum container by a retract-

able finger which can be disengaged to avoid communi-
cating forces to the structure when the pressure is

changed. The open aperture of the mirrors is 4.5 inches

and the whole resonator fits within a 14-inch length of

6-inch O.D. glass or plastic pipe.

At the top end of the transparent vacuum container

a scale is af^xed in order to record the axial position of

the spherical mirror. The screw thread is metric so that

the spectrometer serves also as a precision wavemeter

when required. Moving the mirror between two reso-

nances is a translation quite close to a half wavelength

which can be read directly in millimeters on the scale.

The brass surfaces were finished to a high polish and

precision of a few ten thousandths of an inch. The
loaded Q is close to 10^ at wavelengths of 5 mm. The
parameter a''/b\ used by Fox and Li to compute difi'rac-

Fig. 7—Spherical plate bpectronieter inside

transparent vacuum cover.

tion losses is 1.3 for 5-mm wavelength, suggesting that

higher modes than the fundamental TEMgoo may be

supported. This notation was introduced by Fox and

Li.' Indeed the- axially symmetric TEM^oi mode has

been identified and behaves qualitatively in all respects

as predicted by Fox and Li.

A spherical plate resonator of small dimensions has

been constructed specifically for use as a wavemeter over

the waveguide band 50 to 75 Gc. The radius of curva-

ture of the spherical mirrors is only 2 inches, about 10

wavelengths, but it performs quite well. The details of

this instrument are discussed elsewhere.
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spherical Mirror Fabry^Perot Resonators*

ROBERT W. ZIMMERERf, senior member, ieee

Summary—An experimental investigation of the Fabry-Perot

Interfometer (FPS) using spherical mirrors is reported. The FPS
was operated as a microwave resonant cavity at 60 to 70 Gc. Meas-
urements were made of the loss and coupling as a function of mirror

spacing. The electric field variation within the resonator was also

measured. Other characteristics of the spherical Fabry-Perot reso-

nator were observed and are discussed.

A quaUtative discussion of the behavior of a spheroidal cavity

resonator is presented and its relation to the FPS and beam wave-

guide is demonstrated.

Introduction

THE SPHERICAL mirror Fabry-Perot Inter-

feromter (FPS) was first introduced as a new
optical instrument by Connes [l]. In a series of

* Received April 29, 1963; revised manuscript received June 20,

1963. A preliminary note on this work has been published by the
author, "Experimental investigation of Fabry-Perot interferometers,"
Proc. ire (Correspondence), vol. 51, pp. 475-476; Alarch, 1963.

t National Bureau of Standards, Boulder, Colo.

papers [l], [2 ], he developed a geometrical optics theory

and application of the instrument. With the advent of

the laser the FPS was employed as a resonator and an
electromagnetic theory of its operation was developed

by several investigators at Bell Telephone Labora-
tories [3]-[7]. In a parallel development of the beam
waveguide for the transmission of quasi-optical micro-

wave power, Goubau and his associates have developed

an electromagnetic theory [S] which has many applica-

tions to the FPS. The application and experimental

verification of these various theories has been most
rapid. The direct observation of laser output [9], the

successful operation of the microwave FPS [lO], [ll],

the transmission line studies of the beam waveguide
[l2]-[l5], all verified the theoretical soundness of the

work.

We have constructed and operated a variety of micro-

wave Fabry-Perot resonators of both planar and spheri-
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cal type [l6]. Experimental investigation of the FPS at

microwave frequencies is particularly attractive because

of the comparative ease with which direct measure-

ments of phase and amplitude can be made. We have

made our measurement at wavelengths between 8 and

4 mm where klystron generators of good stability and

power output are conveniently available. At these wave-

lengths not all the restrictions of the optical theory are

satisfied while the theory of the beam waveguide is not

yet extensive enough to include all aspects of the micro-

wave FPS.

Evolution of the FPS from a
Spheroidal Resonator

In our work with the FPS we have found it quite in-

structive to consider it as being evolved from a micro-

wave cavity formed by rotating an ellipse about its

minor axis. Such a closed surface with rotational sym-

metry is a special form of ellipsoid called an oblate

spheroid [l7]. This surface can be described by the set

of equations

of constant phase are paraboloids. An examination of

(1) shows that if b^O in such a way that b^/2^p a

spherical coordinate system results.

In the general case of a spheroidal cavity it is neces-

sary to know the curvature of the approximately spheri-

cal portion on the z axis. This can be calculated from the

generating ellipse. The radius of curvature of an ellipse

on the minor axis is given by the square of the major

axis divided by the minor axis. From (1) it follows that

the radius of curvature b' of the spheroidal surface at

6 = 0 is

b' = (2)

which can be recognized as (23) of Boyd and Gordon

[5]. The relationship of the oblate spheroidal resonator

to the FPS now becomes clear. The family of oblate

spheroids belonging to a pair of foci of separation h gen-

erates all the possible combinations of spherical mirrors

of radius of curvature 61 and bi spaced a distance d. This

is illustrated in Fig. 1.

2 = — f cos
2

ix = bx± y/bx^ - b^

r = \/x'^-i- y'^ Vl + r sin e (1)

where z is measured along the axis of rotation and r per-

pendicular to it.

For a given b there is an oblate spheroid for every

value of I between 0 and 00 and a hyperboloid for each

value of d between 0 and 7r/2. These confocal oblate

spheroids and hyerboloids constitute an orthogonal co-

ordinate system in which Maxwell's equations can be

expressed. If the wave equation is expressed in this co-

ordinate system and the eigenfunctions are examined, a

most remarkable behavior is found [I8], [l9]. The
eigenfunctions are significantly different from zero only

in the neighborhood of 0~O. The 6 for which each eigen-

function decreases to a certain fraction of its maximum
value, increases with the order of the eigenfunction and

with the ratio \/b. Thus for an oblate spheroidal reso-

nator ^^X, the portion of the cavity walls far off the

axis of symmetry play no appreciable role in the

boundary condition that the field should vanish at the

oblate spheroidal surface. Only an area on the 2 axis

(6 = 0) is pertinent to this boundary condition. If the

remainder of the spheroidal surface is discarded, what

is left is a pair of approximately spherical mirrors. By
virtue of the orthogonal coordinate system of ^ and 6,

we know that the spheroidal surfaces within the reso-

nator are surfaces of constant phase and the hyper-

boloids are surfaces of constant amplitude. If 6»X, the

solution is nonzero only for 6 near zero snd the surfaces

412.

d2 = b2± Vb2'' - b\ (3)

In the actual operation of the FPS the parameter b is not

as useful as the spacing d of the mirrors.

Eliminating b from (3) we have

d\ d(b2 — d)

bi + bi- 2d

d{bi - d)

bi + bi 2d
(4)

where di-\-di = 2d. In this discussion it is also useful to

express b in terms of the physical parameters of the

FPS,

Vd{br- d){b2- d){bi + b2- d)

bi + b2- 2d
(5)

In this discussion the convention that biKbi is em-

ployed. As developed in part VI of Boyd and Kogelnik

[6], all combinations of radii of curvature and mirror

spacing are not resonant structures. From (5) it can be

seen that the interfocal distance of the prototype

spheroidal resonator becomes zero at four different

values of the mirror spacing d. The limit 6 = 0 results in

a spherical coordinate system which has the familiar

Bessel functions for eigenfunctions. For bi<d<b2 and

bi-^b2<d, b is imaginary. These are the high loss regions.
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The upper diagram in Fig. 1 shows the general case

for nonidentical mirrors. Note that convex mirrors, as

well as concave, are allowed. The emphasized ellipse has

the minimum radius of curvature on the axis and deter-

mines the special case of confocal identical mirrors sym-
metrically spaced about the origin. The unique de-

generacy of the confocal placement of identical mirrors

can be seen by noting that, from (3), any oblate spheroid

with b<b' will generate the required confocal mirror

surfaces. In the limit 6-^0 the spheroid becomes a sphere

with its center at one mirror or the other. This limiting

case for nonidentical mirrors is illustrated in Fig. 1(b).

The general eigenfunctions for the oblate spheroidal

resonator and in particular their asymptotic form for

6»X are discussed in much detail by Flammer [l8]. If

i5>>X the angular functions can be expressed in terms of

the Laguerre polynomials. In the limit >oo the ex-

pansion contains only the first term. This is the solution

obtaining for paraboloidal coordinates as developed by
Pinney [20]. In the optical limit with 6/X~10^ the

spherical mirror is indistinguishable from a paraboloidal

mirror; in the microwave region with 6/X~102 there is

a measurable difference between these two mirrors.

In the experiment described by Christian and Goubau
[12] at 24 Gc, lenses corresponding to parabolic mirrors

were used and the electric field variation across the

aperture was observed to be a smoothly changing func-

tion with a single maximum on the axis of the beam
waveguide. In measurements of the field variation with-

in a confocal parabolical resonator at 9.3 Gc, Beyer

[14] reports very good agreement within the eigen-

function of the dominant lowest-order mode of the beam
waveguide. The electric field variation measured per-

pendicular to the axis of a FPS at several axial posi-

tions is shown in Fig. 2. In this measurement the fre-

quency was 61 Gc and b/\ was 115. (A discussion of the

experimental method used to record these measure-

ments is deferred to later.) It is evident that at least a

fourth-order symmetric field distribution is present in

what is the lowest mode of this FPS. The flat mirror was
a highly polished brass surface and the spherical mirror a

polished quartz mirror of optical quality with an evapo-

rated copper surface. It is interesting to note that an

equivalent spherical mirror of brass did not produce

nearly as sharp a field structure. In all probability this

was due to the less precise surface figure of the brass

mirror which tended to "blur" the distinction between
sphere and paraboloid.

The complex field structure of the FPS at microwave
frequencies may be a disadvantage in some applications

but this is strongly compensated by the ease with which
it is aligned. The spherical surface of the mirror can be

defined by a point, the center of curvature. The axis of

the FPS is the line containing the two centers of curva-

ture. If this axis intersects each mirror near enough to

its center so that the electromagnetic fields are confined

413-

Fig. 1—Spherical mirror Fabry-Perot resonator derived from con-
focal oblate spheroids, (a) General case, (b) Limiting cases.

SPHERICAL MIRROR
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DISTANCE OFF AXIS IN cm FLAT MIRROR

Fig. 2—Electric field variation perpendicular to

resonator axis and electric field.

entirely within the mirror aperture, the FPS is aligned.

A small rotation of one mirror can be corrected by an

axial translation. This is not the case with either the

planar Fabry-Perot or the parabolic mirror resonator.

These mirror surfaces are characterized by an axis or

normal. Alignment is only achieved when the axis of the

paraboloids coincide or the normals to the plane mirrors

are parallel. A rotation of one mirror cannot be compen-
sated by an axial translation. Resonators using at least

one plane mirror can be displaced laterally keeping their

axes parallel but two paraboloids have only one relative

placement for correct alignment.

In our laboratory we have experienced the difficulty

of aligning flat mirrors to make a microwave planar

Fabry-Perot resonator. Optical instruments were finally

employed to simplify the tedious process. Beyer [l4] re-
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ports similar difficulty with paraboloids. In sharp con-

trast, the FPS alignment procedure is trivial. This prob-

lem of precise alignment is carried over to the beam
waveguide where it affects the stability of a long trans-

mission path containing many lenses.

The Analogy to the Beam Waveguide

Another aspect of the stability problem arises from

the practical limitations of making mirrors or lenses

identical. The FPS with different focal length mirrors is

equivalent to a beam waveguide composed of a periodic

sequence of lenses of alternating focal lengths. The
transmission line analog was employed by Fox and Li

[4] in their numerical calculation of the losses and mode
structure of a variety of resonators. The converse

analog was employed by Christian and Goubau [l2]

when they used a resonator to measure the losses of a

beam waveguide. Such a transmission line analog is de-

picted in Fig. 3. One condition for stable operation

would require that any image plane should recur periodi-

cally at the same relative position. This is illustrated by
two planes, each at a distance x from two successive

lenses of the same focal length. Using the thin lens equa-

tion of geometrical optics, 1//= l/P+l/S, and the rela-

tion between the focal length and radius of curvature of

a mirror, l/f=2/R, the position on the optical axis of

the image point is

x{l, 2)

_ diR2 -d) ± V-d{Ri - d){R2 - d)iR, + - d) (6)

Ri + R2- 2d

where 1 and 2 refer to the two different lenses. It is ap-

parent that both real and complex x are obtained de-

pending upon the spacing of d. For the complex roots

of X, where the complex conjugate of x is denoted by x,

x{l, 2)+x{2, l)=d. Referring to (4) and (5) the roots

of (6) can be written

2.r(l, 2) = di + ib

2x{2, 1) = ^2 - ib. (7)

This identification is shown symbolically in Fig. 4 where

the elliptical section of a spheroidal resonator is super-

posed on the periodic sequence of lenses. This method
could be extended to cover any reiterated sequence of

lenses or mirrors of different focal lengths but it would

not yield much more understanding of the phenomena.

What is of great interest is the stability of such a trans-

mission line when the lens spacing is nearly periodic and

the focal lengths are randomly distributed about some
design center as wouldoccur in any practical application.

To study this requires more sophisticated methods than

geometrical optics. Similar stability problems have

been considered by Pierce for electron beams [2l] and

beam waveguides [22] and occur in particle accelerators

using periodically spaced magnets.
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Fig. 3—Periodic sequence of simple lenses with
alternating focal lengths.

Fig. 4—Relationship of oblate spheroidal resonator
to periodic sequence of lenses.

Measurement of Resonator Losses

Experimental measurements of the losses of the beam
waveguide lens due to diffraction were made by Chris-

tian and Goubau [l2], [l3j and Beyer [l4], and Beyer

and Scheibe [l5 ]. These experiments consisted of operat-

ing confocal paraboloidal resonators and measuring the

Q of the resonator. We have measured the loss of the

FPS as a function of mirror spacing for resonators using

both identical and nonidentical mirrors. Several reso-

nators were constructed using different combinations of

spherical mirrors.

The FPS was operated as a microwave reaction

cavity in order to have one mirror free to move. The
fixed mirror was 12 cm in diamter with an RG-98u or

RG-99u waveguide feed at the center. A coupling hole

of diameter equal to the short waveguide dimension

was drilled through the mirror. The iris was as thin as

possible, about 0.010 inch. The brass mirrors were

turned on a lathe and polished to a specular finish. They
gave rather good optical images even though surface im-

perfections could be seen. The mirror figures were prob-

ably of the order of 0.001 inch out of a wavelength of

0.180 inch, which is comparable to the finest optical

quality obtained at optical wavelengths. Several mirrors

were quartz, ground and polished to optical standards

and coated with 10~^ cm of copper by evaporation. The
figure of these mirrors was good to 10~''X at microwave
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frequencies. The alignment of the FPS was accompHshed

by autocoUirnation using a small flashlight. This was a

simple procedure because the FPS mirrors produced a

good image of the point source.

The Q of the FPS is so high, and stable klystron

sources so difficult to operate, a dynamic method of

measuring Q was employ ed. This method was only possi-

ble because of the inherent high stability of the particu-

lar klystrons used. The klystron was connected to the

FPS through a 10-db 4-port directional coupler. The
bolometer detector was connected to the same side of

the directional coupler as the FPS and measured the

power reflected back from the FPS-waveguide junction.

The klystron repeller was modulated with a low-

frequency sawtooth waveform which deviated the mi-

crowave frequency some 10 Mc. The bolometer output

was monotored on an osciloscope. Frequency markers

were generated by a second simultaneous modulation of

the klystron repeller by an RF voltage of several Mc.

Such RF modulation produces sidebands of known sepa-

ration which are resolved by the resonator giving ab-

sorption dips on the oscilloscope. The RF modulation is

used only to calibrate the sweep length and is not pres-

ent during measurements of the FPS resonance width.

A typical calibration was 2 cm/Mc deviation of the

klystron center frequency. The FPS-resonance width

varied from 0.5 Mc to several Mc. The ratio of power

absorbed by the FPS to that incident on the coupling

hole, 1 — [FcI^, was measured simultaneously with the

resonance width. The use of a bolometer had the ad-

vantage that oscilloscope deflections were proportional

to power. The signal-to-ooise ratio was better by an

order of magnitude than with a video crystal, although

there was considerable variation among bolometers and

crystals. A disadvantage of the bolometer is its long

time constant which requires slow sweep speeds for

faithful reproduction of the sharp resonance of the

FPS. Some difficulty was experienced due to a back-

ground of microwave power which "leaked" into the

bolometer. This leakage varied markedly with fre-

quency and was always minimized before making
measurements.

The Q of the FPS resonator, neglecting diffraction

losses, is given by the well-known relation

Q = -
I

r„|2) (8)

where Irmj^-^l is the power reflection coefficient of a

single mirror and q — ldl\, the longitudinal mode
number.

The mirror reflection loss is given by

1 - r„
2g

(9)

where r [23] is the real part of the normalized surface

impedance of a metal, and co, /x and g have their cus-

tomary meaning. The calculated value of 1 —
|

r,;,| ^ for

a copper surface at 70 Gc is about 10~'.
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A set of measurements of QTr/Q vs d is shown in

Fig. 5 for an FPS operated at 69.5 Gc. The upper curve

shows the high loss region for bi<d<b2- The lower curve

was measured using one flat mirror because of the dif-

ficulty of making two brass mirrors of identical curva-

ture. The aperture of the movable flat mirror was large

enough so that diffraction losses were due entirely to the

spherical mirror. The measurements were plotted

against 2d for ease of comparison. An attempt was made
to fit a theoretical curve to the results. It was impossible

to get a good fit with the upper curve but the lower

curve was closely described by assuming an effective

value of a-/b\=\.i?> instead of the actual value of 1.64.

The corresponding measurements of 1 — jPcl^ are

shown in Fig. 6. A surprising feature is the apparent low

coupling to the FPS in the far region, d>b2.

To better interpret Figs. 5 and 6 it is useful to propose

an equivalent microwave circuit for the general FPS.

An equivalent series resonant circuit is given in Fig. 7.

The FPS may be regarded as a section of beam wave-

guide transmission line short-circuited at each end. The
characteristic impedance of this transmission line is Z2,

the voltage attenuation constant is a, the impedance of

each mirror is {l-^j)R ohms and the reactance of the

coupling hole is jX. Elementary transmission line

theory [24] shows that a low but finite impedance trans-

forms into itself in moving q half wavelengths along a

low loss transmission line. The resonant nature of the

length gX/2 of the transmission line is represented by
the equivalent lumped reactance and capacitance of

equal magnitude qwZi/l. The transmission line equiv-

alent resistance is adZ^ ohms. The coupling hole trans-

forms the input waveguide impedance into a very low

impedance X'^/Zi. The (J of a series resonant circuit is

given by the quotient of the magnitude of the inductive

reactance and resistance at resonance. Assuming that

Zi~Z2~Zo of free space and neglecting the small

quantities jX and jR compared with qwZi/I, we get the

expected result [23].

4r + lad + Ix"
(10)

where

R X
r = — and x = — >

Zo Zo

which reduces to (8) for a = x = ^. In these experiments

the FPS was undercoupled and 2r~5x^. The quantity

1 — jPcl^ can be expressed in terms of the equivalent

microwave circuit as

1 - r.p =
42

with
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2r -|- ad

(11)
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Fig. 6—Power coupling into spherical Fabry-Perot resonators.

The term ad is entirely due to absorption in the gas

contained between the mirrors. At 70 Gc the normal

atmospheric loss is about 0.5 db/km (q;~10~'' cm~')

and rises as high as 15 db/km in the middle of the O2

absorption band at 60 Gc [25]. In these measurements

ad was too small to be resolved as an independent con-

tribution to the resonator loss. The diffraction loss, ao
in the notation of Boyd and Gordon [S], was measured.

Rewriting (10) in this notation,

(13)

and ur is identified as 4r. Rewriting (11) we get for

large values of as+aA,

1 To P =
(8x2)

a.R + OLD

(14)

which is the same form as the expression for Q/i^q.

Since the measured value of both 1 — jFcl^ and Q/irq

are plotted on semilog paper, the curves should be quite

similar in regions of high loss or low coupling. By super-

posing Figs. 5 and 6 it can be observed that this indeed

is the case.

In fitting a theoretical curve to the data the expres-

sion for au, suggested by Boyd and Gordon [5],was used.

This is

(15)

They give the values of .4 =10.9 and 5=4.94 for the

TEMgao mode with the square mirror. It was found that

better argeement was obtained using the values A =29
and B =4.83 which fit the curve of ao as given by Beyer

and Scheibe [l5] and Fox and Li [4] for the TEM^o.
mode with a circular mirror. From (43) of Boyd and

Kogelnik we obtain

J2R

a d Z2

Fig. 7—Equivalent series resonant circuit of

Fabry-Perot resonator.

No =

- 2

.Si

- 2

_ ^2

- 1

- 1

1/2

(16)

with Si = di/bi, S2 = d%lh'i, and dy and dt defined by (3) and

(4). Because only one mirror contributed to the dif-

fraction loss in the FPS when using one flat and one

spherical mirror, (13) was modified to give

— = a/e + \aT> + Ix^ (17)

as the equation of the curve with ao determined from

(15) and (16). The measured value 4.6X10~^ was used

for the quantity q:/;+ 2x^. This compares with an = 10~^

computed for copper by (9).
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It is expected that an extremum should be observed

in the far region for both qjlQ and 1 —
|

F^l ^ for h-iJ^'bi.

From (3) and (16) it can be seen that this should occur

when b = bi, whereupon 2J = ^)i+ 62+ V'(^2^ — 6i^). For

these measurements the extremum should occur at

d = 60.3 cm. This agrees well with the 1 —
|

| '- data but

not with the qir/Q measurements.

An interesting feature of these data is that the

coupling to the FPS is lower in the far region, d>b2 than

in the near region d<bi by an order of magnitude. If

the FPS axis moved away from the coupling hole in

going from d = 40 to rf = 60 cm, the field of the resonator

at the coupling hole could be smaller than the maximum
and account for the decreased coupling. Attempts to

realign the FPS have shown this not be to the explana-

tion. This effect is real and occurs in all the P'PS of this

type we have operated. In view of the complex field

structure with in the FPS, a possible explanation is a re-

lative decrease of field strength on the axis compared to

the average field across the aperture as d increases. This

would account for the gradual decrease in coupling

shown in the upper curve of Fig. 6 as d goes from 0 to

60 cm.

Measurement of Field Distribution

At this point it is appropriate to mention that the

field of the FPS was measured by moving a small lossy

paper disk across the mirror aperture and recording the

change in power absorbed by the cavity (1 —
|

Fc] ^). If

the object is of small volume compared with the active

I'ssonator volume, low loss compared with the natural

resonator losses, and dielectric and magnetic properties

nearly that of free space, it will have very little per-

turbing effect on the field and can be represented as an

added series resistance in the equivalent circuit. The

equivalent resistance will be very nearly proportional to

the square of the local electric field. The reflected re-

sistance z of the FPS at resonance normalized to the

waveguide impedance varied from about 6 to 9 in these

field measurements as the probe moved from zero to

maximum field locations. From (11) it can be found that

1 —
I
F^l ^ is linear to 4 per cent for this change in z.

The paper disk was supported by a nylon thread

passing through its center and wound on the shaft of a

0.1-per cent helipot. As the helipot shaft was rotated the

paper disk moved across the mirror aperture at right

angles to the plane of the electric field. A voltage de-

veloped by the helipot referenced its lateral position.

The paper disk was about 2X in diameter. To use an un-

stabilized klystron with a FPS of (^~10^ the klystron

was swept in frequency as previously described. The

peak of the bolometer output corresponded to 1 —
|

Fc|
^

at resonance. Detuning effects and sweep to sweep fre-

quency changes were greatly minimized by using a peak

detector to rectify the ac signal from the bolometer.

Thus two dc voltages were derived to operate an XY
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recorder which made the traces of Fig. 2. The complex

field pattern of Fig. 2 is strongly dependent on the mir-

ror spacing. This phenomenon appears to be real and
not caused by the presence of the probe within the

resonator. Further study of this is being undertaken.

Resonance Within the High Loss Region

The experiments indicate that the resonances persist

into the high loss region where the present FPS theory is

not valid [26]. It is of interest to estimate how close to

the high loss regions the approximate theory should be

valid. To do this we might say that b, the interlocal dis-

tance of the spheroidal prototype resonator, should be

at least 20X. If we let d approach to within €, the 4 limit-

ing mirror separations, we obtain for e the following

minimum values:

€ = lOOX

= 1002

V^-i bj

\bx bj

b, - e

b,+ e

e

bi-\- bi ~ i.

(18)

(19)

For this FPS e = 0.16 cm, € = 2.0 cm, a rather close ap-

proach to the boundaries of the high loss region.

Our work demonstrates that within the central high

loss region there are two TEMg„o resonances present

which can be identified as belonging to the two low loss

regions. They occur at slightly different values of the

mirror spacing d. The one is decaying as the other is

growing with increasing d. \t seems reasonable to define

a wavelength within the resonator to be twice the dis-

tance the mirrors must be displaced to change q by

unity. From (47) of Boyd and Kogelnik we have

I -\- m -\- n
cos"^ (1—5) (20)

where s = d/b'. Calculating Ag/2A.d we get the Taylor

Series expansion.

Aq 1 1 I -\- m -\- n

2Ad X„ X 27r6V^(2 - s)

1—5 X„
1

5(2 - 5) 4b'

^25^-45 + 3

5^(2 - 5)2 246'2
+ (21)

where Ad has been put equal to X„/2. Near the confocal

spacing, 5~1 and (21) simplifies to

X„ = X
1 + W + M X

27r b

(22)



If X„ is computed for two different FPS resonators each

with identical mirrors of radius of curvature bi and 62

spaced approximately confocally, we obtain a fractional

difference in wavelength given by

X
= -(---) (23)

where q = (2(f/X)»l and X is very nearly equal to\g. As-

suming that the two nearly coincident TEMg<,o reso-

nances within the high loss region belong to the same q,

but to slightly different values of X^, one can compute

the fractional difference in wavelength from (23) to be

Ad = q-

or

AX^

X

Ad

d
(24)

Measurements on several FPS gave excellent agreement

with this interpretation. A(f was of the order 0.004 inch,

just about the limit for reading the micrometer mirror

adjustment. The assignment of wavelengths to the two

low loss regions was in agreement with (22), the near

region d<hi having the longer \g and the far region

d>bi having the shorter X„.

The definition of X„ as given by (22) has been verified

to within the error of experimental measurements of X^

by simultaneous measurement of the frequency to some

six places. For the larger FPS the free-space wavelength

X agreed with the resonator wavelength X^ to the 3

figure precision of the X^ measurement. The FPS has

been used with confidence in these measurements to de-

termine the operating wavelength of the klystron. It is

surprising that (22) appears to hold even for the small

wavemeter constructed for RG-98/u waveguide [26].

In that instrument the radius of curvature of the mir-

rors is only lOX and since it is operated confocally b of

(5) is also lOX.

Higher-Order Modes

Qualitative verification was made of the existence of

higher-order TEMd„„ modes. These were quite con-

spicuous at close mirror spacing and in fact could be

easily confused with the dominant TEMg„„ mode be-

cause of their prominence. At no time could clear evi-

dence be found of the axially symmetric "bulls eye"

modes. These are predicted for circular mirrors from

beam waveguide theory [S] as well as being one of the

results obtained by Fox and Li [4] (Boyd and Kogelnik

[6] compare these formulations in the appendix to their

paper). The mirrors could always be readjusted to

resolve a single resonance peak of a higher-order mode
into two or more individual resonances. These multi-

plets could be shown to have different numbers of
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maxima along the electric field and at right angles to it.

In this respect they conformed to the square mirror

theory of Boyd and Gordon, with the degeneracy in m
and n removed by a small difference in the radius of

curvature in the x-z and y-z planes.

The true surface of a real mirror can be considered

to have one or more zones where the curvature is coii-

stant and each zone would form its own FPS. If the

wavelength is such that the field overlaps many zones,

multiplets might well occur of the type observed in

these experiments. As an approximation one could

replace the oblate spheroid prototype FPS by an ellip-

soid with all three axes different. The FPS mirror would
have two principal curvatures along orthogonal diam-

eters. This would resemble the prototype strip mirrors

of Boyd and Gordon where the square mirrors are re-

solved into two strip mirrors along orthogonal direc-

tions. The strip mirror in turn can be considered to be

generated by an elliptical cylinder. The solution of the

resonator or waveguide problem for an elliptical cylin-

der with interfocal distance large compared to the wave-

lengths gives the eigenfunctions of the FPS [l9].

Many variations of the FPS have already been con-

sidered by those working with them such as using two
cylindrical reflectors at right angles (circular, elliptical,

or parabolic), or unfolding the resonator to make a

beam waveguide using mirrors instead of lenses. Un-
doubtedly many more applications of the FPS will be

invented as microwave technology' makes increasing

use of physical optics.
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New Wavemeter for Millimeter Wavelengths

Robert W. Zimmerer

National Bureau of Standards, Boidder, Colorado

(Received May 18, 1962)

A new wavemeter of simple design is described. The principle of operation makes use of a new development

in physical optics. The actual performance of the device was measured and compared with the theory.

THE application of physical optics to microwave

circuits has brought about some new and useful

microwave devices. One specific device is the confocal

resonator described by Boyd and G'ordon.^ This was

applied by Marcuse^ in the design of his HCN maser to give

a high Q resonant cavity at 88 Gc. An obvious applica-

tion which comes to mind in view of the simplicity of the

structure is its use as a wavemeter. The commercially

available cavity wavemeters above 40 Gc leave much to be

-METRIC THD

mm PITCH

- RG - 9e/u W4VEGUI

UG- 385/U FLANGE BOTH ENDS

Fig. 1. Construction of microwave wavemeter
using confocal resonator.

desired. They must be used with calibration curves and

yield rather broad absorption dips in waveguide circuits.

A small confocal resonator has been designed at our

laboratory to provide a simple easily used wavemeter

covering the 50- to 75-Gc band in RG-98/u waveguide. In

operation one spherical mirror is moved back and forth

with respect to the other by screwing the outside cylinder

as shown in Fig. 1. The cavity resonances occur at intervals

of X/2.

By noting the distance the cylinder moves between

successive absorption dips, as observed in the external

microwave circuit, the wavelength can be directly meas-

ured. If the screw thread is metric the wavelength is given

in millimeters without any conversion of units.

As with all cavity devices the wavelength within the

cavity exceeds the free space wavelength by a small

amount. From the theory as developed by Boyd and

Gordon^ or by Goubau and Schwering^ one is led to expect

a relation Xc = X[l+X/(47r6)] to hold, where X^ is the

wavelength in the cavity, X is the free space wavelength,

and b is the radius of curvature of the spherical mirrors.

For the dimensions of the cavity this would indicate an

increase of about 1% in the wavelength as measured over

the free space wavelength. We have recorded an actual

increase of 1.8% at 49.15 Gc, 1.6% at 59.10 Gc.and 1.4%

at 68.95 Gc. This correction can be easily applied yielding

at least three figure accuracy to wavelength measurements

made with this instrument. The measured loaded Q
value of this wavemeter is 15 000 at 59.1 Gc.

1 G. D. Boyd and J. P. Gordon, BeU System Tech. J. 60, 489 (1961).

2D. Marcuse, Proc. I.R.E. 49, 1706 (1961).

' G. Goubau and F. Schwering, IRE Trans, on Antennas Propa-
gation AP-9, 248 (1961).
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The construction of the wavemeter shown in Fig. 1 is

straightforward. The dimensions of the cavity were chosen

to satisfy the relation a?= b\ where a is the mirror radius.

The wavelength used for design purposes was 5 mm. The

spherical surfaces of 2-in. radius were machined in brass

and polished to a high finish. The inside cylinder wall

between the spherical ends must be made quite lossy to

suppress unwanted resonances. Aqua-Dag proved un-

satisfactory but an insert made from microwave absorbant

cloth served quite well. Other conducting paints may be

suitable for this purpose. One broad wall on the RG-98/u

waveguide was machined to a thickness of 0.010 in. and

soldered into a slot in the brass blank before the spherical

surface was machined. The spherical surface comes within

0.010 in. of the waveguide giving a total thickness of

0.020 in. which appears to be necessary for mechanical

strength. The wavemeter was marked in the same manner

as a micrometer head so that the indicated distance be-

tween successive absorption dips was twice the real dis-

tance giving the wavelength directly in millimeters. In

operation one records the position of several successive dips

and takes the average of their differences.

No doubt further refinements such as increasing the

dimensions and using a precision screw thread would lead

to significant improvement in accuracy of the wavelength

measurements. Until this new type of wavemeter is manu-

factured commercially, this instrument in the rather simple

design described here can be readily made in any instru-

ment shop at small cost and provide the user of miUimeter

wave power with an accurate home made wavemeter.

Reprinted from The Review of Scientific Instruments, Vol. 33, No. 8, 858-859, August, 1962

PriDted in U. S. A.
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Abstracts of Related Papers

9.a. Reflectors for a microwave Fabry-Perot inter-

ferometer, W. Culshaw, IRE Trans. Microwave

Theory & Tech. MTT-7, No. 2 (April 1959).

The advantages of microwave interferometers for wave-

length and other measurements at millimeter wave-

lengths are indicated, and a microwave Fabry-Perot in-

terferometer discussed in detail. Analogous to the cavity

resonator, this requires reflectors of high reflectivity,

small absorption, and adequate size. Stacked dielectric

plates, and stacked planar or rod gratings are shown to

be suitable forms of reflectors, and equations for the

reflectivity, optimum spacing, and bandwidth of such

structures are derived. A series of stacked metal plates

with regularly spaced holes represents a good design of

reflector for very small wavelengths. Fringes and wave-

length measurements at 8-mm wavelength are given for

one design of interferometer, these being accurate to 1

in 10* without any difl'raction correction. For larger

arpertures and reflectors in terms of the wavelength,

errors due to difl'raction will decrease.

9.b. High resolution millimeter wave Fabry-Perot

interferometer, William Culshaw, IRE Trans. Micro-

wave Theory & Tech. MTT-8, No. 2, 182-189 (March

1960).

The design and operation of a microwave Fabry-Perot

interferometer at wavelengths around 6 mm is de-

scribed. This uses reflectors which are simple, easy to

make, and which are capable of scaling for operation at

short wavelengths in the ultramicrowave region. With
power reflection coefficients around 0.999, very sharp

fringes and Q values around 100,000 were obtained on

the interferometer. Effects of diffraction in the inter-

ferometer are considered, and wavelength measure-

ments with this particular interferometer indicate that

accuracies of 0.04 percent are obtained without any
diffraction correction. Advantages of such an inter-

ferometer for ultramicrowaves are that the component

parts are large compared with the wavelength, the

effects of diffraction decrease with the wavelength, and

the problem of maintaining a high Q with a single mode

of propagation and a structure of adequate size is made
much easier. Such an interferometer forms the cavity

resonator for ultramicrowaves. It can thus be used for

such conventional purposes as wavelength measure-
ments, wavelength spectral analysis, dielectric constant,

and loss measurements, or as the cavity resonator for

frequency stabilization, or as the cavity resonator for a

millimeter- or submillimeter-wavelength maser.

9.C. Resonators for millimeter and submillimeter

wavelengths, William Culshaw, IRE Trans. Microwave

Theory & Tech. MTT-9, No. 2, 135-144 (March 1961).

Further considerations on the mm-wave Fabry-Perot

interferometer are presented. Computed Q values for

parallel metal plate resonators indicate that at spacings

around 2.5 cm, values ranging from 60,000 at 3 mm, to

300,000 at 0.1 mm wavelengths are possible. The plates

must, however, be quite flat. These results are import-

ant for many investigations, and in particular for mm
and sub-mm wave maser research. For the aperture per

wavelength ratios possible here, diffraction effects

should be small. Consideration is given to. using curved

reflectors or focused radiation in applications where the

fields must be concentrated. For this purpose, re-entrant

conical spherical resonators are treated in detail, as

regards operation in the TEM mode at high orders of

interference. Expressions for the Q and shunt imped-

ance are given, and high values are possible at mm and

sub-mm wavelengths. Quasi-optical methods of coup-

ling into and out of such a resonator are proposed, and
the higher modes possible in such a resonator are con-

sidered. Results indicate that it could have application

to the mm-wave generation problem, and that it repre-

sents a good resonant cavity for solid-state research at

mm and sub-mm wavelengths, and for maser applica-

tions in particular.

*9.d. Experimental investigation of Fabry-Perot in-

terferometers, R. W. Zimmerer, Proc. IEEE 51, No.

3 (March 1963).

See also 3.b, 8.5.

* Private communication.
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Precision Detector for Complex Insertion

Ratio Measuring Systems

C. M. ALLRED, member, ieee, and R. A. LAWTON

Summary—A precision, low-noise, highly sensitive, synchronous

RF detector is described that permits simultaneous phase and level

nulling in complex insertion ratio measuring systems. This insertion

ratio is a measure of both the phase shift and magnitude change

produced by a network when inserted in a transmission path.

I. Introduction

SPECIAL DETECTORS are often needed in the

attentuation and phase standards programs of the

National Bureau of Standards. This paper de-

scribes a detector that was developed for this purpose.

The basic aspect of a 30-Mc system under develop-

ment is portrayed in block-diagram form in Fig. 1. The
two standard attenuators are waveguide-below-cutoff

or piston attenuators operating in the TEn mode and

arranged so that their outputs are out of time phase by
90°. The vector sum of these two attenuators is a vector

lying within a 90° sector and can null any voltage in

an opposite quadrant. By rotating the pickup coils of

the two standard attenuators, their outputs may be

shifted by 180°. Hence a voltage lying in any quadrant

may be nulled. The desired insertion ratio of the un-

Manuscript received January 27, 1964.

The authors are with the Boulder Laboratories, National Bureau
of Standards, Boulder, Colo.

known networks is obtained from the two sets of read-

ings from the two standard attenuators necessary to

produce a null at the detector both before and after

inserting the network. The insertion ratio obtained is a

complex numeric giving both the magnitude and phase

change produced by inserting the network. The junc-

tion is a special unit' that isolates the signals from the

three channels and also presents matched impedances

to the three channels.

The detector needed for this system should be a

stable low-noise unit that provides the necessary in-

formation to enable the operator or servosystem to

move each standard attenuator independently toward

the null condition. Thus, the detector should indicate

for each standard independently whether the attenua-

tion should be increased or decreased and when zero

output is obtained.

The other attenuation system^ which has been in use

in calibration work is shown in block-diagram form in

' C. M. Allred and C. C. Cook, "A multiple isolated-input network
with common output," J. Res. Nat. Bur. Stand. (USA), vol. 64C, pp.
225-228; July-September, 1960.

^ C. M. Allred and C. C. Cook, "A precision RF attenuation
calibration system," IRE Trans, on Instrumentation, vol. 1-9,

pp. 268-274; September. 1960.
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Fig. 1—Three-channel attenuation s\sten

REFERENCE
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Fig. 2—Two-channel attenuation system.

Fig. 2. The two standards are adjusted for null condi-

tion, as indicated by the detector, before and after in-

sertion of the network. The change in the phase stand-

ard gives the insertion phase angle of the network and
the change in the attenuator provides the insertion loss

of the unknown. The unknown network may also be

inserted in the attenuator channel instead of the phase

standard channel. The junction plays the same role as

before. As in the previous system, it would be preferable

to achieve a null condition by an essentially independ-

ent adjustment of the standards.

These systems are state-of-the-art systems where the

research program is seeking accuracies in the order of

a few ten-thousandths of a db per ten db, and the de-

tectors must not be a deleterious factor.

II. Theory

In the phase and attenuation standards used in the

above systems, except for the secondary effects, the

phase standard is free of level changes and the attenua-

tors are free of phase shifts.

For the three-channel system, Thevenin's theorem

and the principle of superposition allows the output of

the junction under a null condition to be written

Thus,

Vy + jV, + V,e''' = 0.

Vy = - Vx cos

= - sin d^,

(1)

(2)

(3)

where Vy, V^, and Vj:e'^' represent the respective out-

puts of the F, Z, and X channels. Thus, the detector

must determine two separate conditions independently,

that is, when each attenuator nulls with its respective

component of F^e^'*^. Phase or synchronous detectors, or

perhaps more appropriately called here correlation de-

tectors, have this property and have low noise produc-

ing characterisics. For this reason phase detectors were

chosen for this application.

The basic principles of such detectors are represented

by a simple multiplier which gives the arithmetic prod-

uct of two signals followed by a filter or integrator which

effectively takes the time average of the product. Thus,

if .1 cos {u)t + n{t) represents an input signal plus

noise, the output of the detector is

[A cos (o)/ + \p} + n(t)]B cos (ooi + v)

AB
cos {ri

- (4)

where the bar indicates a time average and the angle

(r)—^) is the angle between the reference signal and the

correlated input signal. The mean of n(t), nit) is assumed

equal to zero. The output is zero for equal to

±7r/2 and is of maximum magnitude when r]—^ is equal

to zero or tt. If two such units were used with one refer-

ence signal Bi cos {oit-^-qi) in phase with the output of

one attenuator and the other reference signal B^ cos

{ixit-\-rj2) in phase with the other attenuator and 90° out

of phase with each other, they would be responsive only

to adjustments of their corresponding attenuators.

If in the second system which uses the phase stand-

ard, two phase or correlation detectors as described

above were used, one aligned with the attenuator and

the other orthogonal to it, the output of the attenuator

aligned detector would be proportional to

Vai + V<t, COS <i>i,

where Fa, and F^-"*", respectively, refer to the initial

outputs of the attenuator and phase standard. The other

detector output would be proportional to

sin (i>i.

When a null is achieved

<t)i
= TT (5)

(6)

Note that prior to null the attenuator setting is a

function of (f>i. This means that the attenuator aligned

detector would not be independent of the phase adjust-

ment. However, the other detector would allow an inde-

pendent phase adjustment, and if this adjustment were

made first the attenuator adjustment would then be

independent. If servosystems were used no problems

would exist other than that the attenuator adjustment

would not be final until the phase adjustment had been
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completed. There is no essential difference in the nulling

process after the unknown has been inserted in the

phase standard channel.

However, if the unknown were inserted in the atten-

uator channel, the reference signals in the detectors

would not, in general, be aligned properly, with the re-

sult that each adjustment would be dependent on the

other. This is shown by the null condition equation.

Thus,

or

Va/KeJ' + V^eiO' = 0

VafK cos 6 -\- Vi, cos 4>/ = 0

VafK sin e + sin = 0,

(7)

(8)

(9)

where Ke'^ is the insertion ratio of the network and the

subscript / denotes the final measurement.

If, when the unknown network was inserted in the

attenuator channel, the reference signals were arranged

so that one was always aligned with the output signal

of the phase standard and the other orthogonal to it

(this is not too difficult to do) , the first detector response

would be proportional to

Va,K cos {Qj - <t>) + V^.

The other response would be proportional to

Va,K sin (df - <i>),

and the same type of independence would exist as when
the unknown was inserted in the phase standard chan-

nel.

The above discussion assumed perfection in the detec-

tors and other components. The type of imperfections

occurring in quality units merely degrades the degree of

independence and makes it necessary to adjust the

standards more than once. This is a rather mild incon-

venience and with properly designed servosystems it

should be insignificant.

Even with an ideal detector, one that provides the

exact product between input and reference, noise is still

present in the output because of the finite averaging

time inherent in practical systems. For this discussion,

the sensitivity is defined as the value of the input-signal

amplitude that produces a mean deflection equal to the

rms value of the random fluctuations in the output. If

M is the meter reading, then

M AB

2
(12)

Now n{t) (a narrow-band stationary Gaussian process)

can be written as^

n{l) = Xc{t) cosoiot - Xe (/) sincooi, (13)

where Xc{t) and X^it) are random functions with zero

means and

Snif)df (14)
n

X,it)X,{t + a) = X,{l)X,{t + a)

Sn{f)ei^^^f-M^df, (15)

^n(/)= power spectral density, /= frequency.

(M - MY =

Then, calculating (M— If)^,

4r2

f r xih)Xc(t2) dhdh

Xc(ti)X,(ti + c) da, (16)

where the change of variable, a = t2 — ti has been made.
The limits of integration of the second integral may be
extended to infinity since t is much larger than o-q. Here

(To is the value of a for which Xo{t)Xc{t+a) becomes es-

sentially zero.'' Thus,

52
{M+MY = 5„(/o)

4r

and, therefore.

(17)

(18)

In this presentation Sn{J) is spread over both positive

and negative values of / and, hence, is half the value of

some representations of noise spectral density.

When a simple RC filter of time constant r is used,

theory shows that

M = [{M ~ MYV (10)

is the sensitivity criteria.

To evaluate Am, the signal amplitude that produces

such an Af, assume that an integration of time t per-

forms the filtering after detection. Thus,

M
1

=
I

{A cos ical -\- n{t))B cos oiuldt,

r J 0

where t is large compared to Iw/coo-

(11)

Am = '^n(/o)

(19)

If the multiplier or correlator were followed by a criti-

cally damped galvanometer of time constant r, then

3 W. B. Davenport and W. L. Root, "Random Signals and Noise,"
McGraw-Hill Book Company, Inc., New York, N. Y., pp. 158-162:
1958.

* A. van der Ziel, "Noise," Prentice-Hall, Inc., New York, N. Y.,
1st ed., ch. 12 p. 313; 1954.
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(20)

A more general representation of the above detection

system might be made by a "black box" without mem-
ory consisting of two input ports and one output port.

The "black box" is followed by a linear filter or integra-

tor which provides the memory aspects.

Let the signal at one input be

X = A cos wo^ + n{t) (21)

and the other input be the reference signal

y = B cos coo/. (22)

The output 2 of the black box can be written as a

Maclaurin expansion for a function of two independent

variables. Thus,

2 = Coo + Clox + coiy + Cnxy

+ C2ox^ + co2y'^ + Ciix'^y -\- Cuxy'^

+ CitiX^ + cosj^ + C22x'^y'^

+ CziX^y + CiiX^y'^ + CzzX^y^

+ C2zx-y^ + cizxy^ + • • •
. (23)

The predominant term should be Cuxy, the desired

result, with the other terms small and decreasing in

magnitude as the exponents increase. A brief discussion

of the effects of some of the terms follows. The term Coo

represents a dc output that is independent of the levels

of the two inputs. If it is stable it can be balanced out.

The terms CioX and Cny are directly proportional to the

two inputs and are removed by the filter system follow-

ing the correlator. The two undesirable terms c^o^'^ and

c^y"' produce dc outputs that depend, respectively, on

the signal plus noise and reference signal strength. This

makes the dc output gain sensitive. In addition, the first

term increases the noise level at the output. The effect

of the second term may be balanced out if fo2 is stable

and y is of fixed level. The effects of the following four

terms, Cux'^y, Cnxy"^, Cso-'^', and C(,zy^ are removed by the

filter. Succeeding terms have similar effects but nor-

mally decrease in magnitude.

III. The Detector

The detector consisted of a 30-A'Ic RF amplifier and
two correlators or multipliers as shown in Fig. 3.

The RF amplifier was made up of a preamplifier with

an input impedance of 17 12 and a noise figure of 2 db.

The preamplifier was followed by a band-pass filter with

a center frequency of 30.0 Mc and a 3-db bandwidth of

210 kc which determined the bandwidth of the entire

RF amplifier. After the filter came a postamplifier with

a nominal output impedance of 50 fi. The over-all gain

of the RF amplifier could be varied from 128 db to 27 db.

A 6AR8 sheet beam vacuum tube was used as a cor-

relator or multiplier with the circuit diagram shown in

42i
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Fig. 3—The detector.

I+250V DC

: i5oa

REFERENCE
NPUT

SIGNAL 6 INPUT

Fig. 4—The correlator.

Fig. 4. The reference signal was fed in push pull to the

deflector plates of the 6AR8 with a peak to peak voltage

of 40 volts. The signal from the RF amplifier was fed

through an emitter-follower circuit, employing a

2N2218 transistor, to the grid of the 6AR8. The emit-

ter follower provided a low impedance for the grid of

the 6AR8 which reduced the coupling between the de-

flector plates and grid. This coupling was further re-

duced by interpin shielding of the 6AR8 tube. Biasing

of the deflectors for optimum sensitivity was provided

by the 620-12 resistor in the cathode circuit.

The arithmetic product of input signal and reference
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signal then appeared as the voltage difference between

the voltages across the two load resistors. This differ-

ence voltage was fed through an RC filter with a time

constant of 1 sec to an available strip chart recorder

which had as accessory equipment a ball and disc inte-

grator. The RC filter was used to help prevent the noise

peaks from overloading the recorder amplifier.

Signal and reference inputs to the correlator were

matched to 50 fl. Each of the correlators as well as the

RF amplifier were well shielded electrostatically and, in

addition, the correlators were magnetically shielded.

The dc output and all supply lines were carefully

filtered.

IV. Performance

The performance tests were made on the first inser-

tion ratio measuring system described. This system and
the detector are shown in Fig. 5.

Cosine Dependence

A test was made of the response of one of the cor-

relators to an input signal of constant amplitude but

varying phase. The phase was varied by means of a

line stretcher. The result is plotted in Fig. 6 and follows

closely a cosine curve indicating the predominance of

the xy term over other terms in the general theory.

Independence of Correlators

As a measure of the independence of the correlators

to orthogonal or quadrature signals, it was found pos-

sible to have a ratio of 200 between the quadrature sig-

nals and the in-phase signals before a significant re-

sponse was noted due to the quadrature signal.

Sensitivity

As stated in Section II, the theoretical value of the

minimum detectable signal is

(18)

Here, Snifo), the open-circuited mean-square voltage

per unit cycle per second bandwidth (spread over posi-

tive and negative frequencies), is given by

5„(/o) = 2FKTR, (24)

where

F=2-dh noise figure

K = 1.38X 10~^^ joules per degree, is Boltzmann's con-

stant

7" = 297, is the room temperature in degrees Kelvin

i?=16.5 Q, is the source impedance presented to the

RF amplifier.

With an integration time t of 30 sec, the value of /I „ is

Am = 42.3X10-^^ volts peak
= 42.3 picovolts peak
= 29.9 picovolts rms.

4Z9-

Fig. 5—.'\ttenuation system and detector.

Fie
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6—Phase response of correlators for input amplitude
of 600 mv peak.

TABLE I

Attenuation
Keading

(db-relative)

47.6
50.0
55.0
60.0

1.38
1.73
1 .21

1.25

M

1.00
1 .89

2.44
5.13

(M-M)2

M
1.38
.915
.495
.244

(pico-

volts)

42
36
37
31

Experimentally the minimum detectable signal was

found from various settings of one of the standard at-

tenuators allowing no signal to pass through either of

the other two channels. In Table I the rms fluctuations

'^(M—M)- ^irid mean signal deflections M of the

Integrator are tabulated for various settings of the

standard piston attenuator, and a minimum detectable

signal is extrapolated for each setting. The average

minimum detectable signal for all the attenuator set-

tings is 36 picovolts rms. The theoretical value is 17 per

cent lower than this value. The agreement is considered
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quite satisfactory, however, in view of the nature of the

measurements, the uncertainties in the values of various

quantities such as noise figure, absolute signal level, and

imperfections in the integrator, together with the in-

stabilities or drift in the dc ouput of the correlators with

no noise present. This drift was 600 fxv per hour and, of

course, helps to increase the effective noise level. This

drift amounts to about 1/3 of the minimum detectable

signal for a 30 sec integration time. Plans have been

formulated to further reduce this drift.

Leakage

The insertion ratio measuring device that was used is

still under development, and shielding, though quite

good, is inadequate as there were indications that leak-

age signals were present that produced a net indicator

deflection of the order of the magnitude of the minimum

detectable signal. Time did not allow for redesign of parts

of the experimental system (nor is it always desirable

to add elaborate shielding precautions to an experi-

mental unit in the state of flux). An expedient was used

of balancing out the mean deflection due to leakage.

Various tests were then conducted to ascertain if the

leakage varied during the operations necessary to meas-

ure the minimum detectable signal. The indications

were that the "balanced mean" remained essentially

constant and equal to zero.

V. Conclusions

A detecting system operating near theoretical limits

has been constructed and performance tests indicate

that it should significantly aid in the development of

certain insertion ratio measuring systems with greatly

increased range, convenience, and accuracy.

Reprinted from IEEE TRANSACTIONS
ON INSTRUMENTATION AND MEASUREMENT
Volume IM-13, Numbers 2 & 3, June-September, 1964

Pp. 76-81
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Abstracts of Related Papers

*10.a. A low input VSWR coaxial diode switch for

the UHF band, W. L. Ecklund, IEEE Trans. Micro-

wave Theory & Tech. MTT-12, No. 3 (May 1964).

*10.b. A method of improving isolation in multi-

channel waveguide systems, G. F. Engen, IRE Trans.

Microwave Theory & Tech. MTT-8, No. 4 (July 1960).

10. c. Errors in dielectric measurements due to a

sample insertion hole in a cavity, A. J. Estin and

H. E. Bussey, IRE Transactions Microwave Theory and

Tech. MTT-8, No. 6, 650-653 (November 1960).

The measurement of complex permittivities of isotropic

media at microwave frequencies is performed with high

precision by means of cylindrical cavity resonators. How-
ever, a hole in the cavity wall for inserting the sample

causes a frequency pulling of the resonator which in

turn introduces an error in the measured dielectric con-

stant. These effects are measured, and with perturba-

tion theory as a guide, correction factors are developed.

lO.d. A versatile ratio instrument for the high ratio

comparison of voltage or resistance, Alfred E. Hess

J. Res. NBS 70C (Eng. & Instr.), No. 3, 169-172 (Sep-

tember 1966).

A 9-dial resistance ratio instrument capable of precise

high ratio comparison of voltage or resistance (from

1/1 to W/l) is described. Also described is the modifi-

cation of a 6-dial universal ratio set to permit its addi-

tional use as a versatile ratio instrument. Paramount
to the accuracy of these high ratio instruments is the

carefully adjusted "common point" junction which is

briefly discussed.

*10.e. A high directivity, broadband coaxial coupler,

P. A. Hudson, IEEE Trans. Microwave Theory & Tech.

MTT-14, No. 6, 293-294 (June 1966).

lO.f. Low-level low-frequency detection system,

Neil T. Larsen, Rev. Sci. Instr. 33, No. 11, 1200-1208

(November 1962).

An amplifier and detector having application in a null

detection system or as a servo amplifier in low-fre-

quency ac instruments is described. The design may be

adapted to operate with a carrier frequency in the

range from a few cps to a few kc. The unique and
apparently unrecognized advantages of operating with

a carrier frequency which is an even subharmonic of the

principal coherent disturbing signal, such as the power
line, are discussed in detail. Design considerations and
performance data are presented, permitting an evalu-

ation of the suitability of the device for a given appli-

cation. For a particular input circuit configuration, it is

conservatively estimated that a signal of less than 1.6 X
10-22 w from 100—Q source may be detected with an
observation time of less than 1 min. Experiments indi-

cate that, with this device, the sensitivity is primarily

limited by thermal noise in the input and by induced

signals in the input leads.

The instrument takes the form of a sealed-off vacuum
tube having a short section of waveguide as part of the

tube. The ends of the waveguide may be sealed using

knoAvn window techniques. The theory for the ideal

case is presented and then means of correcting for the

various perturbations present in an actual tube are dis-

cussed. The theory and the corrections are verified by
experiment. The technique appears to have definite

value for monitoring or measuring high- and medium-
level cw or pulse-power flow. Theoretically the device is

self-calibrating and therefore might make a good pri-

mary standard. Its suitability as a primary standard is

under further investigation.

Private communication.
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Official SI Unit Names and Symbols

For a complete statement of NBS practice, see NBS Tech. News Bull. Vol. 52, No. S, June 1968.

meter ; m
kilogram kg
second s

ampere A
kelvin ^ K
candela cd

radian rad

steradian sr

hertz Hz
lumen Im
lux Ix

newton N
joule J
watt W
coulomb C
volt V
ohm
farad F
weber Wb
henry H
tesla T

Additional Names and Symbols approved for NBS use

curie ^ Ci

degree Celsius ^ °C

gram g

mho mho
mole mol
Siemens ^ S

' The same name and symbol are used for thermodynamic temperature and temperature interval. (Adopted
by the 13th General Conference on Weights & Measures, 1967).

'' Accepted by the General Conference on Weights & Measures for use with the SI.
^ For expressing "Celsius temperature"; may also be used for a temperature interval.
* Adopted by lEC and ISO.

Table for Converting U.S. Customary Units to Those of the International

System (SI)^

To relate various units customarily used in the United States to those of the Inter-

national System, the National Bureau of Standards uses the conversion factors listed in the

"ASTM Metric Practice Guide", NBS Handbook 102. These are based on international agree-

ments eifective July 1, 1959, between the national standards laboratories of Australia, Can-

ada, New Zealand, South Africa, the United Kingdom, and the United States.

To convert from:

(1) inches to meters, multiply by 0.0254 exactly.

(2) feet to meters, multiply by 0.3048 exactly.

(3) feet (U.S. survey) to meters, multiply by 1200/3937 exactly.

(4) yards to meters, multiply by 0.9144 exactly.

(5) miles (U.S. statute) to meters, multiply by 1609.344 exactly.

(6) miles (international nautical) to meters, multiply by 1852 exactly.

(7) grains (1/7000 Ibm avoirdupois) to grams, multiply by 0.064 798 91 exactly.

(8) troy or apothecary ounces mass to grams, multiply by 31.108 48 . . .

(9) pounds-force (Ibf avoirdupois) to newtons, multiply by 4.448 222 . . .

(10) pounds-mass (Ibm avoirdupois) to kilograms, multiply by 0.453 592 . . .

(11) fluid ounces (U.S.) to cubic centimeters, multiply by 29.57 . . .

(12) gallons (U.S. liquid) to cubic meters, multiply by 0.003 785 .. .

(13) torr(mm Hg at 0 °C) to newtons per square meter, multiply by 133.322 exactly.

(14) millibars to newtons per square meter, multiply by 100 exactly.

(15) psi to newtons per square meter, multiply by 6894.757 . . .

(16) poise to newton-seconds per square meter, multiply by 0.1 exactly.

(17) stokes to square meters per second, multiply by 0.0001 exactly.

(18) degrees Fahrenheit to kelvins, use the relation T^^={if -|-459.67) /I.8.

(19) degrees Fahrenheit to degrees Celsius, use the relation Tgg= (tp —32) /I.8.

(20) curies to disintegrations per second, multipy by 3.7 X 10'" exactly.

(21) roentgens to coulombs per kilogram, multiply by 2.579 760 X 10"^ exactly.

^ Systeme International d'Unites (designated SI in all languages).




